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Preface

In the past two decades, CMOS technology has rapidly embraced the field of analog inte-

grated circuits, providing low-cost, high-performance solutions and rising to dominate the

market. While silicon bipolar and III-V devices still find niche applications, only CMOS
processes have emerged as a viable choice for the integration of today’s complex mixed-

signal systems. With channel lengths projected to scale down to 0.03 /xm, CMOS technology

will continue to serve circuit design for probably another two decades.

Analog circuit design itself has evolved with the technology as well. High-voltage, high-

power analog circuits containing a few tens of transistors and processing small, continuous-

time signals have gradually been replaced by low-voltage, low-power systems comprising

thousands of devices and processing large, mostly discrete-time signals. For example, many

analog techniques used only ten years ago have been abandoned because they do not lend

themselves to low-voltage operation.

This book deals with the analysis and design of analog CMOS integrated circuits, em-

phasizing fundamentals as well as new paradigms that students and practicing engineers

need to master in today’s industry. Since analog design requires both intuition and rigor,

each concept is first introduced from an intuitive perspective and subsequently treated by

careful analysis. The objective is to develop both a solid foundation and methods of ana-

lyzing circuits by inspection so that the reader learns what approximations can be made in

which circuits and how much error to expect in each approximation. This approach also

enables the reader to apply the concepts to bipolar circuits with little additional effort.

I have taught most of the material in this book both at UCLA and in industry, polishing

the order, the format, and the content with every offering. As the reader will see throughout

the book, I follow four “golden rules” in writing (and teaching): (1)1 explain why the reader

needs to know the concept that is to be studied; (2) I put myself in the reader’s position

and predict the questions that he/she may have while reading the material for the first time;

(3) With Rule 2 in mind, I pretend to know only as much as the (first-time) reader and

try to “grow” with him/her, thereby experiencing the same through process; (4) I begin

with the “core” concept in a simple (even imprecise) language and gradually add necessary

modifications to arrive at the final (precise) idea. The last rule is particularly important in

teaching circuits because it allows the reader to observe the evolution of a topology and

hence learn both analysis and synthesis.

The text comprises 18 chapters whose contents and order are carefully chosen to provide

a natural flow for both self-study and classroom adoption in quarter or semester systems.



X Preface

Unlike some other books on analog design, we cover only a bare minimum ofMOS device

physics at the beginning, leaving more advanced properties and fabrication details for later

chapters. To an expert, the elementary device physics treatment may appear oversimplified,

but my experience suggests that (a) first-time readers simply do not absorb the high-order

device effects and fabrication technology before they study circuits because they do not

see the relevance; (b) if properly presented, even the simple treatment proves adequate for

a substantial coverage of basic circuits; (c) readers learn advanced device phenomena and

processing steps much more readily after they have been exposed to a significant amount

of circuit analysis and design.

Chapter 1 provides the reader with motivation for learning the material in this book.

Chapter 2 describes basic physics and operation of MOS devices.

Chapters 3 through 5 deal with single-stage and differential amplifiers and current mir-

rors, respectively, developing efficient analytical tools for quantifying the behavior of basic

circuits by inspection.

Chapters 6 and 7 introduce two imperfections of circuits, namely, frequency response

and noise. Noise is treated at an early stage so that it “sinks in” as the reader accounts for

its effects in subsequent circuit developments.

Chapters 8 through 10 describe feedback, operational amplifiers, and stability in feed-

back systems, respectively. With the useful properties of feedback analyzed, the reader

is motivated to design high-performance, stable op amps and understand the trade-offs

between speed, precision, and power dissipation.

Chapters 1 1 through 13 deal with more advanced topics: bandgap references, elemen-

tary switched-capacitor circuits, and the effect of nonlinearity and mismatch. These three

subjects are included here because they prove essential in most analog and mixed-signal

systems today.

Chapters 14 and 15 concentrate on the design of oscillators and phase-locked loops,

respectively. In view of the wide usage of these circuits, a detailed study of their behavior

and many examples of their operation are provided.

Chapter 16 is concerned with high-order MOS device effects and models, emphasizing

the circuit design implications. If preferred, this chapter can directly follow Chapter 2 as

well. Chapter 17 describes CMOS fabrication technology with a brief overview of layout

design rules.

Chapter 18 presents the layout and packaging of analog and mixed-signal circuits. Many
practical issues that directly impact the performance of the circuit are described and various

techniques are introduced.

The reader is assumed to have a basic knowledge of electronic circuits and devices, e.g.,

pn junctions, the concept of small-signal operation, equivalent circuits, and simple biasing.

For a senior-level elective course, Chapters 1 through 8 can be covered in a quarter and

Chapters 1 through 10 in a semester. For a first-year graduate course, Chapters 1 through

1 1 plus one of Chapters 12 through 15 can be taught in one quarter, and the first 16 chapters

in one semester.

The problem sets at the end of each chapter are designed to extend the reader’s un-

derstanding of the material and complement it with additional practical considerations. A
solutions manual is available for instructors.

Behzad Razavi

July 2000
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Chapter 1

Introduction to Analog Design

1.1 Why Analog?

It was in the early 1980s that many experts predicted the demise of analog circuits. Digital

signal processing algorithms were becoming increasingly more powerful while advances

in integrated-circuit (IC) technology provided compact, efficient implementation of these

algorithms in silicon. Many functions that had traditionally been realized in analog form

were now easily performed in the digital domain, suggesting that, with enough capability in

IC fabrication, all processing of signals would eventually occur digitally. The future looked

quite bleak to analog designers and they were seeking other jobs.

But, why are analog designers in such great demand today? After all, digital signal

processing and IC technologies have advanced tremendously since the early 1980s, making

it possible to realize processors containing millions of transistors and performing billions

of operations per second. Why did this progress not confirm the earlier predictions?

While many types of signal processing have indeed moved to the digital domain,

analog circuits have proved fundamentally necessary in many of today’s complex, high-

performance systems. Let us consider a few applications where it is very difficult or even

impossible to replace analog functions with their digital counterparts regardless of advances

in technology.

Processing of Natural Signals Naturally occurring signals are analog—at least at a

macroscopic level. A high-quality microphone picking up the sound of an orchestra gener-

ates a voltage whose amplitude may vary from a few microvolts to hundreds of millivolts.

The photocells in a video camera produce a current that is as low as a few electrons per

microsecond. A seismographic sensor has an output voltage ranging from a few microvolts

for very small vibrations of the earth to hundreds of millivolts for heavy earthquakes. Since

all of these signals must eventually undergo extensive processing in the digital domain, we

observe that each of these systems consists of an analog-to-digital converter (ADC) and

a digital signal processor (DSP) [Fig. 1.1(a)]. The design of ADCs for high speed, high

precision, and low power dissipation is one of many difficult challenges in analog design.

In practice, the electrical version of natural signals may be prohibitively small for direct

digitization by the ADC. The signals are also often accompanied by unwanted, out-of-band

1
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/V*

0 0 0

1 1 1

1 0 1

(a)

/V7'

Amplifier

0 0 0

1 1 1

1 0 1

(b)

Figure 1 .1 (a) Digitization of a natural signal, (b) addition of amplifica-

tion and filtering for higher sensitivity.

interferers. The front end of Fig. 1.1(a) may therefore be modified as shown in Fig. 1.1(b),

where an amplifier boosts the signal level and an analog filter suppresses the out-of-band

components. The design of high-performance amplifiers and filters is also a topic of active

research today.

Digital Communications Binary data generated by various systems must often be

transmitted over long distances. For example, computer networks in large office buildings

may transmit the data over cables that are hundreds of meters long.

What happens if a high-speed stream of binary data travels through a long cable? As

illustrated in Fig. 1 .2, the signal experiences both attenuation and “distortion,” no longer re-

sembling a digital waveform. Thus, a receiver similar to that of Fig. 1.1(b) may be necessary

here.

Lossy Cable

^in° U J
0
^out

JinJUlTUL
^out

t

Figure 1.2 Attentuation and distor-

tion of data through a lossy cable.

In order to improve the quality of communication, the above system may incorporate

“multi-level”—rather than binary—signals. For example, if, as shown in Fig. 1.3, every

two consecutive bits in the sequence are grouped and converted to one of four levels, then
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Binary

Data RJULflfUl
4-Level

Data

Figure 1 .3 Use of multi-level signalling to reduce the re-

quired bandwidth.

each level is twice as long as a bit period, demanding only half the bandwidth required for

transmission of the binary stream. Utilized extensively in today’s communication systems,

multi-level signals necessitate a digital-to-analog converter (DAC) in the transmitter to pro-

duce multiple levels from the grouped binary data and an ADC in the receiver to determine

which level has been transmitted. The key point here is that increasing the number of levels

relaxes the bandwidth requirements while demanding a higher precision in the DAC and

the ADC.

Disk Drive Electronics The data stored magnetically on a computer hard disk is in

binary form. However, when the data is read by a magnetic head and converted to an

electrical signal, the result appears as shown in Fig. 1.4. The amplitude is only a few

millivolts, the noise content is quite high, and the bits experience substantial distortion.

Stored

Data

Retrieved

Data

1

2 mV

Figure 1 .4 Data stored in and retrieved from a hard disk.

Thus, as illustrated in Fig. 1.1, the signal is amplified, filtered, and digitized for further

processing. Depending on the overall system architecture, the analog filter in this case may

in fact serve to remove a significant portion of the noise and the distortion of the signal. The

design of each of these building blocks poses great challenges as the speed of computers

and their storage media continues to increase every year. For example, today’s disk drives

require a speed of 500 Mb/s.

Wireless Receivers The signal picked up by the antenna of a radio-frequency (RF)

receiver, e.g., a pager or a cellular telephone, exhibits an amplitude of only a few microvolts

and a center frequency of 1 GHz or higher. Furthermore, the signal is accompanied by large
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Interferes

Figure 1.5 Signal and interferes re-

ceived by the antenna of a wireless

receiver.

interferers (Fig. 1 .5). The receiver must therefore amplify the low-level signal with minimal

noise, operate at a high frequency, and withstand large unwanted components. Note that

these requirements are necessary even if the desired signal is not in “analog” form. The

trade-offs between noise, frequency of operation, tolerance of interferers, power dissipation,

and cost constitute the principal challenge in today’s wireless industry.

Optical Receivers For transmission of high-speed data over very long distances, cables

generally prove inadequate because oftheir limited bandwidth and considerable attenuation.

Thus, as illustrated in Fig. 1.6, the data is converted to light by means of a laser diode and

transmitted over an optical fiber, which exhibits an extremely wide band and a very low

Laser Diode
Photodiode

Figure 1 .6 Optical fiber system.

loss. At the receive end, the light is converted to a small electrical current by a photodiode.

The receiver must then process a low-level signal at a very high speed, requiring low-noise,

broadband circuit design. For example, state-of-the-art optical receivers operate in the range

of 10 to 40 Gb/s.

Sensors Mechanical, electrical, and optical sensors play a critical role in our lives. For

example, video cameras incorporate an array of photodiodes to convert an image to current

and ultrasound systems use an acoustic sensor to generate a voltage proportional to the

amplitude of the ultrasound waveform. Amplification, filtering, and A/D conversion are

essential functions in these applications.

An interesting example of sensors is the accelerometers employed in automobiles to

activate air bags. When the vehicle hits an obstacle, the drop in the speed is measured as

acceleration and, if exceeding a certain threshold, it triggers the air bag release mechanism.

Modern accelerometers are based on a variable capacitor consisting of a fixed plate and

a deflectable plate [Fig. 1.7(a)]. The deflection and hence the value of the capacitor are

proportional to the acceleration, requiring a circuit that accurately measures the change

in capacitance. The design of such interface circuits is quite difficult because for typical
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Figure 1 .7 (a) Simple accelerometer, (b) differential accelerometer.

accelerations, the interplate capacitance may change by less than 1%, demanding a high

precision in the measurement. In practice, the structure of Fig. 1.7(b) is used to provide two

capacitors that change in opposite directions, reducing the task to the measurement of the

difference between two capacitances rather than the absolute value of one.

Microprocessors and Memories Today’s microprocessors and memories draw upon

a great deal of analog design expertise. Many issues related to the distribution and timing

of data and clocks across a large chip or among chips mandate that high-speed signals be

viewed as analog waveforms. Furthermore, nonidealities in signal and power interconnects

on the chip as well as package parasitics require a solid understanding of analog design.

In addition, semiconductor memories employ high-speed “sense amplifiers” extensively,

necessitating many analog techniques. For these reasons, it is often said “high-speed digital

design is in fact analog design.”

The foregoing applications demonstrate the wide and inevitable spread of analog circuits

in modem industry. But, why is analog design difficult? We make the following observations.

(1) Whereas digital circuits entail primarily one trade-off between speed and power dissipa-

tion, analog design must deal with a multi-dimensional trade-off consisting of speed, power

dissipation, gain, precision, supply voltage, etc. (2) With the speed and precision required

in processing analog signals, analog circuits are much more sensitive to noise, crosstalk,

and other interferes than are digital circuits. (3) Second-order effects in devices influence

the performance of analog circuits much more heavily than that of digital circuits. (4) The

design of high-performance analog circuits can rarely be automated, usually requiring that

every device be “hand-crafted.” By contrast, many digital circuits are automatically syn-

thesized and laid out. (5) Despite tremendous progress, modeling and simulation of many

effects in analog circuits continue to pose difficulties, forcing the designers to draw upon

experience and intuition when analyzing the results of a simulation. (6) An important thrust

in today’s semiconductor industry is to design analog circuits in mainstream IC technolo-

gies used to fabricate digital products. Developed and characterized for digital applications.
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such technologies do not easily lend themselves to analog design, requiring novel circuits

and architectures to achieve a high performance.

1 .2 Why Integrated?

The idea of placing multiple electronic devices on the same substrate was conceived in the

late 1950s. In 40 years, the technology has evolved from producing simple chips containing

a handful of components to fabricating memories accommodating more than one billion

transistors as well as microprocessors comprising more than 10 million devices. As Gordon

Moore (one of the founders of Intel) predicted in the early 1970s, the number of transistors

per chip has continued to double approximately every one and a half years. At the same

time, the minimum dimension of transistors has dropped from about 25 /xm in 1960 to about

0. 1 8 fim in the year 2000, resulting in a tremendous improvement in the speed of integrated

circuits.

Driven by primarily the memory and microprocessor market, integrated-circuit tech-

nologies have also embraced analog design extensively, affording a complexity, speed, and

precision that would be impossible to achieve using discrete implementations. Analog and

mixed analog/digital integrated circuits containing tens of thousands of devices now rou-

tinely appear in consumer products. We can no longer build a discrete prototype to predict

the behavior and performance of modem analog circuits.

1.3 Why CMOS?

The idea of metal-oxide-silicon field-effect transistors (MOSFETs) was patented by J. E.

Lilienfeld in the early 1930s—well before the invention of the bipolar transistor. Owing

to fabrication limitations, however, MOS technologies became practical much later, in the

early 1960s, with the first several generations producing only n-type transistors. It was in

the mid-1960s that complementary MOS (CMOS) devices (i.e., both n-type and p-type

transistors) were introduced, initiating a revolution in the semiconductor industry.

CMOS technologies rapidly captured the digital market: CMOS gates dissipated power

only during switching and required very few devices, two attributes in sharp contrast to

their bipolar or GaAs counterparts. It was also soon discovered that the dimensions of

MOS devices could be scaled down more easily than those of other types of transistors.

Furthermore, CMOS circuits proved to have a lower fabrication cost.

The next obvious step was to apply CMOS technology to analog design. The low cost of

fabrication and the possibility of placing both analog and digital circuits on the same chip

so as to improve the overall performance and/or reduce the cost of packaging made CMOS
technology attractive. However, MOSFETs were quite slower and noisier than bipolar tran-

sistors, finding limited application.

How did CMOS technology come to dominate the analog market as well? The principal

force was device scaling because it continued to improve the speed of MOSFETs. The

intrinsic speed ofMOS transistors has increased by more than three orders of magnitude in

the past 30 years, becoming comparable with that of bipolar devices even though the latter
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have also been scaled (but not as fast). Multi-gigahertz analog CMOS circuits are now in

production.

1.4 Why This Book?

The design of analog circuits itself has evolved together with the technology and the per-

formance requirements. As the device dimensions shrink, the supply voltage of integrated

circuits drops, and analog and digital circuits are fabricated on one chip, many design issues

arise that were unimportant only a decade ago. Such trends demand that the analysis and

design of circuits be accompanied by an in-depth understanding of their advantages and

disadvantages with respect to new technology-imposed limitations.

Good analog design requires intuition, rigor, and creativity. As analog designers, we
must wear our engineer’s hat for a quick and intuitive understanding of a large circuit, our

mathematician’s hat for quantifying subtle, yet important effects in a circuit, and our artist’s

hat for inventing new circuit topologies.

This book describes modem analog design from both intuitive and rigorous angles. It

also fosters the reader’s creativity by carefully guiding him/her through the evolution of

each circuit and presenting the thought process that occurs during the development of new

circuit techniques.

1 .5 General Concepts

1.5.1 Levels of Abstraction

Analysis and design of integrated circuits often require thinking at various levels of ab-

straction. Depending on the effect or quantity of interest, we may study a complex circuit

at device physics level, transistor level, architecture level, or system level. In other words,

we may consider the behavior of individual devices in terms of their internal electric fields

and charge transport [Fig. 1.8(a)], the interaction of a group of devices according to their

electrical characteristics [Fig. 1.8(b)], the function of several building blocks operating as

a unit [Fig. 1.8(c)], or the performance of the system in terms of that of its constituent

subsystems [Fig. 1.8(d)]. Switching between levels of abstraction becomes necessary in

both understanding the details of the operation and optimizing the overall performance. In

fact, in today’s IC industry, the interaction between all groups, from device physicists to

system designers, is essential to achieving a high performance and a low cost. In this book,

we begin with device physics and develop increasingly more complex circuit topologies.

1.5.2 Robust Analog Design

Many device and circuit parameters vary with the fabrication process, supply voltage, and

ambient temperature. We denote these effects by PVT and design circuits such that their

performance remains in an acceptable range for a specified range of PVT variations. For

example, the supply voltage may vary from 2.7 V to 3.3 V and the temperature from 0°

to 70°. Robust analog design in CMOS technology is a challenging task because device

parameters vary significantly from wafer to wafer.
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Figure 1 .8 Abstraction levels in circuit design: (a) device level, (b) circuit level, (c) architecture level,

(d) system level.

1.5.3 Notations

The voltages and currents in integrated circuits typically contain a bias component and a

signal component. While it is desirable to employ a notation that distinguishes between

these quantities, in practice other difficulties arise. For example, if the drain bias current of

a transistor is denoted by ID and the drain signal current by iD ,
then the Laplace transform

of //>, /d(s), may be confused with ID unless it is always accompanied by s. Furthermore,

it is confusing to write the low-frequency gain of a circuit as vout /vin = -gmRp and the

high-frequency gain as Vout/Vin — -gmRl)/(l + RdClS).

In this book, we denote most voltages and currents by uppercase letters, making it clear

from the context which component they represent. For example, Ip, Vps, and Vx denote

bias, signal, or bias+signal quantities. For input and output voltages, we use V/ n and Vout ,

respectively.



Chapter 2

Basic MOS Device Physics

In studying the design of integrated circuits, one of two extreme approaches can be taken:

( 1 ) begin with quantum mechanics and understand solid-state physics, semiconductor device
physics, device modeling, and finally the design of circuits; (2) treat each semiconductor
device as a black box whose behavior is described in terms of its terminal voltages and
currents and design circuits with little attention to the internal operation of the device.

Experience shows that neither approach is optimum. In the first case, the reader cannot
see the relevance of all of the physics to designing circuits, and in the second, he/she is

constantly mystified by the contents of the black box.

In today’s IC industry, a solid understanding of semiconductor devices is essential,

more so in analog design than in digital design because in the former, transistors are

not considered as simple switches and many of their second-order effects directly im-
pact the performance. Furthermore, as each new generation of IC technologies scales

the devices, these effects become more significant. Since the designer must often decide

which effects can be neglected in a given circuit, insight into device operation proves

invaluable.

In this chapter, we study the physics of MOSFETs at an elementary level, covering

the bare minimum that is necessary for basic analog. design. The ultimate goal is still

to develop a circuit model for each device by formulating its operation, but this is ac-

complished with a good understanding of the underlying principles. After studying many
analog circuits in Chapters 3 through 13 and gaining motivation for a deeper understanding

of devices, we return to the subject in Chapter 16 and deal with other aspects of MOS
operation.

We begin our study with the structure of MOS transistors and derive their I/V char-

acteristics. Next, we describe second-order effects such as body effect, channel-length

modulation, and subthreshold conduction. We then identify the parasitic capacitances

of MOSFETs, derive a small-signal model, and present a simple SPICE model. We as-

sume that the reader is familiar with such basic concepts as doping, mobility, and
pn junctions.

9
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2.1 General Considerations

2.1.1 MOSFET as a Switch

Before delving into the actual operation of the MOSFET, we consider a simplistic model of

the device so as to gain a feeling for what the transistor is expected to be and which aspects

of its behavior are important.

Shown in Fig. 2.1 is the symbol for an rc-type MOSFET, revealing three terminals:

gate (G), source (S), and drain (D). The latter two are interchangeable because the device is

Gate

Source Drain

Figure 2.1 Simple view of a MOS
device.

symmetric. When operating as a switch, the transistor “connects” the source and the drain

together if the gate voltage, VG ,
is "high” and isolates the source and the drain if FG is

“low”

Even with this simplified view, we must answer several Questions. For what value of

VG does the device turn on? In other words, what is the “threshold” voltage? What is the

resistance between S and D when the device is on (or off)? How does this resistance depend

on the terminal voltages? Can we always model the path between S and D by a simple linear

resistor? What limits the speed of the device?

While all of these questions arise at the circuit level, they can be answered only by

analyzing the structure and physics of the transistor.

2.1.2 MOSFET Structure

Fig. 2.2 shows a simplified structure of an n-type MOS (NMOS) device. Fabricated on a

p-type substrate (also called the “bulk” or the “body”), the device consists of two heavily-

doped n regions forming the source and drain terminals, a heavily-doped (conductive) piece

Figure 2.2 Structure of a MOS device.
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of polysilicon
1

(often simply called “poly”) operating as the gate, and a thin layer of silicon

dioxide (Si02) insulating the gate from the substrate. The useful action of the device occurs

in the substrate region under the gate oxide. Note that the structure is symmetric with respect

to S and D.

The dimension of the gate along the source-drain path is called the length, L, and that

perpendicular to the length is called the width, W. Since during fabrication the S/D junc-

tions side-diffuse,” the actual distance between the source and the drain is slightly less

than L. To avoid confusion, we write, Leff = Ldrawn - 2L D , where Leff is the “effective”

length, L<jmwn is the total length,
2
and LD is the amount of side diffusion. As we will see

later, /,,,// and the gate oxide thickness, tox , play an important role in the performance of

MOS circuits. Consequently, the principal thrust in MOS technology development is to

reduce both of these dimensions from one generation to the next without degrading other

parameters of the device. Typical values at the time of this writing are L eff
ss 0. 1 5 gm and

tax ~ 50 A. In the remainder of this book, we denote the effective length by L.

If the MOS structure is symmetric, why do we call one n region the source and the

other the drain? This becomes clear if the source is defined as the terminal that provides the

charge carriers (electrons in the case of NMOS devices) and the drain as the terminal that

collects them. Thus, as the voltages at the three terminals of the device vary, the source and
the drain may exchange roles. These concepts are practiced in the problems at the end of
the chapter.

We have thus far ignored the substrate on which the device is fabricated. In reality,

the substrate potential greatly influences the device characteristics. That is, the MOSFET
is a /bur-terminal device. Since in typical MOS operation the S/D junction diodes must
be reverse-biased, we assume the substrate of NMOS transistors is connected to the most
negative supply in the system. For example, if a circuit operates between zero and 3 volts,

V,mh.NMOs
—

0. The actual connection is usually provided through an ohmic p~ region, as

depicted in the side view of the device in Fig. 2.3.

s
\ D

1

I
n* I n

J

p-substrate

Figure 2.3 Substrate connection.

In complementary MOS (CMOS) technologies, both NMOS and PMOS transistors are

available. From a simplistic view point, the PMOS device is obtained by negating all of

1

Polysilicon is silicon in amorphous (non-crystal) form. As explained in Chapter 17, when the gate silicon is

grown on top of the oxide, it cannot form a crystal.

"The subscript “drawn” is used because this is the dimension that we draw in the layout of the transistor

(Section 2.4.1).
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G

n-substrate

(a)

G G

p-substrate

(b)

Figure 2.4 (a) Simple PMOS device, (b) PMOS inside an n-well.

the doping types (including the substrate) [Fig. 2.4(a)], but in practice, NMOS and PMOS

devices must be fabricated on the same wafer, i.e., the same substrate. For this reason, one

device type can be placed in a ‘local substrate;’ usually called a “well.” In most of today’s

CMOS processes, the PMOS device is fabricated in an n-well [Fig. 2.4(b)]. Note that the

/i -well must be connected to a potential such that the S/D junction diodes of the PMOS

transistor remain reverse-biased under all conditions. In most circuits, the n-well is tied to

the most positive supply voltage. For the sake of brevity, we sometimes call NMOS and

PMOS devices “NFETs” and “PFETs,” respectively.

Fig. 2.4(b) indicates an interesting difference between NMOS and PMOS transistors:

while all NFETs share the same substrate, each PFET can have an independent n-well. This

flexibility of PFETs is exploited in some analog circuits.

2.1.3 MOS Symbols

The circuit symbols used to represent NMOS and PMOS transistors are shown in Fig. 2.5

The symbols in Fig. 2.5(a) contain all four terminals, with the substrate denoted by “B’

(bulk) rather than “S” to avoid confusion with the source. The source of the PMOS device

is positioned on top as a visual aid because it has a higher potential than its gate. Since ir

most circuits the bulk terminals ofNMOS and PMOS devices are tied to ground and Vdd

respectively, we usually omit these connections in drawing [Fig. 2.5(b)]. In digital circuits

it is customary to use the “switch” symbols depicted in Fig. 2.5(c) for the two types, but wt

prefer those in Fig. 2.5(b) because the visual distinction between S and D proves helpful ii

understanding the operation of circuits.
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S D S D S S

(a) (b) (c)

Figure 2.5 MOS symbols.

2.2 MOS l/V Characteristics

In this section, we analyze the generation and transport of charge in MOSFETs as a function

of the terminal voltages. Our objective is to derive equations for the I/V characteristics such

that we can elevate our abstraction from device physics level to circuit level.

2.2.1 Threshold Voltage

Consider an NFET connected to external voltages as shown in Fig. 2.6(a). What happens as

the gate voltage, VG ,
increases from zero? Since the gate and the substrate form a capacitor,

Figure 2.6 (a) A MOSFET driven by a gate voltage, (b) formation of depletion region, (c) onset of inversion, (d) formation

of inversion layer.
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as Vq becomes more positive, the holes in the p-substrate are repelled from the gate area,

leaving negative ions behind so as to mirror the charge on the gate. In other words, a

depletion region is created [Fig. 2.6(b)]. Under this condition, no current flows because no

charge carriers are available.

As Vq increases, so do the width of the depletion region and the potential at the oxide-

silicon interface. In a sense, the structure resembles two capacitors in series: the gate oxide

capacitor and the depletion region capacitor [Fig. 2.6(c)]. When the interface potential

reaches a sufficiently positive value, electrons flow from the source to the interface and

eventually to the drain. Thus, a “channel” of charge carriers is formed under the gate oxide

between S and D, and the transistor is “turned on .” We also say the interface is “inverted.”

The value of VG for which this occurs is called the “threshold voltage,” VTH . If VG rises

further, the charge in the depletion region remains relatively constant while the channel

charge density continues to increase, providing a greater current from S to D.

In reality, the turn-on phenomenon is a gradual function of the gate voltage, making it

difficult to define VTh unambiguously. In semiconductor physics, the Vth of an NFET is

usually defined as the gate voltage for which the interface is “as much n-type as the substrate

is p-type.” It can be proved [1] that
3

Vth = (2 . 1 )

where <$ms is the difference between the work functions of the polysilicon gate and the

silicon substrate, <$F = (kT/q)\n(Nsub /rii), q is electron charge, Nsub is the doping con-

centration of the substrate, Qdep is the charge in the depletion region, and Cox is the gate

oxide capacitance per unit area. From pn junction theory, Qdep = *j4qf
sl \<£> F \NSiih , where

eS i
denotes the dielectric constant of silicon. Since Cox appears very frequently in device

and circuit calculations, it is helpful to remember that for tox & 50 A, Cox ^6.9 fF/pm.

The value of Cox can then be scaled proportionally for other oxide thicknesses.

In practice, the “native” threshold value obtained from the above equation may not be

suited to circuit design, e.g., VTH — 0 and the device does not turn off for Vq > 0. For

this reason, the threshold voltage is typically adjusted by implantation of dopants into the

channel area during device fabrication, in essence altering the doping level of the substrate

near the oxide interface. For example, as shown in Fig. 2.7, if a thin sheet of p
+

is created,

the gate voltage required to deplete this region increases.

n*
J

if

p-substrate
Figure 2.7 Implantation of p

+

dopants to alter the threshold.

The above definition is not directly applicable to the measurement ofVTH . In Fig. 2.6(a),

only the drain current can indicate whether the device is “on” or “off,” thus failing to reveal

at what VG5 the interface is as much n-type as the bulk is p-type. As a result, the calculation

3 Charge trapping in the oxide is neglected here.
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of Vth from I/V measurements is somewhat ambiguous. We return to this point later but

assume in our preliminary analysis that the device turns bn abruptly for Vqs > V-t# .

The turn-on phenomenon in a PMOS device is similar to that of NFETs but with ail of

the polarities reversed. As shown in Fig. 2.8, if the gate-source voltage becomes sufficiently

Figure 2.8 Formation of inversion layer in a PFET.

negative
,
an inversion layer consisting of holes is formed at the oxide-silicon interface,

providing a conduction path between the source and the drain.

2.2.2 Derivation of l/V Characteristics

In order to obtain the relationship between the drain current of a MOSFET and its terminal

voltages, we make two observations.

First, consider a semiconductor bar carrying a current / [Fig. 2.9(a)] . Ifthe charge density

along the direction of current is Qd coulombs per meter and the velocity of the charge is

v meters per second, then

l = Qd v . (2.2)

To understand why, we measure the total charge that passes through a cross section of the

bar in unit time. With a velocity v, all of the charge enclosed in v meters of the bar must flow

through the cross section in one second [Fig. 2.9(b)]. Since the charge density is Qd ,
the

total charge in v meters equals Qd • v. This lemma proves useful in analyzing semiconductor

devices.

v meters

One second later

(a) (b)

Figure 2.9 (a) A semiconductor bar carrying a current I, (b) snapshots of the carriers one second

apart.
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Figure 2.1 0 Channel charge with (a) equal source and drain voltages, (b) unequal source and drain voltages.

Second, consider an NFET whose source and drain are connected to ground [Fig. 2.10(a)].

What is the charge density in the inversion layer? Since we assume the onset of inversion

occurs at VGs = Vth > the inversion charge density produced by the gate oxide capacitance

is proportional to VGS - Vth . For Vgs > Vth, any charge placed on the gate must be

mirrored by the charge in the channel, yielding a uniform channel charge density (charge

per unit length) equal to

Qj = - Vth ), (2.3)

where Cox is multiplied by W to represent the total capacitance per unit length.

Now suppose, as depicted in Fig. 2.10(b), the drain voltage is greater than zero. Since

the channel potential varies from zero at the source to VD at the drain, the local voltage

difference between the gate and the channel varies from VG to VG ~Vp. Thus, the charge

density at a point x along the channel can be written as

Qd(x) = WC0X [VGS
~ V(x) - VthI (2-4)

where V(x) is the channel potential at x.

From (2.2), the current is given by

Id = -WC0X [Vgs -V(x)-Vth]v, (2.5)
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where the negative sign is inserted because the charge carriers are negative and v denotes

the velocity of the electrons in the channel. For semiconductors, v = fiE, where is the

mobility of charge carriers and E is the electric field. Noting that E(x) = —dV/dx and

representing the mobility of electrons by /x„
,
we have

Id = WC0X [VGS - V(x) - VTH^n

dV(x)

dx
(2.6)

subject to boundary conditions V(0) = 0 and V(L) = VDS . While V (x) can be easily found

from this equation, the quantity of interest is in fact Id- Multiplying both sides by dV and

performing integration, we obtain

•Vds

(

L

IDdx = P WCox ULn [VGS -V(x)-VTH ]dV.

Since ID is constant along the channel:

7 ^ W
Id — l^nCox T

('Vgs-Vth)Vds--V 2

ds

(2.7)

(2 .8)

Note that L is the effective channel length.

Figure 2.11 Drain current versus

drain-source voltage in the triode region.

Fig. 2.1
1
plots the parabolas given by (2.8) for different values of VGS , indicating that

the “current capability” of the device increases with VGS . Calculating 8ID /3 VDs >
the reader

can show that the peak of each parabola occurs at Vos = Vgs “ ^th and the peak current is

1 W
b,max = -ftnCox—iVGS ~ Vth)

2
- (2.9)

We call FGs - Vth the “overdrive voltage”
4 and W/L the “aspect ratio” If VDs < Vgs -

VT h, we say the device operates in the “triode region”
5

4Sometimes called the “effective voltage
”

5
This is also called the “linear region

”
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Equations (2.8) and (2.9) serve as the foundation for analog CMOS design, describing

the dependence of ID upon the constant ofthe technology, \inCox ,
the device dimensions, W

and L, and the gate and drain potentials with respect to the source. Note that the integration

in (2.7) assumes \in and Vjh are independent of x and the gate and drain voltages, an

approximation that we will revisit in Chapter 16.

If in (2.8), Vos ^ 2(Vgs — Vth)* we have

W
Id ^ (Vgs — VthWds, (2 . 10)

that is, the drain current is a linear function of Vos - This is also evident from the character-

istics of Fig. 2.1 1 for small VD s- as shown in Fig. 2.12, each parabola can be approximated

by a straight line. The linear relationship implies that the path from the source to the drain

can be represented by a linear resistor equal to

Ron = ^
* (2 . 11 )

MnC0x—{VGS — VfH )

A MOSFET can therefore operate as a resistor whose value is controlled by the overdrive

voltage [so long as <g; 2(Vgs ~ VT h)]- This is conceptually illustrated in Fig. 2.13.

Note that in contrast to bipolar transistors, a MOS device may be on even if it carries no

Figure 2.12 Linear operation in deep triode region.

G

S S D Figure 2.13 MOSFET as a controlled

linear resistor.

current. With the condition VDS < 2(VGS -VTH ), we say the device operates in deep triode

region.

Example 2.1 -

For the arrangement in Fig. 2.14(a), plot the on-resistance of M\ as a function of Vq. Assume

ftnCox = 50 fiAIV2
,
W/L = 10, and Vjh — 0.7 V. Note that the drain terminal is open.
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VG

1

Figure 2.14

Solution

Since the drain terminal is open, ID = 0 and VDS = 0. Thus, if the device is on, it operates in the

deep triode region. For Vq < 1 V + Vth> is off and Ron = oo. For Vq > 1 V + Vth, we have

Ron = ;
X

• (2 - 12)
50M/V2 x 10(VG - 1 V - 0.7 V)

The result is plotted in Fig. 2.14(b).

The utility of MOSFETs as controllable resistors and hence switches plays a crucial role

in many analog circuits. This is studied in Chapter 12.

What happens if in Fig. 2.11 the drain-source voltage exceeds VGS - VTH 1 In reality,

the drain current does not follow the parabolic behavior for VDs > Vgs ~~ Vth- In fact,

as shown in Fig. 2.15, lD becomes relatively constant and we say the device operates in

the “saturation” region.
6 To understand this phenomenon, recall from (2.4) that the local

</)

i?

CM
</)

CO
CO

Figure 2.1 5 Saturation of drain current.

6Note the difference between saturation in bipolar and MOS devices.
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Figure 2.16 Pinch-off behavior.

density of inversion layer charge is proportional to VGS ~ V(x) - VTH . Thus, if V(x)

approaches VGS ~ Vth, then Qd(x) drops to zero. In other words, as depicted in Fig. 2.16,

if VDS is slightly greater than VGS -VTH ,
then the inversion layer stops at x < L, and we

say the channel is “pinched off.” As Vos increases further, the point at which Qd equals

zero gradually moves toward the source. Thus, at some point along the channel, the local

potential difference between the gate and the oxide-silicon interface is not sufficient to

support an inversion layer.

With the above observations, we re-examine (2.7) for a saturated device. Since Qd is

the density of mobile charge, the integral on the left-hand side of (2.7) must be taken from

x = 0 to x = U, where V is the point at which Qd drops to zero, and that on the right from

V(x) = 0 to F(x) = VGS - VTH . As a result:

1 W
b - -^nCox—iVos ~ Vth)

2
, (2.13)

indicating that ID is relatively independent of VDs if L f

remains close to L.

For PMOS devices, Eqs. (2.8) and (2.13) are respectively written as

. ^ W
b — fxpC0X

^
(^GS - VthWdS - - Vos (2.14)

and

W
b — --ltpCox—(VG s - Vth) (2.15)

The negative sign appears here because we assume 1D flows from the drain to the source,

whereas holes flow in the reverse direction. Since the mobility of holes is about one-half

to one-fourth of the mobility of electrons, PMOS devices suffer from lower “current drive”

capability.
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^bH h

0

Figure 2.1 7 Saturated MOSFETs operating as current sources.

With the approximation L & U

,

a saturated MOSFET can be used as a current source

connected between the drain and the source (Fig. 2.17), an important component in analog

design. Note that the current sources inject current into ground or draw current from VDD .

In other words, only one terminal of each current source is “floating.”

Since a MOSFET operating in saturation produces a current in response to its gate-

source overdrive voltage, we may define a figure of merit that indicates how well a device

converts a voltage to a current. More specifically, since in processing signals we deal with

the changes in voltages and currents, we define the figure of merit as the change in the drain

current divided by the change in the gate-source voltage. Called the “transconductance”

and denoted by gm ,
this quantity is expressed as:

8m —
dip

dVGS VPS, const.

w
= ttnCox—(VGS - Vth)-

(2.16)

(2.17)

In a sense, gm represents the sensitivity of the device: for a high gm , a small change in

VGS results in a large change in Ip. Interestingly, gm in the saturation region is equal to the

inverse of Ron in deep triode region.

The reader can prove that gm can also be expressed as

8m
/

W
1 2finCox~ Ip

21D

yGS - VTh

(2.18)

(2.19)

Plotted in Fig. 2.18, each of the above expressions proves useful in studying the behavior

of gm as a function of one parameter while other parameters remain constant. For example,

(2.17) suggests that gm increases with the overdrive if W/L is constant whereas (2.19) im-

plies that gm decreases with the overdrive if Ip is constant. The concept of transconductance
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Figure 2.18 MOS transconductance as a function of overdrive and drain current.

can also be applied to a device operating in the triode region, as illustrated in the following

example.

Example 2.2 , „ , , ,
,

,

For the arrangement shown in Fig. 2.19, plot the transconductance as a function of Vos-

Figure 2.19

Solution

It is simpler to study gm as Vos decreases from infinity. So long as Vos > Vb — Vth, M i
is in

saturation, //> is relatively constant, and, from (2.18), so is gm . For Vos < Vb ~ Vth, M\ is in the

triode region and:

gm —
dvGS

^nC„xj[uVGs-VTH)VDS-VZs

W
— ftnCox

^
VDS-

(2 .20)

(2 .21 )

Thus, as plotted in Fig. 2.19, the transconductance drops if the device enters the triode region. For

amplification, therefore, we usually employ MOSFETs in saturation.

The distinction between saturation and triode regions can be confusing, especially for

PMOS devices. Intuitively, we note that the channel is pinched off if the difference between

the gate and drain voltages is not sufficient to create an inversion layer. As depicted concep-

tually in Fig. 2.20, as VG - Vd of an NFET drops below VTHi pinch-off occurs. Similarly,
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Saturation Edge of Triode Region Saturation Edge of Triode Region
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(a) (b)

Figure 2.20 Conceptual visualization of saturation and triode regions.

if Vo - Vq of a PFET is not large enough (< \Vthp\), the device is saturated. Note that

this view does not require knowledge of the source voltage. This means we must know a

priori which terminal operates as the drain.

2.3 Second-Order Effects

Our analysis of the MOS structure has thus far entailed various simplifying assumptions,

some of which are not valid in many analog circuits. In this section, we describe three

second-order effects that are essential in our subsequent circuit analyses. Other phenomena

that appear in submicron devices are studied in Chapter 16.

Body Effect In the analysis of Fig. 2.10, we tacitly assumed that the bulk and the source

of the transistor were tied to ground. What happens if the bulk voltage of an NFET drops

below the source voltage (Fig. 2.21)7 Since the S and D junctions remain reverse-biased,

we surmise that the device continues to operate properly but certain characteristics may

Figure 2.21 NMOS device with negative bulk voltage.

change. To understand the effect, suppose V$ = Vo = 0, and Vg is somewhat less than

VT

H

so that a depletion region is formed under the gate but no inversion layer exists. As

VB becomes more negative, more holes are attracted to the substrate connection, leaving a

larger negative charge behind, i.e., as depicted in Fig. 2.22, the depletion region becomes

wider. Now recall from Eq. (2.1) that the threshold voltage is a function of the total charge

in the depletion region because the gate charge must mirror Qd before an inversion layer is
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Figure 2.22 Variation of depletion region charge with bulk voltage.

formed. Thus, as VB drops and Qd increases, Vth also increases. This is called the “body

effect” or the “backgate effect.”

It can be proved that with body effect:

Vth = Vtho + Y ^120^ + - yj |2<t>^ , (2.22)

where Vtho is given by (2.1), y = y/2q€siNsub/C0X denotes the body effect coefficient,

and Vsb is the source-bulk potential difference [1]. The value of y typically lies in the range

of 0.3 to 0.4 V 1 /2
.

Example 2.3 — - -----

In Fig. 2.23(a), plot the drain current if Vx varies from —oc to 0. Assume Vtho — 0.6 V, y
— 0.4

V 1 /2
, and 24>f = 0.7V.

Solution

If Vx is sufficiently negative, the threshold voltage of M\ exceeds 1.2 V and the device is off. That is,

0.7 ,
1.2 V = 0.6 + 0.4

(
v 0.7 — Vxi (2.23)
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and hence Vx\ = “4.76 V. For Vxi < Vx < 0, Id increases according to

Id = '-UnCoxJ [vcs - VTH0 ~ Y (v^F - Vx - v^)]*

.

(2.24)

Fig. 2.23(b) shows the resulting behavior.

For body effect to manifest itself, the bulk potential, Vsub, need not change: if the source

voltage varies with respect to Vsub, the same phenomenon occurs. For example, consider

the circuit in Fig. 2.24(a), first ignoring body effect. We note that as Vin varies, Vout closely

follows the input because the drain current remains equal to 7i . In fact, we can write

1 W
h = yinC«—{Vin - Vout - VTH)\ (2.25)

concluding that Vin - Vout is constant if I\ is constant [Fig. 2.24(b)].

Figure 2.24 (a) A circuit in which the source-bulk voltage varies with input level, (b) input

and output voltages with no body effect, (c) input and output voltages with body effect.

Now suppose the substrate is tied to ground and body effect is significant. Then, as V,
rt

and hence Vout become more positive, the potential difference between the source and the

bulk increases, raising the value of Vth- (2.25) therefore implies that Vin - Vout must

increase so as to maintain ID constant [Fig. 2.24(c)].

Body effect is usually undesirable. The change in the threshold voltage, e.g., as in

Fig. 2.24(a), often complicates the design of analog (and even digital) circuits. Device

technologists balance NSUb and Cox to obtain a reasonable value for y .

Channel-Length Modulation In the analysis of channel pinch-off in Section 2.2, we

noted that the actual length of the inverted channel gradually decreases as the potential

difference between the gate and the drain increases. In other words, in (2. 13), V is in fact a

function of VDS . This effect is called “channel-length modulation.” Writing L f — L - AL,

i.e., 1/V ^ (1 + AL/L)/L, and assuming a first-order relationship between AL/L and

Vds such as AL/L — XVds, we have, in saturation,

1 W
h » ^nC0xj(Vcs - VTn)\\ +*Vds ), (2.26)
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Figure 2.25 Finite saturation region

slope resulting from channel-length

modulation.

where X is the channel-length modulation coefficient. Illustrated in Fig. 2.25, this phe-

nomenon results in a nonzero slope in the Id/Vds characteristic and hence a nonideal

current source between D and S in saturation. The parameter X represents the relative

variation in length for a given increment in VDS . Thus, for longer channels, X is smaller.

With channel-length modulation, some of the expressions derived for gm must be mod-
ified. Equations (2.17) and (2.18) are respectively rewritten as

„ W
gm ~ ltnCox— (VGS ~ Vth)( 1 + XVds)- (2.27)

j 2nnC0X(W/L)ID

1 + XVos
(2.28)

while Eq. (2.19) remains unchanged.

Example 2.4

Keeping all other parameters constant, plot Id/Vds characteristic of a MOSFET for L = L\ and

L ~ 2L\.

Solution

Writing

1 W
Id = -MnCox—(VGS ~ Vth)

2
( 1 +^VT>s) (2.29)

and X a 1/L, we note that if the length is doubled, the slope of Id vs. VTjs is divided byfour because

dlo/dVos oc X/L a 1/L 2
(Fig. 2.26). For a given gate-source overdrive, a larger L gives a more

Figure 2.26 Effect of doubling chan-

nel length.

ideal current source while degrading the current capability of the device. Thus, W may need to be

increased proportionally.



Sec. 2.3 Second-Order Effects 27

The linear approximation AL/L a Vos becomes less accurate in short-channel transis-

tors, resulting in a variable slope in the saturated Id/

V

os characteristics. We return to this

issue in Chapter 16.

The dependence of Id upon VDs in saturation may suggest that the bias current of

a MOSFET can be defined by the proper choice of the drain-source voltage, allowing

freedom in the choice of VGS - VTH . However, since the dependence on VDS is much

weaker, the drain-source voltage is not used to set the current. The effect of VDS on ID is

usually considered an error and it is studied in Chapter 5.

Subthreshold Conduction In our analysis of the MOSFET, we have assumed that the

device turns off abruptly as VG5 drops below VTH . In reality, for VG$ ^ Vth, a “weak”

inversion layer still exists and some current flows from D to S. Even for VGS < VTH ,

//) is finite, but it exhibits an exponential dependence on VGs [2, 3]. Called “subthreshold

conduction,” this effect can be formulated for VDS greater than roughly 200 mV as

Id = Ioexp— ,
(2.30)

t;vT

where J > 1 is a nonideality factor and Vj = kT/q. We also say the device operates in

“week inversion ” Except for £, (2.30) is similar to the exponential Ig/Vbe relationship in

a bipolar transistor. The key point here is that as Vgs falls below Vth, the drain current

drops at a finite rate. With typical values of f ,
at room temperature VGS must decrease

by approximately 80 mV for 1D to decrease by one decade (Fig. 2.27). For example, if a

Figure 2.27 MOS subthreshold char-

acteristics.

threshold of 0.3 V is chosen in a process to allow low-voltage operation, then when VGs is

reduced to zero, the drain current decreases by only a factor of 10
3J5

. Especially problematic

in large circuits such as memories, subthreshold conduction can result in significant power

dissipation (or loss of analog information).

It is appropriate at this point to return to the definition of the threshold voltage. One

definition is to plot the inverse on-resistance of the device R~^ — tiC0X(W/L)(VGs - Vth)

as a function of VGs and extrapolate the result to zero, for which VGS — VTH . In rough

calculations, we often view Vth as the gate-source voltage yielding ID/W = XfiAlpm in

saturation. For example, if a device with W = 100 fim operates with 1D = 100 //A, it is in

the vicinity of the subthreshold region. This view is nonetheless vague, especially as device

length scales down in every technology generation.

Square
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We now re-examine Eq. (2.18) for the transconductance of a MOS device operating in

the subthreshold region. Is it possible to achieve an arbitrarily high transconductance by

increasing W while maintaining Id constant? Is it possible to obtain a higher transconduc-

tance than that of a bipolar transistor (Id VT ) biased at the same current? Equation (2.18)

was derived from the square-law characteristics ID = (l/2)^nC0X(W/L)(VGs
~ Vth)

2
-

However, ifW increases while Id remains constant, then VGs Vth and the device enters

the subthreshold region. As a result, the transconductance is calculated from (2.30) to be

gm = ID /(f Vr ), revealing that MOSFETs are inferior to bipolar transistors in this respect.

The exponential dependence of ID upon VGS in subthreshold operation may suggest

the use of MOS devices in this regime so as to achieve a higher gain. However, since

such conditions are met by only a large device width or low drain current, the speed of

subthreshold circuits is severely limited.

Voltage Limitations MOSFETs experience various breakdown effects if their terminal

voltage differences exceed certain limits. At high gate-source voltages, the gate oxide breaks

down irreversibly, damaging the transistor. In short-channel devices, an excessively large

drain-source voltage widens the depletion region around the drain somuch that it touches that

around the source, creating a very large drain current. (This effect is called “punchthrough ”)

Other limitations relate to “hot electron effects” and are described in Chapter 16.

2.4 MOS Device Models

2.4.1 MOS Device Layout

For the developments in subsequent sections, it is beneficial to have some understanding of

the layout of a MOSFET. We describe only a simple view here, deferring the fabrication

details and structural subtleties to Chapters 17 and 18.

The layout of a MOSFET is determined by both the electrical properties required of the

device in the circuit and the “design rules” imposed by the technology. For example, W/L

is chosen to set the transconductance or other circuit parameters, while the minimum L is

dictated by the process. In addition to the gate, the source and drain areas must be defined

properly as well.

Shown in Fig. 2.28 are the “bird eye’s view” and the top view of a MOSFET. The gate

polysilicon and the source and drain terminals are typically tied to metal (aluminum) wires

that serve as interconnects with low resistance and capacitance. To accomplish this, one or

more “contact windows” must be opened in each region, filled with metal, and connected

to the upper metal wires. Note that the gate poly extends beyond the channel area by some

amount to ensure reliable definition of the “edge” of the transistor.

The source and drain junctions play an important role in the performance. To minimize

the capacitance of S and D, the total area of each junction must be minimized. We see from

Fig. 2.28 that one dimension of the junctions is equal to W. The other dimension must

be large enough to accommodate the contact windows and is specified by the technology

design rules.
7

7
This dimension is typically three to four times the minimum allowable channel length.



Sec. 2.4 MOS Device Models 29

(a)

Channel
Area

Contact

Windows

Figure 2.28 Bird’s eye and vertical views of a MOS device.

Example 2.5

Draw the layout of the circuit shown in Fig. 2.29(a).

E
<?

A 0—
C

B o
lfc>2

6

N

(a)

F
<?

Figure 2.29

Solution

Noting that M\ and Mi share the same S/D junctions at node C and Mi and M3 also do so at node

N, we surmise that the three transistors can be laid out as shown in Fig. 2.29(b). Connecting the

remaining terminals, we obtain the layout in Fig. 2.29(c). Note that the gate polysilicon ofM3 cannot

be directly tied to the source material of Mi , thus requiring a metal interconnect.

2.4.2 MOS Device Capacitances

The basic quadratic I/V relationships derived in the previous section along with corrections

for body effect and channel-length modulation provide a reasonable model for understand-

ing the “dc” behavior ofCMOS circuits. In many analog circuits, however, the capacitances

associated with the devices must also be taken into account so as to predict the “ac” behavior

as well.
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S Figure 2.30 MOS capacitances.

We expect that a capacitance exists between every two of the four terminals of a MOSFET
(Fig. 2.30).

8
Moreover, the value of each of these capacitances may depend on the bias con-

ditions of the transistor. Considering the physical structure in Fig. 2.31(a), we identify the

following. (1) Oxide capacitance between the gate and the channel, C\ = WLC0X \{2) De-

pletion capacitance between the channel and the substrate, C2 = WL^qt si Nsu b / (44> F )

;

(3) Capacitance due to the overlap of the gate poly with the source and drain areas, C3 and

C4 . Owing to fringing electric field lines, C3 and C4 cannot be simply written as WLqC0X ,

and are usually obtained by more elaborate calculations. The overlap capacitance per unit

width is denoted by Cov \ (4) Junction capacitance between the source/drain areas and the

substrate. As shown in Fig. 2.3 1(b), this capacitance is usually decomposed into two compo-

nents: bottom-plate capacitance associated with the bottom of the junction, C
; , and sidewall

capacitance due to the perimeter of the junction, Cjsw . The distinction is necessary because

different transistor geometries yield different area and perimeter values for the S/D junctions.

We typically specify Cj and Cjsw as capacitance per unit area and unit length, respectively.

Note that each junction capacitance can be expressed as C
}

—
C,o/[l + Vr/^bT, where

Vr is the reverse voltage across the junction, <$> B is the junction built-in potential, and m is

a power typically in the range of 0.3 and 0.4.

8The capacitance between S and D is negligible.

Figure 2.31 (a) MOS device capacitances, (b) decomposition of S/D junction capacitance into bottom-plate and

sidewall components.
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Example 2.6 —.,„.H. ,W,^WI. IOTW.

Calculate the source and drain junction capacitances of the two structures shown in Fig. 2.32.

i
i

JTT.

(a) (b)

Figure 2.32

Solution

For the transistor in Fig. 2.32(a), we have

Cdb - CSB = WECj + 2(W + E)Cjsw ,

whereas for that in Fig. 2.32(b),

Cdb

Csb

W (W \
= y EC

j
+2

yy
+ E

J
Cjsw

~w fw \
— 2 —ECj + 2 + EJ Cjsw

= WECj+2(W + 2E)Cjsw .

(2.31)

(2.32)

(2.33)

(2.34)

Called a “folded” structure, the geometry in Fig. 2.32(b) exhibits substantially less drain junction

capacitance than that in Fig. 2.32(a) while providing the same W/L.

In the above calculations, we have assumed that the total source or drain perimeter, 2(W + E),

is multiplied by Cjsw ,
In reality, the capacitance of the sidewall facing the channel may be less than

that of the other three sidewalls because of the channel-stop implant (Chapter 17). Nonetheless, we

typically assume all four sides have the same unit capacitance. The error resulting from this assumption

is negligible because each node in a circuit is connected to a number of other device capacitances as

well.
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Vp

Vq

+ WCov

Figure 2.33 Variation of gate-source and gate-drain capacitances versus Vas-

We now derive the capacitances between terminals of a MOSFET in different regions of

operation. If the device is off, CGD = CGS = C0VW, and the gate-bulk capacitance consists

of the series combination of the gate oxide capacitance and the depletion region capac-

itance, i.e., CCB = (WLC0X)Cd/(WLC0X + Cd ), where L is the effective length and

Cd = WLy/qe5iNsub/(4® F ). The value of CSB and CDB is a function of the source and

drain voltages with respect to the substrate.

If the device is in deep triode region, i.e., if S and D have approximately equal volt-

ages, then the gate-channel capacitance, WLC0X i
is divided equally between the gate

and source terminals and the gate and drain terminals. This is because a change AV in

the gate voltage draws equal amounts of charge from S and D. Thus, Cgd = Cgs =

WLC0X/2+WC0V .

If in saturation, a MOSFET exhibits a gate-drain capacitance of roughly WC0V . The

potential difference between the gate and the channel varies from VG$ at the source to

Vgs ~ Vth at the pinch-off point, resulting in a nonuniform vertical electric field in

the gate oxide along the channel. It can be proved that the equivalent capacitance of

this structure excluding the gate-source overlap capacitance equals 2WLC0X /3 [1]. Thus,

CGs = 2WLeffCox /3 + WC0V . The behavior ofCGd and CGS in different regions of opera-

tion is plotted in Fig. 2.33. Note that the above equations do not provide a smooth transition

from one region of operation to another, creating convergence difficulties in simulation

programs. This issue is revisited in Chapter 16.

The gate-bulk capacitance is usually neglected in the triode and saturation regions be-

cause the inversion layer acts as a “shield” between the gate and the bulk. In other words,

if the gate voltage varies, the charge is supplied by the source and the drain rather than the

bulk.

Example 2.7

Sketch the capacitances ofM i in Fig. 2.34 as Vx varies from zero to 3 V. Assume Vth = 0*6 V and

k = y = 0.

Solution

To avoid confusion, we label the three terminals as shown in Fig. 2.34. For Vx ^ 0, M\ is m the

triode region, CEn « Cef = (1/2)WLC0X + WCov ,
and CFB is maximum. The value of CNB is

independent of V*. As V* exceeds 1 V, the role of the source and drain is exchanged [Fig. 2.35(a)],
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+1 V

N

£
Figure 2.34

Figure 2.35

eventually bringingM i out of the triode region for Vx > 2 V— 0. 6 V. The variation of the capacitances

is plotted in Figs. 2.35(b) and (c).

2.4.3 MOS Small-Signal Model

The quadratic characteristics described by (2.8) and (2.9) along with the voltage-dependent

capacitances derived above form the large-signal model ofMOSFETs. Such a model proves

essential in analyzing circuits in which the signal significantly disturbs the bias points,

particularly if nonlinear effects are of concern. By contrast, if the perturbation in bias

conditions is small, a small-signal model, i.e., an approximation of the large-signal model

around the operating point, can be employed to simplify the calculations. Since in many
analog circuits, MOSFETs are biased in the saturation region, we derive the corresponding

small-signal model here. For transistors operating as switches, a linear resistor given by

(2.1 1) together with device capacitances serves as a rough small-signal equivalent.

We derive the small-signal model by producing a small increment in a bias point and

calculating the resulting increment in other bias parameters. Since the drain current is a

function of the gate-source voltage, we incorporate a voltage-dependent current source

equal to gm VGs [Fig. 2.36(a)]. Note that the low-frequency impedance between G and S is

very high. This is the small-signal model of an ideal MOSFET.
Owing to channel-length modulation, the drain current also varies with the drain-source

voltage. This effect can also be modeled by a voltage-dependent current source [Fig. 2.36(b)]

,

but a current source whose value linearly depends on the voltage across it is equivalent to
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Figure 2.36 (a) Basic MOS small-signal model, (b) channel-length modulation represented by a

dependent current source, (c) channel-length modulation represented by a resistor, (d) body effect

represented by a dependent current source.

a linear resistor [Fig. 2.36(c)]. Tied between D and S, the resistor is given by

(2.35)

(2.36)

(2.37)

(2.38)

As seen throughout this book, the output resistance, r0 ,
impacts the performance of many

analog circuits. For example, r0 limits the maximum voltage gain of most amplifiers.

Now recall that the bulk potential influences the threshold voltage and hence the gate-

source overdrive. As demonstrated in Example 2.3, with all other terminals held at a constant

voltage, the drain current is a function of the bulk voltage. That is, the bulk behaves as a

second gate. Modeling this dependence by a current source connected between D and S

[Fig. 2.36(d)], we write the value as gmbVbS ,
where gm b = dlo/dVes- In the saturation

region, gmb can be expressed as:

_ 9/d
8mb ~

0 Vbs
(2.39)
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W
— l^n Cqx S

~~ Vth)
9VVv/

$Vbs
(2.40)

We also have

Thus,

SVth _ $Vth

9 Vbs dVsB

= -~(2<t> F + VSB )-' /2
.

y
gmb ~ gm * —

2VWTv^
= mm.

(2-41)

(2.42)

(2.43)

(2.44)

where rj = gmh /gm . As expected, gmb is proportional to y. Equation (2.43) also suggests

that incremental body effect becomes less pronounced as VSb increases. Note that gm VGS
and gmh V3S have the same polarity, i.e., raising the gate voltage has the same effect as

raising the bulk potential.

The model in Fig. 2.36(d) is adequate for most low-frequency small-signal analyses. In

reality, each terminal of aMOSFET exhibits a finite ohmic resistance resulting from the resis-

tivity of the material (and the contacts), but proper layout can minimize such resistances. For

example, consider the two structures of Fig. 2.32, repeated in Fig. 2.37 along with the gate

distributed resistance. We note that folding reduces the gate resistance by a factor of four.

W

(a)

Figure 2.37 Reduction of gate resis-

tance by folding.

Shown in Fig. 2.38, the complete small-signal model includes the device capacitances

as well. The value of each capacitance is calculated according to the equations derived

in Section 2.4.2. The reader may wonder how a complex circuit is analyzed intuitively if

each transistor must be replaced by the model of Fig. 2.38. The first step is to determine
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Go-

B

1—o D

DB

Figure 2.38 Complete MOS small-signal model.

the simplest device model that can represent the role of each transistor with reasonable

accuracy. We provide some guidelines for this task at the end of Chapter 3.

Example 2.8 ----- - -

Sketch gm and gmb of M\ in Fig. 2.39 as a function of the bias current I \

.

Figure 2.39

Solution

Since gm = \/2{j.n C0X (W/L)lD, we have gm oc The dependence of gmb upon I\ is less

straightforward. As I\ increases, Vx decreases and so does Vsb-

Unless otherwise stated, in this book we assume the bulk of all NFETs is tied to the most

negative supply (usually the ground) and that of PFETs to the most positive supply (usually

VDD ).

2.4.4 MOS SPICE models

In order to represent the behavior of transistors in circuit simulations, SPICE requires

an accurate model for each device. Over the last two decades, MOS modeling has made

tremendous progress, reaching quite sophisticated levels so as to represent high-order effects

in short-channel devices.
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Table 2.1 Level 1 SPICE Models for NMOS and PMOS Devices.

NMOS Model

LEVEL = 1

NSUB = 9e+14

TOX = 9e-9

MJ = 0.45

VTO = 0.7

LD = 0.08e-6

PB = 0.9

MJSW = 0.2

GAMMA = 0.45

UO = 350

CJ = 0.56e-3

CGDO = 0.4e-9

PHI = 0.9

LAMBDA = 0.1

CJSW = 0.35e-1

1

JS = I.Oe—

8

PMOS Model

LEVEL = 1

NSUB = 5e+14

TOX = 9e-9

MJ = 0.5

VTO = -0.8

LD = 0.09e-6

PB = 0.9

MJSW = 0.3

GAMMA = 0.4

UO= 100

CJ = 0.94e-3

CGDO = 0.3e-9

PHI = 0.8

LAMBDA = 0.2

CJSW = 0.32e-1

1

JS = 0.5e-8

In this section, we describe the simplest MOS SPICE model, known as “Level 1 ” and
provide typical values for each parameter in the model corresponding to a 0.5-(im tech-

nology. Chapter 16 describes more accurate SPICE models. Table 2.1 shows the model
parameters for NMOS and PMOS devices. The parameters are defined as below:

VTO: threshold voltage with zero VSb (unit: V)

GAMMA: body effect coefficient (unit: V 1/2
)

PHI: 2<I>F (unit: V)

TOX: gate oxide thickness (unit: m)

NSUB: substrate doping (unit: cm-3
)

LD: source/drain side diffusion (unit: m)

UO: channel mobility (unit: cm2
/V/s)

LAMBDA: channel-length modulation coefficient (unit: V-1
)

CJ: source/drain bottom-plate junction capacitance per unit area (unit: F/m2
)

CJSW: source/drain sidewall junction capacitance per unit length (unit: F/m)
PB: source/drain junction built-in potential (unit: V)

MJ: exponent in CJ equation (unitless)

MJSW: exponent in CJSW equation (unitless)

CGDO: gate-drain overlap capacitance per unit width (unit: F/m)

CGSO: gate-source overlap capacitance per unit width (unit: F/m)

JS: source/drain leakage current per unit area (unit: A/m2
)

2.4.5 NMOS versus PMOS Devices

In most CMOS technologies, PMOS devices are quite inferior to NMOS transistors. For
example, due to the lower mobility of holes, iipC0X & 0.25jinC0X in modem processes,

yielding low current drive and transconductance. Moreover, for given dimensions and bias

currents, NMOS transistors exhibit a higher output resistance, providing more ideal current

sources and higher gain in amplifiers. For these reasons, it is preferred to incorporate NFETs
rather than PFETs wherever possible.
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2.4.6 Long-Channel versus Short-Channel Devices

In this chapter, we have employed a very simple view of MOSFETs so as to understand

the basic principles of their operation. Most of our treatment is valid for “long-channel”

devices, e.g., transistors having a minimum length of about 4 /xm. Many of the relationships

derived here must be reexamined and revised for short-channel MOSFETs. Furthermore,

the SPICE models necessary for simulation of today’s devices need to be much more sophis-

ticated than the Level 1 model. For example, the intrinsic gain, gm ro , calculated from the

device parameters in Table 2.1 is quite higher than actual values. These issues are studied

in Chapter 16.

The reader may wonder why we begin with a simplistic view of devices if such a view

does not lead to a high accuracy in predicting the performance of circuits. The key point is

that the simple model provides a great deal of intuition that is necessary in analog design. As

we will see throughout this book, we often encounter a trade-off between intuition and rigor,

and our approach is to establish the intuition first and gradually complete our understanding

so as to achieve rigor as well.

Appendix A: Behavior of MOS Device as a Capacitor

In this chapter, we have limited our treatment ofMOS devices to a basic level. However, the

behavior of a MOSFET as a capacitor merits some attention. Recall that if the source, drain,

and bulk of an NFET are grounded and the gate voltage rises, an inversion layer begins to

form for ^ VTH . We also noted that for 0 < Vgs < Vth, the device operates in the

subthreshold region.

Now consider the NFET of Fig. 2.40. The transistor can be considered a two-terminal

Figure 2.40 NMOS operating in ac-

cumulation mode.

device and hence its capacitance can be examined for different gate voltages. Let us be-

gin with a very negative gate-source voltage. The negative potential on the gate attracts

the holes in the substrate to the oxide interface. We say the MOSFET operates in the

“accumulation” region. The two-terminal device can be viewed as a capacitor having a

unit-area capacitance of Cox because the two “plates” of the capacitor are separated by

U)X •

As Vgs rises, the density of holes at the interface falls, a depletion region begins to form

under the oxide, and the device enters weak inversion. In this mode, the capacitance consists

of the series combination of Cox and Cdep . Finally, as VG s exceeds VTH ,
the oxide-silicon

interface sustains a channel and the unit-area capacitance returns to Cox . Figure 2.41 plots

the behavior.
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CGS

Figure 2.41 Capacitance-voltage

characteristic of an NMOS device.

Problems

Unless otherwise stated, in the following problems, use the device data shown in Table 2. 1 and assume
Vdd = 3 V where necessary.

2.1. For W/L = 50/0.5, plot the drain current of an NFET and a PFET as a function of |VCj| as

I^gsI varies from 0 to 3 V. Assume IV/wl = 3 V.

2.2. For W/L = 50/0.5, and |/o =0.5 mA, calculate the transconductance and output impedance
of both NMOS and PMOS devices. Also, find the “intrinsic gain,” defined as gm r0 .

2.3. Derive expressions for gm r0 in terms of lD and W/L. Plot gm r0 as a function of ID with L
as a parameter. Note that Aal/L

2.4. Plot ID versus VGS for an MOS transistor (a) with VDS as a parameter, (b) with VBs as a
parameter. Identify the break points in the characteristics.

2.5. Sketch Ix and the transconductance of the transistor as a function of for each circuit in
Fig. 2.42 as Vx varies from 0 to Vod • For part (a), assume Vx varies from 0 to 1.5 V.

Figure 2.42



40 Chap. 2 Basic MOS Device Physics

Figure 2.43

2.6. Sketch Ix and the transconductance of the transistor as a function of Vx for each circuit in

Fig. 2.43 as Vx varies from 0 to Vdd-

2.7. Sketch Vout as a function of Vin for each circuit in Fig. 2.44 as Vin varies from 0 to VD d-

2.8. Sketch Vout as a function of Vin for each circuit in Fig. 2.45 as Vin varies from 0 to Vdd-

2.9. Sketch Vx and Ix as a function of time for each circuit in Fig. 2.46. The initial voltage of C\

is equal to 3 V.

2.10. Sketch V* and lx as a function of time for each circuit in Fig. 2.47. The initial voltages of C\

and C2 are equal to 1 V and 3 V, respectively.

2.11. Sketch Vx as a function oftime for each circuit in Fig. 2.48. The initial voltage of each capacitor

is shown.

2.12. Sketch Vx as a function of time for each circuit in Fig. 2.49. The initial voltage ofeach capacitor

is shown.

2.13. The transit frequency, fr, of a MOSFET is defined as the frequency at which the small-signal

current gain of the device drops to unity while the source and drain terminals are held at ac

ground.

(a) Prove that

fr = ^
.

2tt(Cgd + Ccs)

Note that fr does not include the effect of the S/D junction capacitance.

(2.45)
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(a) (b) (c)

Figure 2.45

(b) Suppose the gate resistance, RG , is significant and the device is modeled as a distributed

set of n transistors each with a gate resistance equal to RG /n. Prove that the fT of the

device is independent of RG and still equal to the value given above.

(c) For a given bias current, the minimum allowable drain-source voltage for operation in

saturation can be reduced only by increasing the width and hence the capacitances of the

transistor. Using square-law characteristics, prove that

_ Mn V^GS ~ VTH

2n L 2 (2.46)

This relation indicates how the speed is limited as a device is designed to operate with

lower supply voltages.
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lx lx I x— 0VX

+2V^ld Ml J
C

1 +2 V •—

|

-^C2

(a) (b) (c)

Figure 2.47

2 .14. Calculate the fy of a MOS device in the subthreshold region and compare the result with those

obtained in Problem 2.13.

2.15 . For a saturated NMOS device having W = 50 /xm and L = 0.5 /xm, calculate all of the

capacitances. Assume the minimum (lateral) dimension of the S/D areas is 1.5 /xm and the

device is folded as shown in Fig. 2.32(b). What is the fj if the drain current is 1 mA?

2.16 . Consider the structure shown in Fig. 2.50. Determine Id as a function of Vqs and Vos and

prove that the structure can be viewed as a single transistor having an aspect ratio W/{2L).

Assume X = y = 0.

2 .17 . For an NMOS device operating in saturation, plot W/L versus Vgs~Vth if (a) Id is constant,

(b) gm is constant.
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Figure 2,49
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+~H
^GS H

W
L

W
L

^DS

Figure 2.50
2.18.

Explain why the structures shown in Fig. 2.5 1 cannot operate as current sources even though

the transistors are in saturation.

r

'i

(a) (b) Figure 2.51

2.19. Considering the body effect as “backgate effect,” explain intuitively why y is directly propor-

tional to s/Nsub and inversely proportional to Cox

2.20. A “ring” MOS structure is shown in Fig. 2.52. Explain how the device operates and estimate

its equivalent aspect ratio. Compare the drain junction capacitance of this structure with that

of the devices shown in Fig. 2.32.

2.21. Suppose we have received an NMOS transistor in a package with four unmarked pins. Describe

the minimum number of dc measurement steps using an ohmmeter necessary to determine the

gate, source/drain, and bulk terminals of the device.

2.22. Repeat Problem 2.21 if the type of the device (NFET or PFET) is not known.
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2.23. For an NMOS transistor, the threshold voltage is known but iinC0X and W/L are not. Assume

X — y = 0. If we cannot measure Cox independently, is it possible to devise a sequence of

dc measurement tests to determine {xnC0X and W/LI What if we have two transistors and we
know one has twice the aspect ratio of the other?

2.24. Sketch lx versus Vx for each of the composite structures shown in Fig. 2.53 with Vq as a

parameter. Also, sketch the equivalent transconductance. Assume X ~ y = 0.

o-

+

(a) (b)

Vx

Figure 2.53

2.25. An NMOS current source with Id = 0.5 mA must operate with drain-source voltages as low as

0.4 V. If the minimum required output impedance is 20 k£2, determine the width and length of

the device. Calculate the gate-source, gate-drain, and drain-substrate capacitance if the device

is folded as in Fig. 2.32 and E = 3 fim.

2.26. Consider the circuit shown in Fig. 2.54, where the initial voltage at node X is equal to Vdd-
Assuming X = y = 0 and neglecting other capacitances, plot Vx and Vy versus time if (a)

Vin is a positive step with amplitude Vo > Vth, (b) Vin is a negative step with amplitude

Vo = Vth-

Ci

Y
C2

Hl-

Figure 2.54

2.27. An NMOS device operating in the subthreshold region has a £ of 1.5. What variation in Vgs

results in a ten-fold change in /£>? If //> = 10 fiA, what is gm ?

2.28. Consider an NMOS device with Vq = 1.5 V and Vs = 0. Explain what happens if we

continually decrease Vq below zero or increase Vsub above zero.
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Chapter 3

Single-Stage Amplifiers

Amplification is an essential function in most analog (and many digital) circuits. We amplify

an analog or digital signal because it may be too small to drive a load, overcome the noise

of a subsequent stage, or provide logical levels to a digital circuit. Amplification also plays

a critical role in feedback systems (Chapter 8).

In this chapter, we study the low-frequency behavior of single-stage CMOS amplifiers.

Analyzing both the large-signal and the small-signal characteristics of each circuit, we

develop intuitive techniques and models that prove useful in understanding more complex

systems. An important part of a designer’s job is to use proper approximations so as to

create a simple mental picture of a complicated circuit. The intuition thus gained makes

it possible to formulate the behavior of most circuits by inspection rather than by lengthy

calculations.

Following a brief review of basic concepts, we describe in this chapter four types of

amplifiers: common-source and common-gate topologies, source followers, and cascode

configurations. In each case, we begin with a simple model and gradually add second-order

phenomena such as channel-length modulation and body effect.

3.1 Basic Concepts

The input-output characteristic of an amplifier is generally a nonlinear function (Fig. 3.1)

that can be approximated by a polynomial over some signal range:

y(/) ^ ot0 + aix(t) + a2x
2
(t) H + anx

n
(t) x\ < x < x2 . (3.1)

The input and output may be current or voltage quantities. For a sufficiently narrow range

of x,

+ (3.2)

where «o can be considered the operating (bias) point and aq the small-signal gain. So

long as oqx(/) ofo, the bias point is disturbed negligibly, (3.2) provides a reasonable

47
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Figure 3.1 Input-output characteristic

of a nonlinear system.

approximation, and higher order terms are insignificant. In other words, Ay = a\Ax,

indicating a linear relationship between the increments at the input and output. As x(t)

increases in magnitude, higher order terms manifest themselves, leading to nonlinearity

and necessitating large-signal analysis. From another point of view, if the slope of the

characteristic (the incremental gain) varies with the signal level, then the system is nonlinear.

These concepts are described in detail in Chapter 13.

What aspects of the performance of an amplifier are important? In addition to gain and

speed, such parameters as power dissipation, supply voltage, linearity, noise, or maximum

voltage swings may be important. Furthermore, the input and output impedances determine

how the circuit interacts with preceding and subsequent stages. In practice, most of these

parameters trade with each other, making the design a multi-dimensional optimization

problem. Illustrated in the “analog design octagon” of Fig. 3.2, such trade-offs present many

challenges in the design of high-performance amplifiers, requiring intuition and experience

to arrive at an acceptable compromise.

Noise -Linearity

Power
Dissipation

Input/Output ..

Impedance

A''

\
Speed-

Gain

*. Supply

Voltage

/
Voltage

"Swings Figure 3.2 Analog design octagon.

3.2 Common-Source Stage

3.2.1 Common-Source Stage with Resistive Load

By virtue of its transconductance, a MOSFET converts variations in its gate-source voltage

to a small-signal drain current, which can pass through a resistor to generate an output

voltage. Shown in Fig. 3.3(a), the common-source (CS) stage performs such an operation.
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(a)

VOD

«D

(C)

(b)

(d)

Figure 3.3 (a) Common-source stage, (b) input-output characteristic, (c) equivalent

circuit in deep triode region, (d) small-signal model for the saturation region.

We study both the large-signal and the small-signal behavior of the circuit. Note that the

input impedance of the circuit is very high at low frequencies.

If the input voltage increases from zero, Mi is off and Vout ~ VDD [Fig. 3.3(b)]. As Vin

approaches VTh, M\ begins to turn on, drawing current from RD and lowering Vout , If VDD
is not excessively low, M\ turns on in saturation, and we have

1 W
V„u, = Vdd ~ RD^nC„xj(Vin

- VTH )\ (3.3)

where channel-length modulation is neglected. With further increase in Vin ,
Vout drops more

and the transistor continues to operate in saturation until V/„ exceeds Vou[ by Vjh [point A

in Fig. 3.3(b)]. At this point,

1 W
Vinl - VtH = Vdd — RD-linCox— (Vin\ - Vth)

2
,

from which V^i — Vth and hence Vout can be calculated.

For Vi„ > Vini , is in the triode region:

1 W
Vlm ,

= VDD - RD-UnCaxJ&Vin ~ VthWou, ~ V^,] .

(3.4)

(3.5)
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If Vi n is high enough to drive M\ into deep triode region, Voul 2(V/„ — Vth)* and, from

the equivalent circuit of Fig. 3.3(c),

Vdd
Ron

Ron “I" Rd
(3.6)

Vdd

W
1 +MnC0X ~/?Z)(V( „

- Vth)

(3-7)

Since, the transconductance drops in the triode region, we usually ensure that Vout >

Vin - Vth

*

operating to the left of point A in Fig. 3.3(b). Using (3.3) as the input-output

characteristic and viewing its slope as the small-signal gain, we have;

_ SVwt

dvin

w
= ~ RDi^nCox~j-(Vi n — Vth)

~~ ~gm R[)

(3.8)

(3.9)

(3.10)

This result can be directly derived from the observation that M\ converts an input volt-

age change AVin to a drain current change gmAVint and hence an output voltage change

~gmRDAVin . The small-signal model of Fig. 3.3(d) yields the same result.

Even though derived for small-signal operation, the equation A v - -gm RD predicts

certain effects if the circuit senses a large signal swing. Since gm itself varies with the

input signal according to gm = finCox(W/L)(VGS - VTh)* the gain of the circuit changes

substantially if the signal is large. In other words, if the gain of the circuit varies significantly

with the signal swing, then the circuit operates in the large-signal mode. The dependence

of the gain upon the signal level leads to nonlinearity (Chapter 13), usually an undesirable

effect.

A key result here is that to minimize the nonlinearity, the gain equation must be a weak

function of signal-dependent parameters such as gm . We present several examples of this

concept in this chapter and in Chapter 13.

Example 3.1——— —————

—

Sketch the drain current and transconductance of M\ in Fig. 3.3(a) as a function of the input voltage.

Solution

The drain current becomes significant for V/„ > Vth* eventually approaching Vdd!Rd if Ron\

Rd [Fig. 3.4(a)]. Since in saturation, gm = tinCox(W/L)(Vin - VTh)> the transconductance begins

to rise for > Vth- In the triode region, gm = finC0X (W/L)VDS

*

falling as exceeds V,„

\

[Fig. 3.4(b)].

How do we maximize the voltage gain of a common-source stage? Writing (3.10) as

A v

I W
2/xnC0Jf

— //)

Vrd

~h'
(3.11
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Figure 3.4

where VRD denotes the voltage drop across RD , we have

A v = -^2nnC0Xj^. (3.12)

Thus, the magnitude of A v can be increased by increasing W/L or VRD or decreasing ID if

other parameters are constant. It is important to understand the trade-offs resulting from this

equation. A larger device size leads to greater device capacitances, and a higher VRD limits

the maximum voltage swings. For example, if Vqd - Vrd = Vin - Vr//> then M\ is at the

edge of the triode region, allowing only very small swings at the output (and input). If VRD

remains constant and ID is reduced, then RD must increase, thereby leading to a greater

time constant at the output node. In other words, as noted in the analog design octagon,

the circuit exhibits trade-offs between gain, bandwidth, and voltage swings. Lower supply

voltages further tighten these trade-offs.

For large values ofRD ,
the effect ofchannel length modulation in M\ becomes significant.

Modifying (3.4) to include this effect,

1 W
Vou, = Vdd - RD^nCoX j(Vin - VTH )

2(l+XVoal ), (3.13)

we have

f)V W
= -RDiMnC0X -(Vin - VTH ){\ +\Vom )

dVin L

-RD^nCjt-W' - Vth )

2X^. (3.14)
Z Li 0 Vin

Using the approximation ID ~ (l/2)/x„C0X(H
//I)(U,„ - VTH )

2
, we obtain:

A v = -RDgm ~ RdIdXA v (3.15)
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and hence

Since XID — 1 jr0 .

8m Rp

1 4- RpXIo

A v 8m
rpRp

ro + Rd

(3.16)

(3.17)

The small-signal model of Fig. 3.5 gives the same result with much less effort. That is, since

V,
in

Figure 3.5 Small-signal model of CS
stage including the transistor output re-

sistance.

gmV\(ro II*d) = -Vout and Vi = Vin , we have Vout/Vin = -gm (r0 \\Rp). Note that, as

mentioned in Chapter 1, V,„, Vi, and Vout in this figure denote small-signal quantities.

Example 3.2

Assuming M\ in Fig. 3.6 is biased in saturation, calculate the small-signal voltage gain of the circuit.

— Vi

® 'l

DD

'in

‘'out

Figure 3.6

Solution

Since I\ introduces an infinite impedance, the gain is limited by the output resistance of M \

:

A v = -gmro- (3.18)

Called the “intrinsic gain” of a transistor, this quantity represents the maximum voltage gain that can

be achieved using a single device. In today’s CMOS technology, gm r0 of short-channel devices is

between roughly 10 and 30. Thus, we usually assume 1 /gm < ro .

In Fig. 3.6, Kirchhoff’s current law (KCL) requires that ID] = l\ . Then, how can Vin change the

current of M\ if /] is constant? Writing the total drain current of M\ as

Im —
-l^nCoxiVin - Vth)

2
{ 1 + XV0Ut )

= Iu

(3.19)

(3.20)
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we note that V,„ appears in the square term and Vout in the linear term. As V/„ increases, Vout must

decrease such that the product remains constant. We may nevertheless say increases as Vi n

increases.” This statement simply refers to the quadratic part of the equation.

3.2.2 CS Stage with Diode-Connected Load

In many CMOS technologies, it is difficult to fabricate resistors with tightly-controlled

values or a reasonable physical size (Chapter 17). Consequently, it is desirable to replace

Rd in Fig. 3.3(a) with a MOS transistor.

A MOSFET can operate as a small-signal resistor if its gate and drain are shorted

[Fig. 3.7(a)]. Called a “diode-connected” device in analogy with its bipolar counterpart,

(a) (b)

Figure 3.7 (a) Diode-connected NMOS and PMOS devices, (b) small-

signal equivalent circuit.

this configuration exhibits a small-signal behavior similar to a two-terminal resistor. Note

that the transistor is always in saturation because the drain and the gate have the same

potential. Using the small-signal equivalent shown in Fig. 3.7(b) to obtain the impedance

of the device, we write V\ = Vx and Ix — Vx/ro 4- gm Vx- That is, the impedance of the

diode is simply equal to (\/gm )\\ro ^ 1 jgm - If body effect exists, we can use the circuit in

Fig. 3.8 to write V\ = -Vx ,
Vbs = - Vx and

(a) (b)

Figure 3.8 (a) Arrangement for measuring the equivalent resistance of a diode-

connected MOSFET, (b) small-signal equivalent circuit.

(gm + gmbWx H — h-
ro

(3.21)
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It follows that

8m T 8mb T ro

(3.22)

. Wo (3.23)

8m i 8mb

1

gm gmb
(3.24)

Interestingly, the impedance seen at the source of M\ is lower when body effect is included.

Intuitive explanation of this effect is left as an exercise for the reader.

We now study a common-source stage with a diode-connected load (Fig. 3.9). For negli-

gible channel-length modulation, (3.24) can be substituted in (3. 10) for the load impedance,

VDD

2

^in° I

'out

Figure 3.9 CS stage with diode-

connected load.

yielding

A-v — 8ml
§m2 i gmb2

_ 8ml 1

gmil+ri'

(3.25)

(3.26)

where r] = gmbi/gmi • Expressing gm \
and gm 2 in terms of device dimensions and bias

currents, we have

J2 fi nC()AW/LhIm 1

J2iinC0X(W/L)2 ID2 1+r/’

and, since Im = ID2 ,

(W/L ) t 1

(W/Lh 1 + ri

(3.28)

This equation reveals an interesting property: if the variation of rj with the output voltage

is neglected, the gain is independent of the bias currents and voltages (so long as M\ stays

in saturation). In other words, as the input and output signal levels vary, the gain remains

relatively constant, indicating that the input-output characteristic is relatively linear.
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The linear behavior of the circuit can also be confirmed by large-signal analysis. Ne-

glecting channel-length modulation for simplicity, we have in Fig. 3.9

1 fW\ 1

-finCM
(j)

(vin
- VTHl )

2 = -finc0x (-^(VDz>
- V„u, - Vth2)\ (3.29)

and hence

(Yin ~ Vthi) =^j)
{Vdd ' V™' ' Vthi) * (3 '30)

Thus, if the variation of Vthi with Vom is small, the circuit exhibits a linear input-output

characteristic. The small-signal gain can also be computed by differentiating both sides

with respect to

w\ / dvout bvTH2

L Av Bvin dvin

(3.31)

which, upon application of the chain rule dVrH2/dVin = (dVTH2/dVout)(dVout/dVin )
=

i)(dV0UtldVi,j), reduces to

8Vou
i = _ /

(W/L)i 1

dV
itt i(W/L)2 1+I?

(3.32)

It is instructive to study the overall large-signal characteristic of the circuit as well. But

let us first consider the circuit shown in Fig. 3. 10(a). What is the final value of Vout if I\ drops

to zero? As I\ decreases, so does the overdrive of M2 . Thus, for small A, Vq $2 ^ Vthi

^nd Vou t Vdd — Vth2 - In reality, the subthreshold conduction in M2 eventually brings

Vou t
to Vdd ifh approaches zero, but at very low current levels, the finite capacitance at

the output node slows down the change from VDD - VTh2 to VDD . This is illustrated in

the time-domain waveforms of Fig. 3.10(b). For this reason, in circuits that have frequent

switching activity, we assume Vout remains around VDd ~ VTh2 when /] falls to small

values.

Now we return to the circuit of Fig. 3.9. Plotted in Fig. 3.11 versus Vin , the output voltage

equals VDD - VTh2 if Vin < VTHi-VorVin > VThu Eq* (3.30) holds and Vout follows an

approximately straight line. As Vin exceeds Vout + VTh\ (beyond point A), M\ enters the

triode region, and the characteristic becomes nonlinear.

The diode-connected load of Fig. 3.9 can be implemented with a PMOS device as well.

Shown in Fig. 3.12, the circuit is free from body effect, providing a small-signal voltage

gain equal to

A 11

1

fiP(W/L)2

’ (3.33)

where channel-length modulation is neglected.
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revealing that

VgS2 - Vthi\

Vgsi ~ Vth\
(3.35)

In the above example, the overdrive voltage of M2 must be 10 times that of M\. For

example, with FG51 - VTm = 200 mV, and \VTm
\

= 0.7 V, we have
|

VG52 |

= 2.7 V,

severely limiting the output swing. This is another example of the trade-offs suggested by

the analog design octagon. Note that, with diode-connected loads, the swing is constrained

by both the required overdrive voltage and the threshold voltage. That is, even with a small

overdrive, the output level cannot exceed VDD ~
\

VT h\-
An interesting paradox arises here if we write gm = fiC0X(W/L)\VGs ~ VthI The

voltage gain of the circuit is then given by

A, = 8—
(3.36)

8m2

H„C0X(W/Lh(VGS i
- Vthi) -

~
flpC0X (W/L)2 \VGs2 -VTH2

\' }

Equation (3.37) implies that A v is inversely proportional to
\
Vgs2~Vth2\- It is left for the

reader to resolve the seemingly opposite trends suggested by (3.35) and (3.37).

Example 3.3 -

In the circuit of Fig. 3.13, M\ is biased in saturation with a drain current equal to I\. The current

source 1$ = 0.75A is added to the circuit. How is (3.35) modified for this case?

Solution

Since \Idi\ ~ hi4, we have

A v

8m 1

8m2

48Ln(W/Lh

Vp(W/L)2

(3.38)

(3.39)

VDD

! S

^in
0

I

M
'l

Figure 3.1

3
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Moreover,

yielding

f^n

w
T (Vgsi - Vthi)

2 ^ 4(ip
^

(^GS2 — Vtm)2
> (3.40)

IVGS2 ~ VtHi\ _ A v

^gsi - Vthi
~

4
' ( * }

Thus, for a gain of 10, the overdrive ofU2 need be only 2.5 times that of M\ . Alternatively, for a given

overdrive voltage, this circuit achieves a gain four times that of the stage in Fig. 3.12. Intuitively, this

is because for a given
\
Vgsi - VV//2 U if the current decreases by a factor of 4, then {W/L)2 must

decrease proportionally, and gm2 - J2fipC0X{W/L)2 ID2 is lowered by the same factor.

We should also mention that in today’s CMOS technology, channel-length modulation

is quite significant and, more importantly, the behavior of transistors notably departs from

the square law (Chapter 16). Thus, the gain of the stage in Fig. 3.9 must be expressed as

Av = -gml ( lkoilko2]

,

(3.42)
\8m2 /

where gm \
and gm2 must be obtained as described in Chapter 16.

3.2.3 CS Stage with Current-Source Load

In applications requiring a large voltage gain in a single stage, the relationship A v = ~gm RD
suggests that we increase the load impedance of the CS stage. With a resistor or diode-

connected load, however, increasing the load resistance limits the output voltage swing,

A more practical approach is to replace the load with a current source. Described briefly

in Example 3.2, the resulting circuit is shown in Fig. 3.14, where both transistors operate in

saturation. Since the total impedance seen at the output node is equal to r0 \
\\r02 ,

the gain is

£
VDD

^out

Figure 3.14 CS stage with current-

source load.

A, = —gm \(ro\ lko 2 >* (3.43)

The key point here is that the output impedance and the minimum required
|
V/^s

I

of

M2 are less strongly coupled than the value and voltage drop of a resistor. The voltage
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\^Dsi,min I

= \Vgs2 ~ Vthi\ can be reduced to even a few hundred millivolts by simply

increasing the width ofM2 . If r0i is not sufficiently high, the length and width ofM2 can be

increased to achieve a smaller X while maintaining the same overdrive voltage. The penalty

is the large capacitance introduced by M2 at the output node.

We should remark that the output bias voltage of the circuit in Fig. 3.14 is not well-

defined. Thus, the stage is reliably biased only if a feedback loop forces Vout to a known

value (Chapter 8). The large-signal analysis of the circuit is left as an exercise for the reader.

As explained in Chapter 2, the output impedance of MOSFETs at a given drain current

can be scaled by changing the channel length, i.e., to the first order, X oc 1/L and hence

r0 oc L///). Since the gain of the stage shown in Fig. 3.14 is proportional to r0 \ ||

r

02 , we

may surmise that longer transistors yield a higher voltage gain.

Let us consider M\ and M2 separately. If Li is scaled by a factor a (> 1), then W\ may

need to be scaled proportionally as well. This is because, for a given drain current, VGS i
-

Vth i
oc 1/V(W/L)i, i.e., if W\ is not scaled, the overdrive voltage increases, limiting the

output voltage swing. Also, since gm \
oc y/{W/L) i, scaling up only L\ lowers gm \.

In applications where these issues are unimportant, W\ can remain constant while L\

increases. Thus, the intrinsic gain of the transistor can be written as

/W\ 1

(144)

indicating that the gain increases with L because X depends more strongly on L than gm

does. Also, note that gm r0 decreases as 1$ increases.

Increasing L 2 while keeping W2 constant increases rG2 and hence the voltage gain, but

at the cost of higher
|

VDS2 |
required to maintain M2 in saturation.

3.2.4 CS Stage with Triode Load

A MOS device operating in deep triode region behaves as a resistor and can therefore serve

as the load in a CS stage. Illustrated in Fig. 3.15, such a circuit biases the gate of M2 at

a sufficiently low level, ensuring the load is in deep triode region for all output voltage

swings.

gm\r0 \
—

H
jVdd

^^on2

K)Ut ^out

^in 0
I ^in

0
I 1

Figure 3.1 5 CS stage with triode load.
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Since

HPC0X(W/L)2(VDD -Vb -\ VTHP |)

’

the voltage gain can be readily calculated.

The principaldrawback ofthis circuit stems from the dependence ofRon2 upon jApC0X , Vb ,

and VjHp. Since iipC0X and Vthp vary with process and temperature and since generating

a precise value for Vb requires additional complexity, this circuit is difficult to use. Triode

loads, however, consume less voltage headroom then do diode-connected devices because
in Fig. 3.15 Voul max = VDD whereas in Fig. 3.12, VouUmax ss VDD - \VTHP \.

3.2.5 CS Stage with Source Degeneration

In some applications, the square-law dependence of the drain current upon the overdrive

voltage introduces excessive nonlinearity, making it desirable to “soften” the device charac-

teristic. In Section 3.2.2, we noted the linear behavior of a CS stage using a diode-connected

load. Alternatively, as depicted in Fig. 3.16, this can be accomplished by placing a “degen-
eration” resistor in series with the source terminal. Here, as Vin increases, so do 1D and the

(a) (b)

Figure 3.16 CS stage with source degeneration.

voltage drop across R$. That is, a fraction of V,„ appears across the resistor rather than as the

gate-source overdrive, thus leading to a smoother variation of //>. From another perspective,

we intend to make the gain equation a weaker function of gm . Since Vout = ~ID RD ,
the

nonlinearity of the circuit arises from the nonlinear dependence of ID upon Vla . We note that

dV0Ul /dVj„ = -(9/o/9V)„)/?D , and define the equivalent transconductance of the circuit

as Gm = dlD/dVin . Now, assuming ID - f(VGS ), we write

dID

9/ 9Vcs

9Vq5 dVin

(3.46)

(3.47)
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Since VGS = Vin ~ bRs, we have dVGs/SVin = 1 - Rsdh/dVin, obtaining

But, df/dVGS is the transconductance of Mi, and

gm
Gm =

1 + gmRs

The small-signal voltage gain is thus equal to

A v — Gm R[)

- ~8mRp

1 + gmRs

(3.48)

(3.49)

(3.50)

(3.51)

The same result can be derived using the small-signal model of Fig. 3.16(b). Equation

(3.49) implies that as Rs increases, Gm becomes a weaker function of gm and hence the

drain current. In fact, for Rs » l/gm , we have Gm k 1/Rs ,
i.e., A ID k A Vin/Rs ,

indicating that most of the change in Vin appears across Rs . We say the drain current is a

“linearized” function of the input voltage. The linearization is obtained at the cost of lower

gain [and higher noise (Chapter 7)].

Figure 3.17 Small-signal equivalent

circuit of a degenerated CS stage.

For our subsequent calculations, it is useful to determine Gm in the presence ofbody effect

and channel-length modulation. With the aid of the equivalent circuit shown in Fig. 3.17,

we recognize that the current through Rs equals Iout and, therefore, Vin = V\ 4- I0utRs-

Summing the currents at node X
,
we have

lout - gm V, ™ gmb Vx -
I

1̂
(3.52)

ro

= gm(Vin ~ hutRs) + gmb{~hutRs)
^

• (3.53)

It follows that

w m

gmTo

Rs + [1 + (gm + gmb)RsV0

(3.54)

(3.55)
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This result allows formulating the gain by inspection. First, let us examine the denominator

of (3.56). The expression is equal to the series combination of the inverse transconduc-

tance of the device and the explicit resistance seen from the source to ground. We call the

denominator “the resistance seen in the source path” because if, as shown in Fig. 3.20,

we disconnect the bottom terminal of R$ from ground and calculate the resistance seen

“looking up” (while setting the input to zero), we obtain Rs + 1 jgm .

'i

Figure 3.20 Resistance seen in the

source path.

Noting that the numerator of (3.56) is the resistance seen at the drain, we view the

magnitude of the gain as the resistance seen at the drain node divided by the total resistance

in the source path. This method greatly simplifies the analysis of more complex circuits.

Example 3.5 — - —

Assuming \ = y = 0, calculate the small-signal gain of the circuit shown in Fig. 3.21(a).

Figure 3.21

Solution

Noting that M2 is a diode-connected device and simplifying the circuit to that shown in Fig. 3.21(b),

we use the above rule to write

A,
Rd

1 1
*

§m\ 8m2

(3.57)
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Another important consequence of source degeneration is the increase in the outpui

resistance of the stage. We calculate the output resistance first with the aid of the equivaleni

circuit shown in Fig. 3.22. Note that body effect is also included to arrive at a general result

Figure 3.22 Equivalent circuit for cal-

culating the output resistance of a degen-

erated CS stage.

Since the current through Rs is equal to IXi V\ = ~Ix Rs and the current flowing througf

r0 is given by Ix - (gm + gmb)Vi = h + (gm 4 gmb)Rsh * Adding the voltage drops across

ro and Rs , we obtain

roUx + (gm 4- gmb)Rsh ] + hRs = Vx . (3.58’

It follows that

Rout = [1 + (gm 4 gmb)RsVo 4 Rs (3.59^

= [1 4 (gm + gmb)ro]Rs 4 >7). (3.60

Since typically (gm + gmb )r0 » 1, we have

Rout % (gm 4 gmb)roRs 4 rO (3.61

= [1 + (gm + gmb)RsVo, (3.62

indicating that the output resistance has increased by a factor 1 + (gm + gmb)Rs- This is ar

important and useful result.

To gain more insight, let us consider the circuit of Fig. 3.22 with Rs = 0 and Rs > 0. 1:

Rs = 0, then gm V\ = gmh Vbs = 0 and Ix = Vx /r0 . On the other hand, if Rs > 0, we have

Ix Rs > 0 and Vi < 0, obtaining negative gm V\ and gmbVbs . Thus, the current supplied b)

Vx is less than Vx /r0 .

The relationships in (3.60) and (3.62) can also be derived by inspection. As shown ir

Fig. 3.23(a), we apply a voltage to the output node, change its value by A V, and measure

the resulting change, A/, in the output current. Since the current through Rs must change

by A/, we first compute the voltage change across R$. To this end, we draw the circui

as shown in Fig. 3.23(b) and note that the resistance seen looking into the source of M\ i<

equal to l/(gm 4 gmb ) [Eq. (3.24)], thus arriving at the equivalent circuit in Fig. 3.23(c)
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Figure 3.23 (a) Change in drain current in response to change in applied voltage to drain,

(b) equivalent of (a), (c) small-signal model.

The voltage change across Rs is therefore equal to

—

”

11*5

AVrs = AV

—

+ gmb

—7
II
Rs +ro

8m -T gmb

The change in the current is

A/ = *Vrs

Rs

= AV 1

[1 + (gm + gmb)Rs)rO + Rs

that is,

AV
AT

[1 + (gm + gmb)RsVo + Rs *

(3.63)

(3.64)

(3.65)

(3.66)

With the foregoing developments, we can now compute the gain of a degenerated CS stage

in the general case, taking into account both body effect and channel-length modulation. In

the equivalent circuit depicted in Fig. 3.24, the current through Rs must equal that through

Rd i i-e., - Vout/Ru • Thus, the source voltage with respect to ground (and the bulk) is equal

1° -VoutRs/

R

d and hence V\ — + Vout Rs/RD • The current through r0 can therefore

be written as

Va*

Rd

Rd

~ (gmVi + gmbVbs)

Rs
y. _l v ,

—v in r y out D
I'D

, v Rs
i gmb Vout~Z—

KD.

(3.67)

(3.68)
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V.
in

-0 V,out

D

«s

Figure 3.24 Small-signal model of degenerated CS stage with

finite output resistance.

Since the voltage drop across r0 and Rs must add up to Vout ,
we have

V0ut — ho?0
V,

r

out
Rs (3.69)

Y out

Rd

( Rs \ Rs
— gm I Kin T —

\ + gmbVout
^

Rs
ro-Vout (3.70)

Kd

It follows that

Vout -gmrpRp

Vin Rp + Rs + rO + (gm + gmb)RsrO
(3.71)

To gain more insight into this result, we recognize that the last three terms in the denom-

inator, namely, Rs + r0 + (gm + gmb)Rsro> represent the output resistance of a MOS device

degenerated by a resistor Rs, as originally derived in (3.60). Let us now rewrite (3.71) as

A V

-gmfoRp[Rs + rO + igm + gmb)Rs rO ]
[

Rd + Rs + r0 + fen + gmbWsro Rs + r0 + (gm + gmb)Rsro

gm^O Rd[Rs + fo + (gm + gmb)Rsfo]

Rs + rO + (gm + gmb)Rs?0 Rd + ^5 + r0 + (gm + gmb)RsrO

(3.72)

(3.73)

The two fractions in (3.73) represent two important parameters of the circuit: the first is

identical to that in (3.55), i.e., the equivalent transconductance of a degenerated MOSFET;

and the second denotes the parallel combination of Rp and Rs + r0 4- (gm + gmb)Rs^o>

i.e., the overall output resistance of the circuit.

The above discussion suggests that in some circuits it may be easier to calculate the

voltage gain by exploiting the following lemma.

Lemma. In a linear circuit, the voltage gain is equal to -GmR0Uly where Gm denotes the

transconductance of the circuit when the output is shorted to ground and Rout represents

the output resistance of the circuit when the input voltage is set to zero [Fig. 3.25(a)].

The lemma can be proved with the aid of Fig. 3.25 by noting that the output port of £

linear circuit can be modeled by a Norton equivalent. That is, the output voltage is equal

to - Iout Rout ,
and Iout can be obtained by measuring the short-circuit current at the output
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'out

^ ^out Wout

0

Figure 3.25 Modeling output port of an amplifier by a Norton equivalent.

Defining Gm = huti^in ,
we have Vout — -Gm VinR0Ut , This lemma proves useful if Gm

and Rout can be determined by inspection.

Example 3.6 -- -

Calculate the voltage gain of the circuit shown in Fig. 3.26. Assume /q is ideal.

Figure 3.26

Solution

The transconductance and output resistance of the stage are given by Eqs. (3.55) and (3.60), respec-

tively. Thus,

A V = -ITXfi-Lr .L ^T“ {[1 + i8m + Smb)r0 ]Rs + r0 ] (3.74)
tfs + [l + fen +gmb)RsVo

= -gmro- (3.75)

Interestingly, the voltage gain is equal to the intrinsic gain of the transistor and independent of R$.

This is because, if 7o is ideal, the current through R$ cannot change and hence the small-signal voltage

drop across R$ is zero—as if R$ were zero itself.

3.3 Source Follower

Our analysis of the common-source stage indicates that, to achieve a high voltage gain with

limited supply voltage, the load impedance must be as large as possible. If such a stage is

to drive a low-impedance load, then a “buffer’’ must be placed after the amplifier so as to

drive the load with negligible loss of the signal level. The source follower (also called the

“common-drain” stage) can operate as a voltage buffer.

Illustrated in Fig. 3.27(a), the source follower senses the signal at the gate and drives
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Figure 3.27 (a) Source follower, and (b) its input-output charac-

teristic.

the load at the source, allowing the source potential to “follow” the gate voltage. Beginning
with the large-signal behavior, we note that for < VTH , M x

is off and Vout = 0. As Vin
exceeds VTH ,

M
x
turns on in saturation (for typical values of VDD ) and Im flows through

Rs [Fig. 3.27(b)]. As Vin increases further, Vout follows the input with a difference (level

shift) equal to We can express the input-output characteristic as:

1 ^ W
2*

1nCoxj(Vin - VTH - Vout )

2Rs = Vout . (3.76)

Let us calculate the small-signal gain of the circuit by differentiating both sides of (3.76)

with respect to Vin :

1 W (

2
ftnCox ~2(Vin ~ VtH ~ Vout ) ( 1

—

Since SVTH/dVin = r]3V0Ut j3Vin ,

3Vth

~av“

3Vout

dViK

Rs =
BVou

3V,
(3.77)

W
3Vout ttnCoxyiVin - VTH - Vou[ )Rs

=
w •

<3 -78)

1 + f^n^ox~(Vin ~ Vth — Vow/)/?s(l + 7])

Also, note that

Consequently,

W
8m — ^nC0x~j~(Vin - Vth ~ Vout ). (3.79)

8m Rs

1 "F (8m “I" 8mb)Rs
(3.80)

The same result is more easily obtained with the aid of a small-signal equivalent circuit.

From Fig. 3.28, we have Vin - V, = Vouh Vbs = -V„„ and - gmb Vou , = Vou,/Rs .
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'in

Hi

® ® 0mb^bs

‘'out

»s
Figure 3.28 Small-signal equivalent

circuit of source follower.

Figure 3.29 Voltage gain of source

follower versus input voltage.

Thus, Vout/Vin = gtnRs/[l + (gm + gmb)Rs]-

Sketched in Fig. 3.29 vs. Vin ,
the voltage gain begins from zero for Vin & VTh (that is,

gm * 0) and monotonically increases. As the drain current and gm increase, approaches

gm/(gm + gmb) = 1/(1 + rj). Since rj itself slowly decreases with Vout, A v would eventually

become equal to unity, but for typical allowable source-bulk voltages, rj remains greater

than roughly 0.2.

An important result of (3.80) is that even if Rs = oo, the voltage gain of a source follower

is not equal to one. We return to this point later. Note that M\ in Fig. 3.27 does not enter

the triode region if Vin remains below VDD .

In the source follower of Fig. 3.27, the drain current of M\ heavily depends on the input

dc level. For example, if Vin changes from 1 .5 V to 2 V, ID may increase by a factor of 2 and

hence VGS - VTH by V2, thereby introducing substantial nonlinearity in the input-output

characteristic. To alleviate this issue, the resistor can be replaced by a current source as

shown in Fig. 3.30(a). The current source itself is implemented as an NMOS transistor

operating in the saturation region [Fig. 3.30(b)].

VtDD

Mi

'out

(b)

Figure 3.30 Source follower using an NMOS transistor

as current source.
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Example 3.7

Suppose in the source follower of Fig. 3.30(a), (W/L) \
= 20/0.5, l\ = 200 /xA, Vtho — 0*6 V,

2<tF = 0.7 V
, UnCox = 50 mA/V2

, and y = 0.4 V2
.

(a) Calculate Vout for V;„ = 1.2 V.

(b) If I\ is implemented as M2 in Fig. 3.30(b), find the minimum value of (W/L)

2

for which M2

remains saturated.

Solution

(a) Since the threshold voltage of M\ depends on Vout ,
we perform a simple iteration. Noting

that

(Vin ~ VfH ~ Voutf = 7W\~’

we first assume VTh ^ 0.6 V, obtaining Vou t
=0.153 V. Now we calculate a new VTh as

Vjh = Vtho + Yiy/^^F + Vsb ~
) (3.82)

= 0.635 V. (3*83)

This indicates that Vout is approximately 35 mV less than that calculated above, i.e., Vou[ ^ 0. 1 1 9 V.

(b) Since the drain-source voltage of M2 is equal to 0.119 V, the device is saturated only if

(Vqs “ Vth)i < 0.1 19 V. With lD - 200 /xA, this gives (W/L)2 > 283/0.5. Note the substantial

drain junction and overlap capacitance contributed by M2 to the output node.

To gain a better understanding of source followers, let us calculate the small-signal

output resistance of the circuit in Fig. 3.31(a). Using the equivalent circuit of Fig. 3.31(b)

and noting that V\ = - Vx ,
we write

Ix-gmVx- gmbVx = 0 . (3.84)

Figure 3.31 Calculation of the output impedance of a source follower.
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It follows that

Rout

1

8m 8mb
(3.85)

Interestingly, body effect decreases the output resistance of source followers. To understand

why, suppose in Fig. 3.3 1(c), Vx decreases by A V so that the drain current increases. With

no body effect, only the gate-source voltage of M
{
would increase by AV. With body

effect, on the other hand, the threshold voltage of the device decreases as well. Thus, in

( Vqs —Vth )

2
the first term increases and the second decreases, resulting in a greater change

in the drain current and hence a lower output impedance.

The above phenomenon can also be studied with the aid of the small-signal model shown

in Fig. 3.32(a). It is important to note that the magnitude of the current source gmb Vhs is

Figure 3.32 Source follower including body effect.

linearly proportional to the voltage across it. Such behavior is that of a simple resistor equal

t0 1 /gmbi yielding the small-signal model shown in Fig. 3.32(b). The equivalent resistor

simply appears in parallel with the output, thereby lowering the overall output resistance.

The reader can show that, without i/gmb ,
the output resistance equals 1 /gm , concluding

that

Rout — II

1
n

1

8m 8mb

1

8m T 8mb

(3.86)

(3.87)

Modeling the effect of gmb by a resistor—which is only valid for source followers—also

helps explain the less-than-unity voltage gain implied by (3.80) for R s = oo. As shown in
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'in ® 9mVi

-*Vt

±_.
1

|

9mb

9m 4

out

9m
-%—t °Vtout

'in

9mb

Figure 3.33 Representation of intrinsic source follower by a Thevenin equivalent.

the Thevenin equivalent of Fig. 3.33,

1

A v = -

y
8mb

]
(3.88)

1

8m 8mb

— •

8m i 8mb

For completeness, we also study the source follower of Fig. 3.34(a) with finite channel-

length modulation in M\ and M2 . From the equivalent circuit in Fig. 3.34(b), we have

lkoilko2ll^L

A v = p. (3.90)

Ikoi lko2 II
Rl h

—

8mb Sm

(a) (b)

Figure 3.34 (a) Source follower driving load resistance, (b) small-signal equivalent

circuit.
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Example 3.8

Calculate the voltage gain of the circuit shown in Fig. 3.35.

Figure 3.35

Solution

The impedance seen looking into the source of A/2 is equal to [1 /(gm2 + gmbl)]ko2- Thus,

a _ 8m2 4 8mb2
/\ v — ;

lko2ikoi 11-

8mb 1

1

8m2 4 8mb2
lko2lkoi II

—^— +—
8mb 1 8m 1

(3.91)

Source followers exhibit a high input impedance and a moderate output impedance, but

at the cost of two drawbacks: nonlinearity and voltage headroom limitation. We consider

these issues in detail.

As mentioned in relation to Fig. 3.27(a), even if a source follower is biased by an

ideal current source, its input-output characteristic displays some nonlinearity due to the

nonlinear dependence of VTH upon the source potential. In submicron technologies, rG of

the transistor also changes substantially with VDS ,
thus introducing additional variation in

the small-signal gain of the circuit (Chapter 16). For this reason, typical source followers

suffer from several percent of nonlinearity.

The nonlinearity due to body effect can be eliminated if the bulk is tied to the source. This

is usually possible only for PFETs because all NFETs share the same substrate. Fig. 3.36

shows a PMOS source follower employing two separate n -wells so as to eliminate the body
effect of Mj . The lower mobility of PFETs, however, yields a higher output impedance in

this case than that available in an NMOS counterpart.

Source followers also shift the dc level of the signal by VG s, thereby consuming voltage

headroom and limiting the voltage swings. To understand this point, consider the example
illustrated in Fig. 3.37, a cascade of a common-source stage and a source follower. Without

the source follower, the minimum allowable value of Vx would be equal to VG51 - VTHX (for

M
x
to remain in saturation). With the source follower, on the other hand, Vx must be greater

than Vgs2 4 (FG$3 - Vthz) so that M3 is saturated. For comparable overdrive voltages in

Mi and M3 ,
this means the allowable swing at X is reduced by VGS2 , a substantial amount.

It is also instructive to compare the gain of source followers and common-source stages

when the load impedance is relatively low. A practical example is the need to drive an

external 50-ft termination in a high-frequency setup. As shown in Fig. 3.38(a), the load can
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source stage, providing a gain of

y
I CiS' ^ (3.93)

'in

The key difference between these two topologies is the achievable voltage gain for a given

bias current. For example, if l/gml ^ RL ,
then the source follower exhibits a gain of at

most 0.5 whereas the common-source stage provides a gain close to unity. Thus, source

followers are not necessarily efficient drivers.

The drawbacks of source followers, namely, nonlinearity due to body effect, voltage

headroom consumption due to level shift, and poor driving capability, limit the use of this

topology. Perhaps the most common application of source followers is in performing voltage

level shift.

Example 3.9 ...

(a) In the circuit of Fig. 3.39(a), calculate the voltage gain if C\ acts as an ac short at the frequency

of interest. What is the maximum dc level of the input signal for which M\ remains saturated?

H
VDD

•'out

1
I

Ci

(a) (b)

Figure 3.39

(b) To accommodate an input dc level close to Vdd, the circuit is modified as shown in Fig. 3.39(b).

What relationship among the gate-source voltages of Mi-M3 guarantees that Mi is saturated?

Solution

(a) The gain is given by

A V = ~
8mi[ro\\\ro2 \\(Vgm2)l (3.94)

Since Vout = Vdd ~ I
Vg si I

, the maximum allowable dc level of V/„ is equal to VDD - \
Vgsi

I
+ Vt

h

i .

(b) If Vin = Vdd, then Vx — Vdd — Vgs3- For Mi to be saturated, Vdd ~ Vgs3 — Vthx £
Vdd ~

I
V&S2

1

and hence Vgs3 + Vjh i ^ |Fgs2|-
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As explained in Chapter 7, source followers also introduce substantial noise. For this

reason, the circuit of Fig. 3.39(b) is ill-suited to low-noise applications.

3.4 Common-Gate Stage

In common-source amplifiers and source followers, the input signal is applied to the gate of a

MOSFET. It is also possible to apply the signal to the source terminal. Shown in Fig. 3.40(a).

a common-gate (CG) stage senses the input at the source and produces the output at the

drain. The gate is connected to a dc voltage to establish proper operating conditions. Note

that the bias current of M\ flows through the input signal source. Alternatively, as depicted

in Fig. 3.40(b), M\ can be biased by a constant current source, with the signal capacitivel)

coupled to the circuit.

(a) (b)

Figure 3.40 (a) Common-gate stage with direct coupling at

input, (b) CG stage with capacitive coupling at input.

We first study the large-signal behavior of the circuit in Fig. 3.40(a). For simplicity, lei

us assume that Vin decreases from a large positive value. For Vin > Vb - VTh, M\ is ofl

and Vout — Vdd - For lower values of Vin ,
we can write

1 W
lD = ^nC0X j(Vb -Vin -VTH )

2
, (3.95;

if Mi is in saturation. As Vin decreases, so does Vnuh eventually driving M\ into the triode

region if

1 W
Vdd ~ ~^nC0x^~(Vb — Vin ~ Vth)

2
Rd ~ Vb - VTH . (3.96;

The input-output characteristic is shown in Fig. 3.41 . If A/j is saturated, we can express the

output voltage as

Va. Vdd
1 W
-ftnC0X— (Vi, — Vin ~ Vth)

2
Rd

,

(3.97;
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Figure 3.41 Common-gate input-

output characteristic.

obtaining a small-signal gain of

Wout r W
( $Vth\

p— finCox
T

{Vb Vin Vth) ( 1 1 Rd- (3.98)
Win L \ 3Vin )

Since OVY^/c) = ^th/^sb = l

h

we have

3V0Ul W
-zfr = HnCoxT RD(Vb - Via - VTH )(l + n) (3.99)
6 Vin L

= g™(l + >?)*/>. (3.100)

Note that the gain is positive. Interestingly, body effect increases the equivalent transcon-

ductance of the stage.

The input impedance of the circuit is also important. We note that, for X — 0, the

impedance seen at the source of M\ in Fig. 3.40(a) is the same as that at the source of

Mi in Fig. 3.31, namely, 1 /(gm + gmb )
= l/[gm (l + ??)]. Thus, the body effect decreases

the input impedance of the common-gate stage. The relatively low input impedance of the

common-gate stage proves useful in some applications.

Example 3.10 —
In Fig. 3.42, transistor M\ senses A V and delivers a proportional current to a 50- £2 transmission line.

The other end of the line is terminated by a 50-S2 resistor in Fig. 3.42(a) and a common-gate stage in

Fig. 3.42(b). Assume X = y
—

0.

(a) Calculate V0Ut/Vin at low frequencies for both arrangements.

(b) What condition is necessary to minimize wave reflection at node XI

Solution

(a) For small signals applied to the gate of Mi ,
the drain current experiences a change equal to

gmi A V*. This current is drawn from Rp in Fig. 3.42(a) and M2 in Fig. 3.42(b), producing an output

voltage swing equal to -gm \
A VxRp- Thus, A v — -gm Rp for both cases.

(b) To minimize reflection at node X y the resistance seen at the source of M2 must equal 50 12

and the reactance must be small. Thus, 1 /(gm + gmb ) = 50 Q, which can be ensured by proper

sizing and biasing ofM2 . To minimize the capacitances of the transistor, it is desirable to use a small

device biased at a large current. (Recall that gm = ^J2finC0X{W/L)Ip.) In addition to higher power

dissipation, this remedy also requires a large Vgs for M2 .
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av JUT °—it

(a)

— V,DD

|
Ml

AVJUI Ht

nn

(b)

Figure 3.42

The key point in this example is that, while the overall voltage gain in both arrangements equals

—

g

m i Rd ,
the value of RD in Fig. 3.42(b) can be much greater than 50 Q without introducing

reflections at point X. Thus, the common-gate circuit can provide a much higher voltage gain than

that in Fig. 3.42(a).

Now let us study the common-gate topology in a more general case, taking into ac-

count both the output impedance of the transistor and the impedance of the signal source.

Depicted in Fig. 3.43(a), the circuit can be analyzed with the aid of its equivalent shown

(a) (b)

Figure 3.43 (a) CG stage with finite output resistance, (b) small-signal equivalent circuit.

in Fig. 3.43(b). Noting that the current flowing through Rs is equal to - V0Ut/RD ,
we

have:

Rd
Rs + Vin = 0.Vi (3.101)
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Moreover, since the current through r0 is equal to -V0Ut/RD ~gm V1 - gmb V\
,
we can write

r° -gm Vx- gmb v^j
-

-jjr^Rs + vin = Vt (3.102)

Upon substitution for V\ from (3.102), (3.101) reduces to

'-Uout Rs
ro I

^
(gm "I" gmb ) I

Vou t

^
Vin

Vout Rs
+ Vin = vwt . (3.103)

D

It follows that

V0ut (gm “1“ gmb)rO 1 D— Af)

.

Vin ?0 + (gm + gmb)r()Rs + &S + Rd
(3.104)

Note the similarity between (3.104) and (3.71). The gain of the common-gate stage is

slightly higher due to body effect.

Example 3.11 « ... - ».r..

Calculate the voltage gain of the circuit shown in Fig. 3.44(a) if X 0 and y ^ 0.

Figure 3.44

Solution

We first find the Thevenin equivalent of M\

.

As shown in Fig. 3.44(b), M\ operates as a source

follower and the equivalent Thevenin voltage is given by

roi
1

gmb\

1 1

ro 1

—
1

gmbl gm 1

(3.105)
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and the equivalent Thevenin resistance is

Req = r0 1

gmb 1

1

8m 1

Redrawing the circuit as in Fig. 3.44(c), we use (3.104) to write

Vout

(3.106)

(gm2 + gmbl)r02 + 1

ro\

D gmbl

r02 + [1 + (gm2 + gmb2)r02] ^Ol
1

8mb\
roi

gm 1 f

1 1

+
gmb 1 8m2

(3.107)

The input and output impedances of the common-gate topology are also of interest. To
obtain the impedance seen at the source [Fig. 3.45(a)], we use the equivalent circuit in

(a) (b)

Figure 3.45 (a) Input resistance of a CG stage, (b) small-signal equivalent circuit.

Fig. 3.45(b). Since V\=-Vx and the current through r0 is equal to Ix + gm V\ 4- gmb V\ ~
h ~ (gm + gmb)Vx> we can add up the voltages across r0 and RD as

Roh +r0 [lx ~(gm + gmb)Vx} = Vx . (3.108)

Thus,

Vx Rd + fo

h 1 + (gm + gmb)ro
(3.109)

sw —
1

!
(3 HO)

(gm+gmb)r0 gm T gmb
^ K ’

if (gm +gmb)ro > 1 This result reveals that the drain impedance is divided by (gm + gmh)r0
when seen at the source. This is particularly important in short-channel devices because
of their low intrinsic gain. Two special cases of (3.109) are worth studying. First, suppose
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Rd = 0. Then,

Vx
__

r0

h 1 + (gm + 8mb)ro
^ ^

= 1 •
(3.H2)

1
“ gm + gmb

ro

which is simply the impedance seen at the source of a source follower, a predictable result

because if RD = 0, the circuit configuration is the same as in Fig. 3.31(a).

Second, let us replace RD with an ideal current source. Equation (3.110) predicts that

the input impedance approaches infinity. While somewhat surprising, this result can be

explained with the aid of Fig. 3.46. Since the total current through the transistor is fixed and
equal to 7j, a change in the source potential cannot change the device current, and hence

h = 0* In other words, the input impedance of a common-gate stage is relatively low only

if the load impedance connected to the drain is small.

Figure 3.46 Input resistance of a CG
stage with ideal current source load.

Example 3.12— -

Calculate the voltage gain of a common-gate stage with a current-source load [Fig. 3.47(a)],

Solution

Letting Ro approach infinity in (3.104), we have

Ay — (gm + gmb)rO + T (3.113)

Interestingly, the gain does not depend on R$. From our foregoing discussion, we recognize that if

Rd -» oo, so does the impedance seen at the source ofM \ , and the small-signal voltage at node X
becomes equal to V/n . We can therefore simplify the circuit as shown in Fig. 3.47(b), readily arriving

at (3.113).

In order to calculate the output impedance of the common-gate stage, we use the circuit
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Vi

M
i

'.-c

DD

out

V;
ini

(a)

V,

Ma

DD

® 'l

-+v.out

^q_

(b)

Figure 3.47

in Fig. 3.48. We note that the result is similar to that in Fig. 3.22 and hence

Rout = {[1 + (gm + gmb)ro]Rs + ro}\\RD- (3.114

Figure 3.48 Calculation of output re-

sistance of a CG stage.

Example 3.13—
As seen in Example 3.10 the input signal of a common-gate stage may be a current rather than

voltage. Shown in Fig. 3.49 is such an arrangement. Calculate Vout I lin and the output impedance c

the circuit if the input current source exhibits an output impedance equal to RP .

Solution

To find V0il t / liny we replace lin and Rp with a Thevenin equivalent and use (3.104) to write

Vout = (gm + gmb)ro + 1

lin ?() + (gm + gmbYoRp + Rp + Rd
° (3.1 F



Sec. 3.5 Cascode Stage 83

Figure 3.49

The output impedance is simply equal to

Rom = {[1 +(£m +gmb)ro]Rp +ro}PD- (3.116)

3.5 Cascode Stage

As mentioned in Example 3.10 the input signal of a common-gate stage may be a current.

We also know that a transistor in a common-source arrangement converts a voltage signal to

a current signal. The cascade of a CS stage and a CG stage is called a “cascode”
1

topology,

providing many useful properties. Fig. 3.50 shows the basic configuration: M i
generates

a small-signal drain current proportional to Vi n and Mi simply routes the current to Rd •

VDD

RD

'out

M2^ Vb

X

r Figure 3.50 Cascode stage.

We call A/, the input device and M2 the cascode device. Note that in this example, Mi and

M2 carry equal currents. As we describe the attributes of the circuit in this section, many

advantages of the cascode topology over a simple common-source stage become evident.

First, let us study the bias conditions of the cascode. For M\ to operate in saturation,

vx > Vjn ~ Vthi If Ml and M2 are both in saturation, then Vx is determined primarily by

'The term cascode is believed to be the acronym for “cascaded triodes,” possibly invented in vacuum tube

days.
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Vt‘. Vx = Vb
— Vgs2 • Thus, Vb - Vqsi > Vin ~ Vthi and hence Vb > V[n + Vgsi — Vthi

(Fig. 3.51). ForM2 to be saturated, Vout >Vb
- VTH2 ,

that is, Vou ,
> Vin - VTHl + VG52 -

Mr out

TH2

^in 9

'THI

'

IU^gsi-^thi
Figure 3.51 Allowable voltages in

cascode stage.

Vth2 if Vb is chosen to place M\ at the edge of saturation. Consequently, the minimum

output level for which both transistors operate in saturation is equal to the overdrive voltage

of M
i
plus that of M2 . In other words, addition of M2 to the circuit reduces the output

voltage swing by at least the overdrive voltage ofM2 . We also say M2 is “stacked” on top

of Mi.

We now analyze the large-signal behavior of the cascode stage shown in Fig. 3.50 as

Vi„ goes from zero to Vdd- For Vin < VTm ,
M] and M2 are off, Vout = VDD ,

and

Vx ^ Vb ~ Vjh2 (if subthreshold conduction is neglected) (Fig. 3.52). As Vin exceeds

VthuMi begins to draw current, and Vout drops. Since ID2 increases, Vgs2 must increase

Figure 3.52 Input-output characteris-

tic of a cascode stage.

as well, causing Vx to fall. As Vin assumes sufficiently large values, two effects occur: (1)

Vx drops below by VTH u forcing Mi into the triode region; (2) Vout drops below Vb
by Vth2 > driving M2 into the triode region. Depending on the device dimensions and the

values of Rd and Vb ,
one effect may occur before the other. For example, if Vb is relatively

low, Mi may enter the triode region first. Note that if M2 goes into deep triode region, Vx

and Vout become nearly equal.

Let us now consider the small-signal characteristics of a cascode stage, assuming both

transistors operate in saturation. If X — 0, the voltage gain is equal to that of a common-

source stage because the drain current produced by the input device must flow through the

cascode device. Illustrated in the equivalent circuit of Fig. 3.53, this result is independent

of the transconductance and body effect of M2 .
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gml^l

^2 (J) 9m2^2 (Jjgmb^bs i/?r

out

* ©Sml^l

Figure 3.53 Small-signal equivalent circuit of cascode

stage.

Example 3.14 .......

Calculate the voltage gain of the circuit shown in Fig. 3.54 if X = 0.

Figure 3.54

Solution

The small-signal drain current of M\,gm \
Vin , is divided between RP and the impedance seen looking

into the source of M2 ,
l/(gm2 + gmbi)- Thus, the current flowing through M2 is

bl = gm\Vin
(gml + gmb2)Rp

1 + (gm2 + gmb2)&P

The voltage gain is therefore given by

gm\(gm2 +gmb2)RpRD

1 + (gm2 + gmb2)Rp

(3.117)

(3.118)

An important property of the cascode structure is its high output impedance. As illustrated

in Fig. 3.55, for calculation of Routi the circuit can be viewed as a common-source stage

with a degeneration resistor equal to r0 \. Thus, from (3.60),

Rout — [1 + (gm2 + gmb2)rOlV01 + r02- (3.119)
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*out

Figure 3.55 Calculation of output re-

sistance of cascode stage.

jr
Vb2 *

—

l\ZM3

^bl*—ILM2

Rout

I'inH

Figure 3.56 Triple cascode.

Assuming gmro > 1, we have Rout ^ (gm2 + gmbi)ro2ro\- That is, M2 boosts the output

impedance of M\ by a factor of (gm2 + gmbi)roi As shown in Fig. 3.56, cascoding can

be extended to three or more stacked devices to achieve a higher output impedance, but

the required additional voltage headroom makes such configurations less attractive. For

example, the minimum output voltage of a triple cascode is equal to the sum of three

overdrive voltages.

To appreciate the usefulness ofa high output impedance, recall from the lemma in Section

3.2.3 that the voltage gain can be written as Gm R0Ut . Since Gm is typically determined

by the transconductance of a transistor, e.g., M\ in Fig. 3.50, and hence bears trade-offs

with the bias current and device capacitances, it is desirable to increase the voltage gain by

maximizing Rou t' Shown in Fig. 3.57 is an example. Ifboth M\ andM2 operate in saturation,

— VtDD

1

'out

'/bHLM2

^in 0
I

Figure 3.57 Cascode stage with

current-source load.

then Gm - gm l
and Rout * (gm2 + gmb2)roirou yielding A v = (gm2 + gm b2Yo 2gm\ro\-
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Thus, the maximum voltage gain is roughly equal to the square of the intrinsic gain of the

transistors.

Example 3.15

Calculate the exact voltage gain of the circuit shown in Fig. 3.57.

Solution

The actual Gm of the stage is slightly less than gm \
because a fraction of the small-signal current

produced by M\ is shunted to ground by roi . As depicted in Fig. 3.58:

Figure 3.58

lout — gml T/n
-

ro 1

ro\ +
1

gm2 + gmb2
r02

It follows that the overall transconductance is equal to

q - Sm\rQ\[rQ2igm2 ~b gmb2) "t~ 1]

ro 1 ro2(gm2 + gmb2 ) + ro 1 4- ro 2

and hence the voltage gain is given by

|Au| — GmRout

= gm\ro\[{gm 2 +gmb2 )r02 + 1].

(3.120)

(3.121)

(3.122)

(3.123)

If we had assumed Gm « gm , then \A V \
« gm i{[l + (gm2 + gmblfroiVoi + ro2 )•

Another approach to calculating the voltage gain is to replace and M\ by aThevenin equivalent,

reducing the circuit to a common-gate stage. Illustrated in Fig. 3.58(b), this method in conjunction

with (3.104) gives the same result as (3.123).
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(a) (b) (c)

Figure 3.59 Increasing output impedance by increasing the device

length or cascoding.

It is also interesting to compare the increase in gain due to cascoding with that due to

increasing the length of the input transistor for a given bias current (Fig. 3.59). Suppose,

for example, that the length of the input transistor of a CS stage is quadrupled while the

width remains constant. Then, since Id — (1/2)fAnC0X (W/L)(VGS — VTh)
2

,
the overdrive

voltage is doubled, and the transistor consumes the same amount of voltage headroom as

does a cascode stage. That is, the circuits of Figs. 3.59(b) and (c) impose equal voltage

swing constraints.

Now consider the output impedance achieved in each case. Since

/ W 1

§m ro — Id > (3.124)

and A a 1/L, quadrupling L only doubles the value of gmro while cascoding results in an

output impedance of roughly (gmro )

2
* Note that the transconductance of M\ in Fig. 3.59(b)

is half that in Fig. 3.59(c), leading to higher noise (Chapter 7).

A cascode structure need not operate as an amplifier. Another popular application of

this topology is in building constant current sources. The high output impedance yields a

current source closer to the ideal, but at the cost of voltage headroom. For example, cunent

source I\ in Fig. 3.57 can be implemented with a PMOS cascode (Fig. 3.60), exhibiting an

impedance equal to [1 + (gm3 4- gm b3 )r03 ir04 + r0 3 . If the gate bias voltages are chosen

nr ^dd

vb3-Hcjw

'bl

Mr

Cascode

Current

Source

V'ou.

Mr

I'lnH Mi

Figure 3.60 NMOS cascode ampli-

fier with PMOS cascode load.
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properly, the maximum output swing is equal to VDD - (Vgsi ~Vth\)- {Vgsi ~ Vthi) -

i^GS3 - VtH3 1

-
\
VgS4 - VtH4\'

We calculate the voltage gain with the aid of the lemma illustrated in Fig. 3.25. Writing

Gm * gm \
and

Rout — {[1 + (gml + gmbl)?OlV01 + ^02} II {[1 + (gm3 + gmb3)r03]r04 + r03), (3.125)

we have
|
A v \

& gm \R0U t- For typical values, we approximate the voltage gain as

\Av\ ^ gm\[(gm2ro2ro\)W(gm3ro3r04)l (3.126)

Shielding Property Recall from Fig. 3.23 that the high output impedance arises from

the fact that if the output node voltage is changed by A V, the resulting change at the source

of the cascode device is much less. In a sense, the cascode transistor “shields” the input

device from voltage variations at the output. The shielding property of cascodes proves

useful in many circuits.

Example 3.16

Two identical NMOS transistors are used as constant current sources in a system [Fig. 3.61(a)].

However, due to internal circuitry of the system, Vx is higher than Vy by AV.

(a) Calculate the resulting difference between Ip\ and Ip 2 if A 7^ 0.

(b) Add cascode devices to M\ and M2 and repeat part (a).

Solution

(a) We have

b\ ~ bi = -/a«C0jc~(^ - VYtf)
2
(^Vz>si - Wdsi)

1 W
= -HnCoxj(Vb-VTHy(*.AV).

(3.127)

(3.128)
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(b) As shown in Fig. 3.61(b), cascoding reduces the effect of Vx and Vy upon Idi and Idi,

respectively. As depicted in Fig. 3.23 and implied by Eq. (3.63), a difference AV between Vx and

Vy translates to a difference A Vpq between P and Q equal to

AVpq = AV
roi

[1 + (gm3 + 8mb3)ro3]roi + r03

AV

(gml + gmb3)r03

(3.129)

(3.130)

Thus,

1 W 9
Idi ~ hi = -linCox—iVb - Vth )

2
AAV

(gml + gmb3)r03
(3.131)

In other words, cascoding reduces the mismatch between Id\ and Idi by (gm 3 + gmb3)r03-

The shielding property of cascodes diminishes if the cascode device enters the triode

region. To understand why, let us consider the circuit in Fig. 3.62, assuming Vx decreases

from a large positive value. As Vx falls below Vb2 - Vthi ,
M2 requires a greater gate-source

Vb2* It Mr

'bi A

Figure 3.62 Output swing of cascode

stage.

overdrive so as to sustain the current drawn by M \ , We can write

hi = \linC„ (^-
j

[2(Vb2 -Vp- VTH2)(VX - Vp) - (Vx - Vpfl (3.132)

concluding that as Vx decreases, Vp also drops so that Idi remains constant. In other words,

variation of Vx is less attenuated as it appears at P. If Vx falls sufficiently, Vp goes below

Vbi — VjHU driving M\ into the triode region.

3.5.1 Folded Cascode

The idea behind the cascode structure is to convert the input voltage to a current and

apply the result to a common-gate stage. However, the input device and the cascode device

need not be of the same type. For example, as depicted in Fig. 3.63(a), a PMOS-NMOS
combination performs the same function. In order to bias M\ and M2 , a current source must

be added as in Fig. 3.63(b). The small-signal operation is as follows. If Vin becomes more

positive, I/01 I

decreases, forcing Idi to increase and hence Vout to drop. The voltage gain

and output impedance of the circuit can be obtained as calculated for the NMOS-NMOS
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Figure 3.63 (a) Simple folded cascode, (b) folded cascode with proper biasing, (c) folded cascode

with NMOS input.

cascode of Fig. 3.50. Shown in Fig. 3.63(c) is an NMOS-PMOS cascode. The advantages

and disadvantages of these types will be explained later.

The structures of Figs. 3.63(b) and (c) are called “folded cascode” stages because the

small-signal current is “folded” up [in Fig. 3.63(b)] or down [in Fig. 3.63(c)]. Note that the

total bias current in this case must be higher than that in Fig. 3.50 to achieve comparable

performance.

It is instructive to examine the large-signal behavior of a folded-cascode stage. Suppose

in Fig. 3.63(b), Vin decreases from VDD to zero. For Vin > VDD -
\
Vth \1 is off and

M2 carries all of /1,

2
yielding Vout = Vdd ~ h^D- For Vin < VDD - \

VTH \\, M\ turns on

in saturation, giving

1 / w\
hi = h ~ -^pC0X (-

j
(VDD -Vin -\VTHl \)

2
. (3.133)

As Vin drops, ID2 decreases further, falling to zero if ID \
— I\. For this to occur:

Thus,

(VDD - VM - WthiD
2 = h-

1

(3.134)

VM = VDD - r
2

.

7
‘

,
- Wthi\. (3.135)

Y tipC0X(W/L) 1

If Vin falls below this level, Io\ tends to be greater than I\ and M\ enters the triode region

so as to allow ID 1 = h * The result is plotted in Fig. 3.64.

What happens to Vx in the above test? As lDi drops, Vx rises, reaching V& - Vthi for

I

D

2 = 0. As Mi enters the triode region, V* approaches Vdd-

2
If /] is excessively large, M2 may enter deep triode region, possibly driving / 1

into the triode region as well.
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f b2

''in'H

to'

to.

r
1

'out

Figure 3.66 Folded cascode with cas-

- code load.

The proper choice is not always straightforward and it is a skill gained by practice, ex-

perience, and intuition. However, some general principles in choosing the model for each

transistor can be followed. First, break the circuit down into a number of familiar topolo-

gies. Next, concentrate on each subcircuit and use the simplest transistor model (a single

voltage-dependent current source for FETs operating in saturation) for all transistors. If the

drain of a device is connected to a high impedance (e.g., the drain of another), then add

ro to its model. At this point, the basic properties of most circuits can be determined by

inspection. In a second, more accurate iteration, the body effect of devices whose source or

bulk is not at ac ground can be included as well.

For bias calculations, it is usually adequate to neglect channel-length modulation and

body effect in the first pass. These effects do introduce some error but they can be included

in the next iteration step—after the basic properties are understood.

In today’s analog design, simulation of circuits is essential because the behavior of short-

channel MOSFETs cannot be predicted accurately by hand calculations. Nonetheless, if the

designer avoids a simple and intuitive analysis of the circuit and hence skips the task of

gaining insight, then he/she cannot interpret the simulation results intelligently. For this

reason, we say, “Don’t let the computer think for you,”

Problems

Unless otherwise stated, in the following problems, use the device data shown in Table 2. 1 and assume

Vdd = 3 V where necessary. All device dimensions are effective values and in microns.

3 . 1 . For the circuit of Fig. 3.9, calculate the small-signal voltage gain if (W/L)
\
= 50/0.5,

{W/L )

2

— 10/0.5, and Io\ = Idi = 0.5 mA. What is the gain if Mi is implemented as

a diode-connected PMOS device (Fig. 3.12)?

3 .2. In the circuit of Fig. 3.14, assume (W/L)

\

= 50/0.5, (W/L)i = 50/2, and ID \

- loi —
0.5 mA when both devices are in saturation. Recall that A oc 1 /L.

(a) Calculate the small-signal voltage gain.

(b) Calculate the maximum output voltage swing while both devices are saturated.
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3.3. In the circuit of Fig. 3.3(a), assume (W/L)] = 50/0.5, RD ~ 2 kfi, ancU = 0.

(a) What is the small-signal gain if M\ is in saturation and Id = 1 mA?
(b) What input voltage places M\ at the edge of the triode region? What is the small-signal

gain under this condition?

(c) What input voltage drives M\ into the triode region by 50 mV? What is the small-signal

gain under this condition?

3.4. Suppose the common-source stage of Fig. 3.3(a) is to provide an output swing from 1 V to

2.5 V. Assume (W/L) \
= 50/0.5, Rd = 2 kQ, and X = 0.

(a) Calculate the input voltages that yield = 1 V and Vout = 2.5 V.

(b) Calculate the drain current and the transconductance of M\ for both cases.

(c) How much does the small-signal gain, gmRo, vary as the output goes from 1 V to 2.5 V?
(Variation of small-signal gain can be viewed as nonlinearity.)

3.5. Calculate the intrinsic gain of an NMOS device and a PMOS device operating in saturation

with W/L = 50/0.5 and
\
Id\= 0.5 mA. Repeat these calculations if W/L = 100/1.

3.6. Plot the intrinsic gain of a satuated device versus the gate-source voltage if (a) the drain current

is constant, (b) W and L are constant.

3.7. Plot the intrinsic gain of a saturated device versus W/L if (a) the gate-source voltage is constant,

(b) the drain current is constant.

3.8. An NMOS transistor with W/L = 50/0.5 is biased with VG = 4- 1 .2 V and = 0. The drain

voltage is varied from 0 to 3 V.

(a) Assuming the bulk voltage is zero, plot the intrinsic gain versus Vos-

(b) Repeat part (a) for a bulk voltage of - 1 V.

3.9. For an NMOS device operating in saturation, plot gm ,ro , and gm ro as the bulk voltage goes

from 0 to -oo while other terminal voltages remain constant.

3.10. Consider the circuit of Fig. 3.9 with (W/L)
i
= 50/0.5 and (W/L)2 = 10/0.5. Assume

X = y = 0.

(a) At what input voltage is M

\

at the edge of the triode region? What is the small-signal gain

under this condition?

(b) What input voltage drives M\ into the triode region by 50 mV? What is the small-signal

gain under this condition?

3.11. Repeat Problem 3. 10 if body effect is not neglected.

3.12. In the circuit of Fig. 3.13, (W/L)
\
= 20/0.5, I\ — 1 mA, and Is — 0.75 mA. Assuming

X = 0, calculate (W/L)2 such that M\ is at the edge of the triode region. What is the small-

signal voltage gain under this condition?

3.13. Plot the small-signal gain of the circuit shown in Fig. 3. 1 3 as Is goes from 0 to 0.75/j . Assume

M
i is always saturated and neglect channel-length modulation and body effect.

3.14. The circuit of Fig. 3.14 is designed to provide an output voltage swing of 2.2 V with a bias

current of 1 mA and a small-signal voltage gain of 100. Calculate the dimensions of M\ and

M2 .

3.15. Sketch Vou t versus Vin for the circuits of Fig. 3.67 as Vin varies from 0 to VDD . Identify

important transition points.

3.16. Sketch Vout versus Vin for the circuits of Fig. 3.68 as Vi„ varies from 0 to Vdd- Identify

important transition points.
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3.17.

Sketch Vout versus for the circuits of Fig. 3.69 as Vin varies from 0 to Vud- Identil

important transition points.

DD

‘'out

jVDD

vb2«HCM

'inH^

'out

(a)

T ^DD

^inHClf3

^bi*—Ifl/W

'out

(b)

“T“ VDD

vw*—1\Zm2

b2*—it^Wi ^2*

—

‘'out

(c) (d)
Figure 3.69

3.18.

Sketch lx versus Vx for the circuits of Fig. 3.70 as Vx varies from 0 to V/>/>. Identify importai

transition points.

(a) (b)

Figure 3.70

(c)

3.19. Sketch lx versus Vx for the circuits of Fig. 3.7 1 as Vx varies from 0 to Vdd- Identify importai

transition points.

3.20. Assuming all MOSFETs are in saturation, calculate the small-signal voltage gain of each circu

in Fig. 3.72 (A ^ 0, y = 0).
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3.24. Consider the circuit of Fig. 3.16 with (W/L)

\

= 50/0.5, Rp =2 k£2, and R$ — 200 £2.

(a) Calculate the small-signal voltage gain if lo = 0.5 mA.

(b) Assuming X — y = 0, calculate the input voltage that places M\ at the edge of the triode

region. What is the gain under this condition?

3.25. Suppose the circuit of Fig. 3.15 is designed for a voltage gain of5. If (W/L)i =20/0.5 ,Ip\ =

0.5 mA, and Vb = 0 V.

(a) Calculate the aspect ratio of M2 .

(b) What input level places M\ at the edge of the triode region. What is the small-signal gain

under this condition?

(c) What input level places M2 at the edge of the saturation region? What is the small-signal

gain under this condition?

3.26. Sketch the small-signal voltage gain of the circuit shown in Fig. 3.15 as Vb varies from 0 to

Vdd • Consider two cases: (a) M\ enters the triode region before M2 is saturated; (b) M\ enters

the triode region after M2 is saturated.

3.27. A source follower can operate as a level shifter. Suppose the circuit of Fig. 3.30(b) is designed

to shift the voltage level by 1 V, i.e., Vin
- Vout = 1 V.

(a) Calculate the dimensions of M\ and M2 if Id\ = lm ~ 0.5 mA, Vgs2 ~ ^gsi - 0.5 V,

and X = y = 0.

(b) Repeat part (a) if y = 0.45 V-1
and = 2.5 V. What is the minimum input voltage for

which M2 remains saturated?

3.28. Sketch the small-signal gain, Vout/Vim of the cascode stage shown in Fig. 3.50 as Vb goes

from 0 to Vdd- Assume X = y = 0.

3.29. The cascode of Fig. 3.60 is designed to provide an output swing of 1 .9 V with a bias current of

0.5 mA. If y = 0 and {W/L) i_4 = W/L, calculate VbU Vb2 , and W/L. What is the voltage

gain if L = 0.5 (iml



Chapter 4

Differential Amplifiers

The differential amplifier is among the most important circuit inventions, dating back to the

vacuum tube era. Offering many useful properties, differential operation has become the

dominant choice in today’s high-performance analog and mixed-signal circuits.

This chapter deals with the analysis and design ofCMOS differential amplifiers. Follow-

ing a review of single-ended and differential operation, we describe the basic differential

pair, and analyze both the large-signal and the small-signal behavior. Next, we introduce

the concept of common-mode rejection and formulate it for differential amplifiers. We then

study differential pairs with diode-connected and current-source loads as well as differential

cascode stages. Finally, we describe the Gibert cell.

4.1 Single-Ended and Differential Operation

A single-ended signal is defined as one that is measured with respect to a fixed potential,

usually the ground. A differential signal is defined as one that is measured between two nodes

that have equal and opposite signal excursions around a fixed potential. In the strict sense,

the two nodes must also exhibit equal impedances to that potential. Fig. 4.1 illustrates the

two types of signals conceptually. The “center” potential in differential signaling is called

the “common-mode” (CM) level.

Figure 4.1 (a) Single-ended and (b) differential signals.

100



Sec. 4.1 Single-Ended and Differential Operation 101

An important advantage of differential operation over single-ended signaling is higher

immunity to "environmental” noise. Consider the example depicted in Fig. 4.2, where two

adjacent lines in a circuit carry a small, sensitive signal and a large clock waveform. Due to

capacitive coupling between the lines, transitions on line L 2 corrupt the signal on line L\,

Now suppose, as shown in Fig. 4.2(b), the sensitive signal is distributed as two equal and

opposite phases. If the clock line is placed midway between the two, the transitions disturb

the differential phases by equal amounts, leaving the difference intact. Since the common-
mode level of the two phases is disturbed but the differential output is not corrupted, we
say this arrangement “rejects” common-mode noise.

CK

Clock Line

nn

4

CK

4

H

J-2

Lz

(a)

nn

(b)

Figure 4,2 (a) Corruption of a signal due to coupling,

(b) reduction of coupling by differential operation.

Another example of common-mode rejection occurs with noisy supply voltages. In

Fig. 4.3(a), if VDD varies by AF, then Vout changes by approximately the same amount,

i.e., the output is quite susceptible to noise on Vdd . Now consider the circuit in Fig. 4.3(b).

Here, if the circuit is symmetric, noise on Vdd affects Vx and Fy but not Vx -Vy = Vou t-

Thus, the circuit of Fig. 4.3(b) is much more robust to supply noise.
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(a) (b)

Figure 4.3 Effect of supply noise on (a) a single-ended circuit, (b) a differential circuit.

Thus far, we have seen the importance of employing differential paths for sensitive

signals. It is also beneficial to employ differential distribution for noisy lines. For example,

suppose the clock signal of Fig. 4.2 is distributed in differential form on two lines (Fig. 4.4).

Then, with perfect symmetry, the components coupled from CK and CK to the signal line

cancel each other.

—

Figure 4.4 Reduction of coupled noise by differential

operation.

Another useful property of differential signaling is the increase in maximum achievable

voltage swings. In the circuit of Fig. 4.3, for example, the maximum output swing at X or

Y is equal to VDD - (Vgs - VTH X whereas for Vx — Vy, the peak-to-peak swing is equal

to 2[VdD — ( Vgs — Vth)\-

Other advantages of differential circuits over single-ended counterparts include simpler

biasing and higher linearity (Chapter 13).

While it may seem that differential circuits occupy twice as much area as single-ended

alternatives, in practice this is a minor drawback. Also, the suppression of nonideal effects

by differential operation often results in a smaller area than that of a brute-force single-ended

design. Furthermore, the numerous advantages of differential operation by far outweigh the

possible increase in the area.
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4.2 Basic Differential Pair

How do we amplify a differential signal? As suggested by the observations in the previous

section, we may incorporate two identical single-ended signal paths to process the two

phases [Fig. 4.5(a)], Such a circuit indeed offers some of the advantages of differential

Figure 4.5 (a) Simple differential circuit, (b) illustration of sensi-

tivity to the input common-mode level.

signaling: high rejection of supply noise, higher output swings, etc. But what happens if

Vin \ and Vi„2 experience a large common-mode disturbance or simply do not have a well-

defined common-mode dc level? As the input CM level, Vin CM ,
changes, so do the bias

currents ofM
x andM2 , thus varying both the transconduetance of the devices and the output

CM level. The variation of the transconductance in turn leads to a change in the small-signal

gain while the departure of the output CM level from its ideal value lowers the maximum
allowable output swings. For example, as shown in Fig. 4.5(b), if the input CM level is

excessively low, the minimum values of Vin i
and Vin2 may in fact turn off M\ and M2 ,

leading to severe clipping at the output. Thus, it is important that the bias currents of the

devices have minimal dependence on the input CM level.

A simple modification can resolve the above issue. Shown in Fig. 4.6, the “differential

pair”
1

employs a current source Iss to make IDX + Im independent of Vin£M . Thus, if

Vini — Vin2> the bias current of each transistor equals Iss/2 and the output common-mode

Also called a source-coupled pair or (in the British literature) a long-tailed pair.
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Figure 4.6 Basic differential pair.

level is VDD - RD Iss /2. It is instructive to study the large-signal behavior of the circuit for

both differential and common-mode input variations.

4.2.1 Qualitative Analysis

Let us assume that in Fig. 4.6, Vin \
- Vin2 varies from -oo to +oc. If Vinl is much

more negative than Vin2 >
M\ is off, M2 is on, and ID2 — Iss • Thus, Vout \

= VDD and

Vout2 = VDD - Rd Iss> As Vin i
is brought closer to Vin2 ,

gradually turns on, drawing

a fraction of ISs from RD [ and hence lowering Voun . Since ID \ + Im = hs, the drain

current ofM2 decreases and Vout2 rises. As shown in Fig. 4.7(a), for V^i = Vin2 , we have

= Vou t2 = Vdd - RdIss /2. As Vin \
becomes more positive than Vin2 , M\ carries a

greater current than does M2 and Vout \
drops below Vout2- F°r sufficiently large Vj n \

- Vin2 ,

M\ “hogs” all of Iss ,
turning M2 off. As a result, Vout \

= Vdd ~ Rohs and Vout2 = Vdd

Fig. 4.7 also plots Vout \
- Vout2 versus Vin i

- Vin2 .

Koutl
“
^out2

Figure 4.7 Input-output characteristics of a differential pair.

The foregoing analysis reveals two important attributes of the differential pair. First,

the maximum and minimum levels at the output are well-defined (Vdd and Vdd — Rd?ss >

respectively) and independent of the input CM level. Second, the small-signal gain

(the slope of Vout \
- Vout2 versus Vin i

- Vin2 ) is maximum for Vin i
= Vin2 , gradu-

ally falling to zero as
\

Vin i
- Vin2 \

increases. In other words, the circuit becomes more

nonlinear as the input voltage swing increases. For V^i = Vin2 ,
we say the circuit is in

equilibrium.
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Now let us consider the common-mode behavior of the circuit. As mentioned earlier,

the role of the tail current source is to suppress the effect of input CM level variations on
the operation of M\ and M2 and the output level. Does this mean that V-m cM can assume
arbitrarily low or high values? To answer this question, we set VinX = Vin2 = Vin

,CM and

vary Vin CM from 0 to VDD . Fig. 4.8(a) shows the circuit with Is$ implemented by an NFET.
Note that the symmetry of the pair requires that V0UtX = Vout2 .

Figure 4.8 (a) Differential pair sensing an input common-mode change, (b) equivalent circuit if M3 operates in deep

triode region, (c) common-mode input-output characteristics.

What happens if V^cm = 0? Since the gate potential of M\ and M2 is not more
positive than their source potential, both devices are off, yielding ID3 - 0. This indicates

that M3 is in deep triode region because Vb is high enough to create an inversion layer in

the transistor. With 101 = Idi = 0, the circuit is incapable of signal amplification, and

Voutl ~ Voutl ~ VdD'

Now suppose VinxM becomes more positive. ModelingM3 by a resistor as in Fig. 4.8(b),

we note that Mi andM2 turn on if Vi „ > Vth- Beyond this point, Id\ and Idi continue to

increase and Vp also rises [Fig. 4.8(c)]. In a sense, M\ and M2 constitute a source follower,

forcing Vp to track V/^ca/- Bor a sufficiently high the drain-source voltage of

M3 exceeds VGS2> ~ VY//3 > allowing the device to operate in saturation. The total current

through M
1 andM2 then remains constant. We conclude that for proper operation, VinXM >

VGS\ + (Vc?S3
— B7//3).

What happens if V^cm rises further? Since Vout \ and Vout2 are relatively constant, we
expect thatM

x
andM2 enter the triode region if VinXM > Voun + VTH = Vdd-RdIss/2+

Vth- This sets an upper limit on the input CM level. In summary, the allowable value of
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Vin
,
cm is bounded as follows:

Vgsi + (Vgs3 - Vth?>) 5 Vin,cm < min VDD - RDY + Vth> Vdd (4.1)

Example 4.1

Sketch the small-signal differential gain of a differential pair as a function of the input CM level.

Solution

As shown in Fig. 4.9, the gain begins to increase as exceeds Vjh- After the tail current source

enters saturation (Vin,CM = Vi), the gain remains relatively constant. Finally, if VituCm is so high

that the input transistors enter the triode region (V(n,cM = V2 ), Sain begins to fall.

With our understanding of differential and common-mode behavior of the differential

pair, we can now answer another important question: How large can the output voltage

swings of a differential pair be? As illustrated in Fig. 4.10, for M\ and M2 to be saturated,

each output can go as high as VDD but as low as approximately VinxM - Vth- In other

f?

VDD

Vin,CM *\jr— * T

i)/ SS
Figure 4.10 Maximum allowable out-

put swings in a differential pair.

words, the higher the input CM level, the smaller the allowable output swings. For this

reason, it is desirable to choose a relatively low but the preceding stage may not

provide such a level easily.

An interesting trade-off exists in the circuit of Fig. 4.10 between the maximum value

of VmxM and the differential gain. Similar to a simple common-source stage (Chapter 3),
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the gain of a differential pair is a function of the dc drop across the load resistors. Thus, if

Rohs /2 is large, V^cm must remain close to ground potential.

4.2.2 Quantitative Analysis

We now quantify the behavior of aMOS differential pair as a function of the input differential

voltage. We begin with large-signal analysis to arrive at an expression for the plots shown

in Fig. 4.7.

- Figure 4.11 Differential pair.

For the differential pair in Fig. 4.11, we have Vout \
— VDD -Rm Im and Vout2 = VDD -

D2-> i-C-, Vout 1
” Vout2 = ^D2^D2 ~ Rd1?DI ~ ^dUd2 ~ Id\) if ^D1 = Rd2 = RD

Thus, we simply calculate I0 \
and ID2 in terms of Vinl and Vin2 , assuming the circuit is

symmetric, M\ and M2 are saturated, and A = 0. Since the voltage at node P is equal to

Vin\
~

^gsi and Vin2 - VG si ,

Vinl ~ Vin2 = VgSI ~ VG S2 *

For a square-law device, we have:

(Vgs — Vth )

2 — Id

1

2

W'

T
and, therefore,

Vgs
21D

N

w
T

+ Vth-

(4.2)

(4.3)

(4.4)

It follows from (4.2) and (4.4) that

2Id\

N
{InCo

w
~L

2/d2

N
[i nC0

W'

T
Vinl V[n 2 — (4.5)
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Our objective is to calculate the differential output current, Idi — Idi Squaring the twr

sides of (4.5) and recognizing that ID \ + ID2 = Iss. we obtain

(VM - vin2f =
2

ftn Cq
w
T

(hs ~ ly/^Dib2 )* (4.6;

That is,

-t^nC0x-J-(Vi n 1
— Vi n 2 )

2 — Iss = ”2>/ID 1 /z>2- (4 .7
;

Squaring the two sides again and noting that Alm Im = (lm + lmf ~ (Idi ~ Idi)
1 =

I

j

s - (Id\ ~ Idi)
2

. we arrive at

1 ( W\ 2 W
Udi - lD2? = -- U„c„-

J
(VM - vin2f + IsslinC0X-(Vin] - Vm2 )

2
. (4 .8

;

Thus,

1 w
Id\ — Id2 —

^
f^tiC0X— (Vi n \

V^)

N

4/SS

—
l^n^ox

-(Vini -Vin2)\ (4.9;

As expected, Id\ — Idi is an odd function of Vin \
— Vin2j falling to zero for - VJb2 .A*

\Vin \

— V/„2 1

increases from zero, \Id\ ~ Idi\ also increases because the factor preceding

the square root rises more rapidly than the argument in the square root drops.
2

Before examining (4.9) further, it is instructive to calculate the slope of the characteristic,

i.e., the equivalent Gm of M 1 and M2 . Denoting Im - Im and Vlfli - Vin2 by A ID and

A Vj n ,
respectively, the reader can show that

3A7/)

3AVin

4 Iss

—
W fxn C0X W/L

- 2AV 2

L 4/55

finCoxW/L
- AV 2

(4.10)

For A Vin = 0, Gm = jiinCox(W/L)ISS . Moreover, since Vout \
- Vout2 = RD A! =

AVin ,
we can write the small-signal differential voltage gain of the circuit in the

equilibrium condition as

\Av

1 IV
linCox-^IssR-D • (4.11)

2
It is interesting to note that, even though //>i and //>

2

are even functions of their respective gate-source

voltages, lo\ ~ Idi is an odd function of Vj n \ - Vn 2 - This effect is studied in Chapter 13.
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Equation (4.10) also suggests that Gm falls to zero for AV,* = +J2Iss/(^nC0X W/L).

As we will see below, this value of AVin plays an important role in the operation of the

circuit.

Let us now examine Eq. (4.9) more closely. It appears that the argument in the square

root drops to zero for AV^ = +J4Iss/(nnCox W/L), implying that A/D crosses zero at

two different values of AVin . This was not predicted in our qualitative analysis in Fig. 4.7.

This conclusion, however, is incorrect. To understand why, recall that (4.9) was derived

with the assumption that both M\ and M2 are on. In reality, as AV^ exceeds a limit,

one transistor carries the entire /55 , turning off the other.
3 Denoting this value by AV/nl ,

we have lm = Iss and AV^i = VG si - VTH because M2 is nearly off. It follows

that

AV/„i =

N

21ss

l^n Go
W (4.12)

For A Vin > AVin i , M2 is off and (4.9) does not hold. As mentioned above, Gm falls to zero

for A Vin = AV,„i. Figure 4.12 plots the behavior.

Figu re 4. 1 2 Variation of drain currents and overall transconductance of a differen-

tial pair versus input voltage.

Example 4.2

Plot the input-output characteristic of a differential pair as the device width and the tail current vary.

Solution

Consider the characteristic shown in Fig. 4.13(a). As W/L increases, AV/„i decreases, narrowing the

input range across which both devices are on [Fig. 4.13(b)]. As ISs increases, both the input range

and the output current swing increase [Fig. 4.13(c)], Intuitively, we expect the circuit to become more
linear as I$s increases or W/L decreases.

The value of AV^i given by (4.12) in essence represents the maximum differential

input that the circuit can “handle.” It is possible to relate AVin |
to the overdrive voltage

3We neglect subthreshold conduction here.
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of Mi and M2 in equilibrium. For a zero differential input, ID \
= ID2 = hsl'l, and

hence

(VgS - FV//)l,2 =

\

hs

f^n Co
w m

T
(4.13)

Thus, the equilibrium overdrive is equal to A Vin] j^/l. The point is that increasing A Vi„

\

to

make the circuit more linear inevitably increases the overdrive voltage of M\ and M2 . For

a given ISs ,
this is accomplished only by reducing W/L and hence the transconductance of

the transistors.

We now study the small-signal behavior of differential pairs. As depicted in Fig. 4.14,

we apply small signals Vin \ and V/„ 2 and assume M\ and M2 are saturated. What is the dif-

ferential voltage gain, V0Ut /(Vin \
- Vin2 )l Recall from Eq. (4.11) that this quantity equals

VfinCox IssW/LRd Since in the vicinity of equilibrium, each transistor carries approxi-

mately I$s/2, this expression reduces to gm Ro , where gm denotes the transconductance of

Mi and M2 . To arrive at the same result by small-signal analysis, we employ two different

methods, each providing insight into the circuit’s operation. We assume R D] = R02 — Rd .
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Figure 4.14 Differential pair with

small-signal inputs.

(h) (c)

Figure 4.15 (a) Differential pair sensing one input signal, (b) circuit of

(a) viewed as a CS stage degenerated by M2, (c) equivalent circuit of (b).

Method I The circuit of Fig, 4. 14 is driven by two independent signals. Thus, the output

can be computed by superposition.

Let us set Vin2 to zero and find the effect of Vin [ at X and Y [Fig. 4.15(a)]. To obtain Vx ,

we note that M\ forms a common-source stage with a degeneration resistance equal to the

impedance seen looking into the source of M2 [Fig. 4.15(b)]. Neglecting channel-length
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Figure 4.16 Replacing M\ by a Thevenin equivalent.
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Comparison of (4.17), (4.18), and (4.19) indicates that the magnitude of the differential

gain is equal to gm RD regardless of how the inputs are applied: in Figs. 4.15 and 4.16, the

input is applied to only one side whereas in Fig. 4.14 the input is the difference between
two sources. It is also important to recognize that if the output is single-ended, i.e., it is

sensed between X or Y and ground, the gain is halved.

Example 4.3

In the circuit of Fig. 4. 17, M2 is twice as wide as Mi . Calculate the small-signal gain if the bias values

of Vjn \
and V,„2 are equal.

Ad

VDD

Kout1

f
\n2

Figure 4.1

7

Solution

If the gates ofM
\ and M2 are at the same dc potential, then VGS \

= VGS2 and /02 = 2Id\ -2/^/3.
Thus, gm 1 = s/2\xnCox (W/L)I$s/ 3 and gm2 = ^/2fxn C0X(2W/L)2Issi2 = 2gm \. Following the

same procedure as above, the reader can show that

\Av
2Rd

1 1

h

8m 1 2gm i

4
=

1 Rd

(4.20)

(4.21)

Note that, for a given ISs , this value is lower than the gain ofa symmetric differential pair (with

2W/L for each device) [Eq. (4.19)] because gm \
is smaller.

How does the gain of a differential pair compare with that of a common-source stage?

For a given total bias current, the value of gm in (4.19) is 1/V2 times that of a single

transistor biased at !$s with the same dimensions. Thus, the total gain is proportionally less.

Equivalently, for given device dimensions and load impedance, a differential pair achieves

the same gain as a CS stage at the cost of twice the bias current.

Method II If a fully-symmetric differential pair senses differential inputs (i.e., the two

inputs change by equal and opposite amounts from the equilibrium condition), then the

concept of “half circuit” can be applied. We first prove a lemma.
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Lemma. Consider the symmetric circuit shown in Fig. 4. 1 8(a), where D
x
and D2 represent

Figure 4.18 Illustration of why node P is a virtual ground.

any three-terminal active device. Suppose VinX changes from V0 to Vo + AVin and Vin2 from
Vo to Vo - AVin [Fig. 4.18(b)], Then, if the circuit remains linear, VP does not change.

Assume A = 0.

Proof, Let us assume that Vi and V2 have an equilibrium value of Va and change by A V\

and AV2 , respectively [Fig. 4.18(c)]. The output currents therefore change by gmA Vi and

gmAV2 . Since I
x +

1

2 = 7r , we have gm AVi + gmA

V

2 = 0, i.e., AV
X
— —AV2 . We also

know Vinl — V\ = Vin2 - V2 , and hence Vo+ AV,„ -(Va + AV)) = VQ — AVin -(Va + A V2 ).

Consequently, 2AVin = AVj - A

V

2 = 2A Vj. In other words, if Vin \ and Vin2 change by

+A Vin and -A Vin , respectively, then V\ and V2 change by the same values, i.e., a differential

change in the inputs is simply “absorbed” by Vi and V2 . In fact, since VP = Vin] - Vu and

since V\ exhibits the same change as VP does not change.

The proof of the foregoing lemma can also be invoked from symmetry. As long as the

operation remains linear so that the difference between the bias currents of D x and D2 is

negligible, the circuit is symmetric. Thus, VP cannot “favor” the change at one input and

“ignore” the other.

From yet another point of view, the effect of D
x
and D2 at node P can be represented

by Thevenin equivalents (Fig. 4.19). If VP \
and Vp2 change by equal and opposite amounts

and Rtx and RT2 are equal, then VP remains constant. We emphasize that this is valid if

the changes are small such that we can assume Rpx = RT2 .

A

The above lemma greatly simplifies the small-signal analysis of differential amplifiers.

As shown in Fig. 4.20, since VP experiences no change, node P can be considered “ac

ground” and the circuit can be decomposed into two separate halves, hence the term

“half-circuit concept” [1]. We can write Vx/VinX = -gm RD and VY/(-VinX ) - -gm RD ,

where VinX and — VinX denote the voltage change on each side. Thus, (V* — VV)/(2ViM i)
=

8m Pd

4
It is also possible to derive an expression for the large-signal behavior of VP and prove that for small

L/ii ~ Vi„ 2 , VP remains constant. We defer this calculation to Chapter 14.



Sec. 4.2 Basic Differential Pair 115

Figure 4.19 Replacing each half of

a differential pair by a Thevenin

equivalent.

(a) (b)

Figure 4.20 Application of the half-circuit concept.

Example 4.4 — "

Calculate the differential gain of the circuit of Fig. 4.20(a) if X ^ 0.

Solution

Applying the half-circuit concept as illustrated in Fig. 4.21, we have Vx/Vini = —gmC^lkoi)

and Vy/i-Vinl) - -gmiRoWroi), thus arriving at (Vx - Vy)/(2V/„i) = -gm (RD\\ro\ where

r0 = ro\ = roi- Note that Method I would require lengthy calculations here.

The half-circuit concept provides a powerful technique for analyzing symmetric differ-

ential pairs with fully differential inputs. But what happens if the two inputs are not fully
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Figure 4.22 Conversion of arbitrary inputs to differential and common-mode components.

differential [Fig. 4.22(a)]? As depicted in Figs. 4.22(b) and (c), the two inputs VM and
can be viewed as

VM

Vinl =

Vm =

+

- +

Vinl + Vjn 2

2
(4.22)

Vinl + Vinl

(4.23)
2

Since the second term is common to both inputs, we obtain the equivalent circuit in
Fig. 4.22(d), recognizing that the circuit senses a combination of a differential input and
a common-mode variation. Therefore, as illustrated in Fig. 4.23, the effect of each type
of input can be computed by supeiposition, with the half-circuit concept applied to the
differential-mode operation.

Example 4.5 -

In the circuit of Fig. 4.20(a), calculate Vx and Vy if Vinl ? -Vin2 and X 4, 0.
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Figure 4.23 Superposition for differential and common-mode signals.

Solution

For differential-mode operation, we have from Fig. 4.24(a)

VX = -gm(RD\\rcn)
Vml

2

^
VY = -gM\ro2)

Vin2 ~ Vin '

That is,

Vx - Vy = -gm(RD\\ro)(Vin\ ~ Vin2),

which is to be expected.

(4.24)

(4.25)

(4.26)

Figure 4.24

For common-mode operation, the circuit reduces to that in Fig. 4.24(b). How much do Vx and

Vy change as V^cm changes? If the circuit is fully symmetric and Iss an ideal current source, the
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current drawn by M\ and M2 from Roi and R02 is exactly equal to /ss/2 and independent of Vin,CM

Thus, Vx and Vy experience no change as V
(„,cm varies. Interestingly, the circuit simply amplifk

the difference between V; n 1 and V/ rt2 while eliminating the effect of Vir,cm-

4.3 Common-Mode Response

An important attribute of differential amplifiers is their ability to suppress the effect c

common-mode perturbations. Example 4.5 portrays an idealized case of common-mod

response. In reality, neither is the circuit fully symmetric nor does the current source exhib

an infinite output impedance. As a result, a fraction of the input CM variation appears

;

the output.

We first assume the circuit is symmetric but the current source has a finite outpi

impedance, Rss [Fig. 4.25(a)]. As VinXM changes, so does VP ,
thereby increasing tt

drain currents of M\ and M2 and lowering both Vx and Vy. Owing to symmetry, Vx rt

mains equal to Vy and, as depicted in Fig. 4.25(b), the two nodes can be shorted togethe

Since M {
and M2 are now “in parallel,” i.e., they share all of their respective terminals, tt

*D

X 4V

^in,CM o

DD

Vin,CM

ss

(b) (c)

Figure 4.25 (a) Differential pair sensing CM input, (b) simplified

version of (a), (c) equivalent circuit of (b).
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circuit can be reduced to that in Fig. 4.25(c). Note that the compound device, M\ + M2 ,

has twice the width and the bias current of each of M\ and M2 and, therefore, twice their

transconductance. The CM gain of the circuit is thus equal to

A v,cm
V,out

Viin,CM

Rp/2

l/(2gm ) + RSS
’

(4.27)

(4.28)

where gm denotes the transconductance of each of M\ and M2 and X = y = 0.

What is the significance of this calculation? In a symmetric circuit, input CM variations

disturb the bias points, altering the small-signal gain and possibly limiting the output voltage

swings. This can be illustrated by an example.

Example 4.6 , , ,

The circuit of Fig. 4.26 uses a resistor rather than a current source to define a tail current of 1 mA.

“ Figure 4.26

Assume (W/L) 1,2 = 25/0.5, finC0X = 50 fiA/V
2

, VTH = 0.6 V, X = y - 0, and VDD = 3 V.

(a) What is the required input CM for which Rss sustains 0.5 V?

(b) Calculate Rp for a differential gain of 5.

(c) What happens at the output if the input CM level is 50 mV higher than the value calculated in

(a)?

Solution

(a) Since lp\ = loi = 0.5 mA, we have

Vgs 1 = Vcsi = 2/di

Nl

w
T

+ Vth

= 1,23 V.

(4.29)

(4.30)

Thus, Vi n^cm = ^gsi + 0.5 V= 1.73 V. Note that Rss = 500 £2.

(b) The transconductance of each device is gm = *J2jAnC0X(W/L)lDi
— 1/(632 Q), requiring

Rd = 3.16 kQ for a gain of 5.

Note that the output bias level is equal to Vdd ~ Id\Rd = 1-42 V. Since VVcay = 1 .73 V and

Vjh — 0.6 V, the transistors are 290 mV away from the triode region.
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(c) If Vi ntcM increases by 50 mV, the equivalent circuit of Fig. 4.25(c) suggests that Vx and Vy

drop by

|AV*
( y| = AVin,CM

Rd/2

RSS + l/(2gm )

= 50 mV x 1.94

= 96.8 mV.

(4.31)

(4.32)

(4.33)

Now, M\ and M2 are only 143 mV away from the triode region because the input CM level has

increased by 50 mV and the output CM level has decreased by 96.8 mV.

The foregoing discussion indicates that the finite output impedance of the tail currenl

source results in some common-mode gain in a symmetric differential pair. Nonetheless,

this is usually a minor concern. More troublesome is the variation of the differential output

as a result of a change in an effect that occurs because in reality the circuit is not

fully symmetric, i.e., the two sides suffer from slight mismatches during manufacturing.

For example, in Fig. 4.25(a), Rm may not be exactly equal to RD

2

.

We now study the effect of input common-mode variation if the circuit is asymmetric

and the tail current source suffers from a finite output impedance. Suppose, as shown in

Fig. 4.27, Rm — Rd and RD2 = RD + ARDy where ARD denotes a small mismatch and

Figure 4.27 Common-mode response

in the presence of resistor mismatch.

the circuit is otherwise symmetric. What happens to Vx and VV as Vin ,CM increases? Since

Mi and M2 are identical, IDX and ID2 increase by [gm /{ 1 + 2gm Rss )]&Vin
,
CM. but Vx and

VY change by different amounts:

AV* = -AVintCM—^—RD (4.34)
1 + 2gm Rss

AVy = -AVin
,CM
—*m

(Rd + ARd ). (4 .35)

1 + 2gmRss

Thus, a common-mode change at the input introduces a differential component at the output.

We say the circuit exhibits common-mode to differential conversion. This is a critical

problem because if the input of a differential pair includes both a differential signal and
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common-mode noise, the circuit corrupts the amplified differential signal by the input CM
change. The effect is illustrated in Fig. 4.28.

Figure 4.28 Effect ofCM noise in the presence of resistor mismatch.

Figure 4.29 CM response with finite

tail capacitance.

In summary, the common-mode response of differential pairs depends on the output

impedance of the tail current source and asymmetries in the circuit, manifesting itself

through two effects: variation of the output CM level (in the absence of mismatches) and

conversion of input common-mode variations to differential components at the output. In

analog circuits, the latter effect is much more severe than the former. For this reason, the

common-mode response should usually be studied with mismatches taken into account.

How significant is common-mode to differential conversion? We make two observations.

First, as thtfrequency of theCM disturbance increases, the total capacitance shunting the tail

current source introduces larger tail current variations. Thus, even if the output resistance of

the current source is high, common-mode to differential conversion becomes significant at

high frequencies. Shown in Fig. 4.29, this capacitance arises from the parasitics ofthe current

source itself as well as the source-bulk junctions of M\ and A^. Second, the asymmetry in

the circuit stems from both the load resistors and the input transistors, the latter contributing

a typically much greater mismatch.

Let us now study the asymmetry resulting from mismatches between M\ and M2 in

Fig. 4.30(a). Owing to dimension and threshold voltage mismatches, the two transistors
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Figure 4.30 (a) Differential pair sensing CM input, (b) equivalent circuit of (a).

carry slightly different currents and exhibit unequal transconductances. To calculate the

gain from V^cm to X and 7, we use the equivalent circuit in Fig. 4.30(b), writing ID \
=

8m\{Vin,cm and Id2
= $m2(.Vin,cM That is,

(gml + 8m2)(Vin,CM ”

and

Vp = (.gml + gml)RsS

(gml + gm2)RsS + 1

We now obtain the output voltages as

Vx — —gmliVin^CM ~ Vp)Rd

8m 1

(gml + gm2)RsS + 1

Rd Vin,CM

and

Vy —gm2(Vin,CM ~ Vp)Rd

8m2 D T/
; ;

——rr KD yin ,cm
(gm\ + 8m2)R$S + 1

The differential component at the output is therefore given by

Vx-Vy
8ml gm2

(gml + gml)RsS + 1

(4.36)

(4.37)

(4.38)

(4.39)

(4.40)

(4.41)

(4.42)

In other words, the circuit converts input CM variations to a differential error by a factor
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equal to

Acm-dm = -
Agm Rp

(gml + gml)RsS + 1

(4.43)

where Acm-dm denotes common-mode to differential-mode conversion and Agm =
gml ~ gm2‘

Example 4.7 .

Two differential pairs are cascaded as shown in Fig, 4.31. Transistors M3 and M4 suffer from a gm

Figure 4.31

mismatch of Agm ,
the total parasitic capacitance at node P is represented by C/>, and the circuit is

otherwise symmetric. What fraction of the supply noise appears as a differential component at the

output? Assume X = y = 0.

Solution

Neglecting the capacitance at nodes A and B, we note that the supply noise appears at these nodes

with no attenuation. Substituting 1 /(Cps) for Rss in (4.43) and taking the magnitude, we have

\Acm~Dm\
Agm Rd

' 1 + (gm3 + £m4)
2

Cpco

(4.44)

The key point is that the effect becomes more noticeable as the supply noise frequency, w, increases.

For meaningful comparison of differential circuits, the undesirable differential com-

ponent produced by CM variations must be normalized to the wanted differential output

resulting from amplification. We define the “common-mode rejection ratio” (CMRR) as

Adm

Acm-dm
CMRR = (4.45)
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If only gm mismatch is considered, the reader can show from the analysis of Fig. 4.15 that

Rd gml+ gm2 + 4gmigmlRsS
\Adm\ =

2 1 + (gml + gm2)RsS

where it is assumed Vin \

— - Vin2i and hence

(4.46)

CMRR = gml + gml + 4gmlgmlRsS
(4.47)

2Agm

“(1+2gmRss ),Agm
(4.48)

where gm denotes the mean value, i.e., gm = (gml + gm2 )/ 2. In practice, all mismatches

must be taken into account.

4.4 Differential Pair with MOS Loads

The load of a differential pair need not be implemented by linear resistors. As with the

common-source stages studied in Chapter 3, differential pairs can employ diode-connected

or current-source loads (Fig. 4.32). The small-signal differential gain can be derived using

Figure 4.32 Differential pair with (a) diode-connected and (b) current-

source loads.

the half-circuit concept. For Fig. 4.32(a),

Av - -gmN {gmp\roN\rop)

gmN

gmP

(4.49)

(4.50)

where subscripts N and P denote NMOS and PMOS, respectively. Expressing gmn and

gm p in terms of device dimensions, we have

A v

'UniW/Lh
(4.51)

Hp(W/L)p
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For Fig. 4.32(b), we have

Av — SmNi^ON Ikop)* (4.52)

In the circuit of Fig. 4.32(a), the diode-connected loads consume voltage headroom, thus

creating a trade-off between the output voltage swings, the voltage gain, and the input CM
range. Recall from Eq. (3.35) that, for given bias current and input device dimensions, the

circuit’s gain and the PMOS overdrive voltage scale together. To achieve a higher gain,

(W/L)P must decrease, thereby increasing
|

VGSp - Vthp
I

and lowering the CM level at

nodes X and Y.

In order to alleviate the above difficulty, part of the bias currents of the input transistors

can be provided by PMOS current sources. Illustrated in Fig. 4.33, the idea is to lower the

gm of the load devices by reducing their current rather than their aspect ratio. For example,

Figure 4.33 Addition of current

sources to increase the voltage gain.

ifM5 and M6 carry 80% of the drain current ofM
*
and M2 ,

the current through M3 and M4

is reduced by a factor of five. For a given |VG5p - VY#p|,this translates to a factor of five

reduction in the transconductance ofM3 and Af4 because the aspect ratio of the devices can

be lowered by the same factor. Thus, the differential gain is now approximately five times

that of the case with no PMOS current sources.

The small-signal gain of the differential pair with current-source loads is relatively low

—

in the range of 10 to 20 in submicron technologies. How do we increase the voltage gain?

Borrowing ideas from the amplifiers in Chapter 3, we increase the output impedance of both

PMOS and NMOS devices by cascoding, in essence creating a differential version of the

cascode stage introduced in Chapter 3. The result is depicted in Fig. 4.34(a). To calculate

the gain, we construct the half circuit of Fig. 4.34(b), which is similar to the cascode stage

of Fig. 3.60. Thus,

\Av\ ^ 8mi[(8m3ro3r0 \)\\(gm5ro5roi)l (4.53)

Cascoding therefore increases the differential gain substantially but at the cost ofconsuming

more voltage headroom.

As a final note, we should mention that high-gain fully differential amplifiers require a

means of defining the output common-mode level. For example, in Fig. 4.32(b), the output



Figure 4.34 (a) Cascode differential pair, (b) half circuit of (a).

common-mode level is not well-defined whereas in Fig. 4.32(a), diode-connected transistors

define the output CM level as VDD — Vqsp We return to this issue in Chapter 9.

4.5 Gilbert Cell

Our study of differential pairs reveals two important aspects of their operation: (1) the

small-signal gain of the circuit is a function of the tail current and (2) the two transistors in a

differential pair provide a simple means of steering the tail current to one oftwo destinations.

By combining these two properties, we can develop a versatile building block.

Suppose we wish to construct a differential pair whose gain is varied by a control voltage.

This can be accomplished as depicted in Fig. 4.35(a), where the control voltage defines the

Figure 4.35 (a) Simple VGA, (b) two stages providing variable gain.
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tail current and hence the gain. In this topology, A v = Vou t i Vin varies from zero (if I&3 = 0)

to a maximum value given by voltage headroom limitations and device dimensions. This

circuit is a simple example of a “variable-gain amplifier” (VGA). VGAs find application

in systems where the signal amplitude may experience large variations and hence requires

inverse changes in the gain.

Now suppose we seek an amplifier whose gain can be continuously varied from a negative

value to a positive value. Consider two differential pairs that amplify the input by opposite

gains [Fig. 4.35(b)]. We now have Voun /Vin = -gm RD and VoualVin = +gm RD, where

gm denotes the transconductance of each transistor in equilibrium. If l\ and I2 vary in

opposite directions, so do
|

Vout \ / Vin |

and
|

Vovtal Vin \

.

But how should Vout i and Voua be combined into a single output? As illustrated in Fig.

4.36(a), the two voltages can be summed, producing Vout — Vout \ + Voua = A
\ + A 2 Vin ,

Figure 4.36 (a) Summation of the output voltages of two amplifiers, (b) summation in the current

domain, (c) use of to control the gain, (d) Gilbert cell.
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where A
}
and A 2 are controlled by Vcontl and Vcont2 , respectively. The actual implementation

is in fact quite simple: since Voutl = RD IDl - RD ID2 and Vout2 = RD ID4 - RD Im ,
we

have Vout i + Vout2 = Roihi +/d4)~ ^d (//)2 + /d3)- Thus, rather than add Voutl and Vout2 ,

we simply short the corresponding drain terminals to sum the currents and subsequently

generate the output voltage [Fig. 4.36(b)]. Note that if h = 0, then Vout = +gm RD Vin and
if h — 0, then Vout = —gm R[)

V

in . For I\ = /2 ,
the gain drops to zero.

in the circuit of Fig. 4.36(b), Vcont \
and Vcona must vary I\ and /2 in opposite directions

such that the gain of the amplifier changes monotonically. What circuit can vary two currents

in opposite directions? A differential pair provides such a characteristic, leading to the

topology of Fig. 4.36(c). Note that for a large
\
Vcantl - Vcont2 \,

all of the tail current is

steered to one of the top differential pairs and the gain from Vin to Vout is at its most positive

or most negative value. For VCOnt\ = Vconl2 , the gain is zero. For simplicity, we redraw the

circuit as shown in Fig. 4.36(d). Called the “Gilbert cell” [2], this circuit is widely used in

many analog and communication systems. In a typical design, M\-MA are identical and so

are M5 and M6 .

Example 4.8 - -

Explain why the Gilbert cell can operate as an analog voltage multiplier.

Solution

Since the gain of the circuit is a function of Vcont = Vcont] - Vcont2 , we have Vout = Vin • f(Vcontl
Expanding /

(

Vcont ) in a Taylor series and retaining only the first-order term, a Vcont ,
we have Vout =

a Vin Vcont • Thus, the circuit can multiply voltages. This property accompanies any voltage-controlled

variable-gain amplifier.

As with a cascode structure, the Gilbert cell consumes a greater voltage headroom than

a simple differential pair does. This is because the two differential pairs M\ -M2 and M3-M4

are “stacked” on top of the control differential pair. To understand this point, suppose the

differential input, Vin , in Fig. 4.36(d) has a common-mode level Vcmm- Then, VA = VB =
Vcmm -Vgsu where MrM4 are assumed identical. ForM5 andM6 to operate in saturation,

the CM level of VCOnt> VcM,cont-> must be such that VcM,cont — Vcm,i n ~ ^gsi + Vth 5
,
6 >

Since VG51 - VTH5<6 is roughly equal to one overdrive voltage, we conclude that the control

CM level must be lower than the input CM level by at least this value.

In arriving at the Gilbert cell topology, we opted to vary the gain of each differential

pair through its tail current, thereby applying the control voltage to the bottom pair and the

input signal to the top pairs. Interestingly, the order can be exchanged while still obtaining

a VGA. Illustrated in Fig. 4.37(a), the idea is to convert the input voltage to current by

means of M5 and M6 and route the current through M\-M4 to the output nodes. If, as

shown in Fig. 4.37(b), Vcont is very positive, then only M\ and M2 are on and Vout =
gms^RoVin - Similarly, if Vcont is very negative [Fig. 4.37(c)], then only M3 and M4 are on

and Vout = gm5,6Rd • If the differential control voltage is zero, then Vout = 0. The

input differential pair may incorporate degeneration to provide a linear voltage-to-current

conversion.
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Figure 4.37 (a) Gilbert cell sensing the input voltage by the bottom differential pair, (b) signal path for very

positive Vcon t, (c) signal path for very negative VCOnt-

Problems

Unless otherwise stated, in the following problems, use the device data shown in Table 2. 1 and assume

Vdd = 3 V where necessary. All device dimensions are effective values and in microns.

4 .1 . Suppose the total capacitance between adjacent lines in Fig. 4.2 is 10 fF and the capacitance

from the drains of M\ and M2 to ground is 100 fF.

(a) What is the amplitude of the glitches in the analog output in Fig. 4.2(a) for a clock swing

of 3 V?

(b) If in Fig. 4.2(b), the capacitance between L\ and Li is 10% less than that between L\ and

£3, what is the amplitude of the glitches in the differential analog output for a clock swing

of 3 V?

4 .2. Sketch the small-signal differential voltage gain of the circuit shown in Fig. 4.8(a) if Vo

o

varies

from 0 to 3 V. Assume (W/L)
i _3 = 50/0.5, Vin = 1.3 V, and Vb = IV.

4 .3. Construct the plots of Fig. 4.8(c) for a differential pair using PMOS transistors.

4 .4. In the circuit of Fig. 4.10, (W/L)\^ = 50/0.5 and I$s = 0.5 mA.

(a) What is the maximum allowable output voltage swing if = 1 .2 V?

(b) What is the voltage gain under this condition?

4.5 . A differential pair uses input NMOS devices with W/L = 50/0.5 and a tail current of 1 mA.

(a) What is the equilibrium overdrive voltage of each transistor?

(b) How is the tail current shared between the two sides if V-m \
— V -

in 2 = 50 mA?
(c) What is the equivalent Gm under this condition?

(d) For what value of V/„ 1 - V/„2 does the Gm drop by 10%? By 90%

?

4 .6. Repeat Problem 4.5 with W/L = 25/0.5 and compare the results.

4.7 . Repeat Problem 4.5 with a tail current of 2 mA and compare the results.

4.8 . Sketch Id 1
and 102 in Fig. 4.17 versus V,-n 1

- V/n 2- For what value of V/„| - Vin2 are the two

currents equal?
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4.9. Consider the circuit of Fig. 4.28, assuming (W/L)
\, 2 = 50/0.5 and RD = 2 k£2. Suppose

Rss represents the output impedance of an NMOS current source with (W/L)ss = 50/0.5

and a drain current of 1 mA. The input signal consists of Vin ,DM = 10 mV^ and Vin
,
CM =

1 -5 V +14,(4), where Vn (t) denotes noise with a peak-to-peak amplitude of 100 mV. Assume

AR/R = 0.5%.

(a) Calculate the output differential signal-to-noise ratio, defined as the signal amplitude di-

vided by the noise amplitude.

(b) Calculate the CMRR.

4.10. Repeat Problem 4.9 if AR = 0 but M\ and M2 suffer from a threshold voltage mismatch of 1

mV.

4.11. Suppose the differential pair of Fig. 4.32(a) is designed with (W/L)\, 2 = 50/0.5, (W/L)3 4 =
10/0.5, and Iss = 0.5 mA. Also, Iss is implemented with anNMOS device having (W/L)ss =
50/0.5.

(a) What are the minimum and maximum allowable input CM levels if the differential swings

at the input and output are small?

(b) For Vi ntcM = 1.2 V, sketch the small-signal differential voltage gain as Vdd goes from 0

to 3 V.

4.12. In Problem 4. 1 1 , suppose M

\

and M2 have a threshold voltage mismatch of 1 mV. What is the

CMRR?

4.13. In Problem 4.1 1, suppose W3 = 10 fim but W4 = 11 ^m. Calculate the CMRR.

4.14. For the differential pairs of Fig. 4.32(a) and (b), calculate the differential voltage gain if

Iss = 1 mA, (W/L)], 2 = 50/0.5, and (W/L)$ ,4
— 50/1. What is the minimum allowable

input CM level if Iss requires at least 0.4 V across it? Using this value for Vi n,CM , calculate

the maximum output voltage swing in each case.

4.15. In the circuit of Fig. 4.33, assume Iss = 1 rnA and W/L — 50/0.5 for all of the transistors.

(a) Determine the voltage gain.

(b) Calculate such that ID5 = ID6 - 0.8(/55 /2),

(c) If Iss requires a minimum voltage of 0.4 V, what is the maximum differential output swing?

4.16. Assuming all of the circuits shown in Fig. 4.38 are symmetric, sketch Vout as (a) V,„j and Vjn

2

vary differentially from zero to VDD ,
and (b) Vin \

and V?„ 2 are equal and they vary from zero

to Vdd-

4.17. Assuming all of the circuits shown in Fig. 4.39 are symmetric, sketch Vout as (a) V,-n 1 and V;„2

vary differentially from zero to Vdd, and (b)
1
and V?n2 are equal and they vary from zero

to Vdd-

4.18. Assuming all of the transistors in the circuits of Figs. 4.38 and 4.39 are saturated and X ^ 0,

calculate the small-signal differential voltage gain of each circuit.

4.19. Consider the circuit shown in Fig. 4.40.

(a) Sketch Vout as Vin ]
and VJ-n2 vary differentially from zero to Vdd-

(b) If X = 0, obtain an expression for the voltage gain. What is the voltage gain if W3 4 =

0.8W5 ,6?

4.20. For the circuit shown in Fig. 4.41

,

(a) Sketch Vout ,
V+, and Vy as V/„

1 and V,„ 2 vary differentially from zero to Vdd-
(b) Calculate the small-signal differential voltage gain.

4.21. Assuming no symmetry in the circuit of Fig. 4.42 and using no equivalent circuits, calculate

the small-signal voltage gain (V0Ut )/(Vin \

- V/„ 2 ) if X = 0 and y / 0.



Figure 4.38

4.22. Due to a manufacturing defect, a large parasitic resistance has appeared between the drain and

source terminals of Mi in Fig. 4.43. Assuming X = y = 0, calculate the small-signal gain,

common-mode gain, and CMRR.

4.23. Due to a manufacturing defect, a large parasitic resistance has appeared between the drains of

Mi and M4 in the circuit of Fig. 4.44. Assuming A, = y = 0, calculate the small-signal gain,

common-mode gain, and CMRR.

4.24. In the circuit of Fig. 4.45, all of the transistors have a W/L of 50/0.5 and M3 and M4 are

to operate in deep triode region with an on-resistance of 2 k£2. Assuming Ids = 20 fiA and

X _ y _ o, calculate the input common-mode level that yields such resistance. Sketch Vout 1

and Vou t2 as Vin \ and Vin2 vary differentially from 0 to VDD .

4.25. In the circuit of Fig. 4.32(b), (W/L) 1-4 — 50/0.5 and Iss — ^

(a) What is the small-signal differential gain?

(b) For Vi n cm = 1-5 V, what is the maximum allowable output voltage swing?

4.26. In the circuit of Fig. 4.33, assume M5 and M6 have a small threshold voltage mismatch of A V

and Iss has an output impedance Rss Calculate the CMRR.
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Figure 4.44

Figure 4.45
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Chapter 5

Passive and Active Current Mirrors

Our study of single-stage and differential amplifiers in Chapters 3 and 4 points to the wide

usage of current sources. In these circuits current sources act as a large resistor without

consuming excessive voltage headroom. We also noted that MOS devices operating in

saturation can act as a current source.

Current sources find other applications in analog design as well. For example, some
digital-to-analog (D/A) converters employ an array of current sources to produce an analog

output proportional to the digital input. Also, current sources, in conjunction with “current

mirrors,” can perform useful functions on analog signals.

This chapter deals with the design of current mirrors as both bias elements and signal

processing components. Following a review of basic current mirrors, we study cascode

mirror operation. Next, we analyze active current mirrors and describe the properties of

differential pairs using such circuits as loads.

5.1 Basic Current Mirrors

Fig. 5.1 illustrates two examples where a current source proves useful. From our study in

Chapter 2, recall that the output resistance and capacitance and the voltage headroom of a

current source trade with the magnitude of the output current. In addition to these issues,

several other aspects of current sources are important: supply, process, and temperature

dependence, output noise current, and matching with other current sources. We postpone

noise and matching considerations to Chapters 7 and 13, respectively.

How should a MOSFET be biased so as to operate as a stable current source? To gain

a better view of the issues, let us consider the simple resistive biasing shown in Fig. 5.2.

Assuming M\ is in saturation, we can write

1 W ( R2 \
2

hut ^ -f^nCox-^- yg+R VdD - Vth\ • (5.1)

This expression reveals various dependencies of Iout upon the supply, process, and tem-

perature. The overdrive voltage is a function of Vod and Vjh\ the threshold voltage may

135
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H

VinH

Figure 5.1 Applications of current sources.

Figure 5.2 Definition of current by re-

sistive divider.

vary by 100 mV from wafer to wafer. Furthermore, both (in and VTH exhibit temperature

dependence. Thus, Iout is poorly defined. The issue becomes more severe as the device is

biased with a smaller overdrive voltage, e.g., to consume less headroom. With a nominal

overdrive of, say, 200 mV, a 50-mV error in VTh results in a 44% error in the output current.

It is important to note that the above process and temperature dependencies exist even

if the gate voltage is not a function of the supply voltage. In other words, if the gate-source

voltage of a MOSFET is precisely defined, then its drain current is not! For this reason, we

must seek other methods of biasing MOS current sources.

The design of current sources in analog circuits is based on “copying” currents from a

reference, with the assumption that one precisely-defined current source is already available.

While this method may appear to entail an endless cycle, it is carried out as illustrated in

Fig. 5.3. A relatively complex circuit—sometimes requiring external adjustments—is used

Reference

Generator

<?

Figure 5.3 Use of a reference to gen-

erate various currents.
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to generate a stable reference current, IREF ,
which is then copied to many current sources

in the system. We study the copying operation here and the reference generator circuit in

Chapter 11.

How do we generate copies of a reference current? For example, in Fig. 5.4, how do
we guarantee Iout = Iref"? For a MOSFET, if ID = f{VGs), where /() denotes the

DO

REF

Copy

Circuit

/ out

Figure 5.4 Conceptual means of

copying currents.

functionality of ID versus Vq$
,
then = /

-1
(/d). That is, if a transistor is biased at

Iref> then it produces VG$ = /
1

Uref) [Fig. 5.5(a)]. Thus, if this voltage is applied

to the gate and source terminals of a second MOSFET, the resulting current is Iout =
ff~

l

(hEF) = Iref [Fig. 5.5(b)]. From another point of view, two identical MOS devices

that have equal gate-source voltages and operate in saturation carry equal currents (ifX = 0).

(a) (b)

Figure 5.5 (a) Diode-connected device providing inverse

function, (b) basic current mirror.

The structure consisting of M\ and M2 in Fig. 5.5(b) is called a “current mirror.” In the

general case, the devices need not be identical. Neglecting channel-length modulation, we
can write

IREF ~ 2^n^ox

(
~ ^TH )

2

y 1 ^ /W\
hut ~ -f^nCox

^—J
(

V

GS ~ Vth) »

(5.2)

(5.3)
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obtaining

,
(W/L )2

lnut = IREF
(W/L) i

(5.4)

The key property of this topology is that it allows precise copying of the current with no

dependence on process and temperature. The ratio of Iout and Iref is given by the ratio of

device dimensions, a quantity that can be controlled with reasonable accuracy.

Example 5.1 n iwiur ii" mi, ,

In Fig. 5.6, find the drain current of M4 if all of the transistors are in saturation.

M

REF

Figure 5.6

Solution

We have Id2 “ Iref[(W/L)2/{W/L)\]. Also, |/o3 1

= \Idi\ and Ida = ^D3[(W/L)4/(W/L)3].

Thus, \IDa\ = aplREF ,
where a = (W/L)2/(W/L) 1 and = (W/L)4/(tF/L)3 . Proper choice of a

and f$
can establish large or small ratios between Ida and Iref • For example, a = — 5 yields a mag-

nification factor of 25. Similarly, a = /I = 0.2 can be utilized to generate a small, well-defined current.

Current mirrors find wide application in analog circuits. Fig. 5.7 illustrates a typical case,

where a differential pair is biased by means of an NMOS mirror for the tail current source

and a PMOS mirror for the load current sources. The device dimensions shown establish a

Figure 5.7 Current mirrors used to bias a differential amplifier.



Sec. 5.2 Cascode Current Mirrors 139

drain current of OAIj in M5 and Mg, reducing the drain current of M3 and M4 and hence

increasing the gain.

Current mirrors usually employ the same length for all of the transistors so as to minimize

errors due to the side-diffusion of the source and drain areas (L />). For example, in Fig. 5.7,

the NMOS current sources must have the same channel length as M0 . This is because if,

Ldrawn is, say, doubled, then L eff = Ldrawn ~2LD is not. Furthermore, the threshold voltage

of short-channel devices exhibits some dependence on the channel length (Chapter 16).

Thus, current ratioing is achieved by only scaling the width of transistors .

1

We should also mention that current mirrors can process signals as well. In Fig. 5.5(b),

for example, if IREf increases by A/, then Iout increases by AI(W/L)2/(W/L)i. That is,

the circuit amplifies the small-signal current if (W/L)2/(W/L) 1 > 1 (but at the cost of

proportional multiplication of the bias current).

Example 5.2 - - -

Calculate the small-signal voltage gain of the circuit shown in Fig. 5 .8 .

Figure 5.8

Solution

The small-signal drain current of M\ is equal to gm \Vi n . Since Idi = Id\ and /03 = Idi{W/L)s/
(W/L)2, the small-signal drain current of M3 is equal to gm \ Vi n (W/L)3/(W/L )2 ,

yielding a voltage

gain of gm iRL {W/L)s/(W/L)2.

5.2 Cascode Current Mirrors

In our discussion of current mirrors thus far, we have neglected channel length modulation.

In practice, this effect results in significant error in copying currents, especially ifminimum-

length transistors are used so as to minimize the width and hence the output capacitance of

the current source. For the simple mirror of Fig. 5.5(b), we can write

h\ = -f^nCox - Vth)
2

( 1 + ^V7)si) (5.5)

'As explained in Chapter 18, the widths are

rather than making a device wider.

actually scaled by placing multiple unit transistors in parallel
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hi = nC0X (^gs
- Vth)

2
(1 + ^VdSi)i (5.6)

and hence

hi _ (W/L)i 1 + k

V

Dsi

hi ~ (W/Lh 'l + kVDS i'

( '
J

While VDS \
= VGs\ = Vgsi> Vdsi may not equal VGS2 because of the circuitry fed by M2 ,

For example, in Fig. 5.7, the potential at node P is determined by the input common-mode

level and the gate-source voltage ofM
x
and M2 ,

and it may not equal V*.

In order to suppress the effect of channel-length modulation, a cascode current source

can be used. As shown in Fig. 5.9(a), if Vb is chosen such that VY = Vx, then Iout closel)

tracks Iref- This is because, as described in conjunction with Fig. 3.61, the cascode device

“shields” the bottom transistor from variations in Vp. With the aid of Fig. 3.23, the readei

can prove that AVy AV/>/[(gm3 + gm b3)ro 3 ]. Thus, we say that VY remains close tc

Vx and hence ID2 ~ h\ with high accuracy. Such accuracy is obtained at the cost of the

voltage headroom consumed by M3 . Note that, while L
x
must be equal to L 2 , the length oi

M3 need not be equal to L
x and L 2 .

(a) (b) (c)

Figure 5.9 (a) Cascode current source, (b) modification ofmirror circuit to generate the cascode

bias voltage, (c) cascode current mirror.

How do we generate Vb in Fig. 5.9(a)? Since the objective is to ensure VV = Vx , we mus

guarantee Vb — VG53 = Vx or Vb = VGS3 + Vx. This result suggests that if a gate-source

voltage is added to Vx, the required value of Vb can be obtained. Depicted in Fig. 5.9(b), the

idea is to place another diode-connected device, Mo, in series with M
x , thereby generating

a voltage V# = VG so + Vx. Proper choice of the dimensions of M0 with respect to those

of M3 yields VG50 = VG$ 3 . Connecting node N to the gate of M3 as shown in Fig. 5.9(c)

we have VG50 + V* = VG53 + VY . Thus, if (W/L)3/(W/L)0 = (W/L)2/(W/L)U ther

VGS3 = ^gso and Vx — VY . Note that this result holds even if Mo and M3 suffer from bodj

effect.
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Example 5.3

In Fig. 5.10, sketch Vx and Vy as a function of Iref- If Iref requires 0.5 V to operate as a current

source, what is its maximum value?

(a) (b)

Figure 5.10

Solution

Since M2 and M3 are properly ratioed with respect to M\ and Mo, we have Vy - Vx &
^2lREF/[linCox(W/L) 1 ] + Vthi- The behavior is plotted in Fig. 5.10(b).

To find the maximum value of Iref, we note that

Thus,

Vn = Voso + VGSl

2Iref

finCox
+ Vtho + Vthi-

(5.8)

(5.9)

Vdd ~~
2Iref

t^nCox
- Vtho - Vth\ = 0-5 V.

and hence

(5.10)

IREF,max —
fin Cox (Vdd - 0.5 V - Vtho ~ Vthi)

2

2 (J(L/W)o + JUJWh)2
(5.11)

While operating as a current source with high output impedance and accurate value, the

topology of Fig. 5.9(c) nonetheless consumes substantial voltage headroom. For simplicity,

let us neglect the body effect and assume all of the transistors are identical. Then, the
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minimum allowable voltage at node P is equal to

VN ~ Vth — ^gso + Vgsi — Vth (5.12)

= (Vgso — Vth ) + (Vgsi — Vth) + VTH , (5.13)

i.e., two overdrive voltages plus one threshold voltage. How does this value compare with

that in Fig. 5.9(a) if Vb could be chosen more arbitrarily? As shown in Fig. 3.51, Vb could

be so low that the minimum allowable voltage at P is merely two overdrive voltages. Thus,

the cascode mirror of Fig. 5.9(c) “wastes” one threshold voltage in the headroom. This is

because Vusi = Vgs2 ,
whereas Vosi could be as low as Vgs2 — VTH while maintaining

M2 in saturation.

Fig. 5.11 summarizes our discussion. In Fig. 5.11(a), Vb is chosen to allow the lowest

possible value of Vp but the output current does not accurately track IREF because M\ and

M2 sustain unequal drain-source voltages. In Fig. 5.11(b), higher accuracy is achieved but

the minimum level at P is higher by one threshold voltage.

' REFV

r vdd m
' *—It

u M
w

'GS

P
^ out ^ 'REF

^GS-^TH

Y
~

^GS“^TH

(a) (b)

Figure 5.1 1 (a) Cascode current source with minimum headroom voltage, (b) head-

room consumed by a cascode mirror.

Before resolving this issue, it is instructive to examine the large-signal behavior of a

cascode current source.

Example 5.4

In Fig. 5 . 12(a), assuming all of the transistors are identical, sketch lx and Vp as Vx drops from a

large positive value.

Solution

For Vx > Vn — Vth * both M2 and M3 are in saturation, lx = Iref and Vp — Va- As Vx drops,

which transistor enters the triode region first, M3 or M2 ? Suppose M2 enters the triode region before

M3 does. For this to occur, V^si must drop and, since Vgsi is constant, so must 102 This means

Vgs3 increases while Id3 decreases, which is not possible if M3 is still in saturation. Thus, M3 enters

the triode region first.

As Vx falls below V/v — V7//, M3 enters the triode region, requiring a greater gate-source overdrive

to carry the same current. Thus, as shown in Fig. 5 . 12(b), Vp begins to drop, causing //>2 and hence
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Figure 5.12

lx to decrease slightly. As Vx and Vg decrease further, eventually we have Vg < Va ~Vth , and M2

enters the triode region. At this point, /02 begins to drop sharply. For Vx = 0
,
Ix = 0 ,

and M2 and

M3 operate in deep triode region. Note that as Vx drops below V/v
- Vth3, the output impedance of

the cascode falls rapidly because gm3 degrades in the triode region.

In order to eliminate the accuracy-headroom trade-off described above, we first study the

modification depicted in Fig. 5 . 1

3

(a). Note that this circuit is in fact a cascode topology with

its output shorted to its input. How canwe choose Vi so that both M\ and M2 are in saturation?

We must have Vi - VThi S Vx(= VG50 for M2 to be saturated and VGS \
- Vth\ <

VA ( =Vb~ VGSi ) for Mi to be saturated. Thus,

Vgsi + (Tgsi ” Vy#i) < Vg < VG si + Vth2 (5 - 14)

A solution exists if VG s2 + (Vcsi — Vth\) — Vgsi + Vthi> i-e -> if Vgs2 ~ Vth2 S Vth\-

We must therefore size M2 such that its overdrive voltage remains less than one threshold

voltage.

Now consider the circuit shown in Fig. 5 . 13(b), where all of the transistors are in

saturation and proper ratioing ensures that VGs2 = Vqs4- If Vi = VGs2 + (

-

Vth\) = Vgs4 + (Vgs3 - Vth3X then the cascode current source M3-M4 consumes min-

imum headroom (the overdrive of M3 plus that of M4 ) while M\ and M3 sustain equal
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— Vn

(a) (b)

Figure 5.13 Modification of cascode mirror for low-voltage

operation.

drain-source voltages, allowing accurate copying of Iref> We call this a “low-voltage

cascode.”

We must still generate V*,. For minimal voltage headroom consumption, VA = VG $\
~

Vjh i
and hence V& must be equal to (or slightly greater than) VGS2 + (Vgsi — Vthi)-

Fig. 5.14(a) depicts an example, where M5 generates Vgss ^ Vgsi and M6 together with

Rb produces VDse — Vgs6 — Rbh ^ Vgsi - VVj/i* Some inaccuracy nevertheless arises

because Ms does not suffer from body effect whereasM2 does. Also, the magnitude of Rbh

is not well-controlled.

Figure 5.14 Generation of gate voltage Vb for cascode mirrors.

An alternative circuit is shown in Fig. 5.14(b), where the diode-connected transistor

M7 has a large W/L so that VG si
% Vthi- That is, Vds6 ^ Vgs6 — Vthi and hence

Vb — Voss + VG se — Vthi- While requiring no resistors, this circuit nonetheless suffers

from similar errors due to body effect. Some margin is therefore necessary to ensure M\

and M2 remain in saturation.
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Figure 5.1 5 Low-voltage cascode us-

ing a source follower level shifter.

We should mention that low-voltage cascodes can also be biased using source followers.

Shown in Fig. 5.15, the idea is to shift the gate voltage ofM3 down with respect to V# by

interposing a source follower. If Ms is biased at a very low current density, Id/(W/L), then

its gate-source voltage is approximately equal to Vth3 >
i*e., VV ^ Vn - Vthi* and

Vb = Vqsi + Vgso — Vrm ~ Vgsi (5.15)

= VG51 -W (5.16)

implying that M2 is at the edge of the triode region. In this topology, however, Vds2 7^ Vdsu

introducing substantial mismatch. Also, if the body effect is considered for Mo, M$, and

M3, it is difficult to guarantee that M2 operates in saturation. We should mention that, in

addition to reducing the systematic mismatch due to channel-length modulation, the cascode

structure also provides a high output impedance.

5.3 Active Current Mirrors

As mentioned earlier and exemplified by the circuit of Fig. 5.8, current mirrors can also

process signals, i.e., operate as “active” elements. Particularly useful is a type of mirror

topology used in conjunction with differential pairs. In this section, we study this circuit

and its properties.

First, let us examine the circuit shown in Fig. 5.16, where M\ and M2 are identical.

Neglecting channel-length modulation, we have Iout — i.e., with the direction shown

for Iin and Iout ,
the circuit performs no inversion. From the small-signal point of view, if

Iin increases by A/, so does Iout .

Now consider the differential amplifier of Fig. 5. 17(a), where a current source in a mirror

arrangement serves as the load and the output is single-ended. What is the small-signal gain,

A v — Vout / Vin, of this circuit? We calculate A v using two different approaches,
2
assuming

y = 0 for simplicity.

2Note that, owing to the lack of symmetry, the half-circuit concept cannot be applied here.
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Mi M2

'

/out

Figure 5.16 Current mirror process-

ing a signal.

(b) (c)

Figure 5.17 (a) Differential pair with current-source load, (b) circuit for cal-

culation of Gm , (c) circuit for calculation of Rout .

Writing \A V \

= GmR0Ut and recognizing from Fig. 5.17(b) that Gm - Iout/Vin -

(gm\ Vin/Z)/ Vin = gm \/2, we simply need to compute Rout . As illustrated in Fig. 5. 17(c), for

this calculation, M2 is degenerated by the source output impedance, l/gm \ ,
ofM

\ ,
thereby

exhibiting an output impedance equal to (1 + gm2r0 2){\l

g

m ia) + r02 = 2r02 + l/gm \
*
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2

r

02 . Thus, Rout « (2r02)lko4 , and

|A B
|^^i[(2r02 )||r04 ]. (5.17)

Interestingly, if y0a -> oo, then -> gm iro2 - This can be explained by the second

approach.

Figure 5.1 8 Circuit for calculation of

VpIVin .

In our second approach, we calculate Vp/Vin and Vout/Vp and multiply the results to

obtain Vout j Vin . With the aid of Fig. 5.18,

Vp_

Vin

Req

1
’

Req H

gml

(5.18)

where Req denotes the resistance seen looking into the source ofM2 . Since the drain ofM2

is terminated by a relatively large resistance, r04 ,
the value of Req must be obtained from

Eq. (3.110):

It follows that

R,eq

1 r04

gm2 8m2r02

gm2 \ r02

Vp_

Vin

1 +
rp4

rp2

2 +
rp4 '

rpi

(5.19)

(5.20)

(5.21)

Note that if rp4 -* 0, VP /

V

in -> 1/2 and if r04 -> 00 , then Vp/Vin 1

.

We now calculate Voul / Vp while taking r02 into account. From Fig. 5.19,

V,out 1 + gmirP2

1 +
rp2

rp4

(5.22)
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DD

^ f04

r02

4 OKout

M,

‘'p

Figure 5.1 9 Circuit for calculation of

Vou,/Vp.

gmlf02

l +
^‘
r04

From (5.21) and (5.23), we have

V,
1 +

out

rp4

fp2 Sm2r02

Vin 2 +
rp4

>*<92

i +
r̂p4

gm2^P2r04

2rp2 ~h rp4

= ^[(^02)1^04].

(5.23)

(5.24)

(5.25)

(5.26)

In the circuit of Fig. 5.17, the small-signal drain current of Mi is “wasted.” As concep-
tually shown in Fig. 5.20(a), it is desirable to utilize this current with proper polarity at

the output. This can be accomplished as depicted in Fig. 5.20(b), where M3 and M4 are

identical. To see how M3 enhances the gain, suppose the gate voltage of increases by
a small amount, increasing Im by A/ and decreasing ID2 by A/. Since |/D3 |

and hence

|/zmI also increase by A/, we observe that the output voltage tends to increase through two
mechanisms: the drain current of M2 drops and the drain current of M4 rises.

3
In contrast

to the circuit of Fig. 5.17, here M4 assists M2 with the voltage change at the output. This

configuration is called a differential pair with active current mirror.
4 An important property

of this circuit is that it converts a differential input to a single-ended output.

The reader may wonder how this is possible if KCL requires that I02 = I
/o4 1

- The explanation in Example
3.2 clarifies this issue.

4
It is also called a differential pair with active load.
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Figure 5.20 (a) Concept of combining the drain currents of M\ and M2, (b) realization

of (a).

5.3.1 Large-Signal Analysis

Let us study the large-signal behavior of the circuit. To this end, we replace the ideal tail

current source by a MOSFET as shown in Fig. 5 .21 (a). If Vin \ is much more negative than

V, n2 , M 1 is off and so are M3 and M4. Since no current can flow from VDD ,
both M2 and M5

operate in deep triode region, carrying zero current. Thus, Vout = 0 .

5 As Vin \
approaches

Vin2, Mi turns on, drawing part of Id5 from M3 and turning M4 on. The output voltage then

depends on the difference between Ida and 102- For a small difference between Vin i
and

Vin2, both M2 and M4 are saturated, providing a high gain [Fig. 5 .21 (b)]. As Vin \ becomes

more positive than V/„2, 7di , |/z>3l» and |

7zmI increase and Id2 decreases, eventually driving

M4 into the triode region. If Vin \
- Vin2 is sufficiently large, M2 turns off, M4 operates in

deep triode region with zero current, and Vout -VDD . Note that if Vin[ > VF + VTH ,
then

Mi enters the triode region.

The choice of the input common-mode voltage of the circuit is also important. ForM2 to

be saturated, the output voltage cannot be less than Vin cA/ ~ Vth- Thus, to allow maximum
output swings, the input CM level must be as low as possible, with the minimum given by

Vgsi,2 + Vi)S5,min The direct relationship between the input CM level and the output swing

in this circuit is a critical drawback.

What is the output voltage of the circuit when Vinl = Vin2 l With perfect symmetry,

Vout — Vp — Vdd ~ |Vg 53|. This can be proved by contradiction as well. Suppose, for

example, that Vout < VF . Then, due to channel-length modulation, Mi must carry a greater

current thanM2 (andM4 a greater current thanM3 ). In other words, the total current through

Mi is greater than half of Is$. But this means that the total current through M3 also exceeds

7ss/2, violating the assumption that M4 carries more current than M3 . In reality, however,

asymmetries in the circuit may result in a large deviation in Vouu possibly driving M2 or

M4 into the triode region. For example, if the threshold voltage of M2 is slightly smaller

5
If Vin ]

is greater than one threshold voltage with respect to ground, M5 may draw a small current from Mi

,

raising Vout slightly.
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Figu re 5.21 (a) Differential pair with active current mirror and realistic current source,

(b) large-signal input-output characteristic.

than that of Mi, the former carries a greater current than the latter even with V*„i = Vira,

causing Vout to drop significantly. For this reason, the circuit is rarely used in an open-loop

configuration to amplify small signals.

Example 5.5 - — - -

Assuming perfect symmetry, sketch the output voltage of the circuit in Fig. 5.22(a) as Vdd varies

from 3 V to zero. Assume that for Vdd = 3 V all of the devices are saturated.

Solution

For Vod = 3 V, symmetry requires that Vout — Vf. As Vdd drops, so do V> and Vout with a

slope close to unity [Fig. 5.22(b)]. As Vf and Vou( fall below +1.5 V - Vthn, Mi and M2 enter the

triode region, but their drain currents are constant if M5 is saturated. Further decrease in Vdd and

hence Vf and Vout causes Vest and Vgsi to increase, eventually driving M5 into the triode region.
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Thereafter, the bias current of all of the transistors drops, lowering the rate at which Vout decreases.

For VDd <
I
VthpI we have Vout = 0.

5.3.2 Small-Signal Analysis

We now analyze the small-signal properties of the circuit shown in Fig. 5.21(a), assuming

y = 0 for simplicity. Can we apply the half-circuit concept to calculate the differential gain

here? As illustrated in Fig. 5.23, with small differential inputs, the voltage swings at nodes

Figure 5.23 Asymmetric swings in

a differential pair with active current

mirror.

X and Y are vastly different. This is because the diode-connected device M3 yields a much

lower voltage gain from the input to node X than that from the input to node Y. As a result,

the effects of Vx and VY at node P (through r0 i and r02 ,
respectively) do not cancel each

other and this node cannot necessarily be considered a virtual ground. We compute the gain

using two different approaches.

In the first approach, we write \A V \
— Gm Rou t and obtain Gm and Rou t

separately.

For the calculation of Gm ,
consider Fig. 5.24(a). The circuit is not quite symmetric but

Figure 5.24 (a) Circuit for calculation of Gm ,
(b) circuit of (a) with node P grounded.
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because the impedance seen at node X is relatively low and the swing at this node small,

the current returning from X to P through r0 1
is negligible and node P can be viewed

as a virtual ground [Fig. 5.24(b)]. Thus, lm = \ID3 \

= \ID4 \
= gmU2Vin /2 and

Id2 = -gmia vin/2i yielding Iout = ~gm h2 Vin and hence \Gm \
= gm i, 2 . Note that, by

virtue of active current mirror operation, this value is twice the transconductance of the

circuit of Fig. 5.17(b).

Calculation of Rout is less straightforward. We may surmise that the output resistance of

this circuit is equal to that of the circuit in Fig. 5.17(c), namely, (2ro2)lko4- In reality, how-
ever, the active mirror operation yields a different value because when a voltage is applied to

the output to measure Rout ,
the gate voltage ofM4 does not remain constant. Rather than draw

the entire equivalent circuit, we observe that, for small signals, ISs is open [Fig. 5.25(a)],

any current flowing into M i must flow out ofM2 , and the role of the two transistors can be

1

0m3

Figure 5.25 (a) Circuit for calculating Rout , (b) substitution of M\ and M2 by a resistor.

represented by a resistor RXy ~ 2r0 1,2 [Fig. 5.25(b)]. As a consequence, the current drawn

from Vx by Rxy is mirrored by M3 into M4 with unity gain. We can therefore write:

h = 2
Vx

27
*

01,2 + 7*03

gm3

+
Vx

704 ’

(5.27)

where the factor 2 accounts for current copying action of M3 and M4 . For 2r0{2 >
(l/feOlk^, we have

Rout ^ r02 Ik04 * (5.28)

The overall voltage gain is thus equal to \A V \

= Gm R0Ut = gm \, 2 (^02^04 ), somewhat
higher than that of the circuit in Fig. 5.17(a).

The second approach to calculating the voltage gain ofthe circuit is illustrated in Fig. 5.26,

providing more insight into the operation. We substitute the input source and M\ and M2

by a Thevenin equivalent. As illustrated in Fig. 5.27(a), for the Thevenin voltage calcula-

tion, node P is a virtual ground because of symmetry, and a half-circuit equivalent yields

Veq — gmU2roi, 2 Vin- Moreover, the output resistance is Req = 2r0 ia- From Fig. 5.27(b),
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Figure 5.26 Substitution of the input differential pair by a Thevenin equivalent.

Vi,
_in

2

(b)

Figure 5.27 (a) Calculation of the Thevenin equivalent voltage, (b) simplified circuit.

we note that the current through Req is

hi = Vout - gm \,2rO 1 , 2 Vin

1

2r01,2 H
gm3

(5.29)

The fraction of this current that flows through l/gm3 is mirrored into M4 with unity gain.

That is,

0 Vout - gml,2rO\,2Vin
1

1

2roi
(
2 H \\r03

gm3

r03 __
Vout

r03 + l/#m3 r04
(5.30)

Assuming 2r0 \,i » (l/gm3,4)lko3,4. we obtain

Vout _ gml, 2rQ 3ArCn ,2

Vin ^01,2 + ^03,4

- ^ml,2(r01,2lk03,4)-

(5.31)

(5.32)
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Example 5.6 -

Calculate the small-signal voltage gain of the circuit shown in Fig. 5.28. How does the performance

of this circuit compare with that of a differential pair with active mirror?

j
1'"

f>2

^in 0
It*|"l

'out

Figure 5.28

Solution

We have A v — gm i(roi\\ro2)i similar to the value derived above. For given device dimensions,

this circuit requires half of the bias current to achieve the same gain as a differential pair. However,

advantages of differential operation often outweigh the power penalty.

The above calculations of the gain have assumed an ideal tail current source. In re-

ality, the output impedance of this source affects the gain, but the error with respect to

gm\,2(roiaW r03A) is relatively small.

5.3.3 Common-Mode Properties

Let us now study the common-mode properties of the differential pair with active current

mirror. We assume y = 0 for simplicity and leave a more general analysis including body

effect for the reader. Our objective is to predict the consequences of a finite output impedance

in the tail current source. As depicted in Fig. 5.29, a change in the input CM level leads to

Figure 5.29 Differential pair with ac-

tive current mirror sensing a common-

mode change.

a change in the bias current of all of the transistors. How do we define the common-mode

gain here? Recall from Chapter 4 that the CM gain represents the corruption of the output
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signal of interest due to variations of the input CM level. In the circuits of Chapter 3, the

output signal was sensed differentially and hence the CM gain was defined in terms of the

output differential component generated by the inputCM change. In the circuit of Fig. 5.29,

on the other hand, the output signal of interest is sensed with respect to ground. Thus, we

define the CM gain in terms of the single-ended output component produced by the input

CM change:

Acm =
kVout

A Vin,cM
(5.33)

To determine Ac a/, we observe that if the circuit is symmetric, Vout — VF for any input

CM level. For example, as Vin,cM increases, VF drops and so does Vout . In other words,

nodes F and X can be shorted [Fig. 5.30(a)], resulting in the equivalent circuit shown

(a) (b)

Figure 5.30 (a) Simplified circuit of Fig. 5.29, (b) equivalent circuit of (a).

in Fig. 5.30(b). Here, M\ and M2 appear in parallel and so do M3 and M4 . It follows

that

1 r03,4

Acm *
2

f
3 -
4 2

(5-34)

—— + Rss
2gml,2

1 gm\,2

1 + 2^ 1 ,
2^55 gm3,4

(5.35)
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where we have assumed l/(2gm3
,
4 ) « r03j4 and neglected the effect ofrou/2. The CMRR

is then given by

CMRR = Adm

Acm

gml,2(roi2\\r03A)
^m3,4(i + 2gm\aRss)

gm 1,2

= (1 + 2^1,2^55)^3,4(^01,21^03,4).

(5.36)

(5.37)

(5.38)

Equation (5.35) indicates that, even with perfect symmetry, the output signal is corrupted

by input CM variations, a drawback that does not exist in the fully differential circuits

of Chapter 3. High-frequency common-mode noise therefore degrades the performance

considerably as the capacitance shunting the tail current source exhibits a lower impedance.

Example 5.7

The CM gain of the circuit of Fig. 5.29 can be shown to be zero by a (flawed) argument. As shown in

Fig. 5.31(a), if V,„,cm introduces a change of A / in the drain current of each input transistor, then

f/)3 als° experiences the same change and so does Id4 . Thus, M4 seemingly provides the additional

current required by M2 ,
and the output voltage need not change, i.e., Acm =0. Explain the flaw in

this proof.

Solution

The assumption that AIda completely cancels the effect of AId2 is incorrect. Consider the equivalent

circuit shown in Fig. 5.31(b). Since

AVp = A/i
1

gm3
ro 3 , (5 . 39

)
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It is also instructive to calculate the common-mode gain in the presence of mismatches.

As an example, we consider the case where the input transistors exhibit slightly different

transconductances [Fig. 5.32(a)]. How does Vout depend on Since the change at

(a) (b)

Figure 5.32 Differential pair with gm mismatch.

nodes F and X is relatively small, we can compute the change in lm and ID2 while neglecting

the effect of r0 i
and r02 . As shown in Fig. 5.32(b), the voltage change at P can be obtained

by considering M\ and M2 as a single transistor (in a source follower configuration) with a

transconductance equal to gm \ + gm2 ,
i.e.,

AVP = A V,„,CM .

Rss H ;

gm 1 + 8m2

(5.44)



158 Chap. 5 Passive and Active Current Mirrors

where body effect is neglected. The changes in the drain currents ofM\ andM2 are therefore

given by

A/di — gml(AVin,CM ~ AVp) (5.45)

Rss H ;

8m\ H" gm2

(5.46)

A/fl2 = ~ A Vp) (5.47)

Rss ;

8m 1 \ 8m2

(5.48)

The change A Im multiplied by (l/^ 3 )|[r0 3 yields \AID4 \
= gm4 [(l/gm 2 ) ||r03]A/D1 . The

difference between this current and &ID2 flows through the output impedance of the circuit,

which is equal to r04 because we have neglected the effect of r0 \ and r0 i\

kVout =
gml in,CM r03 8m2^Vi n cM

1 + (8ml + 8m2)RsS
r + J__ 1 + (gml + 8m2)RsS

8m3

r04 (5.49)

AVin,CM (gml ~ gm2)r03 ~ gm2/gm3

1 + (gml + gm2)RsS 1

r0 3 +—
8m3

-r04. (5.50)

If ?03 » l/gm3 , we have

AVou t ^ (gml ~ gmi)r03— gml/gml
. (j.jl)

A Vin,CM 1 + (gml + 8m2)RsS

Compared to Eq. (5.35), this result contains the additional term (gm i
- 8m2)ro 3 in the

numerator, revealing the effect of transconductance mismatch on the common-mode gain.

Problems

Unless otherwise stated, in the following problems, use the device data shown in Table 2. 1 and assume

Vdd = 3 V where necessary. All device dimensions are effective values and in microns.

5.1. In Fig. 5.2, assume (W/L)\ - 50/0.5, k = 0, Iout = 0.5 mA, and M\ is saturated.

(a) Determine Ri/Ri*

(b) Calculate the sensitivity of Iout to Vdd, defined as dI0Ut/dVDD and normalized to Iout .

(c) How much does lout change if VTH changes by 50 mV?
(d) If the temperature dependence of \in is expressed as fin a 7“ 3/2 but Vjh is independent

of temperature, how much does Iout vary if T changes from 300°K to 370°K?
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(e) What is the worst-case change in Iout if Vdd changes by 10%, Vjh by 50 mV, and T from

300°K to 370°K?

5.2. Consider the circuit of Fig. 5 .6 . Assuming Iref is ideal, sketch I0ut versus Vdd as Vdd varies

from 0 to 3 V.

5.3. In the circuit of Fig. 5.7, (W/L)N = 10/0.5, (W/L)P = 10/0.5, and Iref = 100 jiA. The

input CM level applied to the gates of M\ and M2 is equal to 1.3 V.

(a) Assuming X = 0, calculate VP and the drain voltage of the PMOS diode-connected tran-

sistors.

(b) Now take channel-length modulation into account to determine Ij and the drain current of

the PMOS diode-connected transistors more accurately.

5.4. Consider the circuit of Fig. 5.8; sketch Vout versus VDd as VDD varies from 0 to 3 V.

5.5. Consider the circuit of Fig. 5.9(a), assuming (W/L)i_ 3 = 40/0.5, Iref = 0.3 mA, and y = 0.

(a) Determine V*> such that Vx = Vy.

(b) If Vb deviates from the value calculated in part (a) by 100 mV, what is the mismatch

between Iout and Iref ?

(c) If the circuit fed by the cascode current source changes V> by 1 V, how much does Vy

change?

5.6. The circuit ofFig. 5.13 is designed with (W/L)i 2 = 20/0.5, (W/L)3i4 = 60/0.5, and Iref —

100 /aA.

(a) Determine Vx and the acceptable range of Vb.

(b) Estimate the deviation of Iou t
from 300 fik if the drain voltage of M4 is higher than Vx

by IV.

5.7. The circuit of Fig. 5.17(a) is designed with {W/L) i
_4 = 50/0.5 and ISs = 2I\ = 0.5 mA.

(a) Calculate the small-signal voltage gain.

(b) Determine the maximum output voltage swing if the input CM level is 1.3 V.

5.8. Consider the circuit of Fig. 5.22(a) with (W/L) 1-5 = 50/0.5 and Ids = 0-5 mA.

(a) Calculate the deviation of Vout from Vf if
|
Vjm\ is 1 mV less than

\ VthaI

(b) Determine the CMRR of the amplifier.

5.9. Sketch Vx and Vy as a function of VDd for each circuit in Fig. 5.33. Assume the transistors in

each circuit are identical.

5.10. Sketch Vx and Vy as a function of VDD for each circuit in Fig. 5.34. Assume the transistors in

each circuit are identical.

5.11. For each circuit in Fig. 5.35, sketch Vx and Vy as a function of Vj forO < Vi < Vdd

-

Assume

the transistors in each circuit are identical.

5.12. For each circuit in Fig. 5.36, sketch Vx and Vy as a function of Vi for 0 < Vi < Vdd • Assume

the transistors in each circuit are identical.

5.13. For each circuit in Fig. 5.37, sketch Vx and Vy as a function of Iref-

5.14. For the circuit of Fig. 5.38, sketch Iout , Vx, V^, and Vr as a function of (a) Iref » (b) Vb

-

5.15. In the circuit shown in Fig. 5.39, a source follower using a wide transistor and a small bias

current is inserted in series with the gate of M3 so as to bias M2 at the edge of saturation.

Assuming M0-M3 are identical and X / 0, estimate the mismatch between Iout and Iref if

(a) y = 0, (b) y ± 0.

5.16. Sketch Vx and Vy as a function of time for each circuit in Fig. 5.40. Assume the transistors in

each circuit are identical.
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/

X
Or

-0 +HP
Ci

(a) (b) (c)

(d)

Vdd

*1

1

Cl

(e)

Figure 5.40

5.17.

Sketch Vx and Vy as a function of time for each circuit in Fig. 5.41. Assume the transistors in

each circuit are identical.

Figure 5.41

5.18. Sketch Vx and Vy as a function of time for each circuit in Fig. 5.42. Assume the transistors in

each circuit are identical.

5.19. The circuit shown in Fig. 5.43 exhibits a negative input capacitance. Calculate the input

impedance of the circuit and identify the capacitive component.
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Figure 5.43

5.20. Due to a manufacturing defect, a large parasitic resistance, R\, has appeared in the circuits of

Fig. 5.44. Calculate the gain of each circuit.

(a) (b)

Figure 5.44

5.21. In digital circuits such as memories, a differential pair with active current mirror is used to

convert a small differential signal to a large single-ended swing (Fig. 5.45). In such applications,

it is desirable that the output levels be as close to the supply rails as possible. Assuming moderate

differential input swings (e.g., AV = 0.1 V) around a common-mode level Vi n<cM and a high

gain in the circuit, explain why Vm i„ depends on Vm,CM-
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Figure 5.45

5.22. Sketch Vx and VY for each circuit in Fig. 5.46 as a function of time. The initial voltage aero!

Ci is shown.

(c)

Figure 5.46

5.23. If in Fig. 5.47, A V is small enough that all of the transistors remain in saturation, determin

the time constant and the initial and final values of Vout .
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Chapter 6

Frequency Response ofAmplifiers

Our analysis of simple amplifiers has thus far focussed on low-frequency characteristics

neglecting the effect of device and load capacitances. In most analog circuits, however, th

speed trades with many other parameters such as gain, power dissipation, and noise. It i

therefore necessary to understand the frequency response limitations of each circuit.

In this chapter, we study the response of single-stage and differential amplifiers in th

frequency domain. Following a review of basic concepts, we analyze the high-frequenc

behavior of common-source and common-gate stages and source followers. Next, we de£

with cascode and differential amplifiers. Finally, we consider the effect of active currer

mirrors on the frequency response of differential pairs.

6.1 General Considerations

6.1.1 Miller Effect

An important phenomenon that occurs in many analog (and digital) circuits is related t

“Miller Effect,” as described by Miller in a theorem.

Miller’s Theorem. If the circuit of Fig. 6. 1 (a) can be converted to that of Fig. 6. 1 (b), the

Z, = Z/(l - A„) and Z2 = Z/( 1 - A” 1

), where A„ = VY /

V

x .

(a)

Figure 6.1 Application of Miller effect to a floating impedance.
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Proof. The current flowing through Z from X to Y is equal to (Vx - Vy)/Z. For the two

circuits to be equivalent, the same current must flow through Z\. Thus,

Vx ~ Vy
= Vx

Z Zi
’ (6.1)

that is,

Zi
z

Vy
*

Vx

Similarly,

Z

Vx*
"
Vy

(6.2)

(6.3)

Example 6.1

Consider the circuit shown in Fig. 6.2(a), where the voltage amplifier has a negative gain equal to -A

and is otherwise ideal. Calculate the input capacitance of the circuit.

(a) (b) (c)

Figure 6.2

Solution

Using Miller’s theorem to convert the circuit to that shown in Fig. 6.2(b), we have Z = 1 /(Cfs ) and

Z\ — [l/(Cfs)]/(l + A). That is, the input capacitance is equal to Cf( 1 + A).

Why is Cf multiplied by 1 + A? Suppose, as depicted in Fig. 6.2(c), we measure the input

capacitance by applying a voltage step at the input and calculating the charge supplied by the voltage

source. A step equal to AV at X results in a change of-AA V at Y, yielding a total change of ( 1 +A)A V

in the voltage across Cf. Thus, the charge drawn by Cf from Vi n is equal to ( I + A)CfA V and the

equivalent input capacitance equal to (1 + A)Cp.
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It is important to understand that (6.2) and (6.3) hold ifwe know a priori that the circuit

of Fig. 6.1(a) can be converted to that of Fig. 6.1(b). That is. Miller’s theorem does not

stipulate the conditions under which this conversion is valid. If the impedance Z forms the

only signal path between X and Y, then the conversion is often invalid. Illustrated in Fig. 6.3

for a simple resistive divider, the theorem gives a correct input impedance but an incorrect

(a) (b)

Figure 6.3 Improper application of Miller’s theorem.

gain. Nevertheless, Miller’s theorem proves useful in cases where the impedance Z appears

in parallel with the main signal (Fig. 6.4).

Main Signal Path
Figure 6.4 Typical case for valid ap-

plication of Miller’s theorem.

Example 6.2

Calculate the input resistance of the circuit shown in Fig. 6.5(a).

Figure 6.5
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Solution

The reader can prove that the voltage gain from X to Y is equal to 1 + {gm + gmb)ro- As shown in

Fig. 6.5(b), the input resistance is given by the parallel combination ofro/i} - A v ) and 1 /(gm + gmb ).

Since A v is usually greater than unity, /(I - A v ) is a negative resistance. We therefore have

R:„ =
rp 1

1 - [1 + (gm + grnbYo ] gm + gmb

-1

gm + gmb

= 00 .

1

gm “b gmb

(6.4)

(6.5)

(6 .6 )

This is the same result as obtained in Chapter 3 (Fig. 3.46) by direct calculation.

We should also mention that, strictly speaking, the value of A v = VY/Vx in (6.2) and

(6.3) must be calculated at the frequency of interest, complicating the algebra significantly.

However, in many cases we use the low-frequency value of A v to gain insight into the

behavior of the circuit.

If applied to obtain the input-output transfer function, Miller’s theorem cannot be used

simultaneously to calculate the output impedance. To derive the transfer function, we apply

a voltage source to the input of the circuit, obtaining a value for VY / Vx in Fig. 6.1(a). On
the other hand, to determine the output impedance, we apply a voltage source to the output

of the circuit, obtaining a value for Vx / VY that may not be equal to the inverse of the VY / Vx
measured in the first test. For example, the circuit of Fig. 6.5(b) may suggest that the output

impedance is equal to

Rout —
rp

1 - \/A v

rp

1 — [1 H- (gm + 8mb)r0 ]-
{

1

gm ~b gmb
+ r0 ,

(6.7)

(6.8)

(6.9)

whereas the actual value is equal to r0 (if X is grounded). Other subtleties of Miller’s

theorem are decribed in the appendix.

6.1.2 Association of Poles with Nodes

Consider the simple cascade of amplifiers depicted in Fig. 6.6. Here, A\ and A 2 are ideal

voltage amplifiers, R\ and R2 model the output resistance of each stage, Cin and CN repre-

sent the input capacitance of each stage, and CP denotes the load capacitance. The overall

transfer function can be written as

Vout

,

.
A\ A 2 1

(5) = .

Vin 1 -f RsCinS 1 + R\Cn$ 1 + R2CpS
(6 . 10)
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The circuit exhibits three poles, each of which is determined by the total capacitance seen

from each node to ground multiplied by the total resistance seen at the node to ground.

We can therefore associate each pole with one node of the circuit, i.e., coj — tJ
1

, where

Tj is the product of the capacitance and resistance seen at node j to ground. From this

perspective, we may say “each node in the circuit contributes one pole to the transfer

function.”

Figure 6.6 Cascade of amplifiers.

The above statement is not valid in general. For example, in the circuit of Fig. 6.7, the

location of the poles is difficult to calculate because and C3 create interaction between

Figure 6.7 Example of interaction be-

tween nodes.

X and Y. Nevertheless, in many circuits association of one pole with each node provides an

intuitive approach to estimating the transfer function: we simply multiply the total equivalent

capacitance by the total incremental resistance (both from the node of interest to ground),

thus obtaining an equivalent time constant and hence a pole frequency.

Example 6.3 .....

In Fig. 6.8, calculate the pole associated with node X.

cF

Figure 6.8
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Solution

From Fig. 6.2(b), the total equivalent capacitance seen from X to ground equals (1 + A)C>. Since

this capacitance is driven by Rs, the pole frequency is equal to 1 /[/?s(l + A)Cf] (in rad/s). We call

this the “input pole.”

The above approach does suffer from some limitations. In particular, the simplification

of the circuit through the use of Miller effect often discards the zeros of the transfer func-

tion. However, the utility of the method becomes apparent in more complex topologies, as

described in the following example.

Example 6.4

Neglecting channel-length modulation, compute the transfer function of the common-gate stage shown

in Fig. 6.9.

Figure 6.9 Common-gate stage with

parasitic capacitances.

Solution

In this circuit, the capacitances contributed by M\ are connected from the input and output nodes to

ground. At node X
,
C$ = Cqs\ + C$b\, giving a pole frequency

(6.11)

Similarly, at node T, Co = Cog + Cob, yielding a pole frequency

(*>out = [(Cog + Cdb)RdV
1

- (6.12)

The overall transfer function is thus given by

Vout
\

Smb)Ro 1

Vin 1 + (Sm + gmb)Rs A \ A
+

s

\ Q)in ) V

where the first fraction represents the low-frequency gain of the circuit. Note that if we do not neglect

ro \ ,
the input and output nodes interact, making it difficult to calculate the poles.

(Cgsi + Csb\) I Rs
1

8m\ + gmb\
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6.2 Common-Source Stage

The common-source topology exhibits a relatively high input impedance while providing

voltage gain and requiring a minimal voltage headroom. As such, it finds wide application

in analog circuits and its frequency response is of interest.

Shown in Fig. 6.10 is a common-source stage driven by a finite source resistance, Rs .

We identify all of the capacitances in the circuit, noting that CGS and CDB are “grounded”

capacitances while CGD appears between the input and the output. Assuming that X = 0
and M\ operates in saturation, let us first estimate the transfer function by associating one

pole with each node. The total capacitance seen from X to ground is equal to CGS plus the

Miller multiplication of CG o'- CG$ + (1 — A v)CGd , where A v = — The magnitude
of the input pole is therefore given by

1

“
*S[CGS +(1 +gmRD)CGDY

(6 ' 14)

At the output node, the total capacitance seen to ground is equal to Cob plus the Miller

effect of CGD \ CDB + (1 - A~ l )CGD « CDB + CCD . Thus,

(tiout

Rd(Cdb + CGo)
(6.15)

Another approximation of the output pole can be obtained if Rs is relatively large.

Simplifying the circuit as shown in Fig. 6.1 1, where the effect of Rs is neglected, the reader

can prove that

Figure 6.10 High-frequency model of

a common-source stage.
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^ Vt

'GD

ZX X CDB
-L r I

-t cgs -

DD

Figure 6.1 1 Model for calculation of

output impedance.

'GD

We then surmise that the transfer function is

Vin

(S) =
-gm^D

(6.18)

Note that roi and any load capacitance can easily be included here.

The primary error in this estimation is that we have not considered the existence of

zeros in the circuit. Another concern stems from approximating the gain of the amplifier

by —gm Rj) whereas in reality the gain varies with frequency (for example, due to the

capacitance at the output node).

We now obtain the exact transfer function, investigating the validity of the above ap-

proach. Using the equivalent circuit depicted in Fig. 6.12, we can sum the currents at each

node:

~~—— + VxCgss + (Vx ~
*<S

Vout)CGD$ = 0 (6.19)

(Vout - VX)CgdS + gmVx + Vout
~—I- Cubs
kd

= 0 . (6 .20)
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From (6.20), Vx is obtained as

/ 1

Vout + ——I- Cobs

gm ~ Cqds

which, upon substitution in (6.19), yields

[Rs
1 + (Cgs + Cgd)^]!^

1 + (CGd + Q>s)s]
-vmt

That is,

gm CqoS
VoutCGDS = %

Rs

(6 .21
)

(6 .22
)

Vout , v (
CqoS gm)Ro

Vin RsRd^S 2 + [Rs( 1 + gm Ro)Coo + RsCgS + Rd(CGD + Cob)]s + 1
’

(6.23)

where £ = CgsCgd + CgsCdb 4-CgdCdb- Note that the transfer function is of second

order even though the circuit contains three capacitors. This is because the capacitors form

a “loop,” allowing only two independent initial conditions in the circuit and hence yielding

a second-order differential equation for the time response.

If manipulated judiciously, Eq. (6.23) reveals several interesting points about the circuit.

While the denominator appears rather complicated, it can yield intuitive expressions for the

two poles, copi and coP2 ,
if we assume \cop \ \

\o)pt\ [1]. Writing the denominator as

D= (— + l)(— + 1) (6.24)
\COpl ) \Q)p

2

)

S
2 /l 1 \

= h I
1

I s + 1, (6.25)
U>p\ti>p2 \U>pl tepi/

we recognize that the coefficient of s is approximately equal to 1 /a)p \
if cop2 is much farther

from the origin. It follows from (6.23) that

1

Pl
Rs( 1 + gmRo)CGD + RsCgS + Rd{Cqd + CDB )

(6.26)

How does this compare with the “input” pole given by (6.14)? The only difference results

from the term Ro(Cgd + CobX which may be negligible in some cases. The key point

here is that the intuitive approach of associating a pole with the input node provides a rough

estimate with much less effort. We also note that the Miller multiplication of Cgd by the

low-frequency gain of the amplifier is relatively accurate in this case.

Example 6.5

For the circuit shown in Fig. 6.13, calculate the transfer function (with 1 = 0) and explain why Millei

effect vanishes as Cob increases.
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Figure 6.13

Solution

Using (6.23) and letting Rp approach infinity, we have

Vin

CGDS ~ gm

Rs%$ 2 + [gmRsCGD + (Cqd + Cdb)]s
(6.27)

CGDS ~ gm

s[Rs(CgsCgD + CgsCdB + CgdCdb)s + (gm^S + 1)CgD + Cdb 1

(6.28)

As expected, the circuit exhibits two poles—one at the origin because the dc gain is infinity. The

magnitude of the other pole is given by

(1 +gmRs)CGD + Cdb . on
(oo ^ . (6.29)

R$(CgdCgs + CgsCdb + CgdCdb )

For large Cdb> this expression reduces to

0)2

1

Rs(CGS + CGDy
(6.30)

indicating that Cgd experiences no Miller multiplication. This can be explained by noting that, for

large Cdb , the voltage gain from node X to the output begins to drop even at low frequencies.

As a result, for frequencies close to [Rs(Ccs + Cgd)]~K the effective gain is quite small and

Cqd( 1 — A u )
& Cgd • Such a case is an example where the application of Miller effect using

low-frequency gain does not provide a reasonable estimate.

From (6.23), we can also estimate the second pole of the CS stage of Fig. 6.10. Since

the coefficient of s
2

is equal to (oDp \a)P2)~K we have

1 1

o)p i RsRd(CgsCgd + CgsCdb + CgdCdb)

&s( 1 + gm^D^GD + R$CgS + Rd(Cqd + Cdb)

(631)

RsRd(CgsCgd + CqsCdb + CgdCdb)
(6.32)
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If Cgs (1 + 8m^D)CGD + Rd(Cgd + Cdb)/Rs> then

^ RsCgs
P

2

RsRd(CgsCgd + CqsCdb )

_ 1

Rd(Cgd + CdbY

(6.33)

(6.34)

the same as (6.15). Thus, the “output” pole approach is valid only if Cgs dominates the

response.

The transfer function of (6.23) exhibits a zero given by coz = +gm /CG d, an effect not

predicted by the simple approach leading to (6.18). Located in the right half plane, the

zero arises from direct coupling of the input to the output through CGd- As illustrated in

Fig. 6.14, Cgd provides a feedforward path that conducts the input signal to the output at

very high frequencies, resulting in a slope in the frequency response that is less negative

than -40 dB/dec. As explained in Chapter 10, a zero in the right half plane introduces

stability issues in feedback amplifiers.

Path
“

Figure 6.14 Feedforward path through Cgd (log-log scale).

Figure 6.1

5

Calculation of the zero in

a CS stage.

The zero, sz , can also be computed by noting that the transfer function Vout (s)/ Vi n {s)

must drop to zero for s — sz . For a finite V, n ,
this means that Vout (sz ) = 0 and hence

the output can be shorted to ground at this (possibly complex) frequency with no current

flowing through the short (Fig. 6. 1 5). Therefore, the currents through CGd and M\ are equal
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and opposite:

VlCgdSz = gmVI- (6.35)

That is, = +gm/CGD .

1

In high-speed applications, the input impedance of the common-source stage is also

important. As a first-order approximation, we have from Fig. 6.16(a)

[CGS + (l+gmRD)CGD ]s‘

But at high frequencies, the effect of the output node must be taken into account. Ignoring

Cqs for the moment and using the circuit of Fig. 6.16(b), we write

(Ix-gmVx)
Rd

+
h

1 + RqCdbS Cgds

and hence

Vx _ 1 + Rd(Cgd + Cdb)s

lx CGDs{\+gm RD + RDCDB 8)

(6.37)

(6.38)

The actual input impedance consists of the parallel combination of (6.38) and 1 /(CGS s).

Figure 6.1 6 Calculation of input impedance of a CS stage.

At frequencies where \Rd(CGd + CDB )s\ <5C 1 and \RdCdbs\ 1 + gm Ro , (6.38)

reduces to [(1 + gmRD)CGDs]~
l

(as expected), indicating that the input impedance is pri-

marily capacitive. At higher frequencies, however, (6.38) contains both real and imaginary

parts. In fact, if CGD is large, it provides a low-impedance path between the gate and drain

of Mi, yielding the equivalent circuit of Fig. 6.16(c) and suggesting that l/gm \
and RD

appear in parallel with the input.

'This approach is similar to expressing the transfer function as Gm Z0Ut and finding the zeros of Gm and Zout .
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6.3 Source Followers

Source followers are occasionally employed as level shifters or buffers, impacting the over-

all frequency response. Consider the circuit depicted in Fig. 6.17(a), where Cl represents

the total capacitance seen at the output node to ground, including CSbi * The strong inter-

(a) (b)

Figure 6.17 (a) Source follower, (b) high-frequency equivalent circuit.

action between nodes X and Y through CGS in Fig. 6.17(a) makes it difficult to associate

a pole with each node in a source follower. Neglecting body effect for simplicity and us-

ing the equivalent circuit shown in Fig. 6.17(b), we can sum the currents at the output

node:

V\CgS& “F gm = VoutCLS , (6.39)

obtaining

Cf 5

gm + CGSS

Also, beginning from Vin , we can add up all of the voltages:

Vin = Rs[V\Cgss + (Vi + V0Ut)CGDs ] + V! + Vour .

Substituting for Vi from (6.40), we have

v out

~v~
(*) =

gm + CGsS

(6.40)

(6.41)

Rs(CGsCl + CG$CGo + CGdCl)s2
-F (gmRsCGD + Cl 4- CGs)s + gm

(6.42)

Interestingly, the transfer function contains a zero in the left half plane. This is because

the signal conducted by CGs at high frequencies adds with the same polarity to the signal

produced by the intrinsic transistor.
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If the two poles of (6.42) are assumed far apart, then the more significant one has a

magnitude of

gm
Pl

gmRsCGD + CL + CGS

1

R$Cgd +
Cl + Cgs '

8m

(6.43)

(6.44)

Also, if Rs = 0, then cop i = gmliCt + Cgs)-

Let us now calculate the input impedance of the circuit, noting that Cgd simply shunts the

input and can be ignored initially. From the equivalent shown in Fig. 6.18, the small-signal

Figure 6.1 8 Calculation of source fol-

lower input impedance.

gate-source voltage of M\ is equal to Ix/(Cgss )> giving a source current of gm Ix /(Cgss )-

Starting from the input and adding the voltages, we have

V*
h

Cgss
+ /* +

8mh
Cgss

1 II
1

8mb CLs
(6.45)

that is,

Zin =
1

+ (l +
8n 1

CgsS V CgsS/ gmb + CLS

At relatively low frequencies, gmb > \CL s\ and

-^—(l +
—

')
+—

,

CgSs \ gmb/ gmb

(6.46)

(6.47)

indicating that the equivalent input capacitance is equal to CGsgmb/(gm + gmb)- This result

can also be obtained by Miller approximation. Since the low-frequency gain from the

input to the output equals gm /(gm + gmb)> the effect of Cgs at the input can be expressed as

CGS [ 1 - gmligm +gmb)] = CGsgmb(gm + gmb)- In other words, the overall input capacitance

is equal to CGd plus afraction of CG s

-

At high frequencies, gmb < |Cl$| and

7 ~ 1

I

1

I

8m
in

Cgs$ Cls CgsCls 2
(6.48)
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For a given s = jco, the input impedance consists of the series combination of capacitors

CGS and CL and a negative resistance equal to -gm /(CGSCL co
2
). The negative resistance

property can be utilized in oscillators [2].

Example 6.6 --

Calculate the transfer function of the circuit shown in Fig. 6.19(a).

Figure 6.19

Solution

Let us first identify all of the capacitances in the circuit. At node X, CGd\ and CDB2 are connected to

ground and CG si and CGD2 to Y. At node Y, C$b\, Cgs2

,

and Cl are connected to ground. Similar

to the source follower of Fig. 6.17(b), this circuit has three capacitances in a loop and hence a second-

order transfer function. Using the equivalent circuit shown in Fig. 6.19(b), where Cx = CGm +CDB2 ,

Cxy = CG $\ + Cgd2, and CY = CSb\ + CGS2 4- Cl, we have V\CXys + gm 1
V\ = V0Ut Cys and

hence V\ = YoutCys/{Cxys + gm 1 ). Also, since V2 = Vout , the summation of currents at node X
gives

(Vi + V0Ut )Cx s + gm 2 Vout + YiCXys =
Vin - Vi - V0M ,

Rs

Substituting for V\ and simplifying the result, we obtain

(6.49)

gm\ + Cxys

RS^S 2 + [Cy + gmiRSCX + (1 + gm2RS)CXY]s + gm l(l + gm2RS )
’

(6.50)

where £ — CxCy + CXCXY + CyCxy. As expected, (6.50) reduces to a form similar to (6.42) for

gm2 = 0.

The output impedance of source followers is also of interest. In Fig. 6.17(a), the body ef-

fect and Csb simply yield an impedance in parallel with the output. Ignoring this impedance
and neglecting CGD , we note from the equivalent circuit of Fig. 6.20(a) that V

x
CGSs +
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gm V\ — —lx. Also, V\Ccs$Rs + V\ = ~VX . Dividing both sides of these equations gives

W
Z„», = (6.51)

lx

= M££i±I. (6.52)

8m “F Cgs$

It is instructive to examine the magnitude of this impedance as a function of frequency. At

low frequencies, Zout & 1 /gmj as expected. At very high frequencies, Zout & Rs (because

Cos shorts the gate and the source). We therefore surmise that \Z0Ut \

varies as shown in

Figs. 6.20(b) or (c). Which one of these variations is more realistic? Operating as buffers,

source followers must lower the output impedance, i.e., 1 jgm < Rs . For this reason, the

characteristic shown in Fig. 6.20(c) occurs more commonly than that in Fig. 6.20(b).

The behavior illustrated in Fig. 6.20(c) reveals an important attribute of source followers.

Since the output impedance increases with frequency, we postulate that it contains an

inductive component. To confirm this guess, we represent Zout by a first-order passive

network, noting that Zout equals l/gm at co
— 0 and Rs at co = oo. The network can

therefore be assumed as shown in Fig. 6.21 because Z\ equals /?2 at co = 0 and R\ + R2

at co = 00 . In other words, Z\ — Zout if R2 = 1 /gm ,
R\ = Rs — 1 /gm> and L is chosen

properly.

To calculate L, we can simply obtain an expression for Z\ in terms of the three com-

ponents in Fig. 6.21 and equate the result to Zout found above. Alternatively, since R2 is a

series component of Z\ , we can subtract its value from Zouu thereby obtaining an expression

Figure 6.20 Calculation of source follower output impedance.
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Figure 6.21 Equivalent output impe-

dance of a source follower.

for the parallel combination of R\ and L:

. )

v 1 \ 8mJ
^out — -

gm gm + CgS$

Inverting the result to obtain the admittance of the parallel circuit, we have

1

Z
8m

1

Rs
gm

+
Cgs$

8m

1

(6.53)

(6.54)

We can thus identify the first term on the right hand side as the inverse of R\ and the second

term as the inverse of an impedance equal to (CGSs/gm )(Rs - 1 /gm ), i.e., an inductor with

the value

gm \ gm
(6.55)

The dependence of L upon Rs implies that if a source follower is driven by a large

resistance, then it exhibits substantial inductive behavior. As depicted in Fig. 6.22, this

effect manifests itself as “ringing” in the step response if the circuit drives a large load

capacitance.

— VtDD

I
Cl

Figure 6.22 Ringing in step response of a source follower

with heavy capacitive load.
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6.4 Common-Gate Stage

As explained in Example 6.4, in a common-gate stage the input and output nodes are

“isolated” if channel-length modulation is neglected. For a common-gate stage such as that

in Fig. 6.23, the calculation of Example 6.4 suggested a transfer function

-rVDD

CD
'I—II-

fls

Wr-

“° Vout

-4 Mf

ice
Figure 6.23 Common-gate stage at

high frequencies.

Vout , x (gm 4” Smb)^D
(5) zz

Vin 1 + (gm + gmb)Rs

An important property of this circuit is that it exhibits no Miller multiplication of capac-

itances, potentially achieving a wide band. Note, however, that the low input impedance

may load the preceding stage. Furthermore, since the voltage drop across Rd is typically

maximized to obtain a reasonable gain, the dc level of the input signal must be quite low.

If channel-length modulation is not negligible, the calculations become quite complex.

Recall from Chapter 3 that the input impedance of a common-gate topology does depend

on the drain load if X ^ 0. From Eq. (3.110), we can express the impedance seen looking

into the source of M\ in Fig. 6.23 as

zin *
, ,

Zl
, +—

1

, (6 .57)

(gm + gmb)rO gm + gmb

where ZL — RD ||[1/(C£)5)]. Since Zin now depends on ZL ,
it is difficult to associate a pole

with the input node.

Example 6.7 - —
For the common-gate stage shown in Fig. 6.24(a), calculate the transfer function and the input

impedance, Z(rt . Explain why Zin becomes independent of Cl as this capacitance increases.

Solution

Using the equivalent circuit shown in Fig. 6.24(b), we can write the current'through Rs as - V0UtCLS+
V\ Ci n s . Noting that the voltage across Rs plus Vj n must equal -V\,we have

1 +
Cs

(6.56)

-1
gm "I" gmb A~

s
) (1 + RdCds)

{—VoutCL s "F V\Ci ns)Rs + Vi n — V\, (6.58)
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Figure 6.24

that is,

— VoutCLS &S + Vin

1

1 + Ci n RsS

We also observe that the voltage across ro minus V\ equals Vout :

ro(~VoutCLS ~ gm Vi) - V\ = Vou t
.

(6.59

(6.60

Substituting for V\ from (6.59), we obtain the transfer function:

Vout
( .

1 + gmrp
. (6.61

Vin
KS

r0 CLCin Rss
2 + [r0CL + CinRS + (1 + 8mro)CMs + 1

The reader can prove that body effect can be included by simply replacing gm with gm + gmb'

expected, the gain at very low frequencies is equal to 1 + gmro • For zin, we can use (6.57)

replacing ZL with \/{CL s), obtaining

A

b

Z - H .m
gm + gmb ClS (gm + gmi>)ro

We note that as Cl or 5 increases, Z,„ approaches l/(gm + gmb) and hence the input pole can 1

defined as

1

1

gm + gmb
Cin

(6.6

Why does Z,„ become independent of CL at high frequencies? This is because CL lowers the volte,

gain of the circuit, thereby suppressing the effect of the negative resistance introduced by Mill

effect through r0 (Fig. 6.5). In the limit, CL shorts the output node to ground, and r0 affects the inf

impedance negligibly.
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If a common-gate stage is driven by a relatively large source impedance, then the output

impedance of the circuit drops at high frequencies. This effect is better described in the

context of cascode circuits.

6.5 Cascode Stage

As explained in Chapter 3, cascoding proves beneficial in increasing the voltage gain of

amplifiers and the output impedance of current sources while providing shielding as well.

The invention of the cascode (in the vacuum tube era), however, was motivated by the

need for high-frequency amplifiers with relatively high input impedance. Viewed as a cas-

cade of a common-source stage and a common-gate stage, a cascode circuit offers the

speed of the latter—by suppressing the Miller effect—and the input impedance of the

former.

Let us consider the cascode shown in Fig. 6.25, first identifying all of the device ca-

pacitances. At node A, CGs\ is connected to ground and Cqdi to node X. At node X,

CDB \ ,
CSB2 , and Cgsi are tied to ground, and at node T, Cdb2 , Cgz>2 ,

and CL are con-

nected to ground. The Miller effect of CGD \ is determined by the gain from A to X . As an

approximation, we use the low-frequency value of this gain, which for low values of Rd

(or negligible channel-length modulation) is equal to -gm \/(gm2 + gmb2 )• Thus, if M\ and

Mi have roughly equal dimensions, CGm is multiplied by approximately 2 rather than the

large voltage gain in a simple common-source stage. We therefore say Miller effect is less

significant in cascode amplifiers than in common-source stages. The pole associated with

node A is estimated as

®p,A

1

gm 1

gm2 + gmb2

(6.64)

Figure 6.25 High-frequency model of

a cascode stage.
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We can also attribute a pole to node X. The total capacitance at this node is roughly

equal to 2Cgd\ + Cdbi + Csb2 + Cgs2 ->
giving a pole

<*>p,X

gml + gmb2

2Cgd\ + Cob I + CsB2 + CgS2

Finally, the output node yields a third pole:

(6.65)

t0p,r
RD(cDB2 + cL + cGD2y

(6 -66)

The relative magnitudes of the three poles in a cascode circuit depend on the actual

design parameters, but a>PtX is typically chosen to be farther from the origin than the other

two. As explained in Chapter 10, this choice plays an important role in the stability of op
amps.

But what if RD in Fig. 6.25 is replaced by a current source so as to achieve a higher dc

gain? We know from Chapter 3 that the impedance seen at node X reaches high values if the

load impedance at the drain ofM2 is large. For example, Eq. (3.110) predicts that the pole

at node X may be quite lower than (gm2 4- gmb2)/Cx if RD itself is the output impedance
of a PMOS cascode current source. Interestingly, however, the overall transfer function is

negligibly affected by this phenomenon. This can be better seen by an example.

Example 6.8

Consider the cascode stage shown in Fig. 6.26(a), where the load resistor is replaced by an ideal

I
i

-*out

CY

x

(b)

Figure 6.26 Simplified model of a cascode stage.

current source. Neglecting the capacitances associated with M\
,
representing Vin and M\ by a Norton

equivalent as in Fig. 6.26(b), and assuming y = 0, compute the transfer function.

Solution

Since the current through Cx is equal to ~V0Ut CY s - Iin , we have = ~{V0Ut CYs + Iin )/(Cx s),

and the small-signal drain current ofM2 is —gm2{—VoutCY s — Iin )/(Cx s). The current through ro 2
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is then equal to -V0UtCys - gm2(V0U ,Cys+ hn)/(Cx s). Noting that Vx plus the voltage drop across

ro2 equal to Tour, we write

~ro2 1

That is,

(VoutCY S + Iin)^- + Vou.CyS
Cxs

Vout gmir02 + 1

—
(VoutCYS + hn)~ — Vout-

CX S

1

lin CxS
1 + (1 + gmiroi)^- + Cyrois

Cx

which, for gm2ro2 > 1 an(l gmiroiCy!Cx > 1 (i-e -> Cy > Cx), reduces to

Vout ^ gml 1

hn
~ Cx s Cy

in — gm2 + CyS
Cx

(6.67)

(6 .68)

(6.69)

and hence

Vout gm\gm2 1 ^
Vin CyCxS gm2/Cx + $

The magnitude of the pole at node X is still given by gm2/Cx- This is because at high frequencies

(as we approach this pole) Cy shunts the output node, dropping the gain and suppressing the Miller

effect of ro 2 -

Ifa cascode structure is used as a current source, then the variation of its output impedance

with frequency is of interest. Neglecting Cqd\ and Cy in Fig. 6.26(a), we have

Zout = (1 + gm2r02)Zx +^02, (6.71)

where Zx =r0 \ IKCx^)
-1

. Thus, Zout contains a pole at (r0 \

C

x )~
x and falls at frequencies

higher than this value.

6.6 Differential Pair

The versatility of differential pairs and their extensive use in analog systems motivate us to

characterize their frequency response for both differential and common-mode signals.

Consider the simple differential pair shown in Fig. 6.27(a), with the differential half cir-

cuit and the common-mode equivalent circuit depicted in Figs. 6.27(b) and (c), respectively.

For differential signals, the response is identical to that of a common-source stage, exhibit-

ing Miller multiplication of CGD . Note that since +Vin2/2 and -Vin2/2 are multiplied by

the same transfer function, the number of poles in V0UtlVin Is equal to that of each path

(rather than the sum of the number of the poles in the two paths).

For common-mode signals, the total capacitance at node P in Fig. 6.27(c) determines the

high-frequency gain. Arising from Cgd3 > Cz>b3 , Csb\? and this capacitance can be



188 Chap. 6 Frequency Response of Amplifiers

‘'out

*DD

*hJT

^2

Figure 6.27 (a) Differential pair, (b) half-circuit equivalent, (c) equivalent circuit for

common-mode inputs.

quite substantial ifM\-M3 are wide transistors. For example, limited voltage headroom often

necessitates that be so large that M3 does not require a large drain-source voltage for

operating in the saturation region. If only the mismatch between M
x
and M2 is considered,

the high-frequency common-mode gain can be calculated with the aid of Eq. (4.43). We
replace r0 z with r0 3 \\[l/(CPs)] and RD by ^dII[ 1 /(Ci 5 )], where CL denotes the total

capacitance seen at each output node. Thus,

A v,cm = ~

+ 1

(6.72)

where other capacitances in the circuit are neglected.
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This result suggests that, if the output pole is much farther from the origin than is

the pole at node £, the common-mode rejection of the circuit degrades considerably at

high frequencies. For example, as illustrated in Fig. 6.28, if the supply voltage contains

high-frequency noise and the circuit exhibits mismatches, the resulting common-mode

disturbance at node P leads to a differential noise component at the output.

pairs.

We should emphasize that the circuit of Fig. 6.27(a) suffers from a trade-off between

voltage headroom and CMRR. To minimize the headroom consumed by M3 ,
its width is

maximized, introducing substantial capacitance at the sources of M\ and Mi and degrading

the high-frequency CMRR. The issue becomes more serious at low supply voltages.

We now study the frequency response of differential pairs with high-impedance loads.

Shown in Fig. 6.29(a) is a fully differential implementation. As with the topology of

Fig. 6.27, this circuit can be analyzed for differential and common-mode signals sepa-

rately. Note that here Cl includes the drain junction capacitance and the gate-drain overlap

capacitance of each PMOS transistor as well. Also, as depicted in Fig. 6.29(b) for differen-

tial output signals, Cgds and Cgda conduct equal and opposite currents to node G, making

this node an ac ground. (In practice, node G is nonetheless bypassed to ground by means

of a capacitor.)

The differential half circuit is depicted in Fig. 6.29(c), with the output resistance of

M\ and M3 shown explicitly. This topology implies that Eq. (6.23) can be applied to this

circuit if Rl is replaced by ro\ \\ro 3 - In practice, the relatively high value of this resistance

makes the output pole, given by [(r0 i \\ro 3)Ci]~\ the “dominant” pole. We return to this

observation in Chapter 10. The common-mode behavior of the circuit is similar to that of

Fig. 6.27(c).

Let us now consider a differential pair with active current mirror (Fig. 6.30). How many

poles does this circuit have? In contrast to the fully differential configuration of Fig. 6.29(a),

this topology contains two signal paths with different transfer functions. The path consisting

ofM3 andM4 includes a pole at node £, approximately given by gm3/C£ ,
where CE denotes

the total capacitance at £ to ground. This capacitance arises from Cgsi, Cqsa, Cdb3 , Cob i,

and the Miller effect of CG o\ and CGd4 - Even if only CG s3 and CGsa are considered, the

severe trade-offbetween gm and Cqs ofPMOS devices results in a pole that greatly impacts
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(b)

Figure 6.29 (a) Differential pair with current-source loads, (b) effect of differential swings

at node G, (c) half-circuit equivalent.

Figure 6.30 High-frequency behavior

of differential pair with active current

mirror.

the performance of the circuit. The pole associated with node E is called a “mirror pole.”

Note that, as with the circuit of Fig. 6.29(a), both signal paths shown in Fig. 6.30 contain a

pole at the output node.

In order to estimate the frequency response of the differential pair with active current

mirror, we construct the simplified model depicted in Fig. 6.31(a), where all other capac-

itances are neglected. Replacing V/n , Mi, and M2 by a Thevenin equivalent, we arrive at

the circuit of Fig. 6.31(b), where, from the analysis of Fig. 5.26, Vx = gmNroN^in and

Rx = 2roN- Here, the subscripts P and N refer to PMOS and NMOS devices, respectively,
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Figure 6.31 (a) Simplified high-frequency model of differential pair with active current mirror,

(b) circuit of (a) with a Thevenin equivalent.

and we have assumed 1 /gm p <r0 p- The small-signal voltage at E is equal to

1

= (Vaa ,
- VX )

C
f
+

(6.73)

+ Rx
Ce$ + gmP

and the small-signal drain current of M4 is gm^E - Noting that -gm4 Ve ~ h = VouACls +
r^p), we have

Vin

gmNfQN^gmP + Ce s )

2k0p^onCeC + [(2roN + rop)Ce + rop( 1 + 2gm pron)Cl]s + 2gm p(ron + rop)

(6.74)

Since the mirror pole is typically quite higher in magnitude than the output pole, we can

utilize the results of Eq. (6.25) to write

^ 2gm p{r0N + rpp)

(2roN + rOp)CE + rOp(^ +2gmproN)CL
(6.75)

Neglecting the first term in the denominator and assuming 2gmproN 1, we have

1

0)p{ %
(roN\\rop)CL

(6.76)
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an expected result. The second pole is then given by

0)p2 ^
8mP

C? (6.77)

which is also expected.

An interesting point revealed by Eq. (6.74) is a zero with a magnitude of 2gmP /Ce in the

left half plane. The appearance of such a zero can be understood by noting that the circuit

consists of a “slow path” (Mu M3 ,
and Af4 ) in parallel with a “fast path” (M\ and A#2 ).

Representing the two by A0 /[(l + s/copl )( 1 + s/cop2 )\ and A0/(l + s/cop0, respectively,

we have

yput _ Ao / i

^

Vin l+s/(Dp \ \ 1

Aq (2 + s/o)p2 )

(1 +s/a)p \){\ +s/(Dp2)

(6.78)

(6.79)

That is, the system exibits a zero at 2a)p2 . The zero can also be obtained by the method of

Fig. 6.15 (Problem 6.15).

Comparing the circuits of Figs. 6.29(a) and 6.30, we conclude that the former entails no

mirror pole, another advantage of fully differential circuits over single-ended topologies.

Example 6.9

Not all fully differential circuits are free from mirror poles. Fig. 6.32(a) illustrates an example, where

current mirrors M3-M5 and M4-M6 “fold” the signal current. Estimate the low-frequency gain and

the transfer function of this circuit.

Solution

Neglecting channel-length modulation and using the differential half-circuit shown in Fig. 6.32(b),

we observe that M5 multiplies the drain current ofM3 by K, yielding an overall low-frequency voltage

gain A y = gm\KRD .

To obtain the transfer function, we utilize the equivalent circuit depicted in Fig. 6.32(c), including a

source resistance Rs for completeness. To simplify calculations, we assume RdCl is relatively small

so that the Miller multiplication of Cgds can be approximated as Cgl>5(1 + gm5^D)- The circuit thus

reduces to that in Fig. 6.32(d), where Cx * CGS3 + CGS5 + CDB3 + CGD

5

(1 + gw5 /?D) + CDB \.

The overall transfer function is then equal to Vx/Vin\ multiplied by Vout \/ Vx- The former is readily

obtained from (6.23) by replacing RD with l/gm3 and Cdb with Cx , while the latter is

Voutl
C?) — gm5^D

1

1 + RdCls
(6.80)

Note that we have neglected the zero due to Cgl>5.
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(b) (c) (d)

Figure 6.32

Appendix A: Dual of Miller’s Theorem

In the Miller’s theorem (Fig. 6.1), we readily observe that Z\ + Z2 = Z. This is no

coincidence and it has interesting implications.

Redrawing Fig. 6.1 as shown in Fig. 6.33(a), we surmise that since the point between Z\

and Z2 can be grounded, then if we “walk” from X towards Y along the impedance Z, the

local potential drops to zero at some intermediate point [Fig. 6.33(b)]. Indeed, for Vp — 0,

we have

-t^-(Vy-Vx ) + Vx =0, (6.81)
Za “b Zb

and, since Za + Zb — Z,

Z
Z“~

1 -Vy/Vx'
(6.82)
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Figure 6.33 Illustration of Miller’s theorem identifying a local zero potential along Z.

Similarly,

Z* =
z

T - Vx/Vy
(6.83)

In other words, Z\{— Za ) and Z2(= Z^) are such decompositions of Z that provide an

intermediate node having a zero potential. For example, since in the common-source stage

of Fig. 6.10 Vx and VY have opposite polarities, the potential falls to zero at some point

“inside” CG0 .

The above observation explains the difficulty with the transformation depicted in Fig.

6.3. Drawing Fig. 6.33(b) for this case as in Fig. 6.34(a), we recognize that the circuit is

/?^ + /?2 -r2
1 kkk .

tYV
4

vvv

i /?2

(a) (b)

Figure 6.34 Resistive divider with decomposition of R \

.

still valid before node P is grounded because the current through R\ + R2 must equal that

through —R2 . However, if, as shown in Fig. 6.34(b), node P is tied to ground, then the only

current path between X and Y vanishes.

The concept of a zero local potential along the floating impedance Z also allows us to

develop the “dual” of Miller’s theorem, i.e., decomposition in terms of admittances and

current ratios. Suppose two loops carrying currents I\ and 12 share an admittance Y [Fig.

6.35(a)], Then, if Y is properly decomposed into two parallel admittances Y
{ and Y2 ,

the

current flowing between the two is zero [Fig. 6.35(b)] and the connection can be broken

[Fig. 6.35(c)]. In Fig. 6.35(a), the voltage across Y is equal to (/1 -I2)/Y and in Fig. 6.35(c),
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(a) (b) (c)

Figure 6.35 (a) Two loops sharing admittance 7, (b) decomposition of Y into Y\ and Y2 such that

/ = 0, (c) equivalent circuit.

the voltage across Y\ is I\/Y\. For the two circuits to be equivalent,

^1 ~ h _ h

Y
~

ti’

and

7
y'
-

1 - h/h

(6 .84)

(6 .85 )

Note the duality between this expression and Z\ — (1 — Vy/Vx)^. We also have

Y2
Y

I-/1//2
(6.86)

Problems

Unless otherwise stated, in the following problems, use the device data shown in Table 2. 1 and assume

yDD = 3 V where necessary. Also, assume all transistors are in saturation. All device dimensions

are effective values and in microns.

6.1 . In the circuit of Fig. 6.2(c), suppose the amplifier has a finite output resistance Rout .

(a) Explain why the output jumps up by AV before it begins to go down. This indicates the

existence of a zero in the transfer function.

(b) Determine the transfer function and the step response without using Miller’s theorem.

6.2 . Repeat Problem 6.1 if the amplifier has an output resistance Rout and the circuit drives a load

capacitance Cl .

6 .3 . The CS stage of Fig. 6.10 is designed with (W/L) 1 = 50/0.5, R$ = 1 k£2 and Rd = 2 k£2. If

101 = 1 mA, determine the poles and the zero of the circuit.

6 .4 . Consider the CS stage of Fig. 6.13, where I\ is realized by a PMOS device operating in

saturation. Assume (W/L)
\
= 50/0.5, Idi = 1 mA, and Rs — 1 k£2.

(a) Determine the aspect ratio of the PMOS transistor such that the maximum allowable output

level is 2.6 V. What is the maximum peak-to-peak swing?

(b) Determine the poles and the zero.

6 .5 . A source follower employing an NFET with W/L = 50/0.5 and a bias current of 1 mA is

driven by a source impedance of 10 kQ. Calculate the equivalent inductance seen at the output.
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6.6.

Neglecting other capacitances, calculate the input impedance of each circuit shown in Fig. 6.36.

(a) (b) (c)

Figure 6.36

6 .7. Estimate the poles of each circuit in Fig. 6.37.

6.8. Calculate the input impedance and the transfer function of each circuit in Fig, 6.38.

6 .9. Calculate the gain of each circuit in Fig. 6.39 at very low and very high frequencies. Neglect all

other capacitances and assume k = 0 for circuits (a) and (b) and y
- 0 for all of the circuits.

6 .10 . Calculate the gain of each circuit in Fig. 6.40 at very low and very high frequencies. Neglect

all other capacitances and assume k = y = 0.

6 .11 . Consider the cascode stage shown in Fig. 6.41. In our analysis of the frequency response of

a cascode stage, we assumed that the gate-drain overlap capacitance of M\ is multiplied by

8mil(gm2 + gmbi)‘ Recall from Chapter 3, however, that with a high resistance loading the

drain ofM2 , the resistance seen looking into the source ofM2 can be quite high, suggesting a

much higher Miller multiplication factor for CGD Explain why CG d\ is still multiplied by

1 + gmi/(gm2 + gmbi) if Cl is relatively large.

6.12. Neglecting other capacitances, calculate Zx in the circuits of Fig. 6.42. Sketch |Z*| versus

frequency.

6.13. The common-gate stage of Fig. 6.23 is designed with (W/L)
1 = 50/0.5, ID \

= 1 mA,

Ro = 2 kQ, and Rs = 1 k£2. Assuming k = 0, determine the poles and the low-frequency

gain. How do these results compare with those obtained in Problem 6.9?

6.14 . Suppose in the cascode stage of Fig. 6.25, a resistor RG appears in series with the gate ofM2 .

Including only CGs2 , neglecting other capacitances, and assuming k = y = 0, determine the

transfer function.

6 .15 . Apply the method of Fig. 6. 1 5 to the circuit of Fig. 6.3 1 (b) to determine the zero of the transfer

function.

6 .16 . The circuit of Fig. 6.32(a) is designed with (W/L)u = 50/0.5 and (W/L)3A = 10/0.5. If

Iss = 100 A, £ - 2, Cl = 0, and Rd is implemented by an NFET having W/L = 50/0.5,

estimate the poles and zeros of the circuit. Assume the amplifier is driven by an ideal voltage

source.
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6.17. A differential pair driven by an ideal voltage source is required to have a total phase shift of

135° at the frequency where its gain drops to unity,

(a) Explain why a topology in which the load is realized by diode-connected devices or current

sources does not satisfy this condition.

(b) Consider the circuit shown in Fig. 6.43. Neglecting other capacitances, determine the trans-

fer function. Explain under what conditions the load exhibits an inductive behavior. Can

this circuit provide a total phase shift of 135° at the frequency where its gain drops to unity?
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Chapter 7

Noise

Noise limits the minimum signal level that a circuit can process with acceptable quality.

Today’s analog designers constantly deal with the problem of noise because it trades with

power dissipation, speed, and linearity.

In this chapter, we describe the phenomenon of noise and its effect on analog circuits. The

objective is to provide sufficient understanding of the problem so that further developments

of analog circuits in the following chapters take noise into account as readily as other circuit

parameters such as gain, input and output impedance, etc. Seemingly a complex subject,

noise is introduced at this early stage so as to accompany the reader for the remainder of

the book and become more intuitive through various examples.

Following a general description of noise characteristics in the frequency and time do-

mains, we introduce thermal, shot, and flicker noise. Next, we considermethods ofrepresent-

ing noise in circuits. Finally, we describe the effect of noise in single-stage and differential

amplifiers along with trade-offs with other performance parameters.

7.1 Statistical Characteristics of Noise

Noise is a random process. For our purposes in this book, this statement means the value of

noise cannot be predicted at any time even if the past values are known. Compare the output

of a sinewave generator with that of a microphone picking up the sound of water flow in

a river (Fig. 7.1). While the value of jti(f) at t = h can be predicted from the observed

waveform, the value of X2 (t) at t = t2 cannot. This is the principal difference between

deterministic and random phenomena.

If the instantaneous value of noise in the time domain cannot be predicted, how can we

incorporate noise in circuit analysis? This is accomplished by observing the noise for a

long time and using the measured results to construct a “statistical model” for the noise.

While the instantaneous amplitude of noise cannot be predicted, a statistical model provides

knowledge about some other important properties of the noise that prove useful and adequate

in circuit analysis.

Which properties of noise can be predicted? In many cases, the average power of noise

is predictable. For example, if a microphone picking up the sound of a river is brought

201
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Figure 7.1 Output of a generator and the sound of a river.

closer to the river, the resulting electrical signal displays, on the average, larger excursions

and hence higher power (Fig. 7.2). The reader may wonder if a random process can be so

random that even its average power is unpredictable. Such processes do exist, but we are

fortunate that most sources of noise in circuits exhibit a constant average power.

The concept of average power proves essential in our analysis and must be defined

carefully. Recall from basic circuit theory that the average power delivered by a periodic

Figure 7.2 Illustration of the average power of a random

signal.
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voltage v(t) to a load resistance Ri is given by

P —
1 av —

1

T J-Tf2 Rl
(7.1)

where T denotes the period.
1

This quantity can be visualized as the average heat produced

in Ri by v(t).

How do we define Pav for a random signal? In the example of Fig. 7.2, we expect that

xs(t) generates more heat than xA (t) if the microphone drives a resistive load. However,

since the signals are not periodic, the measurement must be carried out over a long time:

1 f
+T/2

x 2
(t)

Pav = lim - /
—

T^oo ] J_ij2 Ri
(7.2)

where x(t) is a voltage quantity. Figure 7.3 illustrates the operation on xA (t) and xs(t); each

signal is squared, the area under the resulting waveform is calculated for a long time T, and

the average power is obtained by normalizing the area to T?

<

r

M/twyLa

Figure 7.3 Average noise power.

To simplify calculations, we write the definition of Pav as

1 f
+T/2

Pav = I™ —
/

x
2
(t)dt, (7.3)

7-^°o T J_ T/2

where Pav is expressed in V2
rather than W. The idea is that if we know Pav from (7.3), then

the actual power delivered to a load R L can be readily calculated as PaJ

R

l- In analogy

with deterministic signals, we can also define a root-mean-square (rms) voltage for noise

as J~P V̂ where Pav is given by (7.3).

7.1.1 Noise Spectrum

The concept of average power becomes more versatile if defined with regard to thtfrequency

content of noise. The noise made by a group of men contains weaker high-frequency com-

ponents than that made by a group of women, a difference observable from the “spectrum”

'To be more rigorous, v
2
(t) should be replaced by u(r) • where u*(r) is the complex conjugate waveform.

2
Strictly speaking, this definition holds only for “stationary” processes [1 j.
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of each type of noise. Also called the “power spectral density” (PSD), the spectrum shows

how much power the signal carries at each frequency. More specifically, the PSD, Sx (f ),

of a noise waveform x(/) is defined as the average power carried by x(t) in a one-hertz

bandwidth around /. That is, as illustrated in Fig. 7.4(a), we apply jc(0 to a bandpass filter

Band-Pass
Filter

(b)

Figure 7.4 Calculation of noise spectrum.

with center frequency f\ and 1-Hz bandwidth, square the output, and calculate the average

over a long time to obtain Sx (j\). Repeating the procedure with bandpass filters having

different center frequencies, we arrive at the overall shape of Sx (f) [Fig. 7.4(b)].

3

While it

is possible that the PSD of a random process is random itself, most of the noise sources of

interest to us exhibit a predictable spectrum.

As with the definition of Pav in (7.3), it is customary to eliminate RL from Sx (f). Thus,

since each value on the plot in Fig. 7.4(b) is measured for a 1-Hz bandwidth, Sx (f) is

expressed in V2/Hz rather than W/Hz. It is also common to take the square root of Sx (f ),

expressing the result in V/VHz. For example, we say the input noise voltage of an amplifier

at 100 MHz is equal to 3 nVA/Hz, simply to mean that the average power in a 1-Hz

bandwidth at 100 MHz is equal to (3 x 10“9
)

2 V2
.

An example of a common type of noise PSD is the “white spectrum,” also called white

noise. Shown in Fig. 7.5, such a PSD displays the same value at all frequencies (similar

3
In signal processing theory, the PSD is defined as the Fourier transform of the autocorrelation function of the

noise. The two definitions are equivalent in most cases of interest to us.
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*in(0

Sxin(')

SJf)

f Figure 7.5 White spectrum.

to white light). Strictly speaking, we note that white noise does not exist because the total

area under the power spectral density, i.e., the total power carried by the noise, is infinite.

In practice, however, any noise spectrum that is flat in the band ofinterest is usually called

white.

The PSD is a powerful tool in analyzing the effect of noise in circuits, especially in

conjunction with the following theorem.

Theorem If a signal with spectrum Sx(f ) is applied to a linear time-invariant system with

transfer function H(s), then the output spectrum is given by

Sr(f) = Sx(f)\H(f)\
2

, (7.4)

where H(f) = H(s = 2njf). The proof can be found in textbooks on signal processing

or communications, e.g., [1].

This theorem agrees with our intuition that the spectrum of the signal should be “shaped”

by the transfer function of the system (Fig. 7.6). For example, as illustrated in Fig. 7.7,

sx (t) |w(n
|

2
s
y
(f)

^ * X
f

Figure 7.6 Noise shaping by a transfer function.

Figure 7.7 Spectral shaping by telephone bandwidth.
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since regular telephones have a bandwidth of approximately 4 kHz, they suppress the high-

frequency components of the caller’s voice. Note that, owing to its limited bandwidth, xout (t)

exhibits slower changes than does xin {t).

Figure 7.8 (a) Two-sided and (b) one-sided noise spectra.

Since Sx {f) is an even function of / for real x(r) [1], as depicted in Fig. 7.8, the total

power carried by x(t) in the frequency range [f\ /2 ] is equal to

Pfi,f2 = I
f

'

Sx(f)df + (

+fl

Sx(f)df (7.5)

J—fi 7+/]

- r
h
2Sx {f)df. (7.6)

<4/i

In fact, the integral in (7.6) is the quantity measured by a power meter sensing the output

of a bandpass filter between f\ and /2 . That is, the negative-frequency part of the spectrum

is folded around the vertical axis and added to the positive-frequency part. We call the

representation of Fig. 7.8(a) the “two-sided” spectrum and that of Fig. 7.8(b) the “one-

sided” spectrum. For example, the two-sided white spectrum of Fig. 7.5 has the one-sided

counterpart shown in Fig. 7.9.

sn(0 (

n

l

Sn^l
h

L

—2 Sllllllllllll ^ ;

Figure 7.9 Folded white spectrum.

In summary, the spectrum shows the power carried in a small bandwidth at each fre-

quency, revealing howfast the waveform is expected to vary in the time domain.

7.1.2 Amplitude Distribution

As mentioned earlier, the instantaneous amplitude of noise is usually unpredictable. How-

ever, by observing the noise waveform for a long time, we can construct a “distribution” of
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the amplitude, indicating how often each value occurs. Also called the “probability density

function” (PDF), the distribution of x(/) is defined as

px (x)dx = probability of x < X < x + dx, (7.7)

where X is the measured value of x(t) at some point in time.

As illustrated in Fig. 7.10, to estimate the distribution, we sample x(t) at many points,

construct bins of small width, choose the bin height equal to the number of samples whose

value falls between the two edges of the bin, and normalize the bin heights to the total

number of samples. Note that the PDF provides no information as to how fast x(t) varies

in the time domain. For example, the sound generated by a violin may have the same

amplitude distribution as that produced by a drum even though their frequency contents are

vastly different.

Figure 7.1 0 Amplitude distribution of noise.

An important example ofPDFs is the Gaussian (or normal) distribution. The central limit

theorem states that if many independent random processes with arbitrary PDFs are added,

the PDF of the sum approaches a Gaussian distribution [1]. It is therefore not surprising

that many natural phenomena exhibit Gaussian statistics. For example, since the noise of

a resistor results from random “walk” of a very large number of electrons, each having

relatively independent statistics, the overall amplitude follows a Gaussian PDF.

In this book, we employ the spectrum and average power of noise to a much greater extent

than the amplitude distribution. For completeness, however, we note that the Gaussian PDF

is defined as

Px{x) = exp
-(x - m )

2

2(7
2

(7.8)

where a and m are the standard deviation and mean of the distribution, respectively.

7.1.3 Correlated and Uncorrelated Sources

In analyzing circuits, we often need to add the effect of several sources of noise to obtain the

total noise. While for deterministic voltages and currents, we simply use the superposition

principle, the procedure is somewhat different for random signals. Since in noise analysis,

ultimately the average noise power is of interest, we add two noise waveforms and take the
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average of the resulting power:

1 f
+T/

2

Pav= lim -
/

Ui(t) + x2 (t)]
2
dt (7.9)

T—^oo I J_ Tji

\ f+T/2 l
r+T/2

= >im r /
x](t)dt + lim -

/ xf(0<*
T-+oq I J—TJ2 T^-oo 1 J—jj2

l z^2

+ lim — /
2x\(t)x2(t)dt (7.10)

T—>oq T J—T/2

l /-+r/2

= i’aui + Pav2 + lim —
/

2xi(t)x2(t)dt, (7.11)
T^oo 1 J_T/2

where Pav \
and Pav2 denote the average power of jti(r) and x2 (t), respectively. Called the

“correlation” between *i(f) and x2{t)
4
the third term in (7.11) indicates how “similar”

these two waveforms are. If generated by independent devices, the noise waveforms are

usually “uncorrelated” and the integral in (7.11) vanishes. For example, the noise pro-

duced by a resistor has no correlation with that generated by a transistor. In such a case,

x,(t)

x
2
(t) *tot<

f >

f

xJt)

t

(a)

x
2
(f) ‘tot (0

x,(f)

t

(b)

Figure 7.11 (a) Uncorrelated noise and (b) correlated

noise generated in a stadium.

4
This terminology applies only to stationary signals.
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Pav = Pav 1 + Pav2 - From this observation, we say superposition holds for the power of

uncorrelated noise sources.

A familiar analogy is that of the spectators in a sports stadium. Before the game

begins, many conversations are in progress, generating uncorrelated noise components

[Fig. 7.11(a)]. During the game, the spectators applaud (or scream) simultaneously, pro-

ducing correlated noise at much higher power level [Fig. 7. 11(b)].

In most cases studied in this book, the noise sources are uncorrelated. One exception is

studied in Section 7.3.

7.2 Types of Noise

Analog signals processed by integrated circuits are corrupted by two different types of noise:

device electronic noise and “environmental” noise. The latter refers to (seemingly) random

disturbances that a circuit experiences through the supply or ground lines or through the

substrate. We focus on device electronic noise here and defer the study of environmental

noise to Chapter 18.

7.2.1 Thermal Noise

Resistor Thermal Noise The random motion of electrons in a conductor introduces

fluctuations in the voltage measured across the conductor even if the average current is zero.

Thus, the spectrum of thermal noise is proportional to the absolute temperature.

R
o %-

VI

Noiseless

Resistor

^Qr
4kTR

Figure 7.1 2 Thermal noise of a resistor.

As shown in Fig. 7.12, the thermal noise of a resistor R can be modeled by a series

voltage source, with the one-sided spectral density

Sv (f) = 4kTR, f> 0, (7.12)

where k = 1.38 x 10^J/K is the Boltzmann constant. Note that Sv(f) is expressed in

V2
/Hz. Thus, we write =4kTR, where the overline indicates averaging.

5 We may even

say the noise “voltage” is given by 4kTR even though this quantity is in fact the noise

voltage squared. For example, a 50-£2 resistor held at T = 300°K exhibits 8.28 x 10“ 19

V2/Hz of thermal noise. To convert this number to a more familiar voltage quantity, we take

the square root, obtaining 0.91 nVA/Hz. While the square root of hertz may appear strange,

5Some books write V 2 = 4kTRAf to emphasize that 4kT

R

is the noise power per unit bandwidth. To simplify

the notation, we assume A/ = 1 Hz, unless otherwise stated.
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it is helpful to remember that 0.91 nV/VHz has little significance per se and simply means

that the power in a 1-Hz bandwidth is equal to (0.91 x 10
-9

)

2 V2
.

The equation Sv (f )
= 4kT

R

suggests that thermal noise is white. In reality, Sv (f) is

flat for up to roughly 100 THz, dropping at higher frequencies. For our purposes, the white

spectrum is quite accurate.

Since noise is a random quantity, the polarity used for the voltage source in Fig. 7.12

is unimportant. Nevertheless, once a polarity is chosen, it must be retained throughout the

analysis of the circuit so as to obtain consistent results.

Example 7.1

Consider the RC circuit shown in Fig. 7.13. Calculate the noise spectrum and the total noise power

in Vout .

R
r o

Vout

o

o

Kout

-0

Figure 7.1 3 Noise generated in a low-pass filter.

Solution

Modeling the noise of R by a series voltage source Vr, we compute the transfer function from Vr to

VOH ,:

Von

Vr
(s) =

1

RCs + \'

From the theorem in Section 6.1.1, we have

Sout(f) = SR(f )

Vm
Vr

U<o)

2

~ 4kTR
4n 2R2C2

f
2 + l'

(7.13)

(7.14)

(7.15)

Thus, the white noise spectrum of the resistor is shaped by a low-pass characteristic (Fig. 7.14). To

calculate the total noise power at the output, we write

Pn,out -l
4kTR

f

0 4it 2R2C2
f
2 + 1

df, (7.16)

which, since

I
dx

x 2 + 1

= tan
1

x, (7.17)
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S in (f)k

4*77?

*
f

Figure 7.1 4 Noise spectrum shaping by a low-pass filter.

reduces to

Pn, out

2kT ,

tan u
7tC

u~oo

u=

0

kT_

~C'

(7.18)

(7.19)

Note that the unit of kT/ C is V2
. We may also consider y/kT/C as the total rms noise voltage measured

at the output. For example, with a 1-pF capacitor, the total noise voltage is equal to 64.3 /xVrms .

Equation (7.19) implies that the total noise at the output of the circuit shown in Fig. 7.13 is

independent of the value of R . Intuitively, this is because for larger values of /?, the associated noise

per unit bandwidth increases while the overall bandwidth of the circuit decreases. The fact that kT/C

noise can be decreased by only increasing C (if T is fixed) introduces many difficulties in the design

of analog circuits (Chapter 12).

The thermal noise of a resistor can be represented by a parallel current source as well

(Fig. 7.15). For the representations of Figs. 7.12 and 7.15 to be equivalent, we have

V 2/R 2 = I
2

, that is, I
2 = 4kT/R. Note that / 2

is expressed in A2
/Hz. Depending on

the circuit topology, one model may lead to simpler calculations than the other.

I f O

Noiseless

Resistor

•0

Figure 7.15 Representation of resis-

tor thermal noise by a current source.

Example 7.2—— —
Calculate the equivalent noise voltage of two parallel resistors R\ and R2 [Fig. 7.16(a)].

> ——0
+

^2 v*tol 3

t A

f?i (:

1 (

5) i*i =
f
R2 ^^n2 V,

(a) (b)

r 2
r
n,tot

Figure 7.16
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Solution

As shown in Fig. 7.16(b), each resistor exhibits an equivalent noise current with the spectral density

AkT/R. Since the two noise sources are uncorrelated, we add the powers :

'n
2,or=^+4 (7.20)

= 4tr
(i

+
i)'

Thus, the equivalent noise voltage is given by

V^=0*ill*2)2
(7.22)

= 4kT(R
]
\\R2 ), (7.23)

as intuitively expected. Note that our notation assumes a 1-Hz bandwidth.

The dependence of thermal noise (and some other types of noise) upon T suggests that

low-temperature operation can decrease the noise in analog circuits. This approach becomes

more attractive with the observation that the mobility of charge carriers in MOS devices

increases at low temperatures [2].
6
Nonetheless, the required cooling equipment limits the

practicality of low-temperature circuits.

MOSFETs MOS transistors also exhibit thermal noise. The most significant source is

the noise generated in the channel. It can be proved [3] that for long-channel MOS devices

operating in saturation, the channel noise can be modeled by a current source connected

between the drain and source terminals (Fig. 7.17) with a spectral density:
7

1% = AkTygm . (7.24)

©/n
2
=4*7-Y3m

Figure 7.1 7 Thermal noise of a

MOSFET.

The coefficient y (not to be confused with the body effect coefficient!) is derived to be

equal to 2/3 for long-channel transistors and may need to be replaced by a larger value for

submicron MOSFETs [4]. For example, y is about 2.5 in some 0.25-/xm MOS devices. It

6At extremely low temperatures, the mobility drops due to “carrier freezeout” [21

.

7The actual equation reads 1} — AkT ygds ,
where gjs is the drain-source conductance with VDS = 0, i.e., the

same as R~J . For long-channel devices, gds with Vos = 0 is equal to gm in saturation.
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also varies to some extent with the drain-source voltage. The theoretical determination of

y is still under active research.

Example 7.3

Find the maximum noise voltage that a single MOSFET can generate.

Solution

As shown in Fig. 7.18, the maximum output noise occurs if the transistor sees only its own output

— V,

Mi

DD

-» v-n,out

($)/* = 4JrTYgm

Figure 7.1

8

impedance as the load, i.e., if the external load is an ideal current source. The output noise voltage is

then given by

V
n = iy0 (

7 -25 >

= 4kT^-g^jrl. (7.26)

Equation (7.26) suggests that the noise current of a MOS transistor decreases if the transconduc-

tance drops. For example, if the transistor operates as a constant current source, it is desirable to

minimize its transconductance.

Another important conclusion is that the noise measured at the output of the circuit does not

depend on where the input terminal is because for output noise calculation, the input is set to zero.
8

For example, the circuit of Fig. 7.18 may be a common-source or a common-gate stage, exhibiting

the same output noise.

The ohmic sections of a MOSFET also contribute thermal noise. As conceptually illus-

trated in the top view of Fig. 7.19(a), the gate, source, and drain materials exhibit finite

resistivity, thereby introducing noise. For a relatively wide transistor, the source and drain

resistance is typically negligible whereas the gate distributed resistance may become no-

ticeable.

In the noise model of Fig. 7.19(b), a lumped resistor R\ represents the distributed gate

resistance. Viewing the overall transistor as the distributed structure shown in Fig. 7.19(c),

8Of course, if the input voltage or current source has an output impedance that generates noise, this statement

must be interpreted carefully.
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-m-mm a

s

(a)

Figure 7.1 9 L ayout of a MOSFET indicating the terminal resistances, (b) circuit model, (c)

distributed gate resistance.

we observe that the unit transistors near the left end see the noise of only a fraction of

Rg whereas those near the right end see the noise of most of RG . We therefore expect

the lumped resistor in the noise model to be less than RG . In fact, it can be proved that

R\ = Rq/3 (Problem 7.3).

While the thermal noise generated in the channel is controlled by only the transconduc-

tance of the device, the effect of Rg can be reduced by proper layout. Shown in Fig. 7.20

are two examples. In Fig. 7.20(a), the gate is contacted on both ends and in Fig. 7.20(b), the

(a) (b)

Figure 7.20 Reduction of gate resistance by (a) adding contacts to

both sides or (b) folding.

device is folded (Chapter 2), each technique reducing RG by a factor of 4. We will hereafter

neglect the thermal noise due to the ohmic sections of MOS devices.
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Example 7.4 —
Find the maximum thermal noise voltage that the gate resistance of a single MOSFET can generate.

Solution

If the total distributed gate resistance is Rq, then from Fig. 7.18, the output noise voltage due to Rg

is given by

kT^-(gmro)
2

. (7-27)

7.2.2 Flicker Noise

The interface between the gate oxide and the silicon substrate in a MOSFET entails an

interesting phenomenon. Since the silicon crystal reaches an end at this interface, many

“dangling” bonds appear, giving rise to extra energy states (Fig.7.21). As charge carri-

ers move at the interface, some are randomly trapped and later released by such energy

states, introducing “flicker” noise in the drain current. In addition to trapping, several other

mechanisms are believed to generate flicker noise [3].

Dangling

Bonds
'

I

Polysilicon

Si0 2

Silicon

Crystal
Figure 7.21 Dangling bonds at the

oxide-silicon interface.

Unlike thermal noise, the average power of flicker noise cannot be predicted easily.

Depending on the “cleanness” of the oxide-silicon interface, flicker noise may assume

considerably different values and as such varies from one CMOS technology to another.

The flicker noise is more easily modeled as a voltage source in series with the gate and

roughly given by

K 1

C0XWL /’
(7.28)

where AT is a process-dependent constant on the order of ICC25 V2
F. Note that our notation

assumes a bandwidth of 1 Hz. Interestingly, as shown in Fig. 7.22, the noise spectral density

is inversely proportional to the frequency. For example, the trap-and-release phenomenon

associated with the dangling bonds occurs at low frequencies more often. For this reason,

flicker noise is also called 1// noise. Note that (7.28) does not depend on the bias current

or the temperature. This is only an approximation and in reality, the flicker noise equation

is somewhat more complex [3].

The inverse dependence of (7.28) on WL suggests that to decrease 1// noise, the device

area must be increased. It is therefore not surprising to see devices having areas of several
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Figure 7.22 Flicker noise spectrum.

thousand square microns in low-noise applications. It is also believed that PMOS devices

exhibit less 1 // noise than NMOS transistors because the former carry the holes in a “buried

channel,” i.e., at some distance from the oxide-silicon interface. Nonetheless, this difference

between PMOS and NMOS transistors is not consistently observed [3].

Example 7.5 - - -

For an NMOS current source, calculate the total thermal and 1 // noise in the drain current for a band

from 1 kHz to 1 MHz.

Solution

The thermal noise current per unit bandwidth is given by I*
th
= 4kT(2/3)gm . Thus, the total thermal

noise integrated across the band of interest is

(7.29)

4kT
(
-gm )

x 10
6 A2

. (7.30)

For 1// noise, the drain noise current per unit bandwidth is obtained by multiplying the noise

voltage at the gate by the device transconductance:

72 K 1 „2
~ Cox WL ' /

Sm ' (7.31)

The total 1 // noise is then equal to

is n 2 p 1 MHz jf
j
2 __ I “J
nMUot - cox WLjlkHz f

Kgm
lnio

3

CoxWL

6.91 Kg,

CoxWL

(7.32)

(7.33)

(7.34)

The above example raises an interesting question. What happens to /
3

x^ tot
if the lower

end of the band, fL , is zero rather than 1 kHz? Equation (7.33) then contains the natural
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logarithm of zero, yielding an infinite value for the total noise. To overcome the fear of

infinite noise, we make two observations. First, extending fL to zero means that we are

interested in arbitrarily slow noise components. A noise component at 0.01 Hz varies

significantly in roughly 10 s and one at 10“6
in roughly one week. Second, the infinite

flicker noise power simply means that if we observe the circuit for a very long time, the

very slow noise components can randomly assume a very large power level. At such slow

rates, noise becomes indistinguishable from thermal drift or aging of devices.

The foregoing observations lead to the following conclusions. First, since the signals

encountered in most applications do not contain significant low-frequency components, our

observation window need not be very long. For example, voice signals display negligible

energy below 20 Hz and if a noise component varies at a lower rate, it does not corrupt

the voice significantly. Second, the logarithmic dependence of the flicker noise power upon

fL allows some margin for error in selecting fL . For example, if the band of interest is

so wide that the total integrated thermal noise power is comparable with the flicker noise

contribution, then the choice of fi is quite relaxed.

In order to quantify the significance of 1 // noise with respect to thermal noise for a

given device, we plot both spectral densities on the same axes (Fig. 7.23). Called the l/f

noise “corner frequency,” the intersection point serves as a measure of what part of the band

Figure 7.23 Concept of flicker noise

corner frequency.

is mostly corrupted by flicker noise. In the above example, the 1 // noise comer, /c ,
of the

output current is determined as

that is,

K 1

C0XWL'Jc'
g
2

m ’

K 3

CoxWL
8m
uf'

(7.35)

(7.36)

This result implies that fc generally depends on device dimensions and bias current.

Nonetheless, since for a given L, the dependence is relatively weak, the 1// noise cor-

ner is relatively constant, falling in the vicinity of 500 kHz to 1 MHz for submicron

transistors.

Example 7.6

Fora 100-/xm/0.5-/rmMOS device with gm ~ 1 /( 100 £2), the 1// noise comer frequency is measured

to be 500 kHz. If tox — 90 A, what is the flicker noise coefficient, K
,
in this technology?
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Solution

For tox = 90 A, we have Cox =3.84 fF//rm2 . Using Eq. (7.36), we write

500 kHz =
K

3.84 x 100 x 0.5 x 10“ 15

1 3

100
'

8 x 1.38 x 10“23 x 300

That is, K = 1.06 x 10“25 V2
F.

(7.37)

7.3 Representation of Noise in Circuits

Consider a general circuit with one input port and one output port (Fig. 7.24). How do we

quantify the effect of noise here? The natural approach would be to set the input to zero and

calculate the total noise at the output due to various sources of noise in the circuit. This is

indeed how the noise is measured in the laboratory or in simulations.

Figure 7.24 Noise sources in a circuit.

Example 7.7

What is the total output noise voltage of the common-source stage shown in Fig. 7.25(a)?

r
in

'out

(a)

Figure 7.25 (a) CS stage, (b) circuit including noise sources.
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Solution

We model the thermal and flicker noise of M\ by two current sources: I^
jh
= 4kT(2/3)gm and

1% X jf
— Kg^/iCoxWLf ). We also represent the thermal noise of Rp by a current source rd~

4kT/Ro. The output noise voltage per unit bandwidth is therefore equal to

— (2 K 1 9 4kT\ ~

<o« l = {UT-gm +— -

7
-sl + —)Rl. (7.38)

Note that the noise mechanisms are added as “power” quantities because they are uncorrelated. The

value given by (7.38) represents the noise power in 1 Hz at a frequency /. The total output noise can

be obtained by integration over the bandwidth of interest.

While intuitively appealing, the output-referred noise does not allow a fair comparison

of the performance of different circuits because it depends on the gain. For example, as

depicted in Fig. 7.26, if a common-source stage is followed by a noiseless amplifier having

Figure 7.26 Addition of gain stage to

a CS stage.

a voltage gain Ai, then the output noise is equal to the expression in (7.38) multiplied by

A\. Considering only the output noise, we may conclude that as A\ increases, the circuit

becomes noisier, an incorrect result because a larger A\ also provides a proportionally

higher signal level at the output. That is, the output signal-to-noise ratio (SNR) does not

depend on A\.

To overcome the above quandary, we usually specify the “input-referred noise” of cir-

cuits. Illustrated conceptually in Fig. 7.27, the idea is to represent the effect of all noise

sources in the circuit by a single source, V„
in7

at the input such that the output noise

Figure 7.27 Determination of input-referred noise voltage.
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in Fig. 7.27(b) equals that in Fig. 7.27(a). If the voltage gain is A v ,
then we must have

V 2
0Ut = A 2

V
V 2

in , that is, the input-referred noise voltage in this simple case is given by the

output noise voltage divided by the gain.

Example 7.8

For the circuit of Fig. 7.25, calculate the input-referred noise voltage.

Solution

We have

_ vn,out
V
n,in ~~ ^2

= [AkT
\
gm + cZwi

= 4kT-
3gn

+
K

8m +

CoxWL

1

7'

/
+
8mRD

AkT

~Rd

AkT

RD
g
2
mR

2
D

(7.39)

(7.40)

(7.41)

Note that the first term in (7.41) can be viewed as the thermal noise of a resistor equal to 2/(3gm ]

placed in series with the gate. Similarly, the third term corresponds to the noise of a resistor equal

to We sometimes say the “equivalent thermal noise resistance” of a circuit is equal tc

Rt, meaning that the total input-referred thermal noise of the circuit in unit bandwidth is equal tc

4kTRT ,

At this point of our study, we make two observations. First, the input-referred noise anc

the input signal are both multiplied by the gain as they are processed by the circuit. Thus

the input-referred noise indicates how much the input signal is corrupted by the circuit’:

noise, i.e., how small an input the circuit can detect with acceptable SNR. For this reason

input-referred noise allows a fair comparison of different circuits. Second, the input-referrec

noise is a fictitious quantity in that it cannot be measured at the input of the circuit. Th<

two circuits of Figs. 7.27(a) and (b) are mathematically equivalent but the physical circui

is still that in Fig. 7.27(a).

In the foregoing discussion, we have assumed that the input-referred noise can be mod
eled by a single voltage source in series with the input. This is generally an incompletf

representation if the circuit has a finite input impedance and is driven by a finite sourc<

impedance. To understand why, consider the common-source stage of Fig. 7.28(a), when

the input capacitance is denoted by Cxn and 1// noise is neglected for simplicity. From Eq

(7.41), the input-referred noise voltage of the circuit is given by 8kT/(3gm)+4kT/(g^Ro)
Now suppose the preceding stage is modeled by a Thevenin equivalent having an inductive

output impedance [Fig. 7.28(b)]. Simplifying the circuit for noise calculations as shown ii

Fig. 7.28(c), we seek to find the output noise as L\ increases. Owing to the voltage divisioi

between Lys and l/(Cfn s), the effect of V2

in
at the gate of M\ and hence at the outpu

vanishes as L\ approaches infinity. This result, however, is incorrect because the outpu

noise of the circuit is equal to (8kT/3)gmR
2

D + AkT

R

D and independent of L\ and Cin
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Figure 7.28 CS stage including input capacitance, (b) CS stage stimulated by a finite source

impedance, (c) Effect of single noise source.

Let us summarize the problem. If the circuit has a finite input impedance, modeling

the input-referred noise by merely a voltage source implies that the output noise van-

ishes as the source impedance becomes large, an incorrect conclusion. To resolve this

issue, we model the input-referred noise by both a series voltage source and a parallel

current source (Fig. 7.29) so that if the output impedance of the preceding stage assumes

large values—thereby reducing the effect of V^
in
—the noise current source still flows

through a finite impedance, producing noise at the input. It can be proved that V*
in

and

/2 are necessary and sufficient to represent the noise of any linear two-port circuit [5].

Figure 7.29 Representation of noise

by voltage and current sources.

How do we calculate V2
. and /„

2
,„? Since the model is valid for any source impedance,

we consider two extreme cases: zero and infinite source impedances. As shown in

Fig. 7.30(a), if the source impedance is zero, I^
in

flows through V^
in

and has no effect on

the output. Thus, the output noise measured in this case arises solely from V*
in

. Similarly,

if the input is open [Fig. 7.30(b)], then V*
in

has no effect and the output noise is due to

only I
„ in

. Let us apply this method to the circuit of Fig. 7.28.

r n,m

Noiseless

Circuit
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1
Noise

j

-

Noisy Noiseless

Circuit ‘''n.out I'n.inQ ©/n,in Circuit
0 I J—

'n,out

(a)

V 2
* n ir

0—
Noisy —

Noiseless

O

Circuit ^n,out Cj> (^)/n,in Circuit r n,out

(b)

Figure 7.30 Calculation of input-referred noise (a) voltage, and (b) current.

Example 7.9 —

Calculate the input-referred noise voltage and current of Fig. 7.28.

Solution

From (7.41), the input-referred noise voltage (excluding 1 // noise) is simply

+
4kT

8mRD
(7.42)

As depicted in Fig. 7.31(a), this voltage generates the same output noise as the actual circuit if the

input is shorted.

To obtain the input-referred noise current, we open the input and find the output noise in terms of

lnM [
pi§- 7.31(b)]. The noise current flows through C;„, generating at the output

Vl»ut =C g
2

m R
2

D - (7.43)

This value must be equal to the output of the noisy circuit when its input is open:

vlout = ^4
kT

2

-f>n + R2
d . (7.44)

Figure 7.31
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From (7.43) and (7.44), it follows that

= (Cin l0)
2 4kT

si

2 1

3
8m +TD (7.45)

The readermay wonder ifthe use ofboth a voltage source and a current source to represent

the input-referred noise “counts the noise twice.” We utilize the circuit of Fig. 7.28 as an ex-

ample to demonstrate that this is not so. Considering the environment depicted in Fig. 7.32,

we prove that the output noise is correct for any source impedance Zs . Assuming Zs is noise-

Figure 7.32 CS stage stimulated by a

source impedance.

less for simplicity, we first calculate the total noise voltage at the gate of M\ due to V*
in
and

1% in
. How is this voltage obtained: by superposition of voltages or powers? The two sources

V%
in

and I%
in

are in general correlated simply because they may represent the same noise

mechanisms in the circuit. In fact, Eqs. (7.42) and (7.45) can be respectively rewritten as

Vn ,in
= VntM \ + —l— Vn,RD (7.46)

gmRu

injn = CinsVntM 1 + (7.47)
gm^D

where Vn,M\ denotes the gate:referred noise voltage of M\ and VnRD the noise voltage of

Rd . We recognize that Vn
^
M \

and VnRD appear in both Vn jn and In j n9 creating a strong

correlation between the two. Thus, the calculations must use superposition of voltages—as

if Vnjn and In j n were deterministic quantities.

Adding the contributions of Vn jn and ln jn at node X in Fig. 7.32, we have

Vn,X = Vnj«
1

1

I

r Cin$
i injn'

r + zs

Vnjn “t~ injn Zs

1

CinS
+ ZS

(7.48)

ZsCj„s + 1

(7.49)
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Substituting for Vnjn and Inj n from (7.46) and (7.47), respectively, we obtain

1

ZsCinS + 1 L

1

Vn,Ml + — Vn,RD + CinsZS(Vn ,M\ + ~ n ^n,RD)
gm Rd

— Vn,M 1 H —Vn
tRD-

gm Rd

gmRD
(7.50)

(7.51)

Note that Vn
,
x is independent of Zs and Cin . It follows that

i/2 _2 p2 y2
v n,out

~ 6mAD v n,X

=,tT
(l

s- +
-k)

R°'

(7.52)

(7.53)

the same as (7.44).

7.4 Noise in Single-Stage Amplifiers

Having developed basic mathematical tools and models for noise analysis, we now study

the noise performance of single-stage amplifiers at low frequencies. Before considering

specific topologies, we describe a lemma that simplifies noise calculations.

Lemma The circuits shown in Fig. 7.33(a) and (b) are equivalent at low frequencies if

Vn = tf/Sm and the circuits are driven by a finite impedance.

Proof. Since the circuits have equal output impedances, we simply examine the output

short-circuit currents [Figs. 7.33(c) and (d)]. It can be proved (Problem 7.4) that the output

noise current of the circuit in Fig. 7.33(c) is given by

In, out \
—

In

Zsigm + 1/fo) + 1

(7.54)

and that of Fig. 7.33(d) is

= 8mVn
’0U‘2 ~ Zs(gm + \jro) + 1

(7.55)

Equating (7.54) and (7.55), we have Vn = ln /gm >

This lemma suggests that the noise source can be transformed from a drain-source current

to a gate series voltage for arbitrary Z5 .
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Figure 7.33 Equivalent CS stages.

7.4.1 Common-Source Stage

From Example 7.8, the input-referred noise voltage per unit bandwidth of a simple CS stage

is equal to

Vlin=ttT +
1

+
K 1

g
2
mRoJ C0XWL f

(7.56)

From the above lemma, we recognize that the term 4kT[2/(3gm )] is in fact the thermal

noise current of M\ expressed as a voltage in series with the gate.

How can we reduce the input-referred noise voltage? Equation (7.56) implies that the

transconductance ofM\ must be maximized. Thus, the transconductance must be maximized

if the transistor is to amplify a voltage signal applied to its gate [Fig. 7.34(a)] whereas it

must be minimized if the transistor operates as a current source [Fig. 7.34(b)].

^out

V,
in

^b-H

f

'o

Mi

(a) (b)

Figure 7.34 Voltage amplification

versus current generation.
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Example 7.10 —

Calculate the input-referred thermal noise voltage of the amplifier shown in Fig. 7.35(a), assuming

both transistors are in saturation. Also, determine the total output thermal noise if the circuit drives a

load capacitance Cl . What is the output signal-to-noise ratio if a low-frequency sinusoid of amplitude

Vm is applied to the input?

V,
in <H

w 2
*^njOUt

f02

(a) (b)

Figure 7.35

Solution

Representing the thermal noise of M\ and M2 by current sources [Fig. 7.35(b)] and noting that the;

are uncorrelated, we write

Vn,out = ^kT
(

-gmX + |
gm2

)
(r0 \ \\roif- (7.57

Since the voltage gain is equal to gm \(roi \\roi), the total noise voltage referred to the gate of M\ i;

(7.58V} = 4kT
(2 2 \ 1

1
^gml + ~gm2 I ~Y~

\ / 8m \

= ut(— +
\3«ml 3g2

(7.59

Equation (7.59) reveals the dependence of V^
in

upon gm \ and gm2 ,
confirming that gm2 must b

minimized because M2 serves as a current source.

The reader may wonder why M\ and M2 in Fig. 7.35 exhibit different noise effects. After all, i

the noise currents of both transistors flow through tq
\ \\ro2> why should gm i be maximized and gm

minimized? This is simply because, as gm \ increases, the output noise voltage rises in proportion t

v^T whereas the voltage gain of the stage increases in proportion to gm \. As a result, the inpui

referred noise voltage decreases.

To compute the total output noise, we integrate (7.57) across the band:

Vn,out,tot = jf 4kT gm\ + -gm2j (f0 \
\\r02f

Using the results of Example 7. 1, we have

df

\+(roi\\ro2)2C2
L (2nf)Z'

(7.6C

Vfi,out,tot ~ g(gm\ + 8m2)(r0\W r'02)~^~ •

3 Cl
(7.61
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An input sinusoid of amplitude Vm yields an output amplitude equal to gm \(ro\ WroiWm- The output

SNR is equal to the ratio of the signal power and the noise power;

SN Rout

' gm\(roi\\ro2)Vm ~\
2

1

s/2 J (2/3)(gm l + gm2)(r0i\\ r02)(kT/Ci)

3CL g^(r0 \\\r02) 2

4kT gm i + gm2

(7.62)

(7.63)

We note that to maximize the output SNR, Cl must be maximized, i.e., the bandwidth must be mini-

mized. Of course, the bandwidth is also dictated by the input signal spectrum. This example indicates

that it becomes exceedingly difficult to design broadband circuits while maintaining a low noise.

It is also important to observe from (7.56) that the noise contributed by Rd in Fig. 7.25(a)

decreases as Rd increases. This is again because the noise voltage due to Rd at the output

is proportional to while the voltage gain of the circuit is proportional to Rd-

Example 7,11

Calculate the input-referred 1// and thermal noise voltage of the circuit depicted in Fig. 7.36(a)

assuming M\ and Mi are in saturation.

^in
0

I

(a)

Figure 7.36

Solution

We model the 1 // and thermal noise of the transistors as voltage sources in series with their gates

[Fig. 7.36(b)]. The noise voltage at the gate of Mi experiences a gain of gmi{RD\\ ro\ \\r02) as it

appears at the output. The result must then be divided by gm i(/?z?lkcu \\
r0l) to be referred to the

main input. The noise current of Rd is multiplied by RD\\ ro\W r02 and divided by gm \ (Rd \\roi \\
r oi)-

Thus, the overall input-referred noise voltage is given by

V 2
. =4kT-

n,m
3

8m2 ^

Si 1
8ml

1 Kpgji
,

KN

(WL)2g
2

ml
(WL)

1

1 4kT

~f

+
g
2

ml RD
(7.64)

where Kp and denote the flicker noise coefficients of PMOS and NMOS devices, respectively.

As expected, the input-referred noise voltage increases if gmi increases.
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How do we design a common-source stage for low-noise operation? For thermal noise

in the simple topology of Fig. 7.34, we must maximize gm \ by increasing the drain curren

or the device width. A higher ID translates to greater power dissipation and limited outpu

voltage swings while a wider device leads to larger input and output capacitance. We cat

also increase Rd , but at the cost of limiting the voltage headroom and lowering the speed

For 1// noise, the primary approach is to increase the area of the transistor. If WL i;

increased while W/L remains constant, then the device transconductance and hence it

thermal noise do not change but the device capacitances increase. These observations poin

to the trade-offs between noise, power dissipation, voltage headroom, and speed.

7.4.2 Common-Gate Stage

Consider the common-gate configuration shown in Fig. 7.37(a). Neglecting channel

(a) (b)

Figure 7.37 (a) CG stage, (b) circuit including noise sources.

length modulation, we represent the thermal noise of M\ and Rd by two current source

[Fig. 7.37(b)]. Note that, owing to the low input impedance of the circuit, the input-referre

noise current is not negligible even at low frequencies. To calculate the input-referre

noise voltage, we short the input to ground and equate the output noise of the circuits i

Figs. 7.38(a) and (b):

(

2 4jcj\
AkT

3
Sm +

~Ro)
Rl
° = V

"’in(8m + 8mb)lRlD
• (7 '6f

That is,

V 2 =
^T(2gm /3 + 1/Rp)

"’in

(gm +gmb )
2 ' '

Similarly, equating the output noise of the circuits in Figs. 7.38(c) and (d) yields the inpu

referred noise current. What is the effect of /
2
,
at the output in Fig. 7.38(c)? Since the sui

of the currents at the source ofMi is zero, /„, +/D1 = 0. Consequently, /„ ,
creates an equ<

and opposite current in M], producing no noise at the output. The output noise voltage c

Fig. 7.37(a) is therefore equal to 4k TRD and hence I
2

in
R2

D = 4k TR0 . That is,
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-r vdd

Hrd

" 0
^n,out

b

(a) (b)

fnRD®

/
2
nl

Mi

Open

VDD

-o V,n,out

31-^
Ml

£)/
2
n,in

(c) (d)

Figure 7.38 Calculation of input-referred noise of a CG stage.

An important drawback of common-gate topologies is that they directly refer the noise

current produced by the load to the input. Exemplified by (7.67), this effect arises because

such circuits provide no current gain, a point of contrast to common-source amplifiers.

We have thus far neglected the noise contributed by the bias current source of a common-

gate stage. Shown in Fig. 7.39 is a simple mirror arrangement establishing the bias current

of M\ as a multiple of l \ . Capacitor C0 shunts the noise generated by A/0 to ground. We

Figure 7.39 Noise contributed by bias

current source.
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note that if the input of the circuit is shorted to ground, then the drain noise current of l

does not flow through Rq, contributing no input-referred noise voltage. On the other har

if the input is open, all of I%
2
flows from M\ and RD (at low frequencies), producing

output noise equal to ll2R
2

D and hence an input-referred noise current of l^v As a rest

the noise current ofU2 directly adds to the input-referred noise current, making it desiral

to minimize the transconductance of M2 . For a given bias current, however, this transla

to a higher drain-source voltage for M2 because gm2 — 2ID2/(VGS2 - VTH2 ), requirinj

high value for V& and limiting the voltage swing at the output node.

Example 7.12 -----
'

Calculate the input-referred thermal noise voltage and current of the circuit shown in Fig. 7

assuming all of the transistors are in saturation.

Figure 7.40

Solution

To compute the input-referred noise voltage, we short the input to ground, obtaining

Vn,out = 4kT^(gm] + gm 2,)(r0 1 lk03 )

2
. (7

Thus, the input-referred noise voltage, Vn jn , must satisfy this relationship:

+Smfcl)
2
(r0l||rO3)

2 = 4kT-{gmi + gm3)(r0 i\\r0 3)
2

, (7

and hence

y 2 — A bT^ ^
n 'W 3 (gm \ + gmb\)

2
(7

As expected, the noise is proportional to gm 3 .

To calculate the input-referred noise current, we open the input and note that the output n

voltage is simply given by (/„
2

2 + /
2
3 )/?

2
„/> where Rout ~ r03\\(gml r0 \ro2) denotes the ou

impedance when the input is open. It follows that

r
n.in

= 4kT 3(^2 + Sm3)- (7

Again, the noise is proportional to the transconductance of the two current sources.
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The effect of 1// noise in a common-gate topology is also of interest. As a typical

case, we compute the input-referred 1 // noise voltage and current of the circuit shown in

Fig. 7.40. Illustrated in Fig. 7.41, each 1 // noise generator is modeled by a voltage source

in series with the gate of the corresponding transistor. Note that the 1 // noise of Mo and

M4 is neglected. A more realistic case is studied in Problem 7.10.

Figure 7.41 Flicker noise in a CG
stage.

With the input shorted to ground, we have

'sI\Kn
V 1

, —v n,out

1

Cox f \_(WL)\ ' (WLh J

+ (fo\ II
r"03 ) (7.72)

where K# and Kp denote the flicker noise coefficient of NMOS and PMOS devices, re-

spectively. Thus,

_ 1
I" 8ml KN

,
8m3KP ~\ 1

C0Xfl(WL) x (WL)3 \(gml +gmM )
2

'

With the input open, the output noise voltage is given by

V 2 —
v n,out

1
r „2

Coxf

8m2KH 8m3KP

L (WL )2 (WLh ]
Rln

yielding

1

I
2

. =
n,m p p

'-'OXJ

8
2
m2KN gliKP

.(WLh (WLh J

(7.73)

(7.74)

(7.75)

Equations (7.73) and (7.75) describe the 1 // noise behavior of the circuit and must be

added to (7.70) and (7.71), respectively, to obtain the overall noise per unit bandwidth.

7.4.3 Source Followers

Consider the source follower depicted in Fig. 7.42(a), where Mj serves as the bias current

source. Since the input impedance of the circuit is quite high, even at relatively high fre-

quencies, the input-referred noise current can usually be neglected for moderate driving
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Figure 7.42 (a) Source follower, (b) circuit including noise sources.

source impedances. To compute the input-referred thermal noise voltage, we employ the

representation in Fig. 7.42(b), expressing the output noise due to M2 as

Vn,out I M2 — l
n2 (

\8m\ 8mb 1

roUlroi (7.76;

From Chapter 3,

1

ro\ Woi
8mb 1 |

1

roi\\ro2 +—
8mb\

1 8m\

Thus, the total input-referred noise voltage is

(7.77

Kn,out\ M2
Al

(7.78

8ml 8ml)
(7.79

Note the similarity between (7.59) and (7.79).

Since source followers add noise to the input signal while providing a voltage gain les

than unity, they are usually avoided in low-noise amplification. The 1 // noise performanc

of source followers is studied in Problem 7.11.

7.4.4 Cascode Stage

Consider the cascode stage of Fig. 7.43(a). Since at low frequencies the noise currents o

M\ and RD flow through RDj the noise contributed by these two devices is quantified as ii

a common-source stage:

Vn
t
in\M\,RD = 4&T (2 1

\3gml 8m[^D-
(7.80
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'out

Vb—IE M,

— V.DD

Vn
2
2 %

"-zOr-1^
X

'out

^in 0
I

(a) (b) (c)

Figure 7.43 (a) Cascode stage, (b) noise of M2 modeled by a current source, (c) noise

of M2 modeled by a voltage source.

where 1// noise of Mi is ignored. What is the effect of noise of M2 ? Modeled as in

Fig. 7.43(b), this noise contributes negligibly to the output, especially at low frequencies.

This is because, if channel length modulation in M\ is neglected, then In2 + Id2 = 0, and

hence M2 does not affect Vn ,ou t- From another point of view, using the lemma of Fig. 7.33

to construct the equivalent in Fig. 7.43(c), we note that the voltage gain from Vn2 to the

output is quite small if the impedance at node X is large. At high frequencies, on the other

hand, the total capacitance at node X , C*, gives rise to a gain:

1

ss (7 811
V„2 l/grnl+mcxs)'

increasing the output noise. This capacitance also decreases the gain from the main input

to the output by shunting the signal current produced by M\ to ground. As a result, the

input-referred noise of a cascode stage may rise considerably at high frequencies.

7.5 Noise in Differential Pairs

With our understanding of noise in basic amplifiers, we can now study the noise behavior

of differential pairs. Shown in Fig. 7.44(a), a differential pair can be viewed as a two-port

circuit. It is therefore possible to model the overall noise as depicted in Fig. 7.44(b). For

low-frequency operation, the magnitude of
in

is typically negligible.

To calculate the thermal component of V*
in ,

we first obtain the total output noise with

the inputs shorted together [Fig. 7.45(a)], noting that superposition of power quantities is

possible because the noise sources in the circuit are uncorrelated. Since In i
and In2 are

uncorrelated, node P cannot be considered a virtual ground, making it difficult to use the

half-circuit concept. Thus, we simply derive the effect of each source individually. De-

picted in Fig, 7.45(b), the contribution of 7„i is obtained by first reducing the circuit to that

in Fig, 7.45(c). With the aid of this figure and neglecting channel-length modulation, the

reader can prove that half of In \
flows through RD 1

and the other half through M2 and RD2 .
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Figure 7.44 (a) Differential pair, (b) circuit including input-referred noise sources.
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(b)

_ V,

fD1

DD

fn.outl
1

1

^nl

/ni
Ml 0-H'

J. 1

9m2+ 9mb2

(c) (d)

Figure 7.45 Calculation of input-referred noise of a differential pair.

The input-referred noise voltage can also be calculated by exploiting the lemma illustrated

in Fig. 7.33. As shown in Fig. 7.46, the noise of M\ andM2 is modeled as a voltage source in

series with their gates, and the noise of Rm and Rm is divided by g
2

m R
2

D ,
thereby resulting

in (7.88).

It is instructive to compare the noise performance of a differential pair and a common-

source stage, as expressed by (7.56) and (7.88). We conclude that, if each transistor has a

transconductance gm ,
then the input-referred noise voltage of a differential pair is Vl times

that of a common-source stage. This is simply because the former includes twice as many

devices in the signal path, as exemplified by the two series voltage sources in Fig. 7.46.

(Since the noise sources are uncorrelated, their powers add.) It is also important to recognize

that, with the assumption of equal device transconductances, a differential pair consumes

twice as much power as a common-source stage if the transistors have the same dimensions.

The noise modeling of Fig. 7.46 can readily account for 1// noise of the transistors as

well. Placing the voltage sources given by K/(Cox WL) in series with each gate, we can
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Figure 7.46 Alternative method of

calculating the input-referred noise.

rewrite (7.88) as

V2
.

n,in,tot
= 8kT

2 1

3gm gl^D

2K 1

+
c0XWLj

(7.89

Does the tail current source in Fig. 7.44 contribute noise? If the differential input signa

is zero and the circuit is symmetric, then the noise in ISs divides equally between M\ am

M2 ,
producing only a common-mode noise voltage at the output. On the other hand, for

small differential input, A Vj„, we have

AIdi — AID2 = gm AVin (7.90

= AVin , (7.91

where In denotes the noise in ISs and ln hs • In essence, the noise modulates th

transconductance of each device. Equation (7.91) can be written as

Aim - 4/di » ^2 — ^1 + AH, (7.92

'« (> + A ',«- <7 93

where gmo is the transconductance of the noiseless circuit. Equation (7.93) suggests th£

as the circuit departs from equilibrium, ln is more unevenly divided between M\ an

M2 , thereby generating differential noise at the output. This effect is nonetheless usuall

negligible.

Example 7.13 —
Assuming the devices in Fig. 7.47(a) operate in saturation and the circuit is symmetric, calculate th

input-referred noise voltage.
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(b) (c)

Figure 7.47

Solution

Since the thermal and 1// noise of M\ and M2 can be modeled as voltage sources in series with the

input, we only need to refer the noise of M3 and M4 to the input. Let us calculate the output noise

contributed by M3 . The drain noise current of M3 is divided between rp$ and the resistance seen

looking into the drain of M\ [Fig. 7.47(c)]. From Chapter 5, this resistance equals Rx = rp4 + 2rp\.

Denoting the resulting noise currents flowing through r0 i and Rx by lnA and In B, respectively, we
have

hA = Sm3Vn3
rp4 + 2rpi

2r04 + 2rp\

and

hB — gm3 Vn3
rp3

2rp4 + 2rp\

(7.94)

(7.95)

The former produces a noise voltage gm3 Vn3 r03(r04 + 2rp\)/(2rp4 + 2rp\) at node X with respect

to ground whereas the latter flows through Mi, M2 , and r04 ,
generating gm3Vn3rp^rp4/(2rp4 +

2r<9 i) at node Y with respect to ground. Thus, the total differential output noise due to M3 is
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equal to

VnXY = VnX ~ Vny

— 8m3^n3
rQ3rQ\

ro3+r0 \

(7.96)

(7.97)

(The reader can verify that Vn y must be subtracted from Vnx.)
Equation (7.97) implies that the noise current of M3 is simply multiplied by the parallel com-

bination of roi and ro3 to produce the differential output voltage. This is of course not surprising

because, as depicted in Fig. 7.48, the effect of V„3 at the output can also be derived by decomposing

*DD

*£«i &M..
m3 m4

X Y

(a)

+ ^3
ypp

_ j_n3

hOr^ hi-^Qth
tf. \Ma

Figure 7.48 Calculation of input-referred noise in a differential pair with current-source

loads.

F,j 3 into two differential components applied to the gates of M3 and M4 and subsequently using the

half-circuit concept. Since this calculation relates to a single noise source, we can temporarily ignore

the random nature of noise and treat Vn3 and the circuit as familiar deterministic, linear components.

Applying (7.97) to M4 as well and adding the resulting powers, we have

Vn,out\M3,M4 ~ 8m3(rO\ I
\ro3)

2 V*
3 + g^(r02 \\r04f

= 2^3 (roi||r03)
2
V„
2
3

.

(7.98)

(7.99)

To refer the noise to the input, we divide (7.99) by g^ (ro 1 il
r03 )

2
, obtaining the total input-referred

noise voltage per unit bandwidth as

1/2 __ yul 1 9 —

-

v
n,in

~ LW
n\ + z

2

*ml

(7.100)
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which, upon substitution for and F 2

3 ,
reduces to:

Kin = SkT +^)+ 2KN

-iglj Cox (WL)\f
+

2K P Si 3

C0X(WLhfg 2

ml

(7.101)

The effect of noise must be studied for many other analog circuits as well. For example,

feedback systems, op amps, and bandgap references exhibit interesting and important noise

characteristics. We return to these topics in other chapters.

7.6 Noise Bandwidth

The total noise corrupting a signal in a circuit results from all of the frequency components

that fall in the bandwidth of the circuit. Consider a multipole circuit having the output noise

spectrum shown in Fig. 7.49(a). Since the noise components above wp \
are not negligible,

Figure 7.49 (a) Output noise spectrum of a circuit, (b) concept of noise bandwidth.

the total output noise must be evaluated by calculating the total area under the spectral

density:

• Viout.tot
=

/
Vlout df. (7.102)

Jo

However, as depicted in Fig. 7.49(b), it is sometimes helpful to represent the total noise

simply as V
0
2

• Bn , where the bandwidth Bn is chosen such that

Vo B„= Vl,utdf. (7.103)
Jo

Called the “noise bandwidth,” Bn allows a fair comparison of circuits that exhibit the same

low-frequency noise, V
0
2

,
but different high-frequency transfer functions. As an exercise,

the reader can prove that the noise bandwidth of a one-pole system is equal to tt/2 times

the pole frequency.
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Problems

Unless otherwise stated, in the following problems, use the device data shown in Table 2.1 and assume

Vdd = 3 V where necessary. Also, assume all transistors are in saturation.

7.1. A common-source stage incorporates a 50-/Ltm/0.5-^m NMOS device biased at Id = 1 mA
along with a load resistor of 2 kQ. What is the total input-referred thermal noise voltage in a

100-MHz bandwidth?

7.2. Consider the common-source stage of Fig. 7.35. Assume (W/L)
\ = 50/0.5, ID \

= lm -

0.1 mA, and Vdd — 3 V. If the contribution of M2 to the input-referred noise voltage (not

voltage squared) must be one-fifth of that of M\ , what is the maximum output voltage swing

of the amplifier?

7.3. Using the distributed model of Fig. 7.19(c) and ignoring the channel thermal noise, prove that,

for gate noise calculations, a distributed gate resistance of RG can be replaced by a lumped

resistance equal to RG /3. (Hint: model the noise of RGj
by a series voltage source and calculate

the total drain noise current. Watch for correlated sources of noise.)

7.4. Prove that the output noise current of Fig. 7.33(c) is given by Eq. (7.54).

7.5. Calculate the input-referred noise voltage of the circuit shown in Fig. 7.50 and compare the

result with Eq. (7.59).

Kjut

Figure 7.50

7.6. Calculate the input-referred thermal noise voltage of each circuit in Fig. 7.51. Assume X =

y = 0 .

7.7. Calculate the input-referred thermal noise voltage of each circuit in Fig. 7.52. Assume X =

y=0.

7.8. Calculate the input-referred thermal noise voltage and current of each circuit in Fig. 7.53

Assume X = y
—

0.

7.9. Calculate the input-referred thermal noise voltage and current of each circuit in Fig. 7.54

Assume X = y — 0.

7.10. Calculate the input-referred Iff noise voltage and current of Fig. 7.40 if the two capacitors are

removed.

7.11. Calculate the input-referred 1// noise voltage of the source follower shown in Fig. 7.42.

7.12. Assuming X = y = 0, calculate the input-referred thermal noise voltage of each circuit in

Fig. 7.55. For part (a), assume gm3A = 0.5gm5A .

7.13. Consider the degenerated common-source stage shown in Fig. 7.56.

(a) Calculate the input-referred thermal noise voltage if X = y = 0.

(b) Suppose linearity requirements necessitate that the dc voltage drop across Rs be equal tc

the overdrive voltage of M\ . How does the thermal noise contributed by Rs compare with

that contributed by M\ ?
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Figure 7.55

Figure 7.56

7 .14 . Explain why Miller’s theorem cannot be applied to calculate the effect of the thermal noise of

a floating resistor.

7 .15 . The circuit of Fig. 7.18 is designed with (W/L) i
= 50/0.5 and Ip\ ~ 0.05 mA. Calculate the

total rms thermal noise voltage at the output in a 50-MHz bandwidth.

7 .16. For the circuit shown in Fig. 7.58, calculate the total output thermal and 1 // noise in a bandwidth

tfL , ///]. Assume X ^ 0 but neglect other capacitances.

7.17 . Suppose in the circuit of Fig. 7.35, (W/L) = 50/0.5 and Ioi = \Im\ = 0.5 mA. What is

the input-referred thermal noise voltage?

7 . 18. The circuit of Fig. 7.35 is modified as depicted in Fig. 7.59.

(a) Calculate the input-referred thermal noise voltage.

(b) For a given bias current and output voltage swing, what value of Rs minimizes the input-

referred thermal noise?

7 .19 . A common-gate stage incorporates an NMOS device with W/L = 50/0.5 biased at Id =

1 mA and a load resistor of 1 kQ. Calculate the input-referred thermal noise voltage and

current.

7 .20 . The circuit of Fig. 7.39 is designed with (W/L)

\

= 50/0.5 and Id\ — ?D2 = 0 05 mA and

Rd = 1 kQ.

(a) Determine (W/L)2 such that the contribution of M2 to the input-referred thermal noise

current (not current squared) is one-fifth of that due to Rd-

(b) Now calculate the minimum value of V& to place M2 at the edge of the triode region. What

is the maximum allowable output voltage swing?
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7 - Figure 7.58

7.21. Design the circuit of Fig. 7.39 for an input-referred thermal noise voltage of 3 nV/VHz and
maximum output swing. Assume Im = ID2 = 0.5 mA.

7J2. Consider the circuit of Fig. 7.40. If ( = 50/0.5 and /D1 _ 3 = 0.5 mA, determine the
input-referred thermal noise voltage and current.

7.23. The circuit of Fig. 7.40 is designed with (W/L)i = 50/0.5 and

/

0 i-3 = 0.5 mA. If an output
swing of 2 V is required, estimate by iteration the dimensions of M2 and Af3 such that the
input-referred thermal noise current is minimum.

7.24. The source follower of Fig. 7.42 is to provide an output resistance of 100 Cl with a bias current
of 0. 1 mA.

(a) Calculate (W/L)\.

Figure 7.59
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(b) Determine (W/L )

2

such that the input-referred thermal noise voltage (not voltage squared)

contributed by M2 is one-fifth of that due to M \ . What is the maximum output swing?

7.25. The cascode stage of Fig. 7.43(a) exhibits a capacitance Cx from node X to ground. Neglecting

other capacitances, determine the input-referred thermal noise voltage.

7.26. Determine the input-referred thermal and 1// noise voltages of the circuits shown in Fig. 7.57

and compare the results. Assume the circuits draw equal supply currents.

References

1 . L. W. Couch, Digital andAnalog Communication Systems, Fourth Ed., New York: Macmillan Co.,

1993.

2. S. M. Sze, Physics ofSemiconductor Devices, Second Ed., New York: Wiley, 1981.

3. Y. Tsividis, Operation and Modeling of the MOS Transistor, Second Ed., Boston: McGraw-Hill,

1999.

4. A. A. Abidi, “High-Frequency Noise Measurements on FETs with Small Dimensions,” IEEE

Trans. Electron Devices, vol. 33, pp. 1801-1805, Nov. 1986.

5. H. A. Haus et al., “Representation of Noise in Linear Twoports,” Proc. IRE, vol. 48, pp. 69-74,

Jan. 1960.



1

Chapter 8

Feedback

On a mild August morning in 1921, Harold Black was riding the ferry from New York to

New Jersey, where he worked at Bell Laboratories. Black and many other researchers had

been investigating the problem of nonlinearity in amplifiers used in long-distance telephone

networks, seeking a practical solution. While reading the newspaper on the ferry, Black was

suddenly struck by an idea and began to draw a diagram on the newspaper, which would

later be used as the evidence in his patent application. The idea is known to us as the negative

feedback amplifier.

Feedback is a powerful technique that finds wide application in analog circuits. For

example, negative feedback allows high-precision signal processing and positive feedback

makes it possible to build oscillators. In this chapter, we consider only negative feedback

and use the term feedback to mean that.

We begin with a general view of feedback circuits, describing important benefits that

result from feedback. Next, we study four feedback topologies and their properties. Finally,

we examine the effects of loading in feedback amplifiers.

8.1 General Considerations

Fig. 8. 1 shows a negative feedback system, where H(s) and G(s) are called the feedforward

and the feedback networks, respectively. Since the output of G{s) is equal to G(s)FO), the

input to H(s), called the feedback error, is given by X(s) - G(s)T(s). That is,

Y(s) = H(s)[X(S)-G(s)Y(s)l (8.1)

Figure 8.1 General feedback system.
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Thus,

m = gw_.
(8.2)

X(s) l + G(s)H(s)

We call H(s) the “open-loop” transfer function and Y(s)/X(s) the “closed-loop” transfer

function. In most cases of interest in this book, H(s) represents an amplifier and G(s) is a

frequency-independent quantity. In other words, a fraction of the output signal is sensed and

compared with the input, generating an error term. In a well-designed negative feedback

system, the error term is minimized, thereby making the output of G(s) an accurate “copy”

of the input and hence the output of the system a faithful replica of the input (Fig. 8.2). We
also say the input of H(s) is a “virtual ground” because the signal amplitude at this point

is very small. In subsequent developments, we replace G(s) by a frequency-independent

quantity p and call it the “feedback factor.”

Figure 8.2 Similarity between output

of feedback network and input signal.

It is instructive to identify four elements in the feedback system of Fig. 8.1: (1) the

feedforward amplifier, (2) a means of sensing the output, (3) the feedback network, (4) a

means of generating the feedback error. These elements exist in every feedback system,

even though they may not be obvious in cases such as a simple common-source stage with

resistive degeneration.

8.1.1 Properties of Feedback Circuits

Before proceeding to the analysis of feedback circuits, we study some simple examples to

describe the benefits of negative feedback as well as identify the above four elements in

each case.

Gain Desensitization Consider the common-source stage shown in Fig. 8.3(a), where

the voltage gain is equal to gm ir0 i* A critical drawback of this circuit is the poor definition

of the gain: both gm \ and r0 \
vary with process and temperature. Now suppose the circuit

is configured as in Fig. 8.3(b), where the gate bias of M\ is set by means not shown

here (Chapter 12). Let us calculate the overall voltage gain of the circuit at relatively low

frequencies such that C2 does not load the output node, i.e., V0ut/Vx = ~gm\ ro \ • Since

(y0U t
- Vx)C2s - (Vx - Vin)Cis, we have

Vo*

Vin 1

gm\ro\

1

gmlfoi

(8.3)
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(a) (b)

Figure 8.3 (a) Simple- common-source stage, (b) circuit of (a)

with feedback.

If 8m ifo\ is sufficiently large, the l/(gm \roi) terms in the denominator can be neglected,

yielding

yput _
y^~~c

~

2

(8.4)

Compared to gm \rou this gain can be controlled with much higher accuracy because it is

given by the ratio of two capacitors. If Ci and C2 are made of the same material, then

process and temperature variations do not change Ci/C2 .

The above example reveals that negative feedback provides gain “desensitization,” i.e.,

the closed-loop gain is much less sensitive to device parameters than the open-loop gain is.

Illustrated for a more general case in Fig. 8.4, this property can be quantified by writing

Y A

X 1 +
(8.5)

(8 .6
)

where we have assumed PA » 1. We note that the closed-loop gain is determined, to the

first order, by the feedback factor, p. More importantly, even if the open-loop gain, A, varies

by a factor of, say, 2,Y/X varies by a small percentage because 1 /(PA) < 1.

X

Figure 8.4 Simple feedback system.

Called the “loop gain,” the quantity PA plays an important role in feedback systems.
1

We see from (8.6) that the higher pA is, the less sensitive Y/X will be to variations in A.

i Loop gain and open-loop gain must not be confused with each other.
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From another perspective, the accuracy of the closed-loop gain improves by maximizing

A or p. Note that as ft increases, the closed-loop gain, Y/X & \/p, decreases, suggesting

a trade-off between precision and the closed-loop gain. In other words, we begin with a

high-gain amplifier and apply feedback to obtain a low, but less sensitive closed-loop gain.

Another conclusion here is that the output of the feedback network is equal to X A/(l +
pA), approaching A as pA becomes much greater than unity. This result agrees with the

illustration in Fig. 8.2.

The calculation of the loop gain usually proceeds as follows. As illustrated in Fig. 8.5,

we set the main input to zero, break the loop at some point, inject a test signal in the “right

direction,” follow the signal around the loop, and obtain the value that returns to the break

point. The negative of the transfer function thus derived is the loop gain. Note that the loop

gain is a dimensionless quantity. In Fig. 8.5, we have VtP(-l)A = V> and hence VF/Vt =
~~PA . Similarly, as depicted in Fig. 8.6, for the simple feedback circuit, we can write

that is,

C2
y — (-gm iroi) = w,

Ci + t 2

Vf _ C2

v, c
1
+c2

gm '
r° 1 '

(8.7)

(8 .8 )

Note that the loading of C2 on the output is neglected here. This issue will be addressed in

Section 8.3.

It is also interesting to identify the four elements of feedback in the circuit of Fig. 8.3(b).

Transistor Mi and current source /i constitute the feedforward amplifier. Capacitor C2
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senses the output voltage and converts it to a current feedback signal, which is then added

to the current produced by Vin through C \ . Note that the feedback is negative even though

the currents through C\ and C2 are added because the feedforward amplifier itself provides

a negative gain.

We should emphasize that the desensitization of gain by feedback leads to many other

properties of feedback systems. Our examination of Eq. 8.6 indicates that large variations

in A affect Y/X negligibly if
f$
A is large. Such variations can arise from different sources:

process, temperature, frequency, and loading. For example, if A drops at high frequencies,

Y/X varies to a lesser extent, and the flat bandwidth is increased. Similarly, if A decreases

because the amplifier drives a heavy load, Y/X is not affected much. These concepts become

clearer below.

Terminal Impedance Modification As a second example, let us study the circuit

shown in Fig. 8.7(a), where a capacitive voltage divider senses the output voltage of a

common-gate stage, applying the result to the gate of current source M2 and hence return-

ing a current feedback signal to the input.
2 Our objective is to compute the input resistance

at relatively low frequencies with and without feedback. Neglecting channel-length modu-

lation and breaking the feedback loop [Fig. 8.7(b)], we have

Rin,open =
.

• (8-9)

8m 1 ~r gmb 1

For the closed-loop circuit, as depicted in Fig. 8.7(c), we write: Vout = (gm \ + gmbxWx^D
and

VP =
Ci

Ci + C2

(8 . 10)

Figure 8.7 (a) Common-gate circuit with feedback, (b) open-loop circuit, (c) calculation of input resistance.

2The bias network for M2 is not shown.
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= (gml + gmblWxRu“

—

T~pT * (8.11)

W + C

2

Thus, the small-signal drain current of M2 equals gm2(gm i + + C2 ).

Adding this current to the drain current of M\ with proper polarity yields /*:

Ci
h = (gml + gmblWx + gm2(£ml + gmM)*^

—

—p^Ro^X (8.12)
Cl +

1

2

= (gffil + gmbl) ^1 + gmlRD
^ ^ ^

Vjg- (8.13)

It follows that

Rin,closed = Vx/lx (8.14)

1 1

-—7
r
—

•
(8.15)

gmX+gmM l+gm2RD_^__
Cl + c 2

We therefore conclude that this type of feedback reduces the input resistance by a factor of

1 + gmiRoCi/iCi + C2 ). The reader can prove that the quantity gmiRoCi/iCi + C2 ) is

the loop gain.

We also identify the four elements of feedback in the circuit of Fig. 8.7(a). The feed-

forward amplifier consists of M\ and R&, the output is sensed by Ci and C2 ,
the feedback

network comprises Ci , C2 , and M2 ,
and the subtraction occurs in the current domain at the

input terminal.

Figure 8.8 (a) CS stage with feedback, (b) calculation of output resistance.

Let us now consider the circuit of Fig. 8.8(a) as an example of output impedance modi-

fication by feedback. Here Mi, Rs , and Rd constitute a common-source stage and C \ ,
C2 ,
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and M2 sense the output voltage,
3
returning a current equal to [Ci/(Ci + C2)]Voutgm2 to

the source of Mi. The reader can prove that the feedback is indeed negative. To compute
the output resistance at relatively low frequencies, we set the input to zero [Fig. 8.8(b)] and

write

hi — Vx
Ci

Ci + c2

gml
Rs

Rs +
1

gml + gmbl

(8.16)

Since lx — VX/RD + IDU we have

Vx = Rd

1X
^

|

gmlRsigml + gmb\)Rp C\

(gml + gmb\)Rs + 1 C1+C2

Equation (8.17) implies that this type of feedback decreases the output resistance. The
denominator of (8.17) is indeed equal to one plus the loop gain.

Bandwidth Modification. The next example illustrates the effect of negative feedback

on the bandwidth. Suppose the feedforward amplifier has a one-pole transfer function:

Afr) =
A °

s , (8.18)

where A 0 denotes the low-frequency gain and cdq is the 3-dB bandwidth. What is the transfer

function of the closed-loop system? From (8.5), we have

^0

1 +

X to =
0)q

1 + 0 -

1 +

Ao

0)Q

1 -f PAq H
w0

^0

1 +

1 + pAp
s

(1 + PAp)o)p

(8.19)

(8 .20)

(8 .21 )

The numerator of (8.21) is simply the closed-loop gain at low frequencies—as predicted by

(8.5)—and the denominator reveals a pole at ( 1 + pA0)w0 . Thus, the 3-dB bandwidth has in-

creased by a factor 1 +pA0 , albeit at the cost ofa proportional reduction in the gain (Fig. 8.9).

3
Biasing ofM2 is not shown.
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Y(s)

Figure 8.9 Bandwidth modification as a result of feedback.

The increase in the bandwidth fundamentally originates from the gain desensitization

property of feedback. Recall from (8.6) that, if A is large enough, the closed-loop gain

remains approximately equal to 1//J even if A experiences substantial variations. In the

example of Fig. 8.9, A varies with frequency rather than process or temperature, but negative

feedback still suppresses the effect of this variation. Of course, at high frequencies A drops

to such low levels that A becomes comparable with unity and the closed-loop gain falls

below 1//J.

Equation (8.21) suggests that the gain-bandwidth product of a one-pole system does not

change with feedback, making the reader wonder how feedback improves the speed if a

high gain is required. Suppose we need to amplify a 20-MHz square wave by a factor of 100

and maximum bandwidth but we have only a single-pole amplifier with an open-loop gain

of 100 and 3-dB bandwidth of 10 MHz. If the input is applied to the open-loop amplifier,

the response appears as shown in Fig. 8.10(a), exhibiting long risetime and falltime because

the time constant is equal to 1 ^ 16 ns.

Figure 8.10 Amplification of a 20-MHz squarewave by (a) 20-MHz amplifier and

(b) cascade of two 100-MHz feedback amplifiers.
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Now suppose we apply feedback to the amplifier such that the gain and bandwidth are

modified to 10 and 100 MHz, respectively. Placing two of these amplifiers in a cascade

[Fig. 8.10(b)], we obtain a much faster response with an overall gain of 100. Of course,

the cascade consumes twice as much power, but it would be quite difficult to achieve this

performance by the original amplifier even if its power dissipation were doubled.

Nonlinearity Reduction A very important property of negative feedback is the sup-

pression of nonlinearity in analog circuits. We defer the study of this effect to Chapter 13.

8.1 .2 Types of Amplifiers

Most of the circuits studied thus far can be considered “voltage amplifiers” because they

sense a voltage at the input and produce a voltage at the output. However, three other

types of amplifiers can also be constructed such that they sense or produce currents. Shown

in Fig. 8.11, the four configurations have quite different properties: (1) circuits sensing

Voltage Amp. Transimpedance Amp. Transconductance Amp. Current Amp.

Figure 8.1 1 Types of amplifiers along with their idealized models.

a voltage must exhibit a high input impedance (as a voltmeter) whereas those sensing a

current must provide a low input impedance (as a current meter); (2) circuits generating a

voltage must exhibit a low output impedance (as a voltage source) while those generating

a current must provide a high output impedance (as a current source). Note that the gains

of transimpedance and transconductance
4
amplifiers have a dimension of resistance and

conductance, respectively. For example, a transimpedance amplifier may have a gain of

2 kQ, which means it produces a 2-V output in response to a 1-mA input. Also, we use the

sign conventions depicted in Fig. 8.11, for example, the transimpedance Ro = Voutlhn if

I

i

n flows into the amplifier.

4
This terminology is standard but not consistent. One should use either transimpedance and transadmittance

or transresistance and transconductance.
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Figure 8.1 2 Simple implementations of four types of amplifiers.

Figure 8.12 illustrates simple implementations of each amplifier. In Fig. 8.12(a), a

common-source stage senses and produces voltages and in Fig. 8.12(b), a common-gate

circuit serves as a transimpedance amplifier, converting the source current to a voltage

at the drain. In Fig. 8.12(c), a common-source transistor operates as a transconductance

amplifier, generating an output current in response to an input voltage, and in Fig. 8.12(d),

a common-gate device senses and produces currents.

The circuits of Fig. 8.12 may not provide adequate performance in many applications. For

example, the circuits of Figs. 8. 12(a) and (b) suffer from a relatively high output impedance.

Fig. 8.13 depicts modifications that alter the output impedance or increase the gain.

Figure 8.1 3 Four types of amplifiers with improved performance.
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Example 8.1

Calculate the gain of the transconductance amplifier shown in Fig. 8.13(c).

Solution

The gain in this case is defined as Gm = Iout / V/n . That is,

G _ Yl" ~
Vin

' VX

= -gmlirolWRo)- gm2-

(8 .22 )

(8.23)

While most familiar amplifiers are of voltage-voltage type, the other three configura-

tions do find usage. For example, transimpedance amplifiers are an integral part of optical

fiber receivers because they must sense the current produced by a photodiode, eventually

generating a voltage that can be processed by subsequent circuits.

8.1.3 Sense and Return Mechanisms

Placing a circuit in a feedback loop requires sensing the output signal and returning (a

fraction) of the result to the summing node at the input. With voltage or current quantities

as input and output signals, we can identify four types offeedback: voltage-voltage, voltage-

current, current-current, and current-voltage, where the first entry in each case denotes the

quantity sensed at the output and the second the type of signal returned to the input.
5

It is instructive to review methods of sensing and summing voltages or currents. To sense

a voltage, we place a voltmeter in parallel with the corresponding port [Fig. 8.14(a)], ideally

introducing no loading. When used in a feedback system, this type of sensing is also called

“shunt feedback.”

Figure 8.1 4 Sensing (a) a voltage by a voltmeter, (b) a current by a current meter, (c) a current by

a small resistor.

To sense a current, a current meter is inserted in series with the signal [Fig. 8.14(b)],

ideally exhibiting zero series resistance. Thus, this type of sensing is also called “series

feedback.” In practice, a small resistor replaces the current meter [Fig. 8.14(c)], with the

voltage drop across the resistor serving as a measure of the output current.

The addition of the feedback signal and the input signal can be performed in the voltage

domain or current domain. To add two quantities, we place them in series if they are

5
Different authors use different orders or terminologies for the four types of feedback.
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Figure 8.15 Addition of (a) voltages
(k) and (b) currents.

voltages and in parallel if they are currents (Fig. 8. 1 5). While ideally having no influence on
the operation of the open-loop amplifier itself, the feedback network in reality introduces

loading effects that must be taken into account. This issue is discussed in Section 8.3.

To visualize the methods of Figs. 8.14 and 8.15, we consider a number of practical im-

plementations. A voltage can be sensed by a resistive (or capacitive) divider in parallel with

the port [Fig. 8. 16(a)] and a current by placing a resistor in series with the wire and sensing

Figure 8.16 Practical means of sensing and adding voltages and currents.
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the voltage across it [Figs. 8.16(b) and (c)]. To subtract two voltages, a differential pair cai

be used [Fig. 8.16(d)]. Alternatively, a single transistor can perform voltage subtraction a;

shown in Figs. 8. 16(e) and (f) because ID \ is a function of Vin - VF . Subtraction of current

can be accomplished as depicted in Figs. 8.16(g) or (h). Note that for voltage subtraction

the input and feedback signals are applied to two distinct nodes whereas for current sub

straction they are applied to a single node. This observation proves helpful in identifyin:

the type of feedback.

8.2 Feedback Topologies

8.2.1 Voltage-Voltage Feedback

This topology samples the output voltage and returns the feedback signal as a voltage

Following the conceptual illustrations of Figs. 8.14 and 8.15, we note that the feedbac

network is connected in parallel with the output and in series with the input port (Fig. 8.17

An ideal feedback network in this case exhibits infinite input impedance and zero outpi

o-

I'm

IP*
Low flout 0

High fl
in

Feedback

Network

Feedforward

Amplifier
^out

-0

Figure 8.17 Voltage-voltage feed-

back.

impedance because it senses a voltage and generates a voltage. We can therefore writ

Vf = fiVouu Ve = Vin - VF ,
V0UJ = A0(Vin - pvout ) 9

and hence

Vout ^0

~v~^TTpa~o
(8.2

We recognize that f$Ao is the loop gain and the overall gain has dropped by 1 + PAq. No

that here both A0 and ft are dimensionless quantities.

As a simple example of voltage-voltage feedback, suppose we employ a differential vo

age amplifier with single-ended output as the feedforward amplifier and a resistive divid

as the feedback network [Fig. 8.18(a)]. The divider senses the output voltage, producii

a fraction thereof as the feedback signal VF . Following the block diagram of Fig. 8.1

we place VF in series with the input of the amplifier to perform subtraction of voltag

[Fig. 8.18(b)].

6This configuration is also called “series-shunt” feedback, where the first term refers to the input connect]

and the second to the output connection.
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(a) (b)

Figure 8.1 8 (a) Amplifier with output sensed by a resistive divider,

(b) voltage-voltage feedback amplifier.

How does voltage-voltage feedback modify the input and output impedances? Let us first

consider the output impedance. Recall that a negative feedback system attempts to make

the output an accurate replica of the input. Now suppose, as shown in Fig. 8.19, we load the

output by a resistor, gradually decreasing its value. While in the open-loop configuration the

Figure 8.1 9 Effect of voltage-voltage feedback on out-

put resistance.

output would simply drop in proportion to Rl/(Rl + R0ut\ in the feedback system, Vout is

maintained as a reasonable replica of Vin even though Ri decreases. That is, so long as the

loop gain remains much greater than unity, Vout/Vin ^ 1 //L regardless of the value of RL .

From another point of view, since the circuit stabilizes the output voltage amplitude despite

load variations, it behaves as a voltage source, thus exhibiting a low output impedance. This

property fundamentally originates from the gain desensitization provided by feedback.

In order to formally prove that voltage feedback lowers the output impedance, we con-

sider the simple model in Fig. 8.20, where Rout represents the output impedance of the

feedforward amplifier. Setting the input to zero and applying a voltage at the output, we

write VF = PVX ,
Ve = -fiVx ,

VM = ~PA0VX , and hence Ix = [Vx ~ (~PA 0 VX )]/Rout
(if the current drawn by the feedback network is neglected). It follows that

Vx
__

Rout

Ix 1 + f3Ao
(8.25)
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Figure 8.20 Calculation of output re-

sistance of a voltage-voltage feedback

circuit.

Thus, the output impedance and the gain are lowered by the same factor. In the circuit o

Fig. 8.18(b), for example, the output impedance is lowered by 1 + AqR2/(R\ + ^2 ).

Example 8.2 -— - _
The circuit shown in Fig. 8.21(a) is an implementation of the feedback configuration depicted i

Fig. 8.18(b), but with the resistors replaced by capacitors. (The bias network of M2 is not shown,

Calculate the closed-loop gain and output resistanceof the amplifier at relatively low frequencies.

Figure 8.21
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Solution

At low frequencies, C\ and C2 load the amplifier negligibly. To find the open-loop voltage gain, we
break the feedback loop as shown in Fig. 8.21(b), grounding the top plate of C\ to ensure zero voltage

feedback. The open-loop gain is thus equal to £mi(ro2 lko4 ).

We must also compute the loop gain. With the aid of Fig. 8.21(c), we have

Ci
Vf = ~ Vt

c^Tc^8m^ro2 ^ro4^ (8.26)

That is,

and hence

Mo = Ci

Ci + C2
gml(ro2\\ro4) (8.27)

Aclosed —
8ml(roi\\r04)

1 +
Cl

Ci + C2
gml(ro2\\ro4)

(8.28)

As expected, ifMo » 1, then Adosed as 1 + C2/Ci.

The open-loop output resistance of the circuit is equal to r0i \\r04 (Chapter 5). It follows that

Rout,closed —
r02 \\

r04

1 +
Cl

Ci+c2

gm\(ro2\\ro4)

(8.29)

It is interesting to note that, ifMo » C then

Rout,closed ^ (
1 + )

. (8.30)

In other words, even if the open-loop amplifier suffers from a high output resistance, the closed-loop
output resistance is independent of roi lko4» simply because the open-loop gain scales with ro2\\ro4
as well.

Voltage-voltage feedback also modifies the input impedance. Comparing the configura-

tions in Fig. 8.22, we note that the input impedance of the feedforward amplifier sustains

the entire input voltage in Fig. 8.22(a), but only a fraction of Vin in Fig. 8.22(b). As a result,

the current drawn by in the feedback topology is less than that in the open-loop system,

suggesting that returning a voltage quantity to the input increases the input impedance.
The foregoing observation can be confirmed analytically with the aid of Fig. 8.23. Since

Ve = JxRin and VF = PA0 Ix Rin ,
we have Ve = Vx - VF = Vx - PA 0 IxRin . Thus,

hRin - Vx - PA 0 IxRin , and

~ — Rin( 1 + Mo).
*X

(8.31)
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Figure 8.22 Effect of voltage-voltage feedback on input resistance.

The input impedance therefore increases 1

circuit closer to an ideal voltage amplifier.

Figure 8.23 Calculation of input

impedance of a voltage-voltage feedback

circuit.

the ubiquitous factor 1 + /?A0 ,
bringing t

Example 8.3 , ,

Fig. 8.24(a) shows a common-gate topology placed in a voltage-voltage feedback configuration. N

that the summation of the feedback voltage and the input voltage is accomplished by applying

former to the gate and the latter to the source.
7 Calculate the input resistance at low frequencie

channel-length modulation is negligible.

Solution

Breaking the loop as depicted in Fig. 8.24(b), we recognize that the open-loop input resistanc

equal to (gmX + gmbXy l

. To find the loop gain, we set the input to zero and inject a test signal in

loop [Fig. 8.24(c)], obtaining Vf/

V

f
= -gm\^DC\i{C\ + Ci). The closed-loop input impedanc

then equal to

Rin, closed = “
f 1 + r gml^Dj •

(8

gml+gmMV C1+C2 /

The increase in the input impedance can be explained as follows. Suppose the input voltage decre

by A V, causing the output voltage to (momentarily) fall. As a result, the gate voltage of M\ decree

7
This circuit is similar to the right half of the topology shown in Fig. 8.21(a).
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(a) (b) (c)

Figure 8.24

thereby lowering the gate-source voltage of M\ and yielding a change in Vqsi that is less than AV.
By contrast, if the gate of M\ were connected to a constant potential, the gate-source voltage would

change by A V, resulting in a larger current change.

In summary, voltage-voltage feedback decreases the output impedance and increases the

input impedance, thereby proving useful as a “buffer” stage that can be interposed between

a high-impedance source and a low-impedance load.

8.2.2 Current-Voltage Feedback

In some circuits, it is desirable or simpler to sense the output current to perform feedback.

The current is actually sensed by placing a small resistor in series with the output and using

the voltage drop across the resistor as the feedback information. This voltage may even

serve as the return signal that is directly subtracted from the input.

Figure 8.25 Current-voltage feed-

back.

Let us consider the general current-voltage feedback system illustrated in Fig. 8. 25.
8

Since the feedback network senses the output current and returns a voltage, its feedback

This topology is also called “series-series” feedback.
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factor (ft) has the dimension of resistance and is denoted by RF . (Note that a finite load,

ZL ,
is connected to the output so that Iout ^ 0.) We can thus write VF — RF Iout , Ve =

Vitt
- RfIom, and hence Iout = Gm (Vin - RF I0Ut\ It follows that

Vin 1 +Gm RF
(8.33)

An ideal feedback network in this case exhibits zero input and output impedances.

It is instructive to confirm that Gm RF is indeed the loop gain. As shown in Fig. 8.26,

we set the input voltage to zero and break the loop by disconnecting the feedback network

Figure 8.26 Calculation of loop gain

for current-voltage feedback.

from the output and replacing it with a short at the output (if the feedback network is ideal).

We then inject the test signal /,, producing VF = RF It and hence lout = ~GmRF I
t

. Thus,

the loop gain is equal to GmRF and the transconductance of the amplifier is reduced by

1 + Gm RF when feedback is applied.

Sensing the current at the output of a feedback system increases the output impedance

This is because the system attempts to make the output current a faithful replica of the inpul

signal (with a proportionality factor if the input is a voltage quantity). Consequently, the

system delivers the same current waveform as the load varies, in essence approaching ar

ideal current source and hence exhibiting a high output impedance.

To prove the above result, we consider the current-voltage feedback topology showr

in Fig. 8.27, where Rout represents the finite output impedance of the feedforward ampli-

Figure 8.27 Calculation of output re-

sistance of a current-voltage feedback

amplifier.



Feedback Topologies 265

tier.
9 The feedback network produces a voltage W proportional to lx : Vf = RfIx> and

the current generated by Gm equals -RphGm. As a result, -RF IxGm — Ix - Vx/Rout ,

yielding

— = Rout{\ + GmRF ). (8.34)
Lx

The output impedance therefore increases by a factor of 1 -\- Gm Rp,

Example 8.4 - —
Suppose we need to increase the output impedance of a common-source stage by current feedback.

As shown in Fig. 8.28(a), we insert a small resistor r in the output current path, apply the voltage

across r to an amplifier Ai , and subtract the output of A\ from the input voltage. Calculate the output

impedance of this circuit.

Solution

Using the circuit of Fig. 8.28(b) to determine the loop gain, we have

Vf— = -gmrA\. (8.35)

Thus, the overall output impedance is given by

Rout,closed — (1 8m rA\)roi* (8.36)

As with voltage-voltage feedback, current-voltage feedback increases the input

impedance by a factor equal to one plus the loop gain. As illustrated in Fig. 8.29, we
have Ix RinGm = /olif . Thus, Ve = Vx - Gm RF Ix Rin and

Vx— = Rin (l + Gm RF ). (8.37)
Lx

9
Note that Rout is placed in parallel with the output because the ideal transimpedance amplifier is modeled

by a voltage-dependent current source.
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Figure 8.29 Calculation of input re-

sistance of a current-voltage feedback

amplifier.

The reader can show that the loop gain is indeed equal to GmRF .

In summary, current-voltage feedback increases both the input and the output impedances

while decreasing the feedforward transconductance. As explained in Chapter 9, the high

output impedance proves useful in high-gain op amps.

8.2.3 Voltage-Current Feedback

In this type of feedback, the output voltage is sensed and a proportional current is returned

to the summing point at the input.
10 Note that the feedforward path incorporates a tran-

simpedance amplifier with gain R0 and the feedback factor has a dimension of conductance

/in®

'e

Feedforward

Amplifier

Feedback

Network

^out

High flout 9mF High flin

Figure 8.30 Voltage-current feed-

back.

A voltage-current feedback topology is shown in Fig. 8.30. Sensing a voltage and prc

ducing a current, the feedback network is characterized by a transconductance gmF ,
ideal)

exhibiting infinite input and output impedances. Since IF = gmF V0ut and le — Iin - 1 j

we have = R0 Ie = Roihn ~ gmpVout)' It follows that

Vour_ = ^0
(8 .3 :

hn I + gmFR0

10
This topology is also called “shunt-shunt” feedback.
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The reader can prove that gmFRo is indeed the loop gain, concluding that this type of

feedback lowers the transimpedance by a factor equal to one plus the loop gain.

Example 8.5

Calculate the transimpedance, Vout/hn ,
of the circuit shown in Fig. 8.31(a) at relatively low frequen-

cies.

(a) (b)

Figure 8.31

Solution

In this circuit, the capacitive divider C 1 -C2 senses the output voltage, applying the result to the gate

of Mi and producing a current that is subtracted from The open-loop transimpedance equals that

of the core common-gate stage, Rp. The loop gain is obtained by setting /;„ to zero and breaking the

loop at the output [Fig. 8.31(b)]:

-V,-^7rgmiRD = VF . (8.39)
Cl + C2

Thus, the overall transimpedance is equal to

Following our reasoning for the other two types of feedback studied above, we sur-

mise that voltage-current feedback decreases both the input and the output impedances.

As shown in Fig. 8.32(a), the input resistance of Rq is placed in series because an ideal

transimpedance amplifier exhibits a zero input impedance. We write IF = Ix — Vx /Ri n

and (Vx /Rin)RogmF = h- Thus,

VX = Rin

h 1 “F gmfRo
(8.41)
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Figure 8.32 Calculation of (a) input and (b) output impedance of a voltage-current feedback amplifier.

Similarly, from Fig. 8.32(b), we have lF = VxgmF , 4 = -If, and VM = -R<,gmF Vx .

Neglecting the input current of the feedback network, we write Ix = (Vx - Vm)/

R

out =

(Vx + gmFRoVx)/Rout* That is,

Vx _ Rout

h 1 + gmFRo
(8.42)

Example 8.6 —

Calculate the input and output impedances of the circuit shown in Fig. 8.33(a). For simplicity, assume

Rp > R&.

Figure 8.33

Solution

In this circuit, Rp senses the output voltage and returns a current to the input. Breaking the loop as

depicted in Fig. 8.33(b), we calculate the loop gain as gm Ro . Thus, the open-loop input impedance,

Rf, is divided by 1 + gmRo'

R in,closed

Rf

1 + gmRo
(8.43;
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Similarly,

269

Rout ,closed —
Rd

1 + gm^D
(8 .44)

Note Rout,dosed is in fact the parallel combination of a diode-connected transistor and Rp-

An important application of amplifiers with low input impedance is in fiber optic re-

ceivers, where light received through a fiber is converted to a current by a reverse-biased

photodiode. This current is typically converted to a voltage for further amplification and

processing. Shown in Fig. 8.34(a), such conversion can be accomplished by a simple resis-

Figure 8.34 Detection of current produced by a photodiode by (a) resistor R\ and (b) a transimpedance

amplifier.

tor but at the cost of bandwidth because the diode suffers from a relatively large junction

capacitance. For this reason, the feedback topology of Fig. 8.34(b) is usually employed,

where R\ is placed around the voltage amplifier A to form a transimpedance circuit. The

input impedance is Ri/(\ + A) and the output voltage is approximately R\Id\-

8.2.4 Current-Current Feedback

Fig. 8.35 illustrates this type of feedback.
11

Here, the feedforward amplifier is characterized

by a current gain, A/, and the feedback network by a current ratio, ft. In a fashion similar

to the previous derivations, the reader can easily prove that the closed-loop current gain is

equal to A / /( 1 4- ftA / ), the input impedance is divided by 1 -f PA / and the output impedance

is multiplied by 1 + jSA/.

Fig. 8.36 illustrates an example of current-current feedback. Here, since the source and

drain currents of M2 are equal (at low frequencies), resistor Rs is inserted in the source

network to monitor the output current. Resistor Rp plays the same role as in Fig. 8.33.

11
This topology is also called “shunt-series” feedback, where the first term refers to the input connection and

the second to the output connection.
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Figure 8.35 Current-current feed-

back.

Figure 8.36

8.3 Effect of Loading

In our analysis of feedback systems thus far, we have tacitly assumed that the feedback

network does not “load” the feedforward amplifier at the input or output. For example, in

the voltage-voltage feedback topology of Fig. 8.21, we assumed C\ and C2 do not load

the amplifier so that the open-loop gain could still be written as gm i(r02^04 )- 1° reality,

however, the loading due to the feedback network may not be negligible, complicating the

analysis.

The problem of loading manifests itself when we need to break the feedback loop so as

to identify the open-loop system, e.g., calculate the open-loop gain and the input and output

impedances. To arrive at the proper procedure for including the feedback network terminal

impedances, we first review models of two-port networks.

8.3.1 Two-Port Network Models

The feedback network placed around the feedforward amplifier can be considered a two-

port circuit sensing and producing voltages or currents. Recall from basic circuit theory that

a two-port linear (and time-invariant) network can be represented by any of the four models

shown in Fig. 8.37. The “Z model” in Fig. 8.37(a) consists of input and output impedances

in series with current-dependent voltage sources whereas the “Y model” in Fig. 8.37(b)

comprises input and output admittances in parallel with voltage-dependent current sources.

The “hybrid models” of Figs. 8.37(c) and (d) incorporate a combination of impedances
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Figure 8.37 Linear two-port network models.

and admittances and voltage sources and current sources. Each model is described by two

equations. For the Z model, we have

VX =Z XX IX + Z X2 I2 (8.45)

V2 -Z21 /1 + Z22 /2. (8.46)

Each Z parameter has a dimension of impedance and is obtained by leaving one port open,

e.g., Z\\ = V\jl\ when /2 = 0. Similarly, for the Y model,

h = Yxx Vx + YX2V2 (8.47)

I2 = Y2X VX + Y72 V29 (8.48)

where each Y parameter is calculated by shorting one port, e.g., Y\
x = I\ / Vi when V2 = 0.

For the H model,

VX = HXX IX + HX2 V2

h = H2X I x + HnV2i

and for the G model,

h = Gi 1
V

1 + G 12 /2 (8.51)

V2 = G2 i Vi + G22 /2 . (8.52)

Note that, for example, Yu may not be equal to the inverse of Zn because the two are

obtained under different conditions: the output is shorted for the former but left open for

the latter.

(8.49)

(8.50)



272 Chap. 8 Feedbacl

In order to simplify the analysis of the loading due to the feedback network, we mus
select a suitable model from the above. We assume the input port of the feedback network i

connected to the output port of the feedforward amplifier. Let us begin with voltage-voltagi

feedback. Which model should be used? We note that the ideal feedback network in thi;

case must exhibit infinite input impedance and zero output impedance. The Z model is no

suitable because as Z\\ —» oo, for a finite V\, I\ —

>

0, and Z21 /1 —

>

0. That is, if the inpu

impedance approaches infinity, the output voltage drops to zero. How about the Y model
1

In this case, if Yn 0, then the output voltage remains finite, but if Y22 approaches 00

the current source Y2 \
V\ generates a zero output voltage. That is, if the output imepdancf

of the feedback network approaches zero (so that it becomes more ideal), then the outpu

voltage of the feedback network drops to zero as well. With these observations, we surmis<

that the G model is the most suitable one for voltage-voltage feedback; in the ideal cas<

Gn = 0, G22 = 0, and G2 \V\ ^ 0.

Using similar arguments, the reader can show that the other three types of feedbacl

require the following network models: voltage-current: Y model; current-voltage: Z model

current-current: H model.

8.3.2 Loading in Voltage-Voltage Feedback

Replacing the feedback network by aG model, we arrive at the representation in Fig. 8.38(a)

Unlike the simple models used in previous sections, this circuit incorporates two dependen

sources in the feedback path: Gnh and G 2 1
Vou t- What is the effect of Gn I2 l This curren

flows through the parallel combination of Zout and Gn, contributing to the output voltage

However, if A0 is large, the signal amplified by A0 is much greater than the contributor

of G\ 2 l2 . In other words, the forward gain of the main amplifier overwhelms the reverst

gain of the feedback network. Since this condition holds in most circuits of interest, wt

can neglect Gi2 /2 , obtaining the circuit in Fig. 8.38(b). A rigorous analysis of Fig. 8.38(a

(Problem 8.8) reveals that if G 12 A^ZinjZouU then the “reverse transmission” througl

the feedback circuit is negligible. It is indeed expected that Zin and Zout play a role here

If Zin is small, the voltage division between Zin and G22 reduces the signal through thf

feedforward path. Similarly, if Zout is large, then the voltage division between Zout and G\
\

lowers the contribution of Ao Ve to the output.

Let us now compute the closed-loop gain of the circuit shown in Fig. 8.38(b). We have

Ve = Win - G lx v0ut )

Zin

Zin G22
(8.53;

and hence

(V
i
«-G 21 U^)

Zin

Zin + G

G -1

11

22 Gj/ + Zout

= Vtout • (8.54;
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(b)

Figure 8.38 Voltage-voltage feedback circuit with (a) feedback net-

work represented by a G model and (b) simplified G model.

Note that if the feedback network is ideal, i.e., if G^ = oo and Gn — 0, then Vout /

V

in =
A0 /(l + G 21 Ao), as expected.

Equation 8.55 assumes the standard form of a feedback transfer function if we define

the open-loop gain in the presence of loading as

(8.56)
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The loaded open-loop gain can be obtained from the circuit depicted in Fig. 8.39, where

G 2\V0Ut is set to zero. That is, the finite input and output impedances of the feedback

network reduce the output voltage and the voltage seen by the input of the main amplifier,

respectively.

Figure 8.39 Proper method of including loading in a

voltage-voltage feedback circuit.

It is important to note that Gn and G 22 in Fig. 8.37 are computed as follows:

G22
V2

h vi=o

(8.57)

(8.58)

Thus, as illustrated in Fig. 8.40, Gn is obtained by leaving the output of the feedback

^in

Figure 8.40 Conceptual view of

opening a voltage-voltage feedback loop

with proper loading.

network open whereas G22 is calculated by shorting the input of the feedback network.

Another important result of the foregoing analysis is that the loop gain, i.e., the second

term in the denominator of (8.55) is simply equal to the loaded open-loop gain multiplied

by G 21 . Thus, a separate calculation of the loop gain is not necessary. Also, the open-loop

input and output impedances obtained from Fig. 8.39 are scaled by 1 + G 2\A Vt0pen to yield

the closed-loop values.
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Example 8.7

For the circuit shown in Fig. 8.41(a), calculate the open-loop and closed-loop gains.

ViDD

*D1

M <

^in° M
1

t—Wr-

rf

V,out

*D2

(a)

Solution

The circuit consists of two common-source stages, with Rf and Rs sensing the output voltage and

returning a fraction thereof to the source of M\

.

The reader can prove that the feedback is indeed

negative. Following the procedure illustrated in Fig. 8.40, we identify Rp and Rs as the feedback

network and construct the open-loop circuit as shown in Fig. 8.41(b). Note that the loading effect in

the input network is obtained by shorting the right terminal of Rp to ground and that in the output

by leaving the left terminal of Rp open. Neglecting channel-length modulation and body effect for

simplicity, we have

A v .open = ^ = - „ p TT; \-gm2[RD2\\(RF + *S )]}- (8-59)
Vin RF\\Rs+\/gm 1

To compute the closed-loop gain, we first find the loop gain as G 21 A v
^
open . Recall from (8.52) that

G 21 = V2 / Vj with I2 = 0. For the voltage divider consisting of Rp and Rq, G21 = Rs/(Rf + Rs)-

The closed-loop gain is simply equal to A v ^ ciosej = A Vt0pen /(\ + G 2 \A v ,open ).

8.3.3 Loading in Current-Voltage Feedback

Replacing the feedback network by a Z model, we obtain the circuit shown in Fig. 8.42(a).

Using an argument similar to that for voltage-voltage feedback, we neglect the source Z 12 /2 ,

thereby arriving at the circuit in Fig. 8.42(b). We thus have

(V,» - Z21 IM )

Zln
Gm

Z
7„ - = lmt . (8.60)

Ain + A 22 Aou , + Z||

That is,

Z;„ JOUt

lout

v^n

Zin + Z22 Zou , + Z\
(8.61)

1 +
Jout

Zin + Z22 Zout + Z
-Gm Z21
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(b)

Figure 8.42 Current-voltage feedback circuit with (a) feedback net-

work represented by a Z model and (b) simplified Z model.

Equation (8.61) suggests that the loaded open-loop gain is equal to

*m,open
Zin + Z22 Zout + Zn

(8.62)

revealing voltage division at the input and current division at the output (Fig. 8.43). Since

Z22 and Z\\ are obtained by opening the input and output ports of the feedback network,

respectively, the open-loop circuit can be visualized as in Fig. 8.44. Note that the loop gain

is equal to Zlx Gm%open .

Figure 8.43 Current-voltage feed-

back circuit with proper loading of

feedback network.
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Figure 8.44 Conceptual view of

opening the loop in current-voltage feed-

back.

Example 8.8

Calculate the open-loop and closed-loop gain of the circuit shown in Fig. 8.45(a).

Figure 8.45

Solution

This circuit consists of two voltage gain stages, M\ and M2 , and a voltage-to-current converter, M3 .

Since the drain and source currents of A/3 are equal, the output current is monitored by RS3- Thus,

RS3 , Rf, and Rsi sense the output current and return a proportional voltage to the input.

If k = y =0, the open-loop gain is equal to

G =
~Rm SmiRpi

(8.63)m ’
open

RsiW(RF + Rsi) + l/gm\ Rsi\\(RF + Rsi) + Vgm3

The loop gain is given by Z2iGm ,
ope„, where, from (8.46), Z2 i

= V2/I\ with h = 0. For the
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feedback network consisting of Rs2 , Rf and R$u the circuit of Fig. 8.45(c) gives

Z21 =
Rs3

Rs3 + Rs\ + Rf
Rs i- (8.64)

The closed-loop gain equals Gm
,
0/WB /(1 + Z21 Gm ,open).

It is important to distinguish between the feedback networks in the circuits of Fig. 8.41(a) and

8.45(a). In the former, RD2 is part of the feedforward amplifier, rather than part of the feedback

network, because it must generate a voltage output. In the latter, Rss is part of the feedback network

because it is used to sense the output current. If the output of interest in Fig. 8.45(a) is the voltage at

the source of M3, then R$3 is part of the feedforward amplifier rather than the feedback network.

8.3.4 Loading in Voltage-Current Feedback

In this type of system, we represent the feedback network by a Y model [Fig. 8.46(a)]. As

with previous cases, we neglect the reverse transmission term, Y\ 2V2 , obtaining the circuit

Figure 8.46 Voltage-current feedback circuit with (a) feedback net-

work represented by a Y model and (b) simplified Y model.
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in Fig. 8.46(b). Writing

(Iin-YllVout)—
y~ 1

r
22 D

1 «0 r
1 i

-7 V-I

/-I
11 = V,

F
22 + Z,» V + Z,

11
Jout

(8.65)

we have

y~ l

r
22

V,£>Uf l^1 + z
*0 7v—

1

I n

in *
ii

Y^ i + Z0M j

hn
1 +

y~ l

l
22

Yn + Zi
-Ro

"t" Zou t

y2 1

(8.66)

It is therefore possible to define the loaded open-loop gain as

R
V~ 1

r
22

O.open
~

i y -1
, 7

* 22 in “
t-'out

Ro- (8.67)

The loading manifests itself as current division between Y
11

and Zin and voltage division

Figure 8.47 Voltage-current feedback circuit with proper

loading of feedback network.

between Zout and (Fig. 8.47). Since F22 and Yn are obtained by shorting the input and

output ports of the feedback network, respectively, the procedure for including the loading

can be illustrated as in Fig. 8.48. The loop gain is given by F2 i Ro,open-

Figure 8.48 Conceptual view of

opening the loop in voltage-current feed-

back.
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Example 8.9^ —
Calculate the voltage gain of the circuit shown in Fig. 8.49(a).

Chap. 8 Feedback

Figure 8.49

Solution

What type of feedback is used in this circuit? Resistor RF senses the output voltage and returns a

proportional current to node X. Thus, the feedback can be considered as the voltage-current type.

However, in the general representation of Fig. 8.46(a), the input signal is a current quantity, whereas

in this example, it is a voltage quantity. For this reason, we replace Vi n and Rs by a Norton equivalent

[Fig. 8.49(b)! and view Rs as the input resistance of the main amplifier. Opening the loop according

to Fig. 8.48 and neglecting channel-length modulation, we write the open-loop gain from Fig. 8.49(c)

as

*6
,
open —

v„u ,

>n
open

— (/?S ||
/?/r)gm (^/HI^D)>

(8 .68
)

(8.69)

where 1^ - Vin/Rs . We also calculate the loop gain as Y2 \ Ro,open- From (8.48), T2 i
— l2/V\ with

V2 = 0, and since the feedback network consists of only RF ,
we have y2 i

= -1 /RF . Thus, the

circuit of Fig. 8.49(a) exhibits a voltage gain of

^ = ~~(Rs II RF)§m{RF II
Rp)

Vin RS ’ l+gm(RF\\RD)Rs/(Rs + RF)'
‘ 0

Interestingly, if RF is replaced by a capacitor, this analysis does not yield a zero in the transfer function

because we have neglected the reverse transmission of the feedback network (from the output of the

feedback network to its input.) The input and output impedances of the circuit are also interesting to

calculate. This is left as an exercise for the reader. The reader is also encouraged to apply this solution

to the circuit of Fig. 8.3(b).
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8.3.5 Loading in Current-Current Feedback

Fig. 8.50(a) depicts a current-current feedback system with the feedback network repre-

sented by an H model. Neglecting the effect of //12 V2 compared to the forward gain of the

amplifier and drawing the circuit as in Fig. 8.50(b), we write

(hn - H2,Iout )

H
x

22 A,
Z°“'

= (8.71)

“22 “b Zin “11 ‘ ^out

It follows that

H
22 Zout

f^22 H“ Z[n ^11 H" Z0U f

1 + Ai
Zou,

H
22 + Zi n + Zout

Figure 8.50 Current-current feedback circuit with (a) feedback net

work represented by an H model and (b) simplified H model.
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We can thus define the loaded open-loop gain as

-i

^ - ?22^ I,open —
j

Jout

H
22

l + Zin H11 + Z,£>«/
(8.73)

concluding that the feedback network introduces current division at both the input and the

output of the system (Fig. 8.51). Note that H22 and Hu are measured with the input and the

Figure 8.51 Current-current feed-

back circuit with proper loading of

feedback network.

output ports of the feedback network open and shorted, respectively (Fig. 8.52). The loop

gain is obtained as Hlx A I open .

Figure 8.52 Conceptual view of

including loading in current-current

feedback.

Example 8.10 —
Calculate the open-loop and closed-loop gains of the circuit shown in Fig. 8.53(a).

(a) (b)

Figure 8.53



Sec. 8.3 Effect of Loading 283

Solution

In this circuit, Rs and Rf sense the output current and return a fraction thereof to the input. Breaking

the loop according to Fig. 8.52, we arrive at the circuit in Fig. 8.53(b), where we have

A,,open = ~(Rf + Rs)8mlR° Rs]\RF + X/gm2
(8J4)

The loop gain is given by H2\A^open ,
where, from (8.50), Hi\ = hih with V2 = 0. For the feedback

network consisting of Rs and Rf, we have H21 = —Rs/(Rs + ^f)- The closed-loop gain equals

A^ open /(l + H2\A[
i0pen ).

8.3.6 Summary of Loading Effects

The results of our study of loading are summarized in Fig. 8.54. The analysis is carried

out in three steps: (1) open the loop with proper loading and calculate the open-loop gain,

A 0l, and the open-loop input and output impedances; (2) determine the feedback ratio, fi,

and hence the loop gain, fiAoL, (3) calculate the closed-loop gain and input and output

impedances by scaling the open-loop values by a factor of 1 4- PAql- Note that in the

equations defining the subscripts 1 and 2 refer to the input and output ports of the

feedback network, respectively.

In this chapter, we have described two methods ofobtaining the loop gain: ( 1 ) by breaking

the loop at an arbitrary point as shown in Fig. 8.5 and (2) by calculating A 0 l and as

illustrated in Fig. 8.54. The two methods may yield slightly different results because the

(c) (d)

Figure 8.54 Summary of loading effects.
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latter neglects the reverse transmission through the feedback network. However, the first

method may be difficult to apply if loading effects must be taken into account because, if

the loop can be broken at an arbitrary point, then the actual input and output ports of the

overall system are unknown and the type of feedback unimportant. Fox example, the loop
gain of the circuit of Fig. 8.53(a) does not depend on whether the output of interest is Iout
or VY . In other words, since the first method does not distinguish between different types
of feedback, it generally cannot utilize the loading calculations depicted in Fig. 8.54. For
this reason, the second method is preferable.

We should also mention that some feedback circuits do not fall under any of the four
types studied in this chapter because we have restricted our attention to cases where the

mtereSt iS directly sensed by the Redback network. For example, if Iout in Fig
8.53(a) flows through a resistor tied from the drain ofM2 to VDD , then the resulting voltage
is not inside the feedback loop. These cases are usually analyzed individually.

8.4 Effect of Feedback on Noise

Feedback does not improve the noise performance ofcircuits. Let us first consider the simple
case illustrated m Fig. 8.55(a), where the open-loop voltage amplifier A, is characterized

'OUt

Figure 8.55 Feedback around a noisy circuit.

'out

(b)

by only an input-referred noise voltage and the feedback network is noiseless. We have
pVout + Vn )Ai — Vout and hence

Vout — (Vin + Vn )-

i +JX[- <8 -75)

Thus, the circuit can be simplified as shown in Fig. 8.55(b), revealing that the input-refeired
noise of the overall circuit is still equal to Vn . This analysis can be extended to all four
feedback topologies to prove that the input-referred noise voltage and cuirent remain the
same if the feedback network introduces no noise. In practice, the feedback network itselfmay contain resistors or transistors, degrading the overall noise performance

JLh7TTT°l

!
th3t in Fig ‘ 8 ‘55(a) thC °Utput of interest is the as the quantity

sensed by the feedback network. This need not always be the case. For example, in the
circuit of Fig 8.56, the output is provided at the drain of M, whereas the feedback network
senses the voltage at the source ofM

x . I„ such cases, the input-refeired noise of the closed-
loop circuit may not be equal to that of the open-loop circuit even if the feedback network
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Figure 8.56 Noisy circuit with feed-

back sensing the source voltage.

is noiseless. As an example, let us consider the topology of Fig. 8.56 and, for simplicity,

take only the noise of RD , Vn ^RD ,
into account. The reader can prove that the closed-loop

voltage gain is equal to -Aigm RD /[l + (l + A\)gm Rs ] and hence the input-referred noise

voltage due to Rd is

Vn,in,closed —
|V„,

T

n,RD I J_

1 &D _gn
h (1 + A\)RS (8.76)

For the open-loop circuit, on the other hand, the input-referred noise is

|VB
,
RD\

open
\

1

+ Rs
A\Rd L go

Interestingly, as A\ -* oo,
\

Vn
-

in
,
ciosed\ -» W^rd^s/Rd whereas

\

VnM%open\

(8.77)

0 .

Problems

Unless otherwise stated, in the following problems, use the device data shown in Table 2. 1 and assume

Vdd = 3 V where necessary. Also, assume all transistors are in saturation.

8. 1 . Consider the circuit of Fig. 8.3(b), assuming I\ is ideal and gm \r0 \
cannot exceed 50. If a gain

error of less than 5% is required, what is the maximum closed-loop voltage gain that can be

achieved by this topology? What is the low-frequency closed-loop output impedance under this

condition?

8.2 . In the circuit of Fig. 8.7(a), assume (W/L)
]
= 50/0.5, {W/L)2 = 100/0.5, iJ/) = 2kH, and

C2 = Ci . Neglecting channel-length modulation and body effect, determine the bias current

of M\ and M2 such that the input resistance at low frequencies is equal to 50 Q.

8.3. Calculate the output impedance of the circuit shown in Fig. 8.8(a) at relatively low frequencies

if Rp is replaced by an ideal current source.

8 .4 . Consider the example illustrated in Fig. 8. 1 0. Suppose an overall voltage gain of 500 is required

with maximum bandwidth. How many stages with what gain per stage must be placed in a

cascade? (Hint: first find the 3-dB bandwidth of a cascade of n identical stages in terms of that

of each stage.)

8 .5 . If in Fig. 8.18(b), amplifier Ao exhibits an output impedance of Rq, calculate the closed-loop

voltage gain and output impedance, taking into account loading effects.



286 Chap. 8 Feedback

8.6. Consider the circuit of Fig. 8.21(a), assuming (W/T)u = 50/0.5 and {W/L)

=

100/0.5,

If Iss = 1 mA, what is the maximum closed-loop voltage gain that can be achieved if the gain

error is to remain below 5%?

8 .7 . The circuit of Fig. 8.36 can operate as a transimpedance amplifier if Iout flows through a

resistor, Ro2 , connected to Vdd, producing an output voltage. Replacing R$ with an ideal

current source and assuming X = y
—

0, calculate the transimpedance of the resulting circuit.

Also, calculate the input-referred noise current per unit bandwidth.

8.8. For the circuit of Fig. 8.38(a), calculate the closed-loop gain without neglecting G nh- Prove

that this term can be neglected if Gn < AoZin/Zout .

8 .9. Calculate the loop gain of the circuit in Fig. 8.41 by breaking the loop at node X. Why is this

result somewhat different from G 2iA Vj0pen ?

8 .10 . Using feedback techniques, calculate the input and output impedance and voltage gain of each

circuit in Fig. 8.57.

8.11 . Using feedback techniques, calculate the input and output impedances of each circuit it

Fig. 8.58.

8.12. Consider the circuit of Fig. 8.41(a), assuming {W/L)
1 = (W/L)2 = 50/0.5, X = y = 0, anc

each resistor is equal to 2 k£2. If /jD2 = 1 mA, what is the bias current of M\ ? What value 0

Vin gives such a current? Calculate the overall voltage gain.
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II 0 xto x=o

(a) (b) (c)

Figure 8.58

8 .13. Suppose the amplifier of the circuit shown in Fig. 8.18 has an open-loop transfer function

Ao/( 1 + s

/

gjo) and an output resistance Rq. Calculate the output impedance of the closed-loop

circuit and plot the magnitude as a function of frequency. Explain the behavior.

8 .14. Calculate the input-referred noise voltage of the circuit shown in Fig. 8.21(a) at relatively low

frequencies.

8 .15 . A differential pair with current-source loads can be represented as in Fig. 8.59(a), where

Rq = roN Wo P and rgn and ro

p

denote the output resistance of NMOS and PMOS devices,

respectively. Consider the circuit shown in Fig. 8.59(b), where Gm i
and Gm2 are placed in a

negative feedback loop.

Figure 8.59
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(a) Neglecting all other capacitances, derive an expression for Zin . Sketch \Zin \

versus fre-

quency.

(b) Explain intuitively the behavior observed in part (a).

(c) Calculate the input-referred thermal noise voltage and current in terms of the input-referred

noise voltage each Gm stage.

8.16. In the circuit of Fig. 8.60, (W/L) i_ 3 = 50/0.5, lm = \ID2 \

= \ID3 \

= 0.5 mA, and

RS i
= Rf = Rd

2

= 3 k<2.

(a) Determine the input bias voltage required to establish the above currents.

(b) Calculate the closed-loop voltage gain and output resistance.

8.17. The circuit of Fig. 8.60 can be modified as shown in Fig. 8.61, where a source follower, M,4 ,
is

inserted in the feedback loop. Note that M\ and M4 can also be viewed as a differential pair.

Assume (W/ZO 1-4 = 50/0.5, Id = 0.5 mA, for all transistors Rsi = Rf — Rd2 = 3kft
t

and Vb2 = 1 .5 V. Calculate the closed-loop voltage gain and output resistance and compare the

results with those obtained in Problem 8.16(b).

^n0—IC

out

Figure 8.60

Figure 8.61

8.18. Consider the circuit of Fig. 8.62, where (W/L) 1-4 = 50/0.5, \Idi-a\ = 0.5 mA and Ri =

3 kQ.

(a) For what range of R\ are the above currents established while M2 remains in saturation?

What is the corresponding range of V/„?

(b) Calculate the closed-loop gain and output impedance for R\ in the middle of the range

obtained in part (a).

8.19. In the circuit of Fig. 8.63, suppose all resistors are equal to 2 kft and gm i = gm 2 = 1 /(200 fi).

Assuming X = y = 0, calculate the closed-loop gain and output impedance.
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Figure 8.62

Figure 8.63

8 .20 . A CMOS inverter can be used as an amplifier with or without feedback (Fig. 8.64). Assume

(W/L)i ,2 = 50/0.5, R\ = 1 kQ
y Ri = 10 kQ, and the dc levels of and Vout are equal.

(a) Calculate the voltage gain and the output impedance of each circuit.

(b) Calculate the sensitivity of each circuit’s output with respect to the supply voltage. That is,

calculate the small-signal “gain” from Vdd to Vout . Which circuit exhibits less sensitivity?

(a) (b)

Figure 8.64

8 .21 . Calculate the input-referred thermal noise voltage of the circuits shown in Fig. 8.64.
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8.22. The circuit shown in Fig. 8.65 employs positive feedback to produce a negative input capaci-

tance. Using feedback analysis techniques, determine Zin and identify the negative capacitance

component. Assume X = y = 0.

Figure 8.65

8.23. In the circuit of Fig. 8.66, assume X — 0, gm i,2
= 1/(200 Q), R\-3 = 2 k£2, and C\ = IOC

pF. Neglecting other capacitances, estimate the closed-loop voltage gain at very low and verj

high frequencies.

Figure 8.66



Chapter 9

Operational Amplifiers

Operational amplifiers (op amps) are an integral part of many analog and mixed-signal

systems. Op amps with vastly different levels of complexity are used to realize functions

ranging from dc bias generation to high-speed amplification or filtering. The design of op

amps continues to pose a challenge as the supply voltage and transistor channel lengths

scale down with each generation of CMOS technologies.

This chapter deals with the analysis and design ofCMOS op amps. Following a review of

performance parameters, we describe simple op amps such as telescopic and folded cascode

topologies. Next, we study two-stage and gain-boosting configurations and the problem of

common-mode feedback. Finally, we introduce the concept of slew rate and analyze the

effect of supply rejection and noise in op amps.

9.1 General Considerations

We loosely define an op amp as a “high-gain differential amplifier.” By “high,” we mean a

value that is adequate for the application, typically in the range of 10
1

to 105
. Since op

amps are usually employed to implement a feedback system, their open-loop gain is chosen

according to the precision required of the closed-loop circuit.

Up to two decades ago, most op amps were designed to serve as “general-purpose”

building blocks, satisfying the requirements of many different applications. Such efforts

sought to create an “ideal” op amp, e.g., with very high voltage gain (several hundred

thousand), high input impedance, and low output impedance, but at the cost of many other

aspects of the performance, e.g., speed, output voltage swings, and power dissipation.

By contrast, today’s op amp design proceeds with the recognition that the trade-offs

between the parameters eventually require a multi-dimensional compromise in the overall

implementation, making it necessary to know the adequate value that must be achieved for

each parameter. For example, if the speed is critical while the gain error is not, a topology

is chosen that favors the former, possibly sacrificing the latter.

9.1.1 Performance Parameters

In this section, we describe a number of op amp design parameters, providing an

understanding of why and where each may become important. For this discussion, we

291
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Figure 9.1 Cascode op amp.

consider the differential cascode circuit shown in Fig. 9.1 as a representative op amp

design.
1 The voltages V^-Vm are generated by the current mirror techniques described

in Chapter 5.

Gain The open-loop gain of an op amp determines the precision of the feedback system

employing the op amp. As mentioned before, the required gain may vary by four orders

of magnitude according to the application. Trading with such parameters as speed and

output voltage swings, the minimum required gain must therefore be known. As explained

in Chapter 13, a high open-loop gain may also be necessary to suppress nonlinearity.

Example 9.1 —-

The circuit of Fig. 9.2 is designed for a nominal gain of 10, i.e., 1 + R\/Ri = 10. Determine the

minimum value of A\ for a gain error of 1 %.

Figure 9.2

1

Since op amps of this type have a high output resistance, they are sometimes called “operational transcon

ductance amplifiers” (OTAs). In the limit, the circuit can be represented by a single voltage-dependent curren

source and called a “Gm stage.”
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Solution

The closed-loop gain is obtained from Chapter 8 as:

V(Mt_

Vin
1 +

M
——— Aj

R\ +R2

Ri

M
R\ + Ri

Ri
+ Ai

Predicting that A\ > 10, we approximate (9.2) as:

^ * A + *)(!_* + **

±

Vin V *2/\ RZ A,

(9.1)

(9.2)

(9.3)

The term (/?i + R2)/{R2M) = (1 + R\/R2)/A\ represents the relative gain error. To achieve a gain

error less than 1%, we must have A\ > 1000.

It is instructive to compare the circuit of Fig. 9.2 with an open-loop implementation

such as that in Fig. 9.3. While it is possible to obtain a nominal gain of gm RD - 10 by

a common-source stage, it is extremely difficult to guarantee an error less than 1%. The

variations in the mobility and gate oxide thickness of the transistor and the value of the

resistor typically yield an error greater than 20%.

^in
0—

‘'out

Figure 9.3 Simple common-source

stage.

Small-Signal Bandwidth The high-frequency behavior of op amps plays a critical role

in many applications. For example, as the frequency of operation increases, the open-loop

gain begins to drop (Fig. 9.4), creating larger errors in the feedback system. The small-signal

bandwidth is usually defined as the “unity-gain” frequency, /„, which exceeds 1 GHz in

f u f (log axis)
Figure 9.4 Gain roll-off with fre-

quency.
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today’s CMOS op amps. The 3-dB frequency, /3_dB> may also be specified to allow easie

prediction of the closed-loop frequency response.

Example 9.2

In the circuit of Fig. 9.5, assume the op amp is a single-pole voltage amplifier. If Vin is a small step

calculate the time required for the output voltage to reach within 1% of its final value. What unity-gai

bandwidth must the op amp provide if 1 + R\/Ri ^ 10 and the settling time is to be less than 5 ns

For simplicity, assume the low-frequency gain is much greater than unity.

Solution

Since

(vm -V0Ut
-

we have

Vouf / \ _
V

~
v in

Ri

R\ +R2

A(s)=Vout ,

A(s)

1 + „ „ Ms)
R

i +

(9;

(9.

For a one-pole system, A(s) = Ao/(l 4- s/coq), where coq is the 3-dB bandwidth and Ao^o tl

unity-gain bandwidth. Thus,

Vn .

<s) =
/?2 S

1 +
Z> I D "•

R\ + «2 m

l +

(9.

(9.

1 +
*2

Aq m
R

i -F R2

indicating that the closed-loop amplifier is also a one-pole system with a time constant equal to

1

r —

1 +
R2

R
1 + R2

(9.

Ao OJQ
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Recognizing that the quantity RiAq!(R\ + R2 ) is the low-frequency loop gain and usually much

greater than unity, we have

The output step response for V/ B — au(t) can now be expressed as

Voui(t) « a ^1 +^ ^1
- exp

-pj
u(t), (9.10)

with the final value Vp & a( 1 + R 1 /R2 ). For 1% settling, Vout = 0.99 Vp and hence

1 — exp = 0.99, (9.11)

yielding t\% = r In 100 & 4.6r. For a 1% settling of 5 ns, t % 1.09 ns, and from (9.9), Aocuo =

(1 + R\/R2)/t = 9.21 Grad/s (1.47 GHz).

The key point in the above example is that the required bandwidth depends on both the

settling accuracy and the closed-loop gain that must be provided.

Large-Signal Bandwidth In many of today’s applications, op amps must operate with

large transient signals. Under these conditions, nonlinear phenomena make it difficult to

characterize the speed by merely small-signal properties such as the open-loop response

shown in Fig. 9.4. As an example, suppose the feedback circuit of Fig. 9.5 incorporates a

realistic op amp (i.e., with finite output impedance) while driving a large load capacitance.

How does the circuit behave if we apply a 1-V step at the input? Since the output voltage

cannot change instantaneously, the voltage difference sensed by the op amp itself at t > 0 is

equal to 1 V. Such a large difference momentarily drives the op amp into a nonlinear region

of operation. (Otherwise, with an open-loop gain of, say, 1000, the op amp would produce

1000 V at the output.)

As explained in Section 9.8, the large-signal behavior is usually quite complex, mandating

careful simulations.

Output Swing Most systems employing op amps require large voltage swings to ac-

commodate a wide range of signal amplitudes. For example, a high-quality microphone that

senses the music produced by an orchestra may generate instantaneous voltages that vary

by more than four orders of magnitude, demanding that subsequent amplifiers and filters

handle large swings (and/or achieve a low noise).

The need for large output swings has made fully differential op amps quite popular.

- Similar to the circuits described in Chapter 4, such op amps generate “complementary”

outputs, roughly doubling the available swing. Nonetheless, as mentioned in Chapters 3

and 4 and explained later in this chapter, the maximum voltage swing trades with device

size and bias currents and hence speed. Achieving large swings is the principal challenge

in today’s op amp design.
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Linearity Open-loop op amps suffer from substantial nonlinearity. In the circuit i

Fig. 9.1, for example, the input pair Mi-M2 exhibits a nonlinear relationship betwec

its differential drain current and input voltage. As explained in Chapter 13, the issue <

nonlinearity is tackled by two approaches: using fully differential implementations to su

press even-order harmonics and allowing sufficient open-loop gain such that the closed-loc

feedback system achieves adequate linearity. It is interesting to note that in many feedba<

circuits, the linearity requirement, rather than the gain error requirement, governs the choii

of the open-loop gain.

Noise and Offset The input noise and offset of op amps determine the minimum sign

level that can be processed with reasonable quality. In a typical op amp topology, sevei

devices contribute noise and offset, necessitating large dimensions or bias currents. F

example, in the circuit of Fig. 9.1, Mi-M2 and M7-M8 contribute the most.

We should also recognize a trade-off between noise and output swing . For a given bi

current, as the overdrive voltage ofM7 and M8 in Fig. 9. 1 is lowered to allow larger swin

at the output, their transconductance increases and so does their drain noise current.

Supply Rejection Op amps are often employed in mixed-signal systems and sometim

connected to noisy digital supply lines. Thus, the performance of op amps in the presen

of supply noise, especially as the noise frequency increases, is quite important. For tl

reason, fully differential topologies are preferred.

9.2 One-Stage Op Amps

All of the differential amplifiers studied in Chapters 4 and 5 can be considered as

amps. Fig. 9.6 shows two such topologies with single-ended and differential outputs. T

small-signal, low-frequency gain of both circuits is equal to gmN(rON\\rop)> where t

subscripts N and P denote NMOS and PMOS, respectively. This value hardly exceeds

in submicron devices with typical current levels. The bandwidth is usually determined by 1

load capacitance, Cl. Note that the circuit of Fig. 9.6(a) exhibits a mirror pole (Chapter

Figure 9.6 Simple op amp topologies.
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whereas that of Fig. 9.6(b) does not, a critical difference in terms of the stability of feedback

systems using these topologies (Chapter 10).

The circuits of Fig. 9,6 suffer from noise contributions of M
1
-M4 , as calculated in

Chapter 7. Interestingly, in all op amp topologies, at least four devices contribute to the

input noise: two input transistors and two “load” transistors.

Example 9.3

Calculate the input common-mode voltage range and the closed-loop output impedance of the unity-

gain buffer depicted in Fig. 9.7.

Figure 9.7

Solution

The minimum allowable input voltage is equal to Vcss + Fgsi> where Vcss is the voltage re-

quired across the current source. The maximum voltage is given by the level that places M\ at

the edge of the triode region: V
x n ,max = Vdd —

|Vgs3I + Vthi For example, if each device

(including the current source) has a threshold voltage of 0.7 V and an overdrive of 0.3 V, then

Vin,min = 0.3 + 0.3 + 0.7 = 1.3 V and = 3 - (0.3 + 0.7) + 0.7 = 2.7 V. Thus, the input

CM range equals 1 .4 V with a 3-V supply.

Since the circuit employs voltage feedback at the output, the output impedance is equal to the open-

loop value, r0 p\\r0N , divided by one plus the loop gain, 1 + gmN(rop\\roN)- In other words, for

large open-loop gain, the closed-loop output impedance is approximately equal to (ro

p

I\roN)/lgmN

(r0/>lkov)] = 1 /gmN-

It is interesting to note that the closed-loop output impedance is relatively independent of the

open-loop output impedance. This is an important observation, allowing us to design high-gain op

amps by increasing the open-loop output impedance while still achieving a relatively low closed-loop

output impedance.

In order to achieve a high gain, the differential cascode topologies of Chapters 4 and 5

can be used. Shown in Figs. 9.8(a) and (b) for single-ended and differential output gener-

ation, respectively, such circuits display a gain on the order of gmN[{gmNr
2

ON )\\{gm pr
2

OP )],

but at the cost of output swing and additional poles. These configurations are also called

“telescopic” cascode op amps to distinguish them from another cascode op amp described

below. The circuit providing a single-ended output suffers from a mirror pole at node X,

creating stability issues (Chapter 10).
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(a) (b)

Figure 9.8 Cascode op amps.

As calculated in Chapter 4 ,
the output swings of telescopic op amps are relatively limited.

In the fully differential version of Fig. 9.8(b), for example, the output swing is given by

2[Vod — (Fodi + Vod3 + Vcss T-
I
Vod5 I

+ I

^0 D7 l)]i where VoDj denotes the overdrive

voltage of Mj .

Another drawback of telescopic cascodes is the difficulty in shorting their inputs and

outputs, e.g., to implement a unity-gain buffer similar to the circuit of Fig. 9.7. To under-

stand the issue, let us consider the unity-gain feedback topology shown in Fig. 9.9. Under

what conditions are both M2 and M4 in saturation? We must have Vout < V* + Vthi and

Figure 9.9 Cascode op amp with input and output shorted.
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Vout > Vb — Vth4- Since Vx = Vb — Vcs4> Vb — Vjha < Vout S Vb — Vgs4 + Vthi-

Depicted in Fig. 9.9, this voltage range is simply equal to Vmax - Vmin = VTm ~ (VG54 -
Vim), maximized by minimizing the overdrive ofM4 but always less than VTH2 .

Example 9.4 - - - - - — -

For the circuit of Fig. 9.9, explain in which region each transistor operates as V)n varies from below

Vb — Vth4 to above Vb — Vgs4 + Vth2 -

Solution

Since the op amp attempts to force Vout to be equal to V -

Ul ,
for V(n < Vb-VjHA, we have Vout % Vin

and M4 is in the triode region while other transistors are saturated. Under this condition, the open-loop

gain of the op amp is reduced.

As Vi n and hence Vout exceed Vb — Vjh4 >
M4 enters saturation and the open-loop gain reaches

a maximum. For Vb — Vjha < Vin < Vb ~ (Fgs4 — VV//2)» both M2 and M4 are saturated and for

Vin > Vb - ( Vgs4 _ Vthi\ M2 and M\ enter the triode region, degrading the gain.

While a cascode op amp is rarely used as a unity-gain buffer, some other topologies such

as the switched-capacitor circuits of Chapter 12 require that the input and output of the op

amp be shorted for part of the operation period.

At this point, the reader may wonder how exactly we design an op amp. With so many
devices and performance parameters, it may not be clear where the starting point is and how
the numbers are chosen. Indeed, the actual design methodology of an op amp somewhat

depends on the specifications that the circuit must meet. For example, a high-gain op amp
may be designed quite differently from a low-noise op amp. Nevertheless, in most cases,

some aspects of the performance, e.g., output voltage swings and open-loop gain, are of

primary concern, pointing to a specific design procedure. The following example illustrates

these ideas.

Example 9.5

Design a fully differential telescopic op amp with the following specifications: Vqd = 3 V, differential

output swing = 3 V, power dissipation = 10 mW, voltage gain = 2000. Assume iin C0X — 60 /xA/V2
,

/rpCox — 30 biAJV2 ,
Xn - 0.1 V- 1

,
Xp — 0.2 V

”
1

(for an effective channel length of 0.5 (im)
y

Y = 0
, Vthn -

I VjhpI — 0.7 V.

Solution

Fig. 9.10 shows the op amp topology along with two current mirrors defining the drain currents of

M7-M9 . We begin with the power budget, allocating 3 mA to M9 and the remaining 330 fxA to Mb\
and Mbi • Thus, each cascode branch of the op amp carries a current of 1.5 mA. Next, we consider

the required output swings. Each of nodes X and Y must be able to swing by 1.5 V without driving

MyMb into the triode region. With a 3-V supply, therefore, the total voltage available for Mg and

each cascode branch is equal to 1 .5 V, i.e.,
I

V0di \ +

1

Vo D5 1
+ Vod3 + V0 d\ + Vod9 = 1 -5 V. Since

Mg carries the largest current, we choose Vod9 ^ 0.5 Y, leaving 1 V for the four transistors in the

cascode. Moreover, since MyM% suffer from low mobility, we allocate an overdrive of approximately

300 mV to each, obtaining 400 mV for Vqd 1 + Vqdz • As an initial guess, Vqdi = Vqd3 = 200 mV.
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Figure 9.10

With the bias current and overdrive voltage of each transistor known, we can easily determine

the aspect ratios from ID = (\/2){jlC0X (W/L)(VGs ~ Vth )

2
. To minimize the device capacitances,

we choose the minimum length for each transistor, obtaining a corresponding width. We then have

(W/L)!_4 = 1250,(W/L)5_8 - 1111,(W/L)9 =400.

The design has thus far satisfied the swing, power dissipation, and supply voltage specifications

But, how about the gain? Using A v
n gm l[(gm3ro3roi)\\(gm5ro5roi)] and assuming minimuir

channel length for all of the transistors, we have A v = 1416, quite lower than the required value.

In order to increase the gain, we recognize that gm ro = V^Cox(W/L)Id/(XId) Now, recal

that k a 1/L, and hence gm ro oc yj

W

lJTq

.

We can therefore increase the width or length o:

decrease the bias current of the transistors. In practice, speed or noise requirements may dictate th<

bias current, leaving only the dimensions as the variables. Of course, the width of each transistor mus

at least scale with its length so as to maintain a constant overdrive voltage.

Which transistors in the circuit of Fig. 9.10 should be made longer? Since M\-M$ appear in thi

signal path, it is desirable to keep their capacitances to a minimum. The PMOS devices, MyM%, 01

the other hand, affect the signal to a much lesser extent and can therefore have larger dimensions.

Doubling the (effective) length and width ofeach ofthese transistors in fact doubles their gm r0 becaus

gm remains constant while ro increases by a factor of 2. Choosing (W/L)s-8 = 1111 Mm/ 1 -9 an '

hence kp = 0. 1 V-1
,
we obtain A v & 4000. Thus, the PMOS dimensions can be somewhat smalle:

Note that with such large dimensions for PMOS transistors, we may revisit our earlier distribution c

the overdrive voltages, possibly reducing that of Mg by 100 to 200 mV and allocating more to th

PMOS devices.

In the op amp of Fig. 9.10, the inputCM level and the bias voltages Vb\ and V#i must be chosen s

as to allow maximum output swings. The minimum allowable inputCM level equals Vgsi + Vom :

Vthi + Vodi + To09 = 1-4 V. The minimum value of Vb\ is given by VGS3 + Vodi + Vod9~^-

V, placing M\ -Mi at the edge of the triode region. Similarly, Vbi,max = Vdd~~ (I Vgss I + 1 Vodi I)
:

1.7 V. In practice, some margin must be included in the value of Vm and Vbi to allow for proces

variations. Also, the increase in the threshold voltages due to body effect must be taken into accoun

2
This point is studied in Chapter 10.



Sec. 9.2 One-Stage Op Amps 301

In order to alleviate the drawbacks of telescopic cascode op amps, namely, limited

output swings and difficulty in shorting the input and output, a “folded cascode” op amp
can be used. As described in Chapter 3 and illustrated in Fig. 9.1 1, in an NMOS or PMOS
cascode amplifier, the input device is replaced by the opposite type while still converting the

(a)

Figure 9.1 1 Folded cascode circuits.

input voltage to a current. In the four circuits shown in Fig. 9.11, the small-signal current

generated by M\ flows through Mi and subsequently the load, producing an output voltage

approximately equal to gm\Rou t Vin- The primary advantage of the folded structure lies in

the choice of the voltage levels because it does not “stack” the cascode transistor on top of

the input device. We will return to this point later.

The folding idea depicted in Fig. 9.11 can easily be applied to differential pairs and

hence operational amplifiers as well. Shown in Fig. 9.12, the resulting circuit replaces

the input NMOS pair with a PMOS counterpart. Note two important differences between

the two circuits. (1) In Fig. 9.12(a), one bias current, ISs ,
provides the drain current of

both the input transistors and the cascode devices, whereas in Fig. 9.12(b) the input pair

requires an additional bias current. In other words, ISsi — hs/^ + hs* Thus, the folded-

cascode configuration generally consumes higher power. (2) In Fig. 9.12(a), the input CM
level cannot exceed VM - VGs3 + Vthu whereas in Fig. 9.12(b), it cannot be less than

Vbi - VGs3 + I
Vthp |. It is therefore possible to design the latter to allow shorting its input

and output terminals with negligible swing limitation. This is in contrast to the behavior
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(a) (b)

Figure 9.1 2 Folded cascode op amp topology.

depicted in Fig. 9.9. In Fig. 9.12(b), it is possible to tie the w-well of M\ and M2 to their

common source point. We return to this idea in Chapters 13 and 18.

Let us now calculate the maximum output voltage swing of the folded-cascode op amp

shown in Fig. 9.13, where M5 -M\q replace the ideal current sources of Fig. 9.12(b). With

proper choice of Vm and the lower end of the swing is given by V0 d3 + Vods and the

upper end by VDD - ( |
V0di I + I

Vo

D

9 1

)• Thus, the peak-to-peak swing on each side is equal

to VDD - (V0D3 + VoD5 + \Vodi\ + \Vom\y In the telescopic cascode of Fig. 9.12(a),

on the other hand, the swing is less by the overdrive of the tail current source. We should

nonetheless note that, carrying a large current, M5 and M6 in Fig. 9.13 may require a high

overdrive voltage if their capacitance contribution to nodes X and Y is to be minimized.

Figure 9.13 Folded cascode op amp with cascode PMOS
loads.
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We now determine the small-signal voltage gain of the folded-cascode op amp of

Fig. 9.13. Using the half circuit depicted in Fig. 9.14(a) and writing \A V \

= Gm R0Ut ,

we must calculate Gm and Rout . As shown in Fig. 9.14(b), the output short-circuit current

is approximately equal to the drain current of M\ because the impedance seen looking into

the source ofM3 ,
that is, (gm3 + gmb3

)~ l

lko 3 , is typically much lower than r0 1 ||ros- Thus,

Gm to gm\. To calculate RouU we use Fig. 9.14(c), with R0 p to
(gmi + gnbiYoiro9 , to

write Rout « R0 p \\[(gm3 + gmb3)ro 3 (r0 \
||r05 )]. It follows that

|A„| & gmAKgml + gmb3>)ro3(roi\\r05)]\\[(gmi + gmbi)roiro9l}- (9.12)

How does this value compare with the gain of a telescopic op amp? For comparable

device dimensions and bias currents, the PMOS input differential pair exhibits a lower

transconductance than does an NMOS pair. Furthermore, r0 1
and r05 appear in parallel,

(b) (c)

Figure 9.1 4 (a) Half circuit of folded cascode op amp, (b) equivalent circuit with output

shorted to ground, (c) equivalent circuit with output open.
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reducing the output impedance, especially becauseM5 carries the currents of both the input

device and the cascode branch. As a consequence, the gain in (9.12) is usually two to three

times lower than that of a comparable telescopic cascode.

It is also worth noting that the pole at the “folding point/’ i.e., the sources of M3 and

M4, is quite closer to the origin than that associated with the source of cascode devices

in a telescopic topology. In Fig. 9.15(a), Ctot arises from Cg$3 , C553 , Cdb\, and Cgdi-

Figure 9.1 5 Effect of device capacitance on the nondominant pole in telescopic and folded-

cascode op amps.

By contrast, in Fig. 9.15(b), Ctot contains additional contributions due to Cgds and Cdbs,

typically significant components because M5 must be wide enough to carry a large current

with a small overdrive.

A folded-cascode op amp may incorporate NMOS input devices and PMOS cascode

transistors. Illustrated in Fig. 9. 16, such a circuit potentially provides a higher gain than the

op amp of Fig. 9.13 because of the greater mobility of NMOS devices, but at the cost of

lowering the pole at the folding point. To understand why, note that the pole at node X is

given by the product of 1 /(gm 3 + gmb3 ) and the total capacitance at this node. The magnitude

of both of these components is relatively high: M3 suffers from a low transconductance and

Figure 9.16 Realization of a folded-cascode op amp.
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Ms contributes substantial capacitance because it must be wide enough to carry the drain

currents of both M
x
and M3 . In fact, for comparable bias currents, M5-M6 in Fig. 9.16 may

be several times wider than M5-M6 in Fig. 9.13.

Our study thus far suggests that the overall voltage swing of a folded-cascode op amp
is only slightly higher than that of a telescopic configuration. This advantage comes at

the cost of higher power dissipation, lower voltage gain, lower pole frequencies, and, as

explained in Section 9.10, higher noise. Nonetheless, folded-cascode op amps are used quite

widely, even more than telescopic topologies, because the inputs and outputs can be shorted

together and the choice of the input common-mode level is easier. In a telescopic op amp,

three voltages must be defined carefully: the input CM level and the gate bias voltages of

the PMOS and NMOS cascode transistors, whereas in folded-cascode configurations only

the latter two are critical.

We now carry out the design of a folded-cascode op amp to reinforce the foregoing

concepts.

Example 9.6

Design a folded-cascode op amp with an NMOS input pair (Fig. 9.16) to satisfy the following

specifications: Vdo — 3 V, differential output swing = 3 V, power dissipation =10 mW, voltage gain

— 2000. Use the same device parameters as in Example 9.5.

Solution

As with the telescopic cascode of the previous example, we begin with the power and swing specifi-

cations. Allocating 1.5 mA to the input pair, 1.5 mA to the two cascode branches, and the remaining

330 \xA to the three current mirrors, we first consider the devices in each cascode branch. Since Ms
and M(y must each carry 1 .5 mA, we allow an overdrive of 500 mV for these transistors so as to keep

their width to a reasonable value. To M3-M4 , we allocate 400 mV and to M7-M10 , 300 mV. Thus,

(W/L)5,6 = 400, (W/L)xa = 313, (W/L)7-10 = 278. Since the minimum and maximum output

levels are equal to 0.6 V and 2.1 V, respectively, the optimum output common-mode level is 1 .35 V.

The minimum dimensions of Mi-M2 are dictated by the minimum input common-mode level,

Vgsi + Vodi 1
• For example, if the input and the output are shorted for part of the operation period

(Fig. 9.17), then Vqsi + Vodu ~ 1-35 V. With Vqdu — 0.4 V as an initial guess, we have Vgsi =

Figure 9.17 Folded-cascode op amp

with input and output shorted.
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0.95 V, obtaining V0D \,2 = 0.95 - 0.7 = 0.25 Y and hence (W/L)u = 400. The maximum

dimensions of M\ and M2 are determined by the tolerable input capacitance and the capacitance at

nodes X and Y in Fig. 9.16.

We now calculate the small-signal gain. Using gm = 2ID/(VGS - VTh\ we have gml2 =

0.006 A/V,gm3 ,4 = 0.0038 A/V, and gml$ = 0.05 A/V. For L = 0.5 /mi, r01>2 = r07-io =

13.3 kQ
, and rosA = 2ros,6 = 6,67 kQ. It follows that the impedance seen looking into the drain of

Mq (or Mg) is equal to 8.8 MQ whereas, owing to the limited intrinsic gain ofM3 (or M4 ), that seen

looking into the drain ofM3 is equal to 66.5 kQ. The overall gain is therefore limited to about 400,

In order to increase the gain, we first observe that ros,6 is quite lower than ro\,i

.

Thus, the length

of Ms-Ms must be increased. Also, the transconductance of Mi-M2 is relatively low and can be

increased by widening these transistors. Finally, we may decide to double the intrinsic gain of M3

and M4 by doubling both their length and width, but at the cost of increasing the capacitance at nodes

X and Y. We leave the exact choice of the device dimensions as an exercise for the reader.

An important property of folded-cascode op amps is the capability of handling input

common-mode levels close to one of the supply rails. In Fig. 9.16, for example, the CM
voltage at the gates of Mi andM2 can be equal to VDD because Vx = VY — VDD - 500 mV.

By the same token, a similar topology using a PMOS input pair can accommodate input

CM levels as low as zero.

Telescopic and folded-cascode op amps can also be designed to provide a single-ended

output. Shown in Fig. 9. 18(a) is an example, where a PMOS cascode current mirror converts

the differential currents of M3 and M4 to a single-ended output voltage. In this implemen-

tation, however, Vx — Vdd ~
I Vgss I

-
I 57 1 ,

limiting the maximum value of Vout to

Vdd —
I Vgss I

—
I
Fgs7 \

+ \Vth6\ and “wasting” one PMOS threshold voltage in the swing

(Chapter 5). To resolve this issue, the PMOS load can be modified as shown in Fig. 9.18(b)

Figure 9.18 Cascode op amps with single-ended output.
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so that M7 and Mg are biased at the edge of the triode region. Similar ideas apply to

folded-cascode op amps as well.

The circuit of Fig. 9.18(a) suffers from two disadvantages with respect to its differ-

ential counterpart in Fig. 9.8(b). First, it provides only half the output voltage swing.

Second, it contains a mirror pole at node X (Chapter 5), thus limiting the speed of feed-

back systems employing such an amplifier. It is therefore preferable to use the differential

topology, although it requires a feedback loop to define the output common-mode level

(Section 9.6).

As a final note, we recognize that to achieve a higher gain, additional cascode devices

can be inserted in each branch. Shown in Fig. 9.19 is a “triple cascode,” providing a gain on

- Figure 9.19 Triple-cascode op amp.

the order of {gm r0f/2 but further limiting the output swings. With six overdrive voltages

subtracted from VDD in this circuit, it is difficult to operate the amplifier from a supply

voltage of 3 V or lower while obtaining reasonable output swings.

9.3 Two-Stage Op Amps

The op amps studied thus far exhibit a “one-stage” nature in that they allow the small-signal

current produced by the input pair to flow directly through the output impedance. The gain

of these topologies is therefore limited to the product of the input pair transconductance

and the output impedance. We have also observed that cascoding in such circuits increases

the gain while limiting the output swings.

In some applications, the gain and/or the output swings provided by cascode op amps

are not adequate. For example, an op amp used in a hearing aid must operate with supply

voltages as low as 0.9 V while delivering single-ended output swings as large as 0.5 V.
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In such cases, we resort to “two-stage” op amps, with the first stage providing a high

gain and the second, large swings (Fig. 9.20). In contrast to cascode op amps, a two-stage

configuration isolates the gain and swing requirements.

High Gain High Swing

'out

Figure 9.20 Two-stage op amp.

Each stage in Fig. 9.20 can incorporate various amplifier topologies studied in previous

sections, but the second stage is typically configured as a simple common-source stage

so as to allow maximum output swings. Fig. 9.21 shows an example, where the first and

second stages exhibit gains equal to gm i, 2^01 , 2 lko3,4 ) and gms^{ro5,6\\ roi,%\ respectively.

The overall gain is therefore comparable with that of a cascode op amp, but the swing at

Vou ti and Vout 2 is equal to VDD - \V0 d5,6\ - Vqdis •

Figure 9.21 Simple implementation of a two-stage op amp.

To obtain a higher gain, the first stage can incorporate cascode devices, as depicted in

Fig. 9.22. With a gain of, say, 10 in the output stage, the voltage swings at X and Y are

quite small, allowing optimization of for higher gain. The overall voltage gain can

be expressed as

^ {gml,2[(gm3,4 + gmb3A)r03,4rOl,l\ II [(gm5,6 + gmb5,6)r05,6r01 ,%]}

x [gm9, 10(^09, 10 Ikon, 12 )]- (9.13)

A two-stage op amp may provide a single-ended output. One method is to convert

the differential currents of the two output stages to a single-ended voltage. Illustrated in

Fig. 9.23, this approach maintains the differential nature of the first stage, using only the

current mirror Mi-M% to generate a single-ended output. Note, however, that if the gate of

M\ is shorted to Vouti to form a unity-gain buffer, then the minimum allowable output level

is equal to Vgs\ + Viss, severely limiting the output swing.
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Figure 9.23 Two-stage op amp with

single-ended output.

Can we cascade more than two stages to achieve a higher gain? As explained in Chapter

1 0, each gain stage introduces at least one pole in the open-loop transfer function, making it

difficult to guarantee stability in a feedback system using such an op amp. For this reason,

op amps having more than two stages are rarely used. Exceptions are described in [1, 2, 3],

9.4 Gain Boosting

The limited gain of one-stage op amps studied in Section 9.2 and the difficulties in using

two-stage op amps at high speeds have motivated extensive work on new topologies. Recall

that in one-stage op amps such as telescopic and folded-cascode topologies the objective is

to maximize the output impedance so as to attain a high voltage gain. The idea behind gain

boosting is to further increase the output impedance without adding more cascode devices.
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^in° I M
1

(a) (b) (c)

Figure 9.24 Increasing the output impedance by feedback.

Consider the simple cascode in Fig. 9.24(a), whose output impedance is given by

Rout = gmifcnrcn- As far as Rout is concerned, M\ operates as a degeneration resistor

[Fig. 9.24(b)], sensing the output current and converting it to a voltage. The observation that

the small-signal voltage produced across r0 1
is proportional to the output current suggests

that this voltage can be subtracted from Vb so as to place M2 in current-voltage feedback,

thereby increasing the output impedance. Illustrated in Fig. 9.24(c), the idea is to drive the

gate ofM2 by an amplifier that forces Vx to be equal to Vb . Thus, voltage variations at the

drain ofM2 now affect Vx to a lesser extent because A
1 “regulates” this voltage. With smaller

variations at X, the current through r0 \
and hence the output current remain more constant

than those in Fig. 9.24(b), yielding a higher output impedance. The reader can prove that

Rout ^ Aigm2rq 2 k01 ) (9.14)

concluding that Rout can be “boosted” substantially without stacking more cascode devices

on top of M2 .

Since for small-signal operation, Vb is set to zero, the circuit can be simplified as shown in

Fig. 9.25(a), with the amplifier possibly implemented as in Fig. 9.25(b). Called a “regulated

cascode,” the overall stage is illustrated in Fig. 9.25(c), exhibiting a gain equal to \A V \

&
8m]{§m2^02^o\){gm 3 ^03 X similar to the gain of a triple cascode. This topology was first

invented in 1976 [4] and applied to boost the gain of op amps in 1989 [5, 6].

Figure 9.25 Gain boosting in cascode stage.
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Before incorporating the technique of Fig. 9.25(c) in an op amp, let us examine the output

voltage swings, in particular, the minimum allowable level. Since Vx — Vgs3 ,
the minimum

value of V0ut is Vodi + Vgs3 >
whereas, in a simple cascode with proper choice of Vqi ,

it

would be V0D2 + Vod\< Thus, the auxiliary amplifier in this case limits the output swing.

We now apply gain boosting to a differential cascode stage, as shown in Fig. 9.26(a).

Since the signals at nodes X and Y are differential, we surmise that the two single-ended gain

boosting amplifiers A\ and A2 can be replaced by one differential amplifier [Fig. 9.26(b)].

Following the topology of Fig. 9.25(c), we implement the differential auxiliary amplifier

as shown in Fig. 9.26(c), but noting that the minimum level at the drain of A/3 is equal to

Vod3 + Vgss + Vissi , where V1Ss2 denotes the voltage required across ISsi- In a simple

differential cascode, on the other hand, the minimum would be approximately one threshold

voltage lower.

The voltage swing limitation in Fig. 9.26(c) results from the fact that the gain-boosting

amplifier incorporates an NMOS differential pair. If nodes X and Y are sensed by a PMOS
pair, the minimum value of Vx and Vy is not dictated by the gain-boosting amplifier. Now

Figure 9.26 Boosting the output impedance of a differential cascode stage.
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Figure 9.27 Folded-cascode circuit used as auxiliary

amplifier.

recall from Section 9.2 that the minimum input CM level of a folded-cascode stage using

a PMOS input pair can be zero. Thus, we employ such a topology for the gain-boosting

amplifier, arriving at the circuit shown in Fig. 9.27. Here, the minimum allowable level of

Vx and is given by V0D\a + Viss\-

Example 9.7 —— _ _ _

Calculate the output impedance of the circuit shown in Fig. 9.27.

Solution

Using the half-circuit concept and replacing the ideal current sources with transistors, we obtain

the equivalent depicted in Fig. 9.28. The voltage gain from X to P is approximately equal to

X

^ln° I

Rout

Auxiliary Amplifier

Figure 9.28
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gmsRoutUWhercRouti « [gm7^07(^09lk05)]|l(^11^011^013).Thus, Rout ^ gm3r03ro\gm5Rout\-

In essence, since the output impedance of a cascode is boosted by a folded-cascode stage, the overall

output impedance is similar to that of a “quadruple” cascode.

Regulated cascodes can also be utilized in the load current sources of a cascode op amp.

Shown in Fig. 9.29(a), such a topology boosts the output impedance of the PMOS current

sources as well, thereby achieving a very high voltage gain. To allow maximum swings at

the output, amplifier A 2 must employ an NMOS input differential pair. Similar ideas apply

to folded-cascode op amps [Fig. 9.29(b)].

Figure 9.29 Gain boosting applied to both signal path and load devices.

Now recall that the premise behind gain boosting is to increase the gain without adding

a second stage or more cascode devices. Does this mean that the op amps of Fig. 9.29

have a one-stage nature? After all, the gain-boosting amplifier introduces its own poles. In

contrast to two-stage op amps, where the entire signal experiences the poles associated with

each stage, in a gain-boosted op amp, most of the signal directly flows through the cascode

devices to the output. Only a small “error” component is processed by the gain-boosting

amplifier and “slowed down
”

9.5 Comparison

Our study of op amps in this chapter has introduced four principal topologies: telescopic

cascode, folded cascode, two-stage op amp, and gain boosting. It is instructive to compare
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Table 9.1 Comparison of performance of various op amp
topologies.

Gain

Output

Swing Speed
Power
Dissipation Noise

Telescopic Medium Medium Highest Low Low

Folded-Cascode Medium Medium High Medium Medium

Two-Stage High Highest Low Medium Low

Gain-Boosted High Medium Medium High Medium

various performance aspects of these circuits to gain a better view of their applicabilit

Table 9. 1 comparatively presents important attributes of each op amp topology. We stuc

the speed differences in Chapter 10.

9.6 Common-Mode Feedback

In this and previous chapters, we have described many advantages of fully differential ci

cuits over their single-ended counterparts. In addition to greater output swings, differenti

op amps avoid mirror poles, thus achieving a higher closed-loop speed. However, high-ga

differential circuits require “common-mode feedback” (CMFB).

To understand the need for CMFB, let us begin with a simple realization of a differenti

amplifier [Fig. 9.30(a)]. In some applications, we short the inputs and outputs for part >

the operation [Fig. 9.30(b)], providing differential negative feedback. The input and outp

common-mode levels in this case are quite well-defined, equal to Vod ~ IssRd/2-

(b)

Figure 9.30 (a) Simple differential pair, (b) circuit with inputs shorted to

outputs.
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Now suppose the load resistors are replaced by PMOS current sources so as to increase

the differential voltage gain [Fig. 9.31(a)]. What is the common-mode level at nodes X

Figure 9.31 (a) High-gain differential pair with inputs shorted to outputs, (b) effect of

current mismatches.

and F? Since each of the input transistors carries a current of ISs!2, the CM level depends

on how close lm and ID4 are to this value. In practice, as exemplified by Fig. 9.31(b),

mismatches in the PMOS and NMOS current mirrors defining ISs and create a finite

error between Id3a and Iss/2. Suppose, for example, that the drain currents of M3 and

M4 in the saturation region are slightly greater than /ss/2. As a result, to satisfy Kirchoff

current law at nodes X and F, both M3 and M4 must enter the triode region so that their

drain currents fall to Iss/2. Conversely, if 7^3,4 < hs/^ then both Vx and Vy must drop

so that M5 enters the triode region, thereby producing only 2/03 ,
4 .

The above difficulties fundamentally arise because in high-gain amplifiers, we wish a

p-type current source to balance an «-type current source. As illustrated in Fig. 9.32, the

difference between IP and IN must flow through the intrinsic output impedance of the

'p®

VDD

/“/P" # N

Figure 9.32 Simplified model of

high-gain amplifier.

amplifier, creating an output voltage change of (IP - /#)(/?/> II
#aO- Since the current error

depends on mismatches and RP ||
RN is quite high, the voltage error may be large, thus driv-

ing the p-type or n-type current source into the triode region. As a general rule, if the output

CM level cannot be determined by “visual inspection” and requires calculations based on

device properties, then it is poorly defined. This is the case in Fig. 9.3 1 but not in Fig. 9.30.

We emphasize that differential feedback cannot define the CM level.
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Example 9.8 - _

Consider the telescopic op amp designed in Example 9.5 and repeated in Fig. 9.33 with bias current

mirrors. Suppose Mg suffers from a 1% current mismatch with respect to M\q, producing Iss =

Figure 9.33

2.97 mA rather than 3 mA. Assuming perfect matching for other transistors, explain what happens in

the circuit.

Solution

From Example 9.5, the single-ended output impedance of the circuit equals 266 kQ. Since the differ-

ence between the drain currents of M3 and M5 (and M4 and A/6 ) is 30 (iA/2 = 15 fiA, the output

voltage error would be 266 k£2 x 15 fiA= 3.99 V. Since this large error cannot be produced, Vx and

Vy must rise so much that M$-M^ and M2-M% enter the triode region, yielding loi ,8
— 1.485 mA.

We should also mention that another important source of CM error in the simple biasing scheme of

Fig. 9.33 is the deterministic error between /D7 8 and In (and also between IDg and low) due to

their different drain-source voltages. This error can nonetheless be reduced by means of the current

mirror techniques of Chapter 5.

The foregoing study implies that in high-gain amplifiers, the output CM level is quite

sensitive to device properties and mismatches and it cannot be stabilized by means of

differential feedback. Thus, a common-mode feedback network must be added to sense the

CM level of the two outputs and accordingly adjust one of the bias currents in the amplifier.

Following our view of feedback systems in Chapter 8, we divide the task of CMFB into

three operations: sensing the output CM level, comparison with a reference, and returning

the error to the amplifier’s bias network. Fig. 9.34 conceptually illustrates the idea.

In order to sense the output CM level, we recall that VouuCm — (Vouti + Vouti)/ 2, where

Vout i
and Vout2 are the single-ended outputs. It therefore seems plausible to employ a resistive

divider as shown in Fig. 9.35, generating Vout
,CM = (*i Vout2 + *2 Moun)/(R\ + *2 ), which

reduces to {Vout \ + Vout2)/2 if R\ = R2 . The difficulty, however, is that R\ and R2 must be

much greater than the output impedance of the op amp so as to avoid lowering the open-

loop gain. For example, in the design of Fig. 9.33, the output impedance equals 266 kfi,
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Figure 9.34 Conceptual topology for

common-mode feedback.

Figure 9.35 Common-mode feed-

back with resistive sensing.

necessitating a value of several megaohms for R\ and /?2 . As explained in Chapter 17,

such large resistors occupy a very large area and, more importantly, suffer from substantial

parasitic capacitance to the substrate.

To eliminate the resistive loading, we can interpose source followers between each output

and its corresponding resistor. Illustrated in Fig. 9.36, this technique produces a CM level

that is in fact lower than the output CM level by VGSi t
g, but this shift can be taken into

account in the comparison operation. Note that R\ and R2 or I\ and /2 must be large enough

to ensure that M7 or Mg is not “starved” when a large differential swing appears at the

output. As conceptually depicted in Fig. 9.37, if, say, Vout2 is quite higher than V0Utu then

/] must sink both Ix ^ (Vout2 - V0Utl )/(R 1 + R2 ) and ID1 . Consequently, if R\ + R2 or I\

is not sufficiently large, ID1 drops to zero and Vout,cM no longer represents the true output

CM level.

The sensing method of Fig. 9.36 nevertheless suffers from an important drawback: it

limits the differential output swings (even if /?i )2 and /i, 2 are large enough.) To understand

why, let us determine the minimum allowable level of Vout \
(and V0Mr2 ), noting that without

CMFB it would be equal to V0d3 + Vo D5- With the source followers in place, =

Vgsi + Vn, where Vn denotes the minimum voltage required across I\. This is roughly

equal to two overdrive voltages plus one threshold voltage. Thus, the swing at each output

is reduced by approximately VTn, a significant value in low-voltage design.
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Figure 9.36 Common-mode feedback using source followers.

Figure 9.37 Current starvation o

source followers for large swings.

Looking at Fig. 9.35, the reader may wonder if the output CM level can be sensi

by means of capacitors ,
rather than resistors, so as to avoid degrading the low-frequen

open-loop gain of the op amp. This is indeed possible in some cases and will be studied

Another type ofCM sensing is depicted in Fig. 9.38. Here, identical transistorsM7 and

operate in deep triode region, introducing a total resistance between P and ground equal

Ronl II Ron%
(9.1

1 1

(9.1

w
UnCox—(yout \

- VT h)
w

UnCox-^iVoua - VTH )

1
(9.

w
UnCox-j- (Vout2 + Vouti '- 2Vth)

where W/L denotes the aspect ratio of A/7 and A/g. Equation (9.17) indicates that R tol

function of Vrt„,2 + Voun but independent of Voul2 — Vout i. From Fig. 9.38, we observe t

if the outputs rise together, then Rtot drops, whereas if they change differentially, one

increases and the other decreases.
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Figure 9.38 Common-mode sensing

using MOSFETs operating in deep triode

region.

In the circuit of Fig. 9.38, the use of M1 and Af8 limits the output voltage swings. Here,

it may seem that Vouttmin = VTm, 8, which is relatively close to two overdrive voltages, but

the difficulty arises from the assumption above that both M1 and M8 operate in deep triode

region. In fact, if, say, Vout \
drops from the equilibrium CM level to one threshold voltage

above ground and Vout2 rises by the same amount, then Mj enters the saturation region, thus

exhibiting a variation in its on-resistance that is not counterbalanced by that ofM8 .

We now study techniques of comparing the measured CM level with a reference and

returning the error to the op amp’s bias network. In the circuit of Fig. 9.39, we employ a

simple amplifier to detect the difference between V0UttCM and a reference voltage, Vref>

applying the result to the NMOS current sources with negative feedback. If both Vout \
and

Voutl rise, so does VE ,
thereby increasing the drain currents of M3-M4 and lowering the

output CM level. In other words, if the loop gain is large, the feedback network forces the

CM level of Vout \
and Vout2 to approach VREF . Note that the feedback can be applied to

the PMOS current sources as well. Also, the feedback may control only a fraction of the

current to allow optimization of the settling behavior. For example, each of M3 and M4

Vout,CM

^REF

Figure 9.39 Sensing and controlling output CM level.
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can be decomposed into two parallel devices, one biased at a constant current and the other

driven by the error amplifier.

In a folded-cascode op amp, the CM feedback may control the tail current of the input

differential pair. Illustrated in Fig. 9.40, this method increases the tail current if Voull and

V„u,2 rise, lowering the drain currents ofM5-M6 and restoring the output CM level.

Figure 9.40 Alternative method of controlling output CM level.

How do we perform comparison and feedback with the sensing scheme of Fig. 9.38?

Here, the output CM voltage is directly converted to a resistance or a current, prohibiting

comparison with a reference voltage. A simple feedback topology utilizing this technique

is depicted in Fig. 9.41, where Ronl ||
Ron% adjusts the bias current ofM5 and M6 . The output

CM level sets Roni II
R0m such that 105 and Ip6 exactly balance Ip9 and /mo, respectively.

Assuming ID9 = ID]0 = ID , we must have Vb - VGS5 = 2ID(Ronl \\RonS ) and hence

Figure 9.41 CMFB using triode

devices.
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*a«7 ||*an8 = (Vb ~ VGS5)/(2ID ). FfOm (9.17),

1

ftnCox

W
~L

(Vout2 + Vout {
- 2Vth)

7,8

Vb - VGS5

21D
(9.18)

that is,

Vout 1 “F Voutl

2Id 1

Vb ~ VV;55
+ 2V-

:TH- (9.19)

The CM level can thus be obtained by noting that VGS5 = ^/2ID /[fin Cox(W/L)5 ] + VTH5 .

The CMFB network of Fig. 9.41 suffers from several drawbacks. First, the value of

the output CM level is a function of device parameters. Second, the voltage drop across

Roni II Rons limits the output voltage swings. Third, to minimize this drop, Af7 and M% are

usually quite wide devices, introducing substantial capacitance at the output. The second

issue can be alleviated by applying the feedback to the tail current of the input differential

pair (Fig. 9.42), but the other two remain.

Figure 9.42 Alternative method of controlling output CM
level.

How is Vb generated in Fig. 9.42? We note that Vout CM is somewhat sensitive to the

value of Vbi if Vb is higher than expected, the tail current of M\ and M2 increases and

the output CM level falls. Since the feedback through M7 and M8 attempts to correct this

error, the overall change in V0UtfCM depends on the loop gain in the CMFB network. This

is studied in the following example.



322 Chap. 9 Operational Amplifiers

Example 9.9

For the circuit of Fig. 9.42, determine the sensitivity of Vout,CM to i.e., dVouUcM /dVb.

Solution

Setting Vi n to zero and following the procedure depicted in Fig. 4.25, we simplify the circuit as

shown in Fig. 9.43. Note that gm7 and gm 8 must be calculated in the triode region: gm7 = gm g
=

Hn Cox(W/L)j^ Vosi,8> where V$si,% denotes the bias value of the drain-source voltage of M7 and

M%. Since M7 and Mg operate in deep triode region, Vdsi,$ typically does not exceed a few hundred

millivolts.

Figure 9.43

In a well-designed circuit, the loop gain must be relatively high. We therefore surmise that the

closed-loop gain is approximately equal to 1//J, where ft represents the feedback factor. We write

from Chapter 8:

vi 1/2=0

— ~{Sml + §m&){Ronl II Ron&)

— ~^i^nC0x {— I
Vn57 s •

U/7,8 2flnCox(W/L)7MVGSl^-VT Hl,s)

Fd57,8

VgS1,$ - VtH7,S ’

where Vgs7,8
— Vthi,% denotes the overdrive voltage of M7 and Mg. Thus,

(9.20)

(9.21)

(9.22)

(9.23)

dVout,CM
dVh

\ closed

vgsi,% ~ Vthi,%

Vdsi,$
(9.24)

This is an important result. Since Vg 57,8 (i.e., the output CM level) is typically in the vicinity of

Vdd/2, the above equation suggests that Vdsi,8 must be maximized.
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We now introduce a modification to the circuit of 9.42 that both makes the output

level relatively independent of device parameters and lowers the sensitivity to the value

of V^. Illustrated in Fig. 9.44(a), the idea is to define Vt by a current mirror arrangement

such that 109 “tracks” I\ and Vref • For simplicity, suppose {W/L)\$ = (W/L)9 and

Figure 9.44 Modification of CMFB for more accurate definition of output

MC level.

(W/L ) {6 = (W/L)7 + (W/L)8 . Thus, 109 - I\ only if V0Ut,CM = Vref- In other words, as

with Fig. 9.40, the circuit produces an outputCM level equal to a reference but it requires no

resistors in sensing Vout,cM- The overall design can be simplified as shown in Fig. 9.44(b).

In practice, since Vosis ^ Vos9 ,
channel-length modulation results in a finite error.

Figure 9.45 depicts a modification that suppresses this error. Here, transistors Mn and Mjg
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reproduce at the drain of M\$ a voltage equal to the source voltage of M\ and M2 ,
ensuring

that Vosis = Vds9-

To arrive at another CM feedback topology, let us consider the simple differential pail

shown in Fig. 9 .46(a). Here, the output CM level, Vdd~ Fgs3,4> is relatively well-defined

but the voltage gain is quite low. To increase the differential gain, the PMOS devices mus

operate as current sources for differential signals. We therefore modify the circuit as depictec

in Fig. 9 .46(b), where for differential changes at Voun and Vout 2, node P is a virtual grount

and the gain can be expressed as gm \,2(^01,2^02a II
Rf)- For common-mode levels, on tht

other hand, M3 and M4 operate as diode-connected devices. The circuit proves useful ii

low-gain applications.

It is important to note that fully-differential two-stage op amps such as that in Fig. 9 .2 ;

require two CMFB networks, one for the output of each stage. An example is described ii

[10].

Figure 9.46 (a) Differential pair using diode-connected loads, (b) resistive

CMFB.
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1.7 Input Range Limitations

The op amp circuits studied thus far have evolved to achieve large differential output swings.

While the differential input swings are usually much smaller (by a factor equal to the open-

loop gain), the input common-mode level may need to vary over a wide range in some

applications. For example, consider the simple unity-gain buffer shown in Fig. 9.47, where

the input swing is nearly equal to the output swing. Interestingly, in this case the voltage

swings are limited by the input differential pair rather than the output cascode branch.

Specifically, VinMn « VouUmin = VGS \,2 + V/ss, approximately one threshold voltage

higher than the allowable minimum provided by A/5-Mg.

Figure 9.47 Unity-gain buffer.

What happens if Vin falls below the minimum given above? The MOS transistor operating

as Iss enters the triode region, decreasing the bias current of the differential pair and hence

lowering the transconductance. We then postulate that the limitation is overcome if the

transconductance can somehow be restored.

A simple approach to extending the input CM range is to incorporate both NMOS and

PMOS differential pairs such that when one is “dead,” the other is “alive ” Illustrated in

Fig. 9.48, the idea is to combine two folded-cascode op amps with NMOS and PMOS
input differential pairs. Here, as the input CM level approaches the ground potential, the

NMOS pair’s transconductance drops, eventually falling to zero. Nonetheless, the PMOS
pair remains active, allowing normal operation. Conversely, if the inputCM level approaches

Vdd*M\p and Mip begin to turn off but M\ and M2 function properly.

An important concern in the circuit of Fig. 9.48 is the variation of the overall transcon-

ductance of the two pairs as the input CM level changes. Considering the operation of each

pair, we anticipate the behavior depicted in Fig. 9.49. Thus, many properties of the circuit,

including gain, speed, and noise, vary. More sophisticated techniques of minimizing this

variation are described in [7],
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Figure 9.49 Variation of equivalent

transconductance with the input CM
level.

9.8 Slew Rate

Op amps used in feedback circuits exhibit a large-signal behavior called “slewing.” We fii

describe an interesting property of linear systems that vanishes during slewing. Consid

the simple RC network shown in Fig. 9.50, where the input is an ideal voltage step of heig

V0 - Since Vout = Vq[1 — exp(— f/r)], where r = RC
, we have

dVout

dt

F0 ~t— exp—

.

r r
(9.2

Figure 9.50 Response of a linear circuit to input step.
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Linear Op Amp

Figure 9.51 Response of linear op

amp to step response.

That is, the slope of the step response is proportional to the final value of the output; if

we apply a larger input step, the output rises more rapidly. This is a fundamental property

of linear systems: if the input amplitude is, say, doubled while other parameters remain

constant, the output signal level must double at every point, leading to a twofold increase

in the slope.

The foregoing observation applies to linear feedback systems as well. Shown in Fig. 9.5

1

is an example, where the op amp is assumed linear. Here, we can write

*2

R\ + R2

A — V,out
Rout

V,out

Ri + Ri
+ Voui Cls. (9.26)

Assuming R\ + R2 3> Rou , we have

V„„, A

RqmCl 1

AR2 /(Ri + Ri)

J

As expected, both the low-frequency gain and the time constant are divided by

(R\ + R2 ). The step response is therefore given by

V„
1-M

R2

/?! + /?2

1 +
1 +

(9.27)

+ AR2 /

Vou, = Vq-

1 + A
Ri

R.i + Ri

1 — exp
-t

Cl R
u(t). (9.28)

out

\ 1 + AR2/(R) + Ri) /

indicating that the slope is proportional to the final value. This type of response is called

“linear settling.”

With a realistic op amp, on the other hand, the step response of the circuit begins to

deviate from (9.28) as the input amplitude increases. Illustrated in Fig. 9.52, the response

to sufficiently small inputs follows the exponential of Eq. (9.28), but with large input steps,

the output displays a linear ramp having a constant slope. Under this condition, we say the

op amp experiences slewing and call the slope of the ramp the “slew rate.”

To understand the origin of slewing, let us replace the op amp of Fig. 9.52 by a simple

CMOS implementation (Fig. 9.53), assuming for simplicity that R\ + R2 is quite large.

We first examine the circuit with a small input step. If Vin experiences a change of AV,

Im increases by gm AV/2 and ID2 decreases by gm AV/2. Since the mirror action of M3
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Actual Op Amp

Figure 9.52 Slewing in an op amp circuit.

Figure 9.53 Small-signal operation of a simple op amp.

and M4 raises |/d4 |

by gm AV/2, the total small-signal current provided by the op amj

equals gm A V. This current begins to charge CL ,
but as Vout rises, so does Vx ,

reducing thi

difference between VG \
and VG2 and hence the output current of the op amp. As a result

Vout varies according to (9.28).

Now suppose A V is so large that M\ absorbs all of I$s ,
turning offM2 . The circuit thei

reduces to that shown in Fig. 9.54, generating a ramp output with a slope equal to Iss/Ci

(if the channel-length modulation ofM4 and the current drawn by R\ + R2 are neglected)

Note that so long as M2 remains off, the feedback loop is broken and the current charginj

CL is constant and independent of the input level. As Vout rises, Vx eventually approache

Vin ,
M2 turns on, and the circuit returns to linear operation.

In Fig. 9.53, slewing occurs for falling edges at the input as well. If the input drops si

much that M\ turns off, then the circuit is simplified as in Fig. 9.55, discharging Cl by

current approximately equal to I$s- After Vout decreases sufficiently, the difference betweei

Vx and Vin is small enough to allow M\ to turn on, leading to linear behavior thereaftei
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Figure 9.54 Slewing during low-to-high transition.

Figure 9.55 Slewing during high-to-low transition.

The foregoing observations explain why slewing is a nonlinear phenomenon. If the input

amplitude, say, doubles, the output level does not double at all points because the ramp

exhibits a slope independent of the input.

Slewing is an undesirable effect in high-speed circuits that process large signals. While

the small-signal bandwidth of a circuit may suggest a fast time-domain response, the large-

signal speed may be limited by the slew rate simply because the current available to charge

and discharge the dominant capacitor in the circuit is small. Moreover, since the input-

output relationship during slewing is nonlinear, the output of a slewing amplifier exhibits

substantial distortion. For example, if a circuit is to amplify a sinusoid Vo sin cotf (in the

steady state), then its slew rate must exceed Vqcoo-

Example 9.10 ---- -

Consider the feedback amplifier depicted in Fig. 9.56(a), where C\ and C2 set the closed-loop gain.

(The bias network for the gate of M2 is not shown.) (a) Determine the small-signal step response of

the circuit, (b) Calculate the positive and negative slew rates.
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Figure 9.56

Solution

(a) Modeling the op amp as in Fig. 9.56(b), where A v = gm l,2(r02\\ro4) and Rout = r0i\\ro4 ,

1

have Vx = C\ Vout/(C\ 4 C2 ) and hence

VP = Vin

Cl

Ci + C2
v0ll , Ay, (9.2

obtaining

Ci

Ci 4- C2

Vaut A y Vout
J__ v

C t C2

Rout
out

C
l
+c2

s

It follows that

Vin
(j) -

Ay

1 + A v

Cl
4

C]C2

Ci 4 C2 Cl 4C2

RoutS

(9.2

(9.2
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(b) Suppose a large positive step is applied to the gate of Mj in Fig. 9.56(a) while the initial

voltage across C\ is zero. Then, M2 turns off and, as shown in Fig. 9.56(c), Vout rises according to

Vout (t) = Iss/[CiC2 /(C\ +C2 )]f. Similarly, for a large negative step at the input. Fig. 9.56(d) yields

Vout - -?ss/[ClCi/(C\ +

As another example, let us find the slew rate ofthe telescopic op amp shown in Fig. 9.57 (a).

When a large differential input is applied, M
{
or M2 turns off, reducing the circuit to

that shown in Fig. 9.57(b). Thus, Vout \
and Vout2 appear as ramps with slopes equal to

±Iss/(2Cl\ and consequently Voun - Vou t2 exhibits a slew rate equal to Iss/CL . (Of

course, the circuit is usually used in closed-loop form.)

It is also instructive to study the slewing behavior of a folded-cascode op amp with

single-ended output [Fig. 9.58(a)]. Figs. 9.58(a) and (b) depict the equivalent circuit for

Figure 9.57 Slewing in telescopic op amp.
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Figure 9.58 Slewing in folded-cascode op amp.

positive and negative input steps, respectively. Here, the PMOS current sources provide a

current of IP ,
and the current that charges or discharges CL is equal to ISs, yielding a slew

rate of ISs/

C

L - Note that the slew rate is independent of IP if IP > Iss . In practice, we

choose IP % Iss •

In Fig. 9.58(a), if ISs > IP ,
then during slewing M3 turns off and falls to a low

level such that M
j
and the tail current source enter the triode region. Thus, for the circuit tc

return to equilibrium after M2 turns on, Vx must experience a large swing, slowing down
the settling. This phenomenon is illustrated in Fig. 9.59.

To alleviate this issue, two “clamp” transistors can be added as shown in Fig. 9.60(a) [8],

The idea is that the difference between Iss and IP now flows through M\
\
orM 12 ,

requiring

only enough drop in Vx or VY to turn on one of these transistors. Fig. 9.60(b) illustrates a

more aggressive approach, where M
x 1
and Mn clamp the two nodes directly to VDD . Since
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Figure 9.59 Long settling due to overdrive recovery after

slewing.

Figure 9.60 Clamp circuit to limit swings at X and Y .

the equilibrium value of Vx and VY is usually higher than VDD - VTH Mn and Mn are

off during small-signal operation.

What trade-offs are encountered in increasing the slew rate? In the examples of

Figs. 9.57 and 9.58, for a given load capacitance, ISs must be increased and to main-

tain the same maximum output swing, all of the transistors must be made proportionally

wider. As a result, the power dissipation and the input capacitance are increased. Note that

if the device currents and widths scale together, gm r0 of each transistor and hence the

open-loop gain of the op amp remain constant.

How does an op amp leave the slewing regime and enter the linear-settling regime?

Since the point at which one of the input transistors “turns on” is ambiguous, the distinction

between slewing and linear settling is somewhat arbitrary. The following example illustrates

the point.

Example 9.11 -- —

Consider the circuit of Fig. 9.56(a) in the slewing regime [Fig. 9.56(c)!. As Vout rises, so does Vx ,

eventually turning M2 on. As 102 increases from zero, the differential pair becomes more linear.

Considering M\ and M2 to operate linearly if the difference between their drain currents is less than

&hs (e.g., a = 0.1), determine how long the circuit takes to enter linear settling. Assume the input

step has an amplitude of Vq.
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Solution

The circuit displays a slew rate of Iss/[C\C2 /(C\ + C2 )] until |V/„i - V/„ 2 1

is sufficiently small.

From Chapter 4, we can write

1 W
tth'S ~ ^finCox (Vinl

— Fjn2)

fin Co
w - (V/„1 - V/„2)2 , (9.35)

obtaining

A^S-AVg-
4/55

/

fin Co

+
2alss

\

W
\
K

flnC0x~ J

= 0
, (9.36)

where A Vg — Vmi ~ Vini- Thus,

AVg ~ a

N
fin Co

W
T

(9.37)

(Recall that V^s/t^CojcC^/C)] is the equilibrium overdrive voltage of each transistor in the differ-

ential pair.) Alternatively, we recognize that for a small difference, a I$s » between lo i and Ioi, a small-

signal approximation is valid: a ISs = gmAVG .Thus, AVG = otlss/gm % ctIss/JfinC0X (W/L)Iss

Note that this calculation is quite rough because as M2 turns on, the current charging the load capac

itance is no longer constant.

Since V* must rise to Vo - AVG for M2 to carry the required current, Vout increases by (Vo -

A Vg)(1 + C2/C 1 ), requiring a time given by

/ . \
Iss

Vo -a W
fin Cqx

j

(9.38

In the above example, the value ofa that determines the onset of linear settling depends

among other things, on the actual required linearity. In other words, for a nonlinearity 0

1%, a can be quite larger than for a nonlinearity of 0.1%.

The slewing behavior oftwo-stage op amps is somewhat different from that of the circuit;

studied above. This case is studied in Chapter 10.

9.9 Power Supply Rejection

As other analog circuits, op amps are often supplied from noisy lines and must therefor

“reject” the noise adequately. For this reason, it is important to understand how noise 01

the supply manifests itself at the output of an op amp.

Let us consider the simple op amp shown in Fig. 9.61 , assuming the supply voltage varie

slowly. If the circuit is perfectly symmetric, Volit = V*. Since the diode-connected devio

“clamps” node X to Vqd, Vx and hence Vout experience approximately the same chang

as does Vdd- In other words, the gain from Vod to Vout is close to unity. The power suppl;
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Figure 9.61 Supply rejection of dif-

ferential pair with active current mirror.

rejection ratio (PSRR) is defined as the gain from the input to the output divided by the gain

from the supply to the output. At low frequencies:

PSRR ^ gmN(rop\\roN)‘ (9.39)

Example 9.12 ,

Calculate the low-frequency PSRR of the feedback circuit shown in Fig. 9.62(a).

Figure 9.62

Solution

From the foregoing analysis, we may surmise that a change A V in Vdd appears unattenuated at the

output. But, we should note that if Vout changes, so do V> and Id2, thereby opposing the change.

Using Fig. 9.62(b) and neglecting channel-length modulation in A/
1
-A/3 for simplicity, we can write:

Vout
Ci

Cj + C2
- V2 = -Vi, (9.40)



336 Chap. 9 Operational Amplifiers

and gm \Vi + gmiVi = 0. Thus, if the circuit is symmetric,

We also have

It follows that

Thus,

Vout

“IT Ci + c2

'

gm\V\ VDD-Vout
, T7 n

~gm4 : + gmlVl = 0.

gm3 r04

V,out 1

Vdd „ „
C\ ,i

gm2r04 + 1

Ci +C2

1 +
PSRR

gmlf‘04

Cl

Cl

Cl

Cl + C2

+ 1

(9.41)

(9.42)

(9.43)

(9.44)

9.10 Noise in Op Amps

In low-noise applications, the input-referred noise of op amps becomes critical. We now

extend the noise analysis of differential amplifiers in Chapter 7 to more sophisticated topolo-

gies. With many transistors in an op amp, it may seem difficult to intuitively identify the

dominant sources of noise. A simple rule for inspection is to (mentally) change the gate

voltage of each transistor by a small amount and predict the effect at the output.

Let us first consider the telescopic op amp shown in Fig. 9.63. At relatively low fre-

quencies, the cascode devices contribute negligible noise, leaving M
{
-M2 and as

Figure 9.63 Noise in a telescopic op

amp.
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the primary noise sources. The input-referred noise voltage per unit bandwidth is therefore

similar to that in Fig. 7.47(a) and given by:

V} = 4kT
\WL) l2C0X f (WL)^Cox fgl

where KN and KP denote the 1// noise coefficients ofNMOS and PMOS devices, respec-

tively.

Next, we study the noise behavior of the folded-cascode op amp of Fig. 9.64(a), consid-

ering only thermal noise at this point. Again, the noise of the cascode devices is negligible

at low frequencies, leaving M1-M2 ,
M7-M8 ,

andM9-M10 as potentially significant sources.

Do both pairs M7-M8 and M9-M10 contribute noise? Using our simple rule, we change

the gate voltage of M7 by a small amount [Fig, 9.64(b)], noting that the output indeed

(b)

Figure 9.64 Noise in a folded-cascode op amp.
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changes considerably. The same observation applies to M%-M\o as well. To determine the

input-referred thermal noise, we first refer the noise of and M9-M10 to the output:

where the factor 2 accounts for (uncorrelated) noise of Mj and and Rout denotes the

open-loop output resistance of the op amp. Similarly,

Vn,out\ M9 ]0 - 2 —

g

m910^o
„,^

• (9-47)

Dividing these quantities by gl h2Rmt and addinS the contribution of M\-M2 ,
we obtain

the overall noise:

= 8kT
2 2 gm7,8

+ 2 gm9,io

2gml,2 ^ 8ml,2 ^ £ml,2

(9.48)

The effect of flicker noise can be included in a similar manner (Problem 9. 1 5). Note that the

folded-cascode topology potentially suffers from greater noise than the telescopic counter-

part.

As observed for the differential amplifiers in Chapter 7, the noise contribution of the

PMOS and NMOS current sources increases in proportion to their transconductance. This

trend results in a trade-off between output voltage swings and input-referred noise: for <

given current, as implied by gm = 2ID/(VCS - VTH ), if the overdrive voltage of the curren

sources is minimized to allow large swings, then their transconductance is maximized.

As another case, we calculate the input-referred thermal noise of the two-stage op am]

shown in Fig. 9.65. Beginning with the second stage, we note that the noise current of M

Figure 9.65 Noise in a two-stage op amp.
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and M7 flows through tq^Wov Dividing the resulting output noise voltage by the total

gain, gmi (r0 i
||r03 ) x gm5(r0 5 1

\r01 ), and doubling the power, we obtain the input-referred

contribution of

2
V«Im5-8 = 2 X + gml){r05\\roi)

2

1.6/c T gm5 + gm q

3 ^iSmjfroilkos)
2

’

The noise due to M\-MA is simply equal to

1

g
2

m] (roi \\ro3)
1
g
2
m5(r05\\ roi)

2

A/1-4
= 2x4kTls^+M

3 gl 1

(9.49)

(9.50)

(9.51)

It follows that

V 2 —
v n,tot

~
16kT 1

—gi~i
gm 1 + <?m3 +

<gm5 H“ <?m7

gL(rOllko3)
2

.

(9.52)

Note the noise resulting from the second stage is usually negligible because it is divided by

the gain of the first stage when referred to the main input.

Example 9.13 .

A simple amplifier is constructed as shown in Fig. 9.66. Note that the first stage incorporates

diode-connected—rather than current-source—loads. Assuming all of the transistors are in satu-

ration and (W/L) 12 = 50/0.6, (W/L)^^ = 10/0.6, (W/L)5,6 = 20/0.6, and (W/L)-j g =56/0.6,

calculate the input-referred noise voltage if iinC0x = 75 /zA/V2 and iipC0X — 30 fiAJW
2

.

Figure 9.66
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Solution

We first calculate the small-signal gain of the first stage.:

8m\

8m3
(9.53)

50 x 75

10x30 (9.54)

3.54. (9.55)

The noise of Ms and Mj referred to the gate of M5 is equal to 4kT(2/3)(gm5 + gm7)/g^5
-

2.87 x 10~ 17 V2/Hz, which is divided by A 2
t
when referred to the main input: V%\M$j =

2.29 x 10
-18 V2

/Hz. Transistors M\ and M3 produce an input-referred noise of = (8&7y3)

(gm3 + gmi)/gni = 1.10 x 10“ 17 V2
/Hz. Thus, the total input-referred noise equals

Vl in = 2(2.29 x 10
18 + 1.10 x 10" 17

) (9.56)

= 2.66 x 10“ 17 V2
/Hz, (9.57)

where the factor 2 accounts for the noise produced by both odd-numbered and even-numbered tran-

sistors in the circuit. This value corresponds to an input noise voltage of 5.16 nV/\/Hz.

Problems

Unless otherwise stated, in the following problems, use the device data shown in Table 2. 1 and assume

Vdd — 3 V where necessary. Also, assume all transistors are in saturation.

9.1. (a) Derive expressions for the transconductance and output resistance of a MOSFET in the

triode region. Plot these quantities and gm ro as a function of Vos , covering both triode

and saturation regions.

(b) Consider the amplifier of Fig. 9.6(b), with (W/L) i _4 = 50/0.5, l$s = 1 mA, and input

CM level of 1.3 V. Calculate the small-signal gain and the maximum output swing if all

transistors remain in saturation.

(c) For the circuit of part (b), suppose we allow each PMOS device to enter the triode region

by 50 mV so as to increase the allowable differential swing by 100 mV. What is the small-

signal gain at the peaks of the output swing?

9.2. In the circuit of Fig. 9.9, assume (W/L)i_4 = 100/0.5, ISs - 1 mA, Vb = 1.4 V, and y = 0.

(a) If M5-M8 are identical and have a length of 0.5 /xm, calculate their minimum width such

that M3 operates in saturation.

(b) Calculate the maximum output voltage swing.

(c) What is the open-loop voltage gain?

(d) Calculate the input-referred thermal noise voltage.

9.3. Design the folded-cascode op amp of Fig. 9.13 for the following requirements: maximum
differential swing = 2.4 V, total power dissipation = 6 mW. If all of the transistors have a

channel length of 0.5 gm, what is the overall voltage gain? Can the input common-mode level

be as low as zero?
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9 .4 . In the op amp of Fig. 9.18(b), (W/L) i_s = 100/0.5, Iss — 1 mA, and = 1.7 V. Assume

y =o.

(a) What is the maximum allowable input CM level?

(b) What is Vx?

(c) What is the maximum allowable output swing if the gate of M2 is connected to the output?

(d) What is the acceptable range of Vv$
(e) What is the input-referred thermal noise voltage?

9 .5 . Design the op amp of Fig. 9.18(b) for the following requirements: maximum differential swing

= 2.4 V, total power dissipation = 6 mW. (Assume the gate of M2 is never shorted to the

output.)

9 .6 . If in Fig. 9.21, (W/L) i_ 8 = 100/0.5 and lss = 1 mA,

(a) WhatCM level must be established at the drains of M3 and M4 so that Ids = foe = 1 mA?
How does this constrain the maximum input CM level?

(b) With the choice made in part (a), calculate the overall voltage gain and the maximum output

swing.

9 .7 . Design the op amp of Fig. 9,21 for the following requirements: maximum differential swing

= 4 V, total power dissipation = 6 mW, Iss = 0.5 mA.

9 .8. Suppose the circuit of Fig. 9.22 is designed with Iss equal to 1 mA, Id9~Idu equal to 0.5 mA,

and (W/L)9_i2 = 100/0.5.

(a) What CM level is required at X and F?

(b) If Iss requires a minimum voltage of 400 mV, choose the minimum dimensions of M\ -M%

to allow a peak-to-peak swing of 200 mV at X and at F.

(c) Calculate the overall voltage gain.

9.9 . In Fig. 9.25(c), calculate the input-referred thermal noise if /1 and h are implemented by

PMOS devices.

9.10 . Suppose in Fig. 9.25(c), I\ — 100 /xA, I2 — 0.5 mA, and (W/L) 1-3 = 100/0.5. Assuming A
and h are implemented with PMOS devices having (W/L)p — 50/0.5,

(a) Calculate the gate bias voltages of M2 and M3.

(b) Determine the maximum allowable output voltage swing.

(c) Calculate the overall voltage gain and the input-referred thermal noise voltage.

9 .11 . In the circuit of Fig. 9.41 , each branch is biased at a current of 0.5 mA. Choose the dimensions

of M7 and M% such that the output CM level is equal to 1.5 V and Vp — 100 mV.

9 .12 . Consider the CMFB network in Fig. 9.39. The amplifier sensing Vout,CM is to be implemented

as a different pair with active current mirror load.

(a) Should the input pair of the amplifier use PMOS devices or NMOS devices?

(b) Calculate the loop gain for the CMFB network.

9 .13. Repeat Problem 9. 12(b) for the circuit of Fig. 9.40.

9 .14. In the circuit of Fig. 9.56(a), assume (W/L) 1-4 = 100/0.5, C\ = C2 — 0.5 pF, and Iss =

1 mA.

(a) Calculate the small-signal time constant of the circuit.

(b) With a 1-V step at the input [Fig. 9.56(c)], how long does it take for Id2 to reach 0.1/55?

9 .15. It is possible to argue that the auxiliary amplifier in the circuit of Fig. 9.24(c) reduces the

output impedance. Consider the circuit as drawn in Fig. 9.67, where the drain voltage of M2 is

changed by A V to measure the output impedance. It seems that, since the feedback provided

by A
1
attempts to hold Vx constant, the change in the current through tq2 is much greater than

in the circuit of Fig. 9.24(b), suggesting that Rou t ^ roi- Explain the flaw in this argument.
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Figure 9.67

9.16. Calculate the CMRR of the circuit shown in Fig. 9.56(a).

9.17. Calculate the input-referred flicker noise of the op amp shown in Fig. 9.64(a).

9.18. In this problem, we design a two-stage op amp based on the topology shown in Fig. 9.68.

Assume a power budget of 6 mW, a required output swing of 2.5 V, and Leff
= 0.5 fim for

all devices.

- - Figure 9.68

(a) Allocating a current of 1 mA to the output stage and roughly equal overdrive voltages to

M$ and M&, determine (W/L) 5 and (W/L)^. Note that the gate-source capacitance ofM5

is in the signal path whereas that of is not. Thus, M$ can be quite larger than M5 .

(b) Calculate the small-signal gain of the output stage.

(c) With the remaining 1 mA flowing through M7 ,
determine the aspect ratio ofM3 (and M4 )

such that Vqs3 — Vcss- This t0 guarantee that if = 0 and hence Vx ~Vy, then M5

carries the expected current.

(d) Calculate the aspect ratios of M\ and M2 such that the overall voltage gain of the op amp

is equal to 500.

9.19. Consider the op amp of Fig. 9.68, assuming that the second stage is to provide a voltage gain

of 20 with a bias current of 1 mA.

(a) Determine (W/L)5 and (W/L)e such that M5 and have equal overdrive voltages.

(b) What is the small-signal gain of this stage if M$ is driven into the triode region by 50 mV?

9.20. The op amp designed in Problem 9.18(d) is placed in unity-gain feedback. Assume \Vqsi -

Vthi i

= 0.4 V.

(a) What is the allowable input voltage range?

(b) At what input voltage are the input and output voltages exactly equal?
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9.21. Calculate the input-referred noise of the op amp designed in Problem 9.18(d).

9.22. It is possible to use the bulk terminal ofPMOS devices as an input [9]. Consider the amplifier

shown in Fig. 9.69 as an example.

'bl

Figure 9.69

(a) Calculate the voltage gain.

(b) What is the acceptable input common-mode range?

(c) How does the small-signal gain vary with the input common-mode level?

(d) Calculate the input-referred thermal noise voltage and compare the result with that of a

regular PMOS differential pair having NMOS current-source loads.

9.23.

The idea of the active current mirror can be applied to the output stage of a two-stage op amp

as well. That is, the load current source can become a function of the signal. Figure 9.70 shows

an example [10]. Here, the first stage consists of M\-M4 and the output is produced by M5-M8 .

Transistors M7 and Mg operate as active current sources because their current varies with the

signal voltage at nodes Y and X, respectively.

(a) Calculate the differential voltage gain of the op amp.

(b) Estimate the magnitude of the three major poles of the circuit.

Figure 9.70
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9.24. The circuit of Fig. 9 .7 1 employs a fast path (M[ andM f

2 ) in parallel with the slow path. Calculate

the differential voltage gain of the circuit. Which transistors typically limit the output swing?

9.25. Calculate the input-referred thermal noise of the op amp in Fig. 9.7 1

.
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Chapter 10

Stability and Frequency

Compensation

Negative feedback finds wide application in the processing of analog signals. The properties

of feedback described in Chapter 8 allow precise operations by suppressing variations of

the open-loop characteristics. Feedback systems, however, suffer from potential instability,

that is, they may oscillate.

In this chapter, we deal with the stability and frequency compensation of linear feedback

systems to the extent necessary to understand design issues of analog feedback circuits.

Beginning with a review of stability criteria and the concept of phase margin, we study

frequency compensation, introducing various techniques suited to different op amp topolo-

gies. We also analyze the impact of frequency compensation on the slew rate of two-stage

op amps.

10.1 General Considerations

Let us consider the negative feedback system shown in Fig. 10.1, where ft is assumed

constant. Writing the closed-loop transfer function as

Y

X
(s) =

H(s)

1 + pH(s)'
( 10 . 1 )

we note that if fiH(s = jo)]) = -1, the “gain’' goes to infinity, and the circuit can amplify

its own noise until it eventually begins to oscillate. In other words, if fi H(jw\ )
= -

1 , then

H(s)

<
Y(s)

Figure 10.1 Basic negative-feedback

system.

345
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the circuit may oscillate at frequency co\. This condition can be expressed as

\PH(M)\ = 1 ( 10 .2 )

IpH(jo)i) = -180°, (10.3)

which are called “Barkhausen’s Criteria.” Note that the total phase shift around the loop at

co\ is 360° because negative feedback itself introduces 180° of phase shift. The 360° phase

shift is necessary for oscillation since the feedback signal must add in phase to the original

noise to allow oscillation buildup. By the same token, a loop gain of unity (or greater) is

also required to enable growth of the oscillation amplitude.

In summary, a negative feedback system may oscillate at a)\ if (1) the phase shift around

the loop at this frequency is so much that the feedback becomes positive and (2) the loop

gain is still enough to allow signal buildup. Illustrated in Fig. 10.2, the situation can be

viewed as excessive loop gain at the frequency for which the phase shift reaches — 1 80° or,

equivalently, excessive phase at the frequency for which the loop gain drops to unity. Thus,

to avoid instability, we must minimize the total phase shift so that for
\
f$H\ = 1, IfiH is

still more positive than -180°. In this chapter, we assume p is less than or equal to unity

and does not depend on the frequency.

Unstable Stable

Figure 1 0.2 Bode plots of loop gain for unstable and stable systems.

The frequencies at which the magnitude and phase of the loop gain are equal to unity and

-180°, respectively, play a critical role in the stability and are called the “gain crossover

point” and the “phase crossover point,” respectively. In a stable system, the gain crossover

must occur well before the phase crossover. For the sake of brevity, we denote the gain

crossover by GX and the phase crossover by PX. Note that if ft is reduced (i.e., less feedback

is applied), then the magnitude plots of Fig. 10.2 are shifted down, thereby moving the gain

crossover closer to the origin and making the feedback system more stable. Thus, the
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worst-case stability corresponds to P = 1, i.e, unity-gain feedback. For this reason, we

often analyze the magnitude and phase plots for pH = H.

Before studying more specific cases, let us review a few basic rules of constructing Bode

plots. A Bode plot illustrates the asymptotic behavior of the magnitude and phase of a

complex function according to the magnitude of the poles and zeros. The following two

rules are used. (1) The slope of the magnitude plot changes by +20 dB/dec at every zero

frequency and by -20 dB/dec at every pole frequency. (2) For a pole (zero) frequency of

a)m ,
the phase begins to fall (rise) at approximately 0.1<wm ,

experiences a change of -45°

(+45°) at com ,
and approaches a change of -90° (+90°) at approximately 10o;m . The key

point here is that the phase may be much more significantly affected by high-frequency

poles and zeros than the magnitude is.

It is also instructive to plot the location of the poles of a closed-loop system on a

complex plane. Expressing each pole frequency as sp = jcop + ap and noting that the

impulse response of the system includes a term exp(jcop + ap )t , we observe that if sp falls

in the right half plane, i.e., if ap > 0, then the system is likely to oscillate because its

time-domain response exhibits a growing exponential [Fig. 10.3(a)]. Even if op =0, the

system may sustain oscillations [Fig. 10.3(b)]. Conversely, if the poles lie in the left half

plane, all time-domain exponential terms decay to zero [Fig. 10.3(c)].
1

In practice, we plot

Figure 1 0.3 Time-domain response of a system versus the position of poles, (a) unstable with growing amplitude,

(b) unstable with constant-amplitude oscillation, (c) stable.

1We ignore the effect of zeros for now.
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the location of the poles as the loop gain varies, thereby revealing how close to oscillation

the system may come. Such a plot is called a “root locus.”

We now study a feedback system incorporating a one-pole feedforward amplifier. As-

suming H(s) = Aq/(1 + s/coq), we have from (10.1),

Ao

L(c) - 1 + 0^0

1 H
coo(l + jSAq)

(10.4)

In order to analyze the stability behavior, we plot
|
fiH(s = jco) |

and LfiH{s = joj)

(Fig. 10.4), observing that a single pole cannot contribute a phase shift greater than 90°

and the system is unconditionally stable for all non-negative values of /J. Note that LfiH is

independent of

Figure 10.4 Bode plots of loop gain for a one-pole

system.

Example 10.1 -

Construct the root locus for a one-pole system.

Solution

Equation (10.4) implies that the closed-loop system has a pole sp — —a)o(l + jS Ao), i.e., a real-valued

pole in the left half plane that moves away from the origin as the loop gain increases (Fig. 10.5).

/(of

«

Figure 10.5
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10.2 Multipole Systems

Our study of op amps in Chapter 9 indicates that such circuits generally contain multiple

poles. In two-stage op amps, for example, each gain stage introduces a “dominant” pole. It

is therefore important to study a feedback system whose core amplifier exhibits more than

one pole.

Let us consider a two-pole system first. For stability considerations, we plot
\

f$H\ and

LfiH as a function of the frequency. Shown in Fig. 10.6, the magnitude begins to drop at

20 dB/dec at co = cop \
and at 40 dB/dec at co — a)p Also, the phase begins to change

at a) = O.leUpi, reaches -45° at co — cop 1
and -90° at co = lO&y, begins to change

again at 0) = O.ltu^ (if 0.1wP2 > lOay), reaches -135° at co = wp2 ,
and asymptotically

approaches -180°. The system is therefore stable because
\
f$H\ drops to below unity at a

frequency for which Lf$H < -180°.

Figure 10.6 Bode plots of loop gain for a two-pole system.

What happens if the feedback is made “weaker?” To reduce the amount of feedback,

we decrease obtaining the gray magnitude plot in Fig. 10.6. For a logarithmic vertical

axis, a change in translates the magnitude plot vertically. Note that the phase plot does

not change. The key point is that as the feedback becomes weaker, the gain crossover point

moves toward the origin while the phase crossover point remains constant, resulting in a

more stable system. The stability is obtained at the cost of weaker feedback.

Example 10.2 — »—.

Construct the root locus for a two-pole system.

Solution

Writing the open-loop transfer function as:

Ao

1 +
s

(i)p \

H(s) = (10.5)



350 Chap. 10 Stability and Frequency Compensator!

we have

1 +
(Dp

1

1 +— )+PA 0
(Dpi)

A0(Dp\(Dp2

S
2 + ((Dpi + + (1 H- PAo)(Dp\COp2

Thus, the closed-loop poles are given by

( 10 .6)

(10.7)

(a)p\ + (Op2) ± yJ{(Dp\ + (Dpi)
1 - 4(1 + pAo)Q)p\0)p2

s 1,2 =
2

. (10.8)

As expected, for p = 0, 512 = —cdp 1 ,
-00

p2 . As p increases, the term under the square root drops,

taking on a value of zero for

1 {(Dp\~0)p2)1

^0 4(Dp\0)p2
(10.9)

As shown in Fig. 10.7, the poles begin at -cop 1 and ~wp2 , move toward each other, coincide for

P = pi, and become complex for p > p\.

p=0
V

-®
P2 \ -“pi

P-P,

O"

r

Figure 10.7

The foregoing calculations point to the complexity of the algebra required to construct a

root locus for higher-order systems. For this reason, many root locus techniques have been

devised so as to minimize such computations [1],

We now study a three-pole system. Shown in Fig. 10.8 are the Bode plots of the magnitude

and phase of the loop gain. The third pole gives rise to additional phase shift, possibly moving

the phase crossover to frequencies lower than the gain crossover and leading to oscillation.

Since the third pole also decreases the magnitude of the loop gain at a greater rate, the

reader may wonder why the gain crossover does not move as much as the phase crossover

does. As mentioned before, the phase begins to change at approximately one-tenth of the

pole frequency whereas the magnitude begins to drop only near the pole frequency. For this

reason, additional poles (and zeros) impact the phase to a much greater extent than they do

the magnitude.
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Figure 10.8 Bode plots of loop gain for a three-pole

system.

As with a two-pole system, if the feedback factor in Fig. 10.8 decreases, the circuit

becomes more stable because the gain crossover moves toward the origin while the phase

crossover remains constant.

10.3 Phase Margin

Our foregoing study indicates that to ensure stability,
\
f$H\ must drop to unity before LfiH

crosses - 1 80°. We may naturally ask: how far should PX be from GX? Let us first consider

a “marginal” case where, as depicted in Fig. 10.9(a), GX is only slightly below PX; sharp

peak for example, at GX the phase equals - 175°. How does the closed-loop system respond

in this case? Noting that at GX, fiH(ja)0 = 1 x exp(-y 175°), we have

and hence

Y
, .

HUcoQ

X
ijC0,)

1+jS H(jwi)

Lxp(-;'175°)
_ _P

1 + exp(— y'175 0
)

1 -0.9962 - ;0.0872

“ J
'

0.0038 - y'0.0872
’

1 1

*

0.0872

11.5

T'

( 10 . 10)

( 10 . 11 )

(10.12)

(10.13)

(10.14)
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Figure 10.9 Closed-loop frequency and time response for (a) small and (b) large margin

between gain and phase crossover points.

Since at low frequencies,
|

YjX |

^ 1 //J , the closed-loop frequency response exhibits a sharp

peak in the vicinity of co = o)\ . In other words, the closed-loop system is near oscillation

and its step response exhibits a very underdamped behavior. This point also reveals that a

second-order system may suffer from ringing although it is stable.

Now suppose, as shown in Fig. 10.9(b), GX precedes PX by a greater margin. Then, we

expect a relatively “well-behaved” closed-loop response in both the frequency domain and

the time domain. It is therefore plausible to conclude that the greater the spacing betweenGX
and PX (while GX remains below PX), the more stable the feedback system. Alternatively,

the phase of pH at the gain crossover frequency can serve as a measure of stability: the

smaller at this point, the more stable the system.

This observation leads us to the concept of “phase margin” (PM), defined as PM -

180° + LpH{o) = o>i), where o)\ is the gain crossover frequency.

Example 10.3 - -

A two-pole feedback system is designed such that \fiH{wp2 )\
= 1 and \ajp [ \ < \coP2 \

(Fig. 10.10).

What is the phase margin?
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Solution

Since L$H reaches -135° at cd ~ a)p2 ,
the phase margin is equal to 45°.

How much phase margin is adequate? It is instructive to examine the closed-loop fre-

quency response for different phase margins f 11. For PM = 45°, at the gain crossover

frequency lpH(a)\) — -135° and \pH(a)\)\ = 1 (Fig. 10.11), yielding

- _ Him)
( 10,i5)

X 1 + 1 x exp(-;135 0
)

Figure 10.11 Closed-loop frequency

response for 45° phase margin.
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Figure 10.13 Unity-gain buffer.

0.4 Frequency Compensation

Typical op amp circuits contain many poles. In a folded-cascode topology, for example,

both the folding node and the output node contribute poles. For this reason, op amps must

usually be “compensated,” that is, their open-loop transfer function must be modified such

that the closed-loop circuit is stable and the time response is well-behaved.

The need for compensation arises because \pH\ does not drop to unity well before LfiH

reaches —180°. We then postulate that stability can be achieved by (1) minimizing the

overall phase shift, thus pushing the phase crossover out [Fig. 10.14(a)]; or (2) dropping

the gain, thereby pushing the gain crossover in [Fig. 10.14(b)]. The first approach requires

that we attempt to minimize the number of poles in the signal path by proper design. Since

each additional stage contributes at least one pole, this means the number of stages must be

Figure 10.14 Frequency compensation by (a) moving PX out, (b) pushing GX in.
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minimized, a remedy that yields low voltage gain and/or limited output swings (Chapter 9).

The second approach, on the other hand, retains the low-frequency gain and the output

swings but it reduces the bandwidth by forcing the gain to fall at lower frequencies.

In practice, we first try to design an op amp so as to minimize the number of poles while

meeting other requirements. Since the resulting circuit may still suffer from insufficient

phase margin, we then compensate the op amp, i.e., modify the design so as to move the

gain crossover toward the origin.

Let us apply the above procedures to various op amp topologies. We begin with the

telescopic cascode op amp shown in Fig. 10.15, where a PMOS current mirror performs

differential to single-ended conversion. We identify a number of poles in the signal paths:

path 1 contains a high-frequency pole at the source of M3 ,
a mirror pole at node A, and

another high-frequency pole at the source ofM7 , whereas path 2 contains a high-frequency

pole at the source ofM4 . The two paths share a pole at the output.

Figure 1 0.1 5 Telescopic op amp with

single-ended output.

It is instructive to estimate the relative position of these poles. Since the output resistance

of the op amp is much higher than the small-signal resistances seen at the other nodes in

the circuit, we expect that, even with a moderate load capacitance, the output pole, o)pM ,

is the closest to the origin. Called the “dominant pole,” a)
p ,

out usually sets the open-loop

3-dB bandwidth.

We also surmise that the first “nondominant pole,” i.e., the closest pole to the origin

after the dominant pole, arises at node A. This is because the total capacitance at this node,

roughly equal to Cess + CGS5 + CDBs + 2Cgd6 + Cdbi 4- CGD3 ,
is typically quite larger

than that at nodes X
,
F, and N and the small-signal resistance ofM5 , approximately 1 /gm$,

is relatively large.

Which node yields the next nondominant pole: N or X (and Y)1 Recall from Chapter 9

that, to obtain a low overdrive and consume a reasonable voltage headroom, the PMOS
devices in the op amp are typically quite wider than the NMOS transistors. Comparing

M4 and M1 and neglecting body effect, we note that since gm = 2ID /\VGS - VT n\, if
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the two transistors are designed to have the same overdrive, they also exhibit the same

transconductance. However, from square-law characteristics, we have W4/W7 = np /fAn ,

which is about 1/3 in today’s technologies. Thus, nodes N and X (or Y) see roughly

equal small-signal resistances to ground but node N suffers from much more capacitance.

It is therefore plausible to assume that node N contributes the next nondominant pole.

Figure 10.16 illustrates the results, denoting the capacitance at nodes A, N, and X by

Ca,Cn ,
and Cx, respectively. The poles at nodes X and Y are nearly equal and their

V

/G)J

V

^m3 gm7 ^m5 1 a

CN Ca floutC|_

Figure 10.1 6 Pole locations for the op amp ofFig. 10.15.

corresponding terms in the transfer functions of path 1 and path 2 can be factored out. Thus,

they count as one pole rather than two.

With the position of the poles roughly determined, we can construct the magnitude and

phase plots for fiH, using /J = 1 for the worst case. Shown in Fig. 10.17, such characteristics

indicate that the mirror pole typically limits the phase margin because its phase contribution

occurs at lower frequencies than that of other nondominant poles.

Recall from Chapter 6 that differential pairs using active current mirrors exhibit a zero

located at twice the mirror pole frequency. The circuit of Fig. 10. 15 contains such a zero as

well. Located at 2cop^y the zero has some effect on the magnitude and phase characteristics.

The analysis is left to the reader.

Figure 10.1 7 Bode plots of loop gain for op amp of Fig. 10.15.
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How should we compensate the op amp? Let us assume that the number and location of

the nondominant poles and hence the phase plot at frequencies higher than roughly lOo^

remain constant. Thus, we must force the loop gain to drop such that the gain crossover

point moves toward the origin. To accomplish this, we simply lower the frequency of the

dominant pole by increasing the load capacitance. The key point is that the phase contribution

of the dominant pole in the vicinity of the gain or phase crossover points is close to 90°

and relatively independent of the location of the pole. That is, as illustrated in Fig. 10.18,

translating the dominant pole toward the origin affects the magnitude plot but not the critical

part of the phase plot.

Figure 10.18 Translating the domi-

nant pole toward origin.

In order to understand how much the dominant pole must be shifted down as well as

arrive at an important conclusion, let us assume (1) the second nondominant pole (ew^)

in Fig. 10.15 is quite higher than the mirror pole so that the phase shift at <o = o)
Pt A

is

equal to -135° and (2) a phase margin of 45° (which is usually inadequate) is necessary.

To compensate the circuit, we first identify the frequency at which the phase plot yields

the required phase margin, in this case, o)Pt A- Since the dominant pole must drop the gain

to unity at <x>p a with a slope of 20 dB/dec, we draw a straight line from o)p a toward the

origin with such a slope (Fig. 10.19), thus obtaining the new magnitude of the dominant

pole, a)
f

out
. Therefore, the load capacitance must be increased by a factor of o)p ,

0uti p̂^v

From the new magnitude plot, we note that the unity-gain bandwidth of the compensated

op amp is equal to thefrequency ofthefirst nondominantpole (of course with a phase margin

of 45°). This is a fundamental result, indicating that to achieve a wideband in a feedback

system employing an op amp, the first nondominant pole must be as far as possible. For

this reason, the mirror pole proves undesirable.

We should also mention that although a)PfOUt = (R0utCL)~\ increasing Rout dots not

compensate the op amp. As shown in Fig. 10.20, a higher Rout results in a greater gain,

only affecting the low-frequency portion of the characteristics. Also, moving one of the

nondominant poles toward the origin does not improve the phase margin. (Why?)

Now consider the fully differential telescopic cascode depicted in Fig. 10.21 . In addition

to achieving various useful properties of differential operation, this topology avoids the mir-

ror pole, thereby exhibiting stable behavior for a greater bandwidth. In fact, we can identify

one dominant pole at each output node and only one nondominant pole arising from node

X (or Y). This suggests that fully differential telescopic cascode circuits are quite stable.
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scale)
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Figure 1 0.1 9 Translating the dominant pole toward the origin

for 45° phase margin.
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Figure 1 0.20 Bode plots of loop gain for higher output re-

sistance.

But how about the pole at node N (or K) in Fig. 10.21? Considering one of the PMOS

cascodes as shown in Fig. 10.22(a), we may think that the capacitance at node N,Cn =

CGS

5

+ CSB 5 + CGdi + CD bi, shunts the output resistance of M7 at high frequencies,

thereby dropping the output impedance of the cascode. To quantify this effect, we first

determine Zout in Fig. 10.22(a):

Zout = (1 + gm5fOs)^N + rt>5> (10.19)

where body effect is neglected and ZN - r^lKC^r 1

. Assuming the first term is much

greater than the second, we have

v01
Zout « (1 + gmsros) p —r-

r0iCN s + 1

( 10 .20)
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(a) (b)

Figure 1 0.22 Effect of device capacitance at internal node of a

cascode current source.

Now, as illustrated in Fig. 10.22(b), we take the output load capacitance into account:

roi 1

i U+gm5r05) — * —

-

,

1 _ r01CN s + 1 CL s

CL s /t (
.

roi ,1
(1 + gmsros) — +—

r0iCN s + 1 CL s

__
(1 ~F gmS^OS)^Ql

[(1 + gm5 rOs)rOlCl + TOlC^]s + 1

Thus, the parallel combination of Zout and the load capacitance still contains a single pole

corresponding to a time constant (1 +gmsro5)roiCL + • Note that (l -\-gm5 r05 )r0
'

1 Ci
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is simply due to the low-frequency output resistance of the cascode. In other words, the

overall time constant equals the “output” time constant plus r07CN . The key point in this

calculation is that the pole in the PMOS cascode is merged with the output pole, thus creating

no additional pole. It merely lowers the dominant pole by a slight amount. For this reason,

we loosely say that the signal does not “see” the pole in the cascode current sources .

2

Comparison of the circuits shown in Figs. 10.15 and 10.21 now reveals that the fully

differential configuration avoids both the mirror pole and the pole at node N. With the

approximation made in (10.22), the circuit of Fig. 10.21 contains only one nondominant

pole located at relatively high frequencies owing to the high transconductance of the NMOS
transistors. This is a remarkable advantage of fully differential cascode op amps.

We have thus far observed that nondominant poles give rise to instability, requiring

frequency compensation. It is possible to cancel one or more of these poles by introducing

zeros in the transfer function? For example, following the analysis of Fig. 6.31, we surmise

that if a low-gain but fast path is placed in parallel with the main amplifier, a zero is created

that can be positioned atop the first nondominant pole. However, cancellation of a pole by

a zero in the presence of mismatches leads to long settling components in the step response

of the closed-loop circuit. This effect is studied in Problem 10.19.

10.5 Compensation of Two-Stage Op Amps

Our study of op amps in Chapter 9 indicates that two-stage topologies may prove inevitable

if the output voltage swing must be maximized. Thus, the stability and compensation of

such op amps is of interest.

Consider the circuit shown in Fig. 10.23. We identify three poles: a pole at X (or F),

another at E (or F), and a third at A (or B). From our foregoing discussions, we know that

the pole at X lies at relatively high frequencies. But how about the other two? Since the

small-signal resistance seen at E is quite high, even the capacitances of M3 ,
M5 , and Mg

can create a pole relatively close to the origin. At node A, the small-signal resistance is

lower but the value of Cl may be quite high. Consequently, we say the circuit exhibits two

dominant poles.

From these observations, we can construct the magnitude and phase plots shown in

Fig. 10.24. Here, q)
Pi e is assumed more dominant but the relative position of cop_e and cop,a

depends on the design and the load capacitance. Note that, since the poles at E and A are

relatively close to the origin, the phase approaches — 1 80° well below the third pole. In other

words, the phase margin may be quite close to zero even before the third pole contributes

significant phase shift.

Let us now investigate the frequency compensation of two-stage op amps. In Fig. 10.24,

one of the dominant poles must be moved toward the origin so as to place the gain crossover

well below the phase crossover. However, recall from Section 10.4 that the unity-gain

bandwidth after compensation cannot exceed the frequency of the second pole of the open-

loop system. Thus, if in Fig. 10.24 the magnitude of q)
Ph e is to be reduced, the available

2
If the second term in Eq. ( 10. 19) is included in subsequent derivations, a pole and a zero that are nearly equal

appear in the overall output impedance. Nonetheless, for gm ro > 1 and Cl > C/v, their effect is negligible.
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Figure 10.23 Two-stage op amp.

Figure 10.24 Bode plots of loop gain of two-stage op amp.

bandwidth is limited to approximately (oPtA , a low value. Furthermore, the very smal

magnitude of the required dominant pole translates to a very large compensation capacitoi

Fortunately, a more efficient method of compensation can be applied to the circuit o

Fig. 10.23. To arrive at this method, we note that, as illustrated in Fig. 10.25(a), the firs

stage exhibits a high output impedance and the second stage provides a moderate gain

thereby providing a suitable environment for Miller multiplication of capacitors. Shown ii

Fig. 10.25(b), the idea is to create a large capacitance at node E ,
equal to (1

+

A vl)Cc ,
movinj

the corresponding pole to R^^Ce + (1 + A V2)CcY\ where Ce denotes the capacitano

at node E before Cc is added. As a result, a low-frequency pole can be established with

moderate capacitor value, saving considerable chip area. This technique is called “Mille

compensation.”
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In addition to lowering the required capacitor value, Miller compensation entails a very

important property: it moves the output pole away from the origin. Illustrated in Fig. 10.26,

this effect is called “pole splitting.” To understand the underlying principle, we simplify

the output stage of Fig. 10.23 as in Fig. 10.27, where R$ denotes the output resistance of

the first stage and Ri = ro9 \\ron - From our analysis in Chapter 6, we note that this circuit

contains two poles:

RsK 1 + gm9^L)(^C + CGD9) + Ce] + ^l(^C + CgD9 + Cl)
(10.23)

COpl
/?s[(l + gm9^L)(Cc + CqD9) + Cg] + Rl{Cq + CqD9 + Cl)

RsRlKCc + Cgd9)Ce + (Cc + Cgd9)Cl + CgCi) 1

. (10.24)

These expressions are based on the assumption \a)p \\ \a)p2 \. Before compensation,

however, a>p \
and wp2 are of the same order of magnitude. For Cc = 0 and relatively large

CL ,
we may approximate the magnitude of the output pole as a)p2 ^ \/(RlCl ).

Figure 1 0.26 Pole splitting as a result of Miller compensation.
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To compare the magnitudes of cop

2

before and after compensation, we consider a typical

case: Cc + CGD9 » CE ,
reducing (10.24) to cop2 & gm9/(CE + CL ). Noting that typically

CE <$C Cl, we conclude that Miller compensation increases the magnitude of the output

pole by roughly a factor of gm9 /?L, a relatively large value. Intuitively, this is because at

high frequencies, Cc provides a low impedance between the gate and drain of M9, reducing

the resistance seen by CL from RL to roughly Rs \ \g~l \ \

RE Sm9
'

In summary, Miller compensation moves the interstage pole toward the origin and

the output pole away from the origin, allowing a much greater bandwidth than that ob-

tained by merely connecting the compensation capacitor from one node to ground. In

practice, the choice of the compensation capacitor for proper phase margin requires some

iteration.

Our study of stability and compensation has thus far neglected the effect of zeros of the

transfer function. While in cascode topologies, the zeros are quite far from the origin, in

two-stage op amps incorporating Miller compensation, a nearby zero appears in the circuit.

Recall from Chapter 6 that the circuit of Fig. 10.27 contains a right-half-plane zero at

o)z = gm9/(Cc + CGd9 )> This is because Cc + CGd9 forms a “parasitic” signal path from

the input to the output. What is the effect of such a zero? The numerator of the transfer

function reads (1 - s/a)z\ yielding a phase of - tan
~

l
(co/a)z ), a negative value because

o)z is positive. In other words, as with poles in the left half plane, a zero in the right half

plane contributes more phase shift, thus moving the phase crossover toward the origin.

Furthermore, from Bode approximations, the zero slows down the drop of the magnitude,

thereby pushing the gain crossover away from the origin. As a result, the stability degrades

considerably.

To better understand the foregoing discussion, let us construct the Bode plots for a third-

order system containing a dominant pole a)p \ , two nondominant poles ojp2 and a>p3,
and 0

zero in the right half plane coz , For two-stage op amps, typically \a>p \ |
< \coz \

< \a)p2 \. As

shown in Fig. 10.28, the zero introduces significant phase shift while preventing the gair

from falling sufficiently.

Figure 1 0.28 Effect of right half plane zero.
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The right half plane zero in two-stage CMOS op amps, given by gm /(Cc 4- CgdX is a

serious issue because gm is relatively small and Cc is chosen large enough to position the

dominant pole properly. Various techniques of eliminating or moving the zero have been

invented. Illustrated in Fig. 10.29, one approach places a resistor in series with the com-

Figure 1 0.29 Addition of Rz to move

the right half plane zero.

pensation capacitor, thereby modifying the zero frequency. The output stage now exhibits

three poles, but for moderate values of R
z
the third pole is located at high frequencies and

the first two poles are close to the values calculated with R
z = 0. Moreover, it can be shown

(Problem 10.8) that the zero frequency is given by

coz ~
1

Cc (gm9
— Rz)

(10.25)

Thus, if Rz > g~l ,
then coz < 0. While Rz = g~ l

9
seems a natural choice, in practice we

may even move the zero well into the left half plane so as to cancel the first nondominant

pole. This occurs if

1 gm9

Cc (g„9 - Rz)
CL +CE

' (10.26)

that is,

R
z

Cl + Ce + Cc

gm9Cc

Cl + Cq

gm^Cc

(10.27)

(10.28)

because Ce is typically much less than Cl + Cc*

The possibility of canceling the nondominant pole makes this technique quite attractive,

but in reality two important drawbacks must be considered. First, it is difficult to guarantee

the relationship given by (10.28), especially if CL is unknown or variable. For example, as

explained in Chapter 12, the load capacitance seen by an op amp may vary from one part of

the period to another in switched-capacitor circuits, necessitating a corresponding change in

Rz and complicating the design. The second drawback relates to the actual implementation

of Rz . Typically realized by a MOS transistor in the triode region (Fig. 10.30), Rz
changes
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Figure 10.30 Effect of large output

swings on Rz .

substantially as output voltage excursions are coupled through CG to node X, thereby

degrading the large-signal settling response.

Generating V& in Fig. 10.30 is not straightforward because Rz must remain equal to (1 +

Cl/

C

c)gm9
despite process and temperature variations. A common approach is illustrated

in Fig. 10.31 [2], where diode-connected devices M13 and Mx4 are placed in series. If

7i is chosen with respect to ID9 such that VGs \3 = Vgs9 ,
then VG5 i 5 = VGsu. Since

gm \4 = fipCoxiW/L)i4 ( Vgsi4 - Vthia) and Ron X5 = [fipC0X(W/ L)\ 5(VGsi5
-

we have Ron \

5

= g~\
4(W/L)i4/(W/ L)i5. For pole-zero cancellation to occur,

and hence

_i (W/L)u
8mH (W/L) l5

5

(W/L) i5 = y/iW/LMW/L)9

Ip9 CG

Id\a CG + Cl

(10.29)

(10.30)

If Cl is constant, (10.30) can be established with reasonable accuracy because it contains

only the ratio of quantities.

Another method of guaranteeing Eq. (10.28) is to use a simple resistor for Rz and de-

fine gm9 with respect to a resistor that closely matches Rz [3]. Depicted in Fig. 10.32,

this technique incorporates along with Rs to generate 4 a R^ 2
. (This circuit

is studied in detail in Chapter 11.) Thus, gm9 oc a \/Jd\ 1 cx R
s

]

. Proper ratio-

ing of Rz and Rs therefore ensures (10.28) is valid even with temperature and process

variations.

Figure 10.31 Generation of V& for

proper temperature and process tracking.
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Rs-

The principal drawback of the two methods described above is that they assume square-

law characteristics for all of the transistors. As described in Chapter 16, short-channel

MOSFETs may substantially deviate from the square-law regime, creating errors in the

foregoing calculations. In particular, transistor M9 is typically a short-channel device be-

cause it appears in the signal path and its raw speed is critical.

An attribute of two-stage op amps that makes them inferior to “one-stage” op amps is the

susceptibility to the load capacitance. Since Miller compensation establishes the dominant

pole at the output of the first stage, a higher load capacitance presented to the second

stage moves the second pole toward the origin, degrading the phase margin. By contrast,

in one-stage op amps, a higher load capacitance brings the dominant pole closer to the

origin, improving the phase margin (albeit making the feedback system more overdamped).

Illustrated in Fig. 10.33 is the step response of a unity-gain feedback amplifier employing

a one-stage or a two-stage op amp, suggesting that the response approaches an oscillatory

behavior if the load capacitance seen by the two-stage op amp increases.

Figure 10.33 Effect of increased load capacitance on step response of one- and

two-stage op amps.
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10.5.1 Slewing in Two-Stage Op Amps

It is instructive to study the slewing characteristics of two-stage op amps. Suppose in

Fig. 10.34(a) Vin experiences a large positive step at t = 0, turning off M2i A/4 , and M3 .

The circuit can then be simplified to that in Fig. 10.34(b), revealing that Cc is charged by

a constant current ISs if parasitic capacitances at node X are negligible. Recognizing that

the gain of the output stage makes node X a virtual ground, we write: Vout hst/Cc .

Thus, the positive slew rate
3
equals Iss/CC * Note that during slewing, M5 must provide

two currents: ISs and I\ . IfM5 is not wide enough to sustain I$s + 1\ in saturation, then Vx
drops significantly, possibly driving Mi into the triode region.

V,
in

out

(b) (c)

Figure 1 0.34 (a) Simple two-stage op amp, (b) simplified circuit during positive slewing,

(c) simplified circuit during negative slewing.

3The term positive refers to the slope of the waveform at the output of the op amp.
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For the negative slew rate, we simplify the circuit as shown in Fig. 10.34(c). Here h

must support both ISs and ID5 . For example, if h = hs, then Vx rises so as to turn offM5 .

If /, < Iss, then M3 enters the triode region and the slew rate is given by lm/Cc .

10.6 Other Compensation Techniques

The difficulty in compensating two-stage CMOS op amps arises from the feedforward path

formed by the compensation capacitor [Fig. 10.35(a)]. If Cc could conduct current from

the output node to node X but not vice versa, then the zero would move to a very high

(a) (b)

Figure 10.35 (a) Two-stage op amp with right half plane zero due to Cc,

(b) addition of a source follower to remove the zero.

frequency. As shown in Fig. 10.35(b), this can be accomplished by inserting a source fol-

lower in series with the capacitor. Since the gate-source capacitance ofM2 is typically much

less than Cc ,
we expect the right half plane zero to occur at high frequencies. Assuming

y - 1 = 0 for the source follower, neglecting some of the device capacitances, and sim-

plifying the circuit as shown in Fig. 10.36, we can write -gmi Vi = V„ui(R, + CLs) and

hence

Vi = —^-(1 + RlCls). ( 10 -31 )

gml^L

1

Kout

L

Figure 10.36 Simplified equivalent

circuit of Fig. 10.35(b).
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We also have

Vi

_L + J_ Rs

8m2

Substituting for V\ from (10.31) yields:

(10.32)

Vout _
~gmlRlRs(gm 2 + CC s)

hn
~ RlClCc { 1 + gm2 Rs)s

2 + [(1 + gmlgm2RLRs)Cc + gm2RLCL ]s + gm 2
*

( 10 .33 )

Thus, the circuit contains a zero in the left half plane, which can be chosen to cancel one

of the poles. The zero can also be derived as illustrated in Fig. 6.15.

We can also compute the magnitudes of the two poles assuming that they are widely

separated. Since typically l + gm2Rs » 1 and(l +gm \gm2RL Rs)Cc » gm 2^CL , we have

and

(Op\
8m2

gmlgmlRlRsCc

1

gmxRlRsCc

gmlgmlRLRsCc

RlClCcgm2Rs

gml

C?

( 10 .34
)

( 10 .35
)

( 10 .36)

( 10 .37
)

Thus, the new values ofwp \ and a)P2 are similar to those obtained by simple Miller approx-

imation. For example, the output pole has moved from (RLCL
)~ l

to gm\/CL .

The primary issue in the circuit of Fig. 10.35(b) is that the source follower limits the

lower end of the output voltage to Vcs2 + Vn, where Vj 2 is the voltage required across

/2 . For this reason, it is desirable to utilize the compensation capacitor to isolate the dc

levels in the active feedback stage from that at the output. Such a topology is depicted in

Fig. 10.37, where Cc and the common-gate stage M2 convert the output voltage swing

to a current, returning the result to the gate of Mi [4]. If V\ changes by A V and Vout by

A v AV, then the current through the capacitor is nearly equal to A vAVCcs because l/gm2

can be relatively small. Thus, a change AV at the gate of Mi creates a current change of

A vA VCqs, providing a capacitor multiplication factor equal to A v .

Assuming X = y = 0 for the common-gate stage, we redraw the circuit of Fig. 10.37 in

Fig. 10.38, where we have:

Vout +
gmlVl

Ccs
= -V2 ( 10 .38

)
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Figure 10.37 Compensation tech-

nique using a common-gate stage.

Figure 10.38 Simplified equivalent

circuit of Fig. 10.37.

and hence

V2 = -V
t

Cc s

out
Ccs + gtn2

(10.39)

Also,

gml V, + VoM (j-
+ C

^)
= (10 -40)

and /,„ = VJRs + gmiV2 . Solving these equations, we obtain

V„ut
-gmlRsRdgml + CcS)

(10.41)1~ ~ RlClCcS2 + [(1 + gml Rs)gmlRl.Cc + CC + gm^C^ + gm2

As with the circuit of Fig. 10.35(b), this topology contains a zero in the left half plane.

Using similar approximations, we compute the poles as

1

(l)p \

(Dp2

gml^L^sCc

gm2^sgm\

CL

(10.42)

(10.43)

Interestingly, the second pole has considerably risen in magnitude— by a factor of gm2 Rs

with respect to that of the circuit of Fig. 10.35. This is because at very high frequencies,
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the feedback loop consisting of M2 and R$ in Fig, 10.37 lowers the output resistance by

the same factor. Of course, if the capacitance at the gate ofM
x is taken into account, pole

splitting is less pronounced. Nevertheless, this technique can potentially provide a high

bandwidth in two-stage op amps.

The op amp of Fig. 10.37 entails important slewing issues. For positive slewing at the

output, the simplified circuit of Fig. 10.39(a) suggests that M2 and hence I\ must support

out

"j

Iss

1

Hh
l2<

\

p *

p
*Mn J „

'ss®
/ 3 = / 2 = /

(a)

Figure 10.39 Circuit of Fig. 10.37 during (a) positive and (b) negative slewing.

hs >
requiring that I\ > ISs + Id\- If h is less, then VP drops, turning M\ off, and if

h < hs , Afo and its tail current source must enter the triode region, yielding a slew rate

equal to 7i/Cc .

For negative slewing, I2 must support both ISs and ID2 [Fig. 10.39(b)]. As ISs flows

into node P, VP tends to rise, increasing IDi . Thus, M\ absorbs the current produced by /3

through Cf, turning offM2 and opposing the increase in VP . We can therefore consider P
a virtual ground node. This means that, for equal positive and negative slew rates, h (and

hence I2 ) must be as large as ISs, raising the power dissipation.

Op amps using a cascode topology as their first stage can incorporate a variant of the

technique illustrated in Fig. 10.37. Shown in Fig. 10.40(a), this approach places the com-

pensation capacitor between the source of the cascode devices and the output nodes. Using

the simplified model of Fig. 10.40(b) and the method of Fig. 6.15, the reader can prove that

the zero appears at (gm4 ^eq)(gm9/Cc ), a much greater magnitude than gmg/Cc ^ If other

capacitances are neglected, it can also be proved that the dominant pole is located at approx-

imately (Reggm9^LCc )~\ as if Cc were connected to the gate ofM9 rather than the source

ofM4 . Also, the first nondominant pole is given by gm4gm9Req/CL ,
an effect similar to that

described by Eq. (10.43). In reality, the capacitance at X may not be negligible because the

resistance seen at this node is quite large. The analysis of the slew rate is left as an exercise

for the reader.



Unless otherwise stated, in the following problems, use the device data shown in Table 2.1 and assume

VDD = 3 V where necessary. Also, assume all transistors are in saturation.

10.1. An amplifier with a forward gain of Ao and two poles at 10 MHz and 500 MHz is placed in

a unity-gain feedback loop. Calculate Ao for a phase margin of 60°.

10.2. An amplifier with a forward gain of Ao has two coincident poles at a)p . Calculate the maximum

value of Ao for a 60° phase margin with a closed-loop gain of (a) unity, (b) 4.

10.3. An amplifier has a forward gain of A0 = 1000 and two poles at a)
p \

and a)p2 . For <op \ =

1 MHz, calculate the phase margin of a unity-gain feedback loop if (a) a)p2 = 2o)p \ t
(b)

0)P2 = 4<Upl.

10.4. A unity-gain closed-loop amplifier exhibits a frequency peaking of 50% in the vicinity of the

gain crossover. What is the phase margin?

10.5. Consider the transimpedance amplifier shown in Fig. 10.41, where R& = 1 k£2, Rf =

10 kfi, gm i = gmi = 1/(100 fl), and CA = Cx = CY = 100 fF. Neglecting all other

Figure 10.41



374 Chap. 10 Stability and Frequency Compensation

capacitances and assuming X = y = 0, compute the phase margin of the circuit. (Hint: break

the loop at node X.)

10.6. In Problem 1 0.5, what is the phase margin if R& is increased to 2 kQl

10.7. If the phase margin required of the amplifier of Problem 10.5 is 45°, what is the maximum

value of (a) Cy
,
(b) Ca, (c) Cx while the other two capacitances remain constant?

10.8. Prove that the zero of the circuit shown in Fig. 10.29 is given by Eq. (10.25). Apply the

technique illustrated in Fig. 6.15.

10.9. Consider the amplifier of Fig. 10.42, where (W/L )\-4 = 50/0.5 and Iss = h = 0.5 mA.

(a) Estimate the poles at nodes X and Y by multiplying the small-signal resistance and

capacitance to ground. Assume Cx = Cy = 0.5 pF. What is the phase margin for

unity-gain feedback?

(b) If Cx = 0.5 pF, what is the maximum tolerable value of Cy that yields a phase margin

of 60° for unity-gain feedback?

10.10. Estimate the slew rate of the op amp of Problem 10.9(b) for both parts (a) and (b).

10.11. In the two-stage op amp of Fig. 10.43, W/L = 50/0.5 for all transistors except for M5 ^ for

which W/L = 60/0.5. Also, Iss = 0.25 mA and each output branch is biased at 1 mA.

Figure 10.43

(a) Determine the CM level at nodes X and Y.

(b) Calculate the maximum output voltage swing.

(c) If each output is loaded by a 1-pF capacitor, compensate the op amp by Miller multi-

plication for a phase margin of 60° in unity-gain feedback. Calculate the pole and zero

positions after compensation.
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(d) Calculate the resistance that must be placed in series with the compensation capacitors to

position the zero atop the nondominant pole.

(e) Determine the slew rate.

10 .12 . In Problem 10. 1 1(e), the pole-zero cancellation resistor is implemented with a PMOS device

as in Fig. 10.31. Calculate the dimensions of M13-M15 if /1 — 100 (xA ,

10.13. Calculate the input-referred thermal noise voltage of the op amp shown in Fig. 10.43.

10.14. Figure 10.44 depicts a transimpedance amplifier employing voltage-current feedback. Note

that the feedback factor may exceed unity because of M3. Assume I \ are ideal, l\ = h =
1 mA, h = 10 fiA, (W/L)u

2

= 50/0.5, and (W/Lh = 5/0.5.

- Figure 10.44

(a) Breaking the loop at the gate of M3, estimate the poles of the open-loop transfer function.

(b) If the circuit is compensated by adding a capacitor Cc between the gate and the drain

of Mi, what value of Cc achieves a phase margin of 60° ? Determine the poles after

compensation.

(c) What resistance must be placed in series with Cc to position the zero of the output stage

atop the first nondominant pole?

10.15 . Repeat Problem 10.14(c) if the output node is loaded by a 0.5-pF capacitor.

10 .16 . Suppose in the circuit of Fig. 10.44 a large negative input current is applied such that Mi

turns off momentarily. What is the slew rate at the output?

10 .17 . Explain why in the circuit of Fig. 10.44, the compensation capacitor should not be placed

between the gate and the drain of M2 or M3.

10 .18 . Determine the input-referred noise current of the circuit shown in Fig. 10.44 and described

in Problem 10.14(c).

10.19. The cancellation of a pole by a zero, e.g., in a two-stage op amp, entails an issue called

the “doublet” problem [5, 6]. If the pole and the zero do not exactly coincide, we say they

constitute a doublet. The step response of feedback circuits in the presence of doublets is of

great interest. Suppose the open-loop transfer function of a two-stage op amp is expressed as

Hopert (s )
—

A0 1 + —
OJ 7

1 +
(Dpi

1 +
Mpl

(10.44)

Ideally, (dz = o)p2 and the feedback circuit exhibits a first-order behavior, i.e., its step response

contains a single time constant and no overshoot.
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(a) Prove that the transfer function of the amplifier in a unity-gain feedback loop is given by

Ao 1 + —
Hclosed (s )

—

+
(0p \a)p2 \o)p i ct)p2

1 1 A 0 \
1

1 Is + Aq + 1

(

0

7

(10.45)

(b) Determine the two poles of Hciosed (s), assuming they are widely spaced.

(c) Assuming coz ^ a)p2 and cop2 < (1 + Aq)o)p i, write Hdosed {s) in the form

Hdosed(s) —
A 1 +

(o?

(10.46)

and determine the small-signal step response of the closed-loop amplifier.

(d) Prove that the step response contains an exponential term of the form (1 - (vz /(jl>
p2 )

exp(-&ip20- This is an important result, indicating that if the zero does not exactly cancel

the pole, the step response exhibits an exponential with an amplitude proportional to

1 - o)z /o)p2 (which depends on the mismatch between coz and (op2 ) and a time constant

of \j(i)z ,

10 .20. Using the results of Problem 10. 19(d), determine the step response of the amplifier described

in Problem 10.11(e) with (a) perfect pole-zero cancellation, (b) 10% mismatch between the

pole and the zero magnitudes.
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Chapter 11

Bandgap References

Analog circuits incorporate voltage and current references extensively. Such references are

dc quantities that exhibit little dependence on supply and process parameters and a well-

defined dependence on the temperature. For example, the bias current of a differential pair

must be generated according to a reference, for it affects the voltage gain and noise of the

circuit. Also, in systems such as A/D and D/A converters, a reference is required to define

the input or output full-scale range.

In this chapter, we deal with the design of reference generators in CMOS technology,

focusing on well-established “bandgap” techniques. First, we study supply-independent

biasing and the problem of start-up. Next, we describe temperature-independent references

and examine issues such as the effect of offset voltages. Finally, we present constant-Gm

biasing and study an example of state-of-the-art bandgap references.

11.1 General Considerations

As mentioned above, the objective of reference generation is to establish a dc voltage or

current that is independent of the supply and process and has a well-defined behavior with

temperature. In most applications, the required temperature dependence assumes one of

three forms: (a) proportional to absolute temperature (PTAT); (2) constant-Gm behavior,

i.e., such that the transconductance of certain transistors remains constant; (3) temperature

independent. We can therefore divide the task into two design problems: supply-independent

biasing and definition of the temperature variation.

In addition to supply, process, and temperature variability, several other parameters of

reference generators may be critical as well. These include output impedance, output noise,

and power dissipation. We return to these issues later in this chapter.

11.2 Supply-Independent Biasing

Our use of bias currents and current mirrors in previous chapters has implicitly assumed

that a “golden” reference current is available. As shown in Fig. 11.1(a), if IRef does not

377
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(a) (b)

Figure 11.1 Current-mirror biasing using (a) an ideal current source,

(b) a resistor.

vary with VDD and channel-length modulation ofM2 andM3 is neglected, then ID2 and ID

3

remain independent of the supply voltage. The question then is: how do we generate Iref ?

As an approximation of a current source, we tie a resistor from VDD to the gate of M\

[Fig. 1 1.1(b)]. However, the output current of this circuit is quite sensitive to VDD :

AVdd (W/L)2

Ri + l/Sml
’ (W/L)

1

( 11 . 1 )

In order to arrive at a less sensitive solution, we postulate that the circuit must bias itself

\

i.e., Iref must be somehow derived from Iout . The idea is that if Iout is to be ultimately

independent of VDD , then IREF can be a replica of Iout . Fig. 1 1 .2 illustrates an implementa-

tion where M3 andM4 copy Iout ,
thereby defining Iref- In essence, IREF is “bootstrapped”

to Iout . With the sizes chosen here, we have Iout = K

I

REE if channel-length modulation is

neglected. Note that, since each diode-connected device feeds from a current source, Iout

and IREF are relatively independent of VDD .

Figure 11.2 Simple circuit to estab-

lish supply-independent currents.

Since lout and lREE in Fig. 1 1.2 display little dependence on VDD ,
their magnitude is set

by other parameters. How do we calculate these currents? Interestingly, if MrM4 operate

in saturation and X ^ 0, then the circuit is governed by only one equation, Iout = K

I

RE p,

and hence can support any current level! For example, if we initially force 1REF to be 10

/xA, the resulting lout of K x 10 fiA “circulates” around the loop, sustaining these current

levels in the left and right branches indefinitely.

To uniquely define the currents, we add another constraint to the circuit, e.g., as shown

in Fig. 11.3(a). Here, resistor R$ decreases the current of M2 while the PMOS devices
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Figure 1 1 .3 (a) Addition of Rs to define the currents, (b) alternative implementation

eliminating body effect.

require that Iout = IREf because they have identical dimensions. We can write VG si
=

Vgs2 + IdiRs, or

Uout

finCox(W/L)N
+ Vth i

=
21out

UnC0X K(W/L)N
+ VtH2 + Iou'Rs- (11.2)

Neglecting body effect, we have

and hence

21,out

tinC0X(W/L)N

1

Jk
tout Rs

i -i
f i

- j_y
HnCox(W/L)N Rj V JR)

(11.3)

(11.4)

As expected, the current is independent of the supply voltage (but still a function of process

and temperature).

The assumption VTH \
= VTm introduces some error in the foregoing calculations be-

cause the sources of and M2 are at different voltages. Shown in Fig. 11.3(b), a simple

remedy is to place the resistor in the source ofM3 while eliminating body effect by tying the

source and bulk of each PMOS transistor. Another solution is described in Problem 11.1.

The circuits of Figs. 1 1.3(a) and (b) exhibit little supply dependence if channel-length

modulation is negligible. For this reason, relatively long channels are used for all of the

transistors in the circuit.

Example 11.1 -

Assuming X ^ 0 in Fig. 11.3(a), estimate the change in Iou t for a small change AVDD in the supply

voltage.



380 Chap. 1

1

Bandgap References

Figure 11.4

Solution

Simplifying the circuit as depicted in Fig. 11.4, where Ri = r0 i||(l/gml )and /?3 = a*c>3 ll(l/^m 3 ), we
calculate the ‘‘gain” from Vdd to lout . The small-signal gate-source voltage ofM4 equals -huffy
and the current through tqa is (Vdd ~ Vx)/r0A- Thus,

Vdd ~ Vx
t T n _

V*
1 hut R^SmA — ~

r<M R\
(11.5)

If we denote the equivalent transconductance ofM2 and Rs by Gm2 = l0ut/Vx ,
then

-1-1
hut 1 r 1 r 1

Vdd r0A _Gm2{roA\\R\)
8m4 3

_

( 11 .6)

Note from Chapter 3 that

Gm 2 =
&m2r02

Rs + r02 + (gm 2 + gmb2)Rsro2

Interestingly, the sensitivity vanishes if ro4 — 00 .

(11.7)

In some applications, the sensitivity given by (11.6) is prohibitively large. Also, ow-

ing to various capacitive paths, the supply sensitivity of the circuit typically rises at high

frequencies. For these reasons, the supply voltage of the core is often derived from a locally-

generated, less sensitive voltage. We return to this point in Section 1 1.7.

An important issue in supply-independent biasing is the existence of “degenerate” bias

points. In the circuit of Fig. 1 1.3(a), for example, if all of the transistors carry zero current

when the supply is turned on, they may remain off indefinitely because the loop can sup-

port a zero current in both branches. This condition is not predicted by (11.4) because in

manipulating (11.3) we divided both sides by 4h^u tacitly assuming hut ^ 0- In other

words, the circuit can settle in one of two different operating conditions.

Called the “start-up” problem, the above issue is resolved by adding a mechanism that

drives the circuit out of the degenerate bias point when the supply is turned on. Shown in

Fig. 1 1 .5 is a simple example, where the diode-connected device Ms provides a current path

from Vdd through M3 and M\ to ground upon start-up. Thus, M3 and M]y and hence M2
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Figure 11.5 Addition of start-up

device to the circuit of Fig. 1 1.3(a).

and M4 ,
cannot remain off. Of course, this technique is practical only if Vth\ + Vths +

|Vrff3 |

< VDD mdVGS i + VTH 5 + \VGS3\ > Vdd> the latter to ensure Ms remains off after

start-up. Another start-up circuit is analyzed in Problem 1 1.2.

The problem of start-up generally requires careful analysis and simulation. The supply

voltage must be ramped from zero in a dc sweep simulation (such that parasitic capacitances

do not cause false start-up) as well as in a transient simulation and the behavior of the circuit

examined for each supply voltage. In complex implementations, more than one degenerate

point may exist.

11.3 Temperature-Independent References

Reference voltages or currents that exhibit little dependence on temperature prove essential

in many analog circuits. It is interesting to note that, since most process parameters vary

with temperature, if a reference is temperature-independent, then it is usually process-

independent as well.

How do we generate a quantity that remains constant with temperature? We postulate

that if two quantities having opposite temperature coefficients (TCs) are added with proper

weighting, the result displays a zero TC. For example, for two voltages V\ and V2 that

vary in opposite directions with temperature, we choose oq and a2 such that oq 3 V\/dT +

a2dV2/3T = 0, obtaining a reference voltage, VREf =otiV\+ ot2V2 ,
with zero TC.

We must now identify two voltages that have positive and negative TCs. Among various

device parameters in semiconductor technologies, the characteristics of bipolar transistors

have proven the most reproducible and well-defined quantities that can provide positive and

negative TCs. Even though many parameters ofMOS devices have been considered for the

task of reference generation [ 1 , 2], bipolar operation still forms the core of such circuits.

1 1 .3.1 Negative-TC Voltage

The base-emitter voltage of bipolar transistors or, more generally, the forward voltage of a

pn-junction diode exhibits a negative TC. We first obtain the expression for the TC in terms

of readily-available quantities.

For a bipolar device we can write Ic = Is£*V(Vbe/ Vt\ where Vj = kT/q. The

saturation current Is is proportional to fikTrij, where \x denotes the mobility of minority
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carriers and n
t

is the intrinsic minority carrier concentration of silicon. The temperature

dependence of these quantities is represented as (i <X /x0T
m

,
where m & -3/2, and

n] a T 3 exp[~E
g /(kT)], where E

g & 1.12 eV is the bandgap energy of silicon. Thus,

Is = bT4+m exp (11.8)

where b is a proportionality factor. Writing VBE = Vr In(Ic/h\ we can now compute
the TC of the base-emitter voltage. In taking the derivative of VBE with respect to T, we
must know the behavior of Iq as a function of the temperature. To simplify the analysis, we
assume for now that Ic is held constant. Thus,

3VBE 3^7
1

Ic VE d Is

~3T
~

~df~ 7s"

”
~h~dT'

From (11.8), we have

= *(4 + «1 )7
’3+m + bT4+m (exp . (11.10)

Therefore,

VE dls

7
= (4 + m)YL + ^L

T kT2
VT

With the aid of (1 1.9) and (1 1.1 1), we can write

(11.11)

be

dT

Vt . Ic
, ,

Vt Eg_ to (4+ „,_ VT (1U2)

Vbe ~ (4 + m)VT - E
g /q

T
(11.13)

Equation (11.13) gives the temperature coefficient of the base-emitter voltage at a given

temperature 7\ revealing dependence on the magnitude of VBE itself. With VBE ^ 750 mV
and T = 300°K, 3VBE/dT % -1.5 mV/°K.

From (11.13), we note that the temperature coefficient of VBE itself depends on the

temperature, creating error in constant reference generation if the positive-TC quantity

exhibits a constant temperature coefficient.

1 1 .3.2 Positive-TC Voltage

It was recognized in 1964 [3] that if two bipolar transistors operate at unequal current

densities, then the difference between their base-emitter voltages is directly proportional to

the absolute temperature. For example, as shown in Fig. 1 1.6, if two identical transistors

(hi = hi) are biased at collector currents of nl0 and /0 and their base currents are neg-



Sec. 1 1 .3 Temperature-Independent References 383

Figure 11.6 Generation of PTAT

voltage.

ligible, then

&Vbe = Vbe\ “ Vbei

I/ i

nI° T/ i /o
= Vj In Vj In—

hi hi

= Vj In n.

(11.14)

(11.15)

(11.16)

Thus, the Vbe difference exhibits a positive temperature coefficient:

3 AVbe

3T
- In n.

q
(11.17)

Interestingly, this TC is independent ofthe temperature or behavior of the collector currents.
1

Example 11.2

Calculate A Vbe in the circuit of Fig. 1 1.7.

Figure 11.

7

1

Nonidealities in the characteristics of bipolar transistors introduce a small temperature dependence in

this TC.
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Solution

Neglecting base currents, we can write

= V>ln
nip

- Vj In
Io

mls

= Vt In(nm).

The temperature coefficient is therefore equal to (k/q) In(nm).

(11.18)

(11.19)

11.3.3 Bandgap Reference

With the negative- and positive-TC voltages obtained above, we can now develop a reference

having a nominally zero temperature coefficient. We write VREF — oq VBE 4- <x2(VT Inn),

where VT In n is the difference between the base-emitter voltages of the two bipolar tran-

sistors operating at different current densities. How do we choose ct\ and a2 l Since at

room temperature d VBe /3T % -1.5 mV/°K whereas d Vr/dT & +0.087 mV/°K, we may

set a] = 1 and choose a2 \nn such that (a2 lnn)(0.087 mV/°K) — 1.5 mV/°K. That is,

of2 In n & 17.2, indicating that for zero TC:

Vref — Vbe + 17.21/7 (11.20)

-1.25 V. (11.21)

Let us now devise a circuit that adds VBE to 17.2VV. First, consider the circuit shown

in Fig. 11.8, where base currents are assumed negligible, transistor Q 2 consists of n unit

transistors in parallel, and Q\ is a unit transistor. Suppose we somehow force V0 \
and V0i

to be equal. Then, VB e\ — RI + Vbei and RI = VBE \
— Vbe2 = Vt In n. Thus, Vq2 =

^bei + Vr Inn, suggesting that Vq 2 can serve as a temperature-independent reference if

Inn ^ 17.2 (while V0 \ and V02 remain equal).

Figure 1 1 .8 Conceptual generation of

temperature-independent voltage.

The circuit of Fig. 1 1.8 requires two modifications to become practical. First, a mech-

anism must be added to guarantee V0 \
= Vo2 - Second, since In n = 17.2 translates to a

prohibitively large n, the term RI — Vt Inn must be scaled up by a reasonable factor.

Shown in Fig. 11.9 is an implementation accomplishing both tasks [4]. Here, amplifier



Sec. 1 1 .3 Temperature-Independent References 385

Figure 11.9 Actual implementation

of the concept shown in Fig. 1 1.8.

A\ senses Vx and VV, driving the top terminals of R i and Ri (R\ — R2) such that X and

Y settle to approximately equal voltages. The reference voltage is obtained at the out-

put of the amplifier (rather than at node Y ). Following the analysis of Fig. 1 1.8, we have

Ybe\ — Vbei= VV In n, arriving at a current equal to VT Xnn/R^ through the right branch

and hence an output voltage of

V

t

Inn
Vaut = V*£2 + + *2)

= VflK + (Vr lnn)^l +^
For a zero TC, we must have (1 + ^2/^3 ) Inn % 17.2. For example, we may chooser = 31

and R2/R3 ~ 4. Note these results do not depend on the TC of the resistors.

The circuit of Fig. 1 1.9 entails a number of design issues. We consider each one below.

Collector Current Variation The circuit of Fig. 11.9 violates one of our earlier as-

sumptions: the collector currents of Q\ and Q2, given by (VV In are proportional to

7, whereas dVBE/dT & -1.5 mV/°K was derived for a constant current. What happens

to the temperature coefficient of VB

E

if the collector currents are PTAT? As a first-order

iterative solution, let us assume Ic\ — Ici ^ (Vy lnn)//? 3 . Returning to Eq. (11.9) and

including 3 7C / 3 7 ,
we have

( 11 .22)

(11.23)

3VV£ 3VV
1

lc
, 17 / 1 81c 1 dls— In \- Vj I

37 37 Is \IC dT Is 37

Since die/37 ^ (VV lnn)/(7?3 7) = 7c /7, we can write

dVBE dVr
1

lc VV VV 37$

dr ~ Hr
n
77
+ Y ~

77 9T'

Equation (1 1.13) is therefore modified as

3 VBe VBe — (3 -F m)Vf — E
H /q

(11.24)

(11.25)

37 7
(11.26)
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indicating that the TC is slightly less negative than —1.5 mV/°K. In practice, accurate

simulations are necessary to predict the temperature coefficient.

Compatibility with CMOS Technology Our derivation of atemperature-independenl

voltage relies on the exponential characteristics of bipolar devices for both negative- and

positive-TC quantities. We must therefore seek structures in a standard CMOS technology

that exhibit such characteristics.

C E B

Figure 11.10 Realization of a pnp bipolar transistor in

CMOS technology.

In n -well processes, a pnp transistor can be formed as depicted in Fig. 1 1 . 10. A p
+

region

(the same as the S/D region of PFETs) inside an /t-well serves as the emitter and the n-well

itself as the base. The p-type substrate acts as the collector and it is inevitably connected to

the most negative supply (usually ground). The circuit of Fig. 1 1 .9 can therefore be redrawn

as shown in Fig. 11.11.

Figure 11.11 Circuit of Fig. 11.9

implemented with pnp transistors.

Op Amp Offset and Output Impedance As explained in Chapter 13, owing to asym-

metries, op amps suffer from input “offsets,” i.e., the output voltage of the op amp is not

zero if the input is set to zero. The input offset voltage of the op amp in Fig. 11.9 in-

troduces error in the output voltage. Included in Fig. 11.12, the effect is quantified as

Vbe\ - Vos ~ Vbe2 + Rilci (if Ai is large) and Vout = VBE2 + (R3 + #2 )/c2 - Thus,

= rfl£2 + (K, + R2 )

VBm-VsE2-Vos
(H.27)

R 3

1 + (VT In n — Vos),— VS £2 + (11.28)
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Figure 11.12 Effect of op amp offset

on the reference voltage.

where we have assumed lc2
% Ic\ despite the offset voltage. The key point here is that

Vos is amplified by 1 + R2/R3, introducing error in Vout . More importantly, as explained

in Chapter 13, Vo

s

itself varies with temperature, raising the temperature coefficient of the

output voltage.

Several methods are employed to lower the effect of V0 s- First, the op amp incorporates

large devices in a carefully chosen topology so as to minimize the offset (Chapter 18).

Second, as illustrated in Fig. 11.7, the collector currents of Q\ and g 2 can be ratioed by a

factor ofm such that AVBE = VT In(mn). Third, each branch may use two pn junctions in

series to double AVBE . Fig. 11.13 depicts a realization using the last two techniques. Here,

Figure 1 1 .1 3 Reduction of the effect

of op amp offset.

R\ and R2 are ratioed by a factor of m, producing 1\ % ml2 . Neglecting base currents and

assuming A\ is large, we can now write VBE \ + VBE2 - V0 s = Vbe 3 + Vbea + R^h and

Vou t
= Fb£3 + VBE4 + (R2 -F R2)h- It follows that

Vout ~ VbE3 + Vg£4 + (^3 + Rl)

Ri

2Vj In(mn) - Vos

R*
(11.29)

= 2Vbe + ^1 T- —
J
[2Vy In(mn) — V05 ]. (11.30)
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Thus, the effect of the offset voltage is reduced by increasing the first term in the squar

brackets. The issue, however, is that Vout ^ 2 x 1 .25 V — 2.5 V, a value difficult to generat

by the op amp at low supply voltages.

The implementation of Fig. 1 1 . 1 3 is not feasible in a standardCMOS technology becaus

the collectors of Q 2 and Q4 are not grounded. In order to utilize the bipolar structure show

in Fig. 1 1.10, we modify the series combination of the diodes as illustrated in Fig. 11.1 4(a;

converting one of the diodes to an emitter follower. However, we must ensure that the bia

currents of both transistors have the same behavior with temperature. Thus, we bias eac]

transistor by aPMOS current source rather than a resistor [Fig. 1 1 .14(b)]. The overall circui

then assumes the topology shown in Fig. 11.15, where the op amp adjusts the gate voltagi

of the PMOS devices so as to equalize Vx and Vy. Interestingly, in this circuit the op am]

experiences no resistive loading, but the mismatch and channel-length modulation of th<

PMOS devices introduce error at the output [Problem 1 1.3(d)].

An important concern in the circuit of Fig. 11.15 is the relatively low current gain 0

the “native” pnp transistors. Since the base currents of <2 2 and g 4 generate an error ir

2^BE

rC °2 ^BE

(a) (b)

Figure 11.14 (a) Conversion of series diodes to a topology with grounded collec-

tors, (b) circuit of part (a) biased by PMOS current sources.

Figure 11.15 Reference generator

incorporating two series base-emitter

voltages.
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the emitter currents of Q\ and Q^, a means of base current cancellation may be necessary

(Problem 11.5).

Feedback Polarity In the circuit of Fig. 1 1.9, the feedback signal produced by the op

amp returns to both of its inputs. The negative feedback factor is given by

1 /8m2 + /?3

l/#m2 + R3 + Rl

and the positive feedback factor by

(11.31)

V8ml

1 /§m\ + Rl
(11.32)

To ensure an overall negative feedback, ftp must be less than pN , preferably by roughly

a factor of two so that the circuit’s transient response remains well-behaved with large

capacitive loads.

Bandgap Reference The voltage generated according to (1 1.20) is called a “bandgap

reference.” To understand the origin of this terminology, let us write the output voltage as

Vref = Vbe + Vt hin (11.33)

and hence:

dVpEF $Vbe Vt ._ In/?.

dT dT T

Setting this to zero and substituting for d Vre!9T from (11.13), we have

Vbe — (4 + m)Vr — E
g /q Vj
5— = \nn

T T

If VT Inn is found from this equation and inserted in (1 1.33), we obtain:

Es
Vref — h (4 + m)Vj.

q

(11.34)

(11.35)

(11.36)

Thus, the reference voltage exhibiting a nominally-zero TC is given by a few fundamental

numbers: the bandgap voltage of silicon, E
g /q ,

the temperature exponent of mobility, m, and

the thermal voltage, Vt . The term “bandgap” is used here because as T -> 0, Vre f Eg /q •

Supply Dependence and Start-Up In the circuit of Fig. 1 1.9, the output voltage is

relatively independent of the supply voltage so long as the open-loop gain of the op amp is

sufficiently high. The circuit may require a start-up mechanism because if Vx and Vy are

equal to zero, the input differential pair of the op amp may turn off. Start-up techniques

similar to those of Fig. 1 1.5 can be added to ensure the op amp turns on when the supply is

applied.
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The supply rejection of the circuit typically degrades at high frequencies owing to the o|

amp’s rejection properties, often mandating “supply regulation” An example is describe*

in Section 11.7.

Curvature Correction If plotted as a function of temperature, bandgap voltages exhibi

a finite “curvature,” i.e., theirTC is typically zero at one temperature and positive or negativ*

at other temperatures (Fig. 11.16). The curvature arises from temperature variation of base

emitter voltages, collector currents, and offset voltages.

^REF

Figure 11.16 Curvature in tempera-

ture dependence of a bandgap voltage.

Many curvature correction techniques have been devised to suppress the variation ol

Vref [5, 6] in bipolar bandgap circuits but they are seldom used in CMOS counterparts,

This is because, due to large offsets and process variations, samples of a bandgap reference

display substantially different zero-TC temperatures (Fig. 11.17), making it difficult tc

correct the curvature reliably.

^REF
k

Figure 11.17 Variation of the zero-

TC temperature for difference samples.

1 1 .4 PTAT Current Generation

In the analysis of bandgap circuits, we noted that the bias currents of the bipolar transistors

are in fact proportional to absolute temperature. Useful in many applications, PTAT cur-

rents can be generated by a topology such as that shown in Fig. 11.18. Alternatively, we can

combine the supply-independent biasing scheme of Fig. 1 1 .2 with a bipolar core, arriving

at Fig. 1 1 . 19.
2 Assuming for simplicity that M\ ~M2 and M3 -A/4 are identical pairs, we note

that for ID \ = ID2 ,
the circuit must ensure that Vx — Vy . Thus, Im = IDi = (Vt ln/i)/rt|,

yielding the same behavior for Id5. In practice, due to mismatches between the transistors

and, more importantly, the temperature coefficient of R
1
the variation of Ids deviates from

the ideal equation.

The circuit of Fig. 11.19 can be readily modified to provide a bandgap reference voltage

as well. Illustrated in Fig. 1 1.20, the idea is to add a PTAT voltage Ids ^2 to a base-emitter

2The the two circuits in Figs. 11.18 and 1 1.19 exhibit difference supply rejections. With a carefully designed

op amp, the former achieves a higher rejection.
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Figure 11.18 Generation of a PTAT

current.

Figure 11.19 Generation of a PTAT

current using a simple amplifier.

Figure 11.20 Generation of a temp-

erature-independent voltage.
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voltage. The output therefore equals

Vref = + — Vt ln«, (11.37)

R\

where all PMOS transistors are assumed identical. Note that the value of VBei and hence

the size of Q 3 are somewhat arbitrary so long as the sum of the two terms in (1 1 .37) gives

a zero TC. In reality, mismatches of the PMOS devices introduce error in Vout .

1 1 .5 Constant-

G

m Biasing

The transconductance of MOSFETs plays a critical role in analog circuits, determining

such performance parameters as noise, small-signal gain, and speed. For this reason, it is

often desirable to bias the transistors such that their transconductance does not depend on

the temperature, process, or supply voltage.

A simple circuit used to define the transconductance is the supply-independent bias

topology of Fig. 1 1 .3. Recall that the bias current is given by

2 1 / 1 \
2

Iou, = r 1-— .
(11.38'

finC0X(W/L)N R2

s \ JkJ

Thus, the transconductance of M\ equals

Em 1
—

w
T h\

N

i

(11.39

(11.40

a value independent of the supply voltage and MOS device parameters.

In reality, the value of Rs in (11.40) doe£ vary with temperature and process. If th

temperature coefficient of the resistor is known, bandgap and PTAT reference generatio

techniques can be utilized to cancel the temperature dependence. Process variations, how

ever, limit the accuracy with which gm \
is defined.

In systems where a precise clock frequency is available, the resistor Rs in Fig. 1 1.3 ca

be replaced by a switched-capacitor equivalent (Chapter 12) to achieve a somewhat high*

accuracy. Depicted in Fig. 11.21, the idea is to establish an average resistance equal t

{Cs/ckT
x between the source ofM2 and ground, where /ck denotes the clock frequenc;

Capacitor CB is added to shunt the high-frequency components resulting from switchin

to ground. Since the absolute value of capacitors is typically more tightly controlled an

since the TC of capacitors is much smaller than that of resistors, this technique provides

higher reproducibility in the bias current and transconductance.

The switched-capacitor approach of Fig. 1 1.21 can be applied to other circuits as we]

For example, as shown in Fig. 11.22, a voltage-to-current converter with a relatively hig

accuracy can be constructed.
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Figure 11.21 Constant-Gm biasing

by means of a switched-capacitor “resis-

tor.”

CK Figure 1 1 .22 Voltage-to-current con-

version by means of a switched-

capacitor resistor.

11.6 Speed and Noise Issues

Even though reference generators are low-frequency circuits, they may impact the speed of

the circuits that they feed. Furthermore, various building blocks may experience “crosstalk”

through reference lines. These difficulties arise because of the finite output impedance of

reference voltage generators, especially if they incorporate op amps. As an example, let us

consider the configuration shown in Fig. 1 1.23, assuming the voltage at node N is heavily

disturbed by the circuit fed by M5 . For fast changes in V#, the op amp cannot maintain

VP constant and the bias currents ofM5 and M6 experience large transient changes. Also,

the duration of the transient at node P may be quite long if the op amp suffers from a

slow response. For this reason, many applications may require a high-speed op amp in the

reference generator.

In systems where the power consumed by the reference circuit must be small, the use

of a high-speed op amp may not be feasible. Alternatively, the critical node, e.g., node

P in Fig. 11.23, can be bypassed to ground by means of a large capacitor (Cp) so as to

suppress the effect of external disturbances. This approach involves two issues. First, the

stability of the op amp must not degrade with the addition of the capacitor, requiring the

op amp to be of one-stage nature (Chapter 10). Second, since Cp generally slows down

the transient response of the op amp, its value must be much greater than the capacitance
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VDD

Figure 11.23 Effect of circuit tran-

sients on reference voltages and currents.

that couples the disturbance to node P. As illustrated in Fig. 1 1.24, if Cb is not sufficiently

large, then V> experiences a change and takes a long time to return to its original value,

possibly degrading the settling speed of the circuits biased by the reference generator. In

other words, depending on the environment, it may be preferable to leave node P agile so

that it can quickly recover from transients. In general, as depicted in Fig. 1 1 .25, the response

of the circuit must be analyzed by applying a disturbance at the output and observing the

settling behavior.

Figure 1 1 .24 Effect of increasing by-

pass capacitor on the response of refer-

ence generator.

t

Figure 11.25 Setup for testing the

transient response of a reference gene-

rator.

Example 11.3 -» — i—
Determine the small-signal output impedance of the bandgap reference shown in Fig. 1 1 .23 and

examine its behavior with frequency.

Solution

Fig. 11.26 depicts the equivalent circuit, modeling the open-loop op amp by a one-pole transfer

function A(s) = A<j/(1 + s /coq ) and an output resistance Rour and each bipolar transistor by a
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Figure 11.26 Circuit for calculation

of the output impedance of a reference

generator.

resistance l/gmN. If Mi and M2 are identical, each having a transconductance of gm p, then their

drain currents are equal to gmpVx ,
producing a differential voltage at the input of the op amp equal to

VaB = -gmpVx H gmpVx ( I" &l
)

gmN \gmN )gmN

= gmpVxR 1-

The current flowing through Rout is therefore given by

Vx + gmpVxRi A(j)

(11.41)

(11.42)

Ix =
Rout

yielding

Vx

h
Rout

l + gm pRiA(s)

Rout

1 + gmpR\
Aq

1 + S/0)Q

Rout

S

1 + —
0)Q

1 + gmPR\Ao
j _j_

(11.43)

(11.44)

(11.45)

(11.46)

(l + gmpR\Ao)m

Thus, the output impedance exhibits a zero at 000 and a pole at (1 + gm pR\ Ao)^o, with the magni-

tude behavior plotted in Fig. 1 1.27. Note that \Z0Ut \

is quite low for co < coo, but it rises to a high

value as the frequency approaches the pole. In fact, setting 00 ~ (1 + gm p/?i Ao)a>o and assuming

gmf /?iA0 » 1, we have

Zout I

— Rout

+ gmP R\Aq

Rout

7r

1 + 7*(1 + gmP R\ Aq)

1+7
(11.47)

(11.48)

which is only 30% lower than the open-loop value.
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Figure 1 1 .27 Variation of the reference generator output impedance

with frequency.

The output , noise of reference generators may impact the performance of low-noise

circuits considerably. For example, if a high-precision A/D converter employs a bandgap

voltage as the reference with which the analog input signal is compared (Fig. 1 1.28), then

the noise in the reference is directly added to the input.

=>

Reference

Generator

Digital

Output

Figure 11.28 A/D converter using a

reference generator.

As a simple example, let us calculate the output noise voltage of the circuit shown in

Fig. 1 1.29, taking into account only the input-referred noise voltage of the op amp, Vnt0p ,

Since the small-signal drain currents of M\ and M2 are equal to Vnmt /{R\ + g~^), we have

VP - -g~ x

p Vnmt /{R\ + g“^), obtaining ^differential voltage at the input of the op amp

as ~8mpAo' Vn ,out/(R l + gmJv)-
Beginning from node A, we can then write

Vn, out Vn, out

^1 8mN gm pAo(R\ + gm
l

N )

— Vn,op + Ki, out (11.49)

and hence

V,n,out
-

1 = yn
.
op-

R\+gJN \8mN 8mpA o

(11.50)
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Since typically gmPA0 » gmN » R
x \

Figure 11.29 Circuit for calculation

of noise in a reference generator.

IV,n,out I

v„,op > (11.51)

suggesting that the noise of the op amp directly appears at the output. Note that even the

addition of a large capacitor from the output to ground may not suppress low-frequency

1// noise components, a serious difficulty in low-noise applications. The noise contributed

by other devices in the circuit is studied in Problem 1 1.6.

11.7 Case Study

In this section, we study a bandgap reference circuit designed for high-precision analog

systems [7]. The reference generator incorporates the topology of Fig. 11.19 but with

two series base-emitter voltages in each branch so as to reduce the effect of MOSFET
mismatches. A simplified version of the core is depicted in Fig. 11.30, where the PMOS
current mirror arrangement ensures equal collector currents for Q\-Qa.

Figure 11.30 Simplified core of the

bandgap circuit reported in [7].
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Channel-length modulation of the MOS devices in Fig. 1 1.30 still results in significant

supply dependence. To resolve this issue, each branch can employ both NMOS and PMOS

cascode topologies. Fig. 1 1 .3 1 (a) shows an example where the low-voltage cascode current

mirror described in Chapter 5 is utilized. To obviate the need for Vf,i and Vj>2, this design

actually introduces a “self-biased” cascode, shown in Fig. 1 1 .3 1 (b), where R2 and /f3 sustain

proper voltages to allow all MOSFETs to remain in saturation. This cascode topology is

analyzed in Problem 1

1

.7 .

Figure 1 1 .31 (a) Addition of cascode devices to improve supply rejec-

tion, (b) use of self-biased cascode to eliminate VR \
and V\,i-

The bandgap circuit reported in [7] is designed to generate afloating reference. This is

accomplished by the modification shown in Fig. 1

1

.32 ,
where the drain currents of A/9 and

M\o flow through R4 and R5 ,
respectively. Noje that Mu sets the gate voltage of A/9 at

Vrea + Vgsu, establishing a voltage equal to VB£4 across R6 ifM9 and Mn are identical.

Thus, 1D9 = VBea/R6 ,
yielding VR4 = VBea(Ra/R(>)- Also, if M ]0 is identical to M2 ,

then

|/DI0 |

= 2(Vy In n)//?i and hence VRS = 2(VT \nn)(R5 /Ri). Since the op amp ensures that

VE Vp, we have

V0ut — ~^Vbea + 2— Vt Inn. (11.52)

a6 K
\

Proper choice of the resistor ratios and n therefore provides a zero temperature coefficient.

In order to further enhance the supply rejection, this design regulates the supply volt-

age of the core and the op amp. Illustrated in Fig. 1 1.33, the idea is to generate a local

supply, Vddl, that is defined by a reference V^i and the ratio of R r \
and Rr 2 and hence
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Figure 1 1 .32 Generation of a floating reference voltage.

Figure 1 1 .33 Regulation of the supply voltage of the core

and op amp to improve supply rejection.

remains relatively independent of the global supply voltage. But how is Vr\ itself gen-

erated? To minimize the dependence of Vri upon the supply, this voltage is established

inside the core, as depicted in Fig. 1 1.34. In fact, Rm is chosen such that VR \ is a bandgap

reference.

Fig. 11.35 shows the overall implementation, omitting a few details for simplicity. A
start-up circuit is also used. Operating from a 5-V supply, the reference generator produces

a 2.00-V output while consuming 2.2 mW. The supply rejection is 94 dB at low frequencies,

dropping to 58 dB at 100 kHz [7].
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Figure 1 1 .34 Generation of
,
used in Fig. 11.33.

Figure 1 1 .35 Overall circuit of the bandgap generator reported in [7].
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Problems

Unless otherwise stated, in the following problems, use the device data shown in Table 2.1 and assume

VDD = 3 V where necessary.11.1.

Derive an expression for Iout in Fig. 1 1.36.

11.2.

Explain how the start-up circuit shown in Fig. 11.37 operates. Derive a relationship that

guarantees Vx < Vth after the circuit turns on.

Figure 11.37

11.3. Consider the circuit of Fig. 11.15.

(a) If Mi and M2 suffer from channel-length modulation, what is the error in the output

voltage?

(b) Repeat part (a) for M3 and M4 .

(c) If Mi and M2 have a threshold mismatch of AV, i.e., Vjh\ — Vth and Vjhi =

Vth 4* AV\ what is the error in the output voltage?

(d) Repeat part (c) for M3 and M4 .

11.4. In Fig. 1 1 . 1 5, if the open-loop gain of the op amp A
\
is not sufficiently large, then \Vx -Vy\

exceeds Ve , where Ve is the maximum tolerable error. Calculate the minimum value of A
1
in

terms of Ve such that the condition
|

Vx - Vy
\

< Ve is satisfied.

11.5. In the circuit of Fig. 11.15, assume Q 2 and £>4 have a finite current gain 0 . Calculate the error

in the output voltage.

11.6. Calculate the output noise voltage of the circuit shown in Fig. 1 1.29 due to the thermal and

flicker noise of M\ and M2 .



402 Chap. 11 Bandgap References

Figure 11.38

11.7. Consider the self-biased cascode shown in Fig. 1 1 .38. Determine the minimum and maximum

values of R Iref such that both M\ and Mi remain in saturation.

11.8. The circuit of Fig. 11.3(a) sometimes turns on even with no explicit start-up mechanism.

Identify the capacitive path(s) that couple the transition on VDD to the internal nodes and

hence provide the start-up current.

11.9. Sketch the temperature coefficient of VBe [Eq. (11.13)] versus temperature. Some iteration

may be necessary.

11.10. Determine the derivative of Eq. (11.13) with respect to temperature and sketch the result

versus T. This quantity reveals the curvature of the voltage.

11.11. Suppose in Fig. 1 1 .9 the amplifier has an output resistance Rou t • Calculate the error in Vm .

11.12. The circuit of Fig. 11.9 is designed with R 3 = 1 kQ and a current of 50 fiA through it

Calculate R\ — Ri and n for a zero TC.

11.13. In the circuit of Fig. 11.15, Q\ and Qi are biased at 100 fxA and Q3 and Q4 at 50 fiA. If

Ri = 1 kQ, calculate R2 and (W/L) i _4 such that the circuit operates with Vqd = 3 V.

Which op amp topology can be used here?

11.14. Since the bandgap of silicon exhibits a small temperature coefficient, Eq. (11.36) suggests

that dVREF/dT oc (4 + m)k/q, a relatively large value, whereas we derived Vref such that

it has a zero TC. Explain the flaw in this argument.

11.15. A differential pair with resistive loads is designed such that its voltage gain, gm RD ,
has a zero

TC at room temperature. If only the temperature dependence of the mobility is considered,

determine the required temperature behavior of the tail current. Design a circuit that roughly

approximates this behavior.

11.16. In Problem 11.15, assume the tail current is constant but the load resistors exhibit a fi-

nite TC. What resistor temperature coefficient cancels the variation of the mobility at room

temperature?

11.17. Equation (1 1.36) suggests that a zero-TC voltage cannot be generated if the supply voltage is

as low as, say, 1 V. Figure 1 1 .39 shows a bandgap reference that can operate with low supply

voltages [8]. If Ri — R3t derive an expression for Vou t-

11.18. Repeat Problem 11.17, if the op amp has an offset voltage Vos-

11.19. Figure 1 1 .40 illustrates a “single-junction” bandgap design [9]. Here, switches S\ and Si are

driven by complementary clocks.
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Figure 11.39

Figure 11.40

(a) What is Vout when S\ is on and S2 is off?

(b) What is the change in Vout when Si turns off and S2 turns on?

(c) How are 7 i ,
?2 , Ci ,

and C2 chosen to produce a zero-TC output when Si is off?

11 .20 . Suppose in Fig. 11.40, /2//1 deviates from its nominal value by a small error 6 . Calculate

Vout when Si is off.

11 .21 . The circuit of Fig. 11.20 is designed with (W/L) 1-4 = 50/0.5, Id 1
= Idi = 50 /iA,

R
{
= 1 kQ, and R2 = 2 kQ. Assume A, = y = 0 and g 3 is identical to Q\.

(a) Determine n and (W/L)5 such that Vou t
has a zero TC at room temperature.

(b) Neglecting the noise contribution of gi-03, calculate the output thermal noise.

11 .22 . Consider the circuit of Fig. 1 1 .21. Assume K = 4, fCK = 50 MHz, and a power budget of 1

mW. Determine the aspect ratio of Mi -A/4 and the value of Cs such that gm \ = 1/(500 £2).
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Chapter 12

Introduction to Switched-Capacitor

Circuits

Our study of amplifiers in previous chapters has dealt only with cases where the input signal

is continuously available and applied to the circuit and the output signal is continuously

observed. Called “continuous-time” circuits, such amplifiers find wide application in audio,

video, and high-speed analog systems. In many situations, however, we may sense the input

only at periodic instants of time, ignoring its value at other times. The circuit then processes

each “sample,” producing a valid output at the end of each period. Such circuits are called

“discrete-time” o/“sampled-data” systems.

In this chapter, we study a common class of discrete-time systems called “switched-

capacitor (Sc7circuits ” Our objective is to provide the foundation for more advanced

topics such asnlters, comparators, ADCs, and DACs. Most ofour study deals with switched-

capacitor amplifiers but the concepts can be applied to other discrete-time circuits as well.

Beginning with a general view of SC circuits, we describe sampling switches and their

speed and precision issues. Next, we analyze switched-capacitor amplifiers, considering

unity-gain, noninverting, and multiply-by-two topologies. Finally, we examine a switched-

capacitor integrator.

12.1 General Considerations

In order to understand the motivation for sampled-data circuits, let us first consider the

simple continuous-time amplifier shown in Fig. 12.1(a). Used extensively with bipolar op

amps, this circuit presents a difficult issue if implemented in CMOS technology. Recall

that, to achieve a high voltage gain, the open-loop output resistance of CMOS op amps

is maximized, typically approaching hundreds of kilo-ohms. We therefore suspect that R2

heavily drops the open-loop gain, degrading the precision of the circuit. In fact, with the

aid of the simple equivalent circuit shown in Fig. 12.1(b), we can write

-A,
- Vin

R\ + R2
R\ + - Rout

Vou, - Vin

R\ + R2

= V,OUtl ( 12 . 1 )

405
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Figure 12.1 (a) Continuous-time feedback amplifier, (b) equivalent circuit of (a).

and hence

Vin

Rz

Ri

A v

R
,out

r2

Rout
A

^2
i+

( 12 .2)

Equation (12.2) implies that, compared to the case where Rout = 0, the closed-loop gain suf-

fers from inaccuracies in both the numerator and the denominator. Also, the input resistance

of the amplifier, approximately equal to R\, loads the preceding stage while introducing

thermal noise.

Example 12.1 —
Using the feedback techniques described in Chapter 8, calculate the closed-loop gain of the circuit

of Fig. 12.1(a) and compare the result with Eq. (12.2).

Solution

With the aid of the approach described in Example 8.9, the reader can prove that

Vout -r\av

R-\ + Rout + RiRout + (1 + A v)R\R2

Ri

Ri Ri
^

Rout

Ri Ri

Av

+
Rout

^r + 1 + A v

(12.3)

(12.4)

The two results are approximately equal if Rout/R2 <$C A v , a condition required to ensure the

transmission through R2 is negligible.

In the circuit of Fig. 12.1 (a), the closed-loop gain is set by the ratio of R2 and R 1
. In order

to avoid reducing the open-loop gain of the op amp, we postulate that the resistors can be

replaced by capacitors [Fig. 12.2(a)]. But, how is the bias voltage at node X set? We may add

a large feedback resistor as in Fig. 12.2(b), providing dc feedback while negligibly affecting

the ac behavior of the amplifier in the frequency band of interest. Such an arrangement is

indeed practical if the circuit senses only high-frequency signals. But suppose, for example,
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C2

V'out

Af

^out

Figure 12.2 (a) Continuous-time feedback amplifier using capacitors, (b) use of

resistor to define bias point.

Figure 1 2.3 Step response of the am-

plifier of Fig. 12.2(b).

the circuit is ^amplify a voltage step. Illustrated in Fig. 12.3, the response contains a step

change due to the initial amplification by the circuit consisting of Cu C2 ,
and the op amp,

followed b/a “tail” resulting from the loss of charge on C2 through RF . From another point

of view, the circuit may not be suited to amplify wideband signals because it exhibits a

high-pass transfer function. In fact, the transfer function is given by

— (*)
V-V in

1

Rf—
C2s

1

Rf +

1

Cis

C2s

RpC\s

RFC2s + 1

(12.5)

(12.6)

indicating that Vout/Vin « -Ci/C2 only if © » (RFC2 )
l

.

The above difficulty can be remedied by increasing RFC2 ,
but in many applications the

required values of the two components become prohibitively large. We must therefore seek

other methods of establishing the bias while utilizing capacitive feedback networks.

Let us now consider the switched-capacitor circuit depicted in Fig. 12.4, where three

switches control the operation: S\ and S3 connect the left plate of C\ to V\ n and ground,

respectively, and S2 provides unity-gain feedback. We first assume the open-loop gain of

the op amp is very large and study the circuit in two phases. First, Si and S2 are on and S3 is

off, yielding the equivalent circuit of Fig. 12.5(a). For a high-gain op amp, Vb = V0ut ^ 0’

and hence the voltage across C\ is approximately equal to Vin . Next, at t = f0 , Si and S2
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S2

Figure 12.4 Switched-capacitor am-

plifier.

C2

(a) (b)

* ^VWVv

(c)

Figure 12.5 Circuit of Fig. 12.4 in (a) sampling mode, (b) amplification mode.

turn off and S3 turns on, pulling node A to ground. Since VA changes from Vin0 to 0, the

output voltage must change from zero to VinoCi/C2 .

The output voltage change can also be calculated by examining the transfer of charge.

Note that the charge stored on C\ just before t0 is equal to Vin0C ] . After t — to, the negative

feedback through C2 drives the op amp input differential voltage and hence the voltage

across C\ to zero (Fig. 12.6). The charge stored on C\ at t = to must then be transferred to

C2 ,
producing an output voltage equal to V/„oCi/C2 . Thus, the circuit amplifies Vin0 by a

factor of Ci/C2 .

Several attributes of the circuit of Fig. 12.4 distinguish it from continuous-time imple-

mentations. First, the circuit devotes some time to “sample” the input, setting the output to

zero and providing no amplification during this period. Second, after sampling, for t > to,

the circuit ignores the input voltage Vin ,
amplifying the sampled voltage. Third, the circuit
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Figure 12.6 Transfer of charge from C\ to C%.

configuration changes considerably from one phase to another, as seen in Fig. 12.5(a) and

(b), raising concern about its stability.

What is the advantage of the amplifier of Fig. 12.4 over that in Fig. 12.1? In addition

to sampling capability, we note from the waveforms depicted in Fig. 12.5 that after Vout
settles, the current through C2 approaches zero. That is, the feedback capacitor does not

reduce the open-loop gain of the amplifier if the output voltage is given enough time to

settle. In Fig. 12.1, on the other hand, R2 continuously loads the amplifier.

The switched-capacitor amplifier of Fig. 12.4 lends itself to implementation in CMOS
technology much more easily than in other technologies. This is because discrete-time

operations require switches to perform sampling as well as a high input impedance to

sense the stored quantities with no corruption. For example, if the op amp of Fig. 12.4

incorporates bipolar transistors at its input, the base current drawn from the inverting input

in the amplification phase [Fig. 12.5(b)] creates an error in the output voltage. The existence

of simple switches and a high input impedance have made CMOS technology the dominant

choice for sampled-data applications.

Figure 12.7 General view of switched-capacitor

amplifier.

The foregoing discussion leads to the conceptual view illustrated in Fig. 1 2.7 for switched-

capacitor amplifiers. In the simplest case, the operation takes place in two phases: sampling

and amplification. Thus, in addition to the analog input, Vin ,
the circuit requires a clock to

define each phase.

Our study of SC amplifiers proceeds according to these two phases. First, we analyze

various sampling techniques. Second, we consider SC amplifier topologies.
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12.2 Sampling Switches

12.2.1 MOSFETS as Switches

A simple sampling circuit consists of a switch and a capacitor [Fig. 12.8(a)]. A MOS

transistor can serve as a switch [Fig. 12.8(b)] because (a) it can be on while carrying zero

V:
in

I
i

-^OU.

1

I
I

-^Vout

(a) (b)

Figure 12.8 (a) Simple sampling circuit, (b) implementation

of the switch by a MOS device.

current, and (b) its source and drain voltages are not “pinned” to the gate voltage, i.e., if the

gate voltage varies, the source or drain voltage need not follow that variation. By contrast,

bipolar transistors lack both of these properties, typically necessitating complex circuits to

perform sampling.

To understand how the circuit of Fig. 12.8(b) samples the input, first consider the simple

cases depicted in Fig. 12.9, where the gate command, CK, goes high at t = f0 .InFig. 12.9(a),

we assume that Vin - 0 for t > t0 and the capacitor has an initial voltage equal to VDD .

Figure 1 2.9 Response of a sampling circuit to different input levels and initial

conditions.
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Thus, at t = to , Mi senses a gate-source voltage equal to VDd while its drain voltage is

also equal to VDD . The transistor therefore operates in saturation, drawing a current of

Id\ = (txnC0X/2)(W/L)(VDd ~ Vthf from the capacitor. As Vout falls, at some point

Vout = VDD - Vth, driving M\ into the triode region. The device nevertheless continues

to discharge Ch until Vout approaches zero. We note that for Voul <$C 2(VDD - Vth), the

transistor can be viewed as a resistor equal to Ron = [finCox(W/L){VDD - VTH )]~K

Now consider the case in Fig. 12.9(b), where Vin = +1 V, Vout (t — t0)
= 0 V, and

VDD = 3 V. Here, the terminal of M\ connected to Ch acts as the source, and the transistor

turns on with VG s
= +3 V, but VDS - +1 V. Thus, M x

operates in the triode region,

charging CH until Vout approaches +1 V. For Vout ^ +1 V, Mx exhibits an on-resistance

of = UinC„AWIL)(VDD - Vin - VTH )]-'.

The above observations reveal two important points. First, a MOS switch can conduct

current in either direction simply by exchanging the role of its source and drain terminals.

Second, as shown in Fig. 12. 10, when the switch is on, Vout follows Vin and when the switch

High

(b)

Figure 12.10 Track and hold capabilities of a sampling circuit.

is off
,
Vout remains constant. Thus, the circuit “tracks” the signal when C

K

is high and

“freezes” the instantaneous value of Vin across Ch when CK goes low.

Example 12.2 .

In the circuit of Fig. 12.9(a), calculate Vout as a function of time. Assume X — 0.

Solution

Before Vout drops below Vdd - VTh, M\ is saturated and we have:

( 12 .8 )
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After

= 2VthCh
W

VnCox—iVDD ~ Vth )

2

M\ enters the triode region, yielding a time-dependent current. We therefore write:

r dVout
ch .

- _[m
at

1 Wr 9= ~2^nCox ~\2(VDD ~ VTHWout - Vout H?1 t > *1-

Rearranging (12.1 1), we have

dVout =
_i

[2(VDD - VTH )
~ V0Ut]V0Ut 2

>ln
CH L

'

which, upon separation into partial fractions, is written as

1

+
1 dVout C0JC W

Thus,

L V0ut 2(Vdd ~ Vth) - Vout J Vdd ~ Vth Ch L

c w
In - \n[2(VDD - VTH )

- Vour ]
= ~(VDD - VTH )^n -^-(t - til

CH l

that is,

Vout cox w
ln

2 {VDD -VTH) -V0ut
= ~ V™^C~hT« " “>•

Taking the exponential of both sides and solving for Vou t , we obtain

=
2(Vdd ~ VTh)^P (\T T T \

CoX W
-(Vdd - VTH )iin

— —{t
Ch L

-
tl)

1 + exp
C W

-(VDD-VTH)Hn7̂ T(t-H)
Ch l

(12.9)

( 12 . 10)

( 12 . 11 )

( 12 . 12 )

(12.13)

(12.14)

(12.15)

(12.16)

In the circuit of Fig. 12.9(b), we assumed Vin - +1 V (Fig. 12.11). Now suppose

Vi„ = VDD . How does Vout vary with time? Since the gate and drain of Mi are at the same

potential, the transistor is saturated and we have:

dVout

Ch~PL = Idi (12.17)
at

1 W
= ^t^nC0x~(V[)D ~ Vout — VTH )

2
,

(12.18)
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Figure 12.11 Maximum output level in an NMOS sampler.

where channel-length modulation is neglected. It follows that

dV„u, 1 C«IV

(VDD -Vout -VTHf I^ChL

and hence

1

Vdd — Vout — Vth

Vout
i c„v/

=
2

where body ^ffect is neglected and Voul (t = 0) is assumed zero. Thus,

1

Vout = Vdd - Vth ~
1 Co*W 1

2^n

Ch L Vdd ~ Vth

(12.19)

( 12 .20)

( 12 .21 )

Equation (12.21) implies that as t oo, Vout VDD - VTH . This is because as Vout

approaches VDD - Vt

h

>
the overdrive voltage ofM\ vanishes, reducing the current available

for charging CH to negligible values. Of course, even for Vout = Vdd -VT h, the transistor

conducts some subthreshold current and, given enough time, eventually brings Vout to VDD .

Nonetheless, as mentioned in Chapter 3, for typical operation speeds, it is reasonable to

assume that Vout does not exceed VDD - Vth-

The foregoing analysis demonstrates a serious limitation of MOS switches: if the input

signal level is close to VDDt then the output provided by an NMOS switch cannot track the

input. From another point of view, the on-resistance of the switch increases considerably

as the input and output voltages approach Vdd ~
V'rw. We may then ask: what is the

maximum input level that the switch can pass to the output faithfully? In Fig. 12.1 1, for

Vout ^ Vin ,
the transistor must operate in deep triode region and hence the upper bound of

Vin equals VDd ~ VTH . As explained below, in practice Vifl
must be quite lower than this

value.

Example 12.3 .mi.

In the circuit of Fig. 12.12, calculate the minimum and maximum on-resistance of Mi. Assume

UnCox = 50 /xA/V2 , W/L = 10/1, Vth = 0.7 V, Vdd = 3 V, and y = 0.
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Figure 12.12

Solution

We note that in the steady state, M\ remains in the triode region because the gate voltage is higher

than both Vj„ and Vout by a value greater than Vth- If fin = 10 MHz, we predict that Vout tracks

Vi n with a negligible phase shift due to the on-resistance of M\ and Ch - Assuming Vout Vin ,
we

need not distinguish between the source and drain terminals, obtaining

Rom = W
l

-
( 12 .22 )

(lnC0x—(VdD ~ Vin ~ VjH

)

Thus, R0n\,max ^ 1.1 1 k£2 and Ron \,min % 870 Q. By contrast, if the maximum input level is raised

to 1.5 V, then Ron\,max — 2-5 k!2.

MOS devices operating in deep triode region are sometimes called “zero-offset” switches

to emphasize that they exhibit no dc shift between the input and output voltages of the simple

sampling circuit of Fig. 12.8(b).
1 This is evident from examples of Fig, 12.9, where the

output eventually becomes equal to the input. Nonexistent in bipolar technology, the zero

offset property proves crucial in precise sampling of analog signals.

We have thus far considered only NMOS switches. The reader can verify that the fore-

going principles apply to PMOS switches as well. In particular, as shown in Fig. 12.13, a

PMOS transistor fails to operate as a zero-offset switch if its gate is grounded and its drain

terminal senses an input voltage of
\

VThp \

or loss. In other words, the on-resistance of the

device rises rapidly as the input and output levels drop to
|

VTHP \

above ground.

12.2.2 Speed Considerations

What determines the speed of the sampling circuits of Fig. 12.8? We must first define the

speed here. Illustrated in Fig. 12.14, a simple, but versatile measure of speed is the time

required for the output voltage to go from zero to the maximum input level after the switch

turns on. Since Vout would take infinite time to become equal to V^o, we consider the output

settled when it is within a certain “error band,” A V, around the final value. For example,

we say the output settles to 0.1% accuracy after ts seconds, meaning that in Fig. 12.14,

&V/VinQ = 0.1%. Thus, the speed specification must be accompanied by an accuracy

1 We assume the circuit following the sampler draws no input dc current.
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Figure 1 2.1 3 Sampling circuit using PMOS switch.

^in= ^inO<

igure 1 2.1 4 Definition of speed in a sampling circuit.

specification as wfell. Note that after t = ts ,
we can consider the source and drain voltages

to be approximately equal.

From the circuit of Fig. 12.14, we surmise that the sampling speed is given by two

factors: the on-resistance of the switch and the value of the sampling capacitor. Thus, to

achieve a higher speed, a large aspect ratio and a small capacitor must be used. However, as

illustrated in Fig. 12.12, the on-resistance also depends on the input level, yielding a greater

time constant for more positive inputs (in the case of NMOS switches). From Eq. (12.22),

we plot the on-resistance of the switch as a function of the input level [Fig. 12. 15(a)], noting

the sharp rise as Vin approaches VDD - VT h- For example, if we restrict the variation of

Ron to a range of 4 to 1, then the maximum input level is given by

1 4

W ~ W
l^nCox—i^DD ~ Vin,max “ Vth) ^nCOX— (VdD “ Vth)

That is,

3

Vin,max
~ -(Vdd — Vjh)-

This value falls around VDD/X translating to severe swing limitations. Note that the device

threshold voltage directly limits the voltage swings.
2

(12.23)

(12.24)

2By contrast, the output swing of cascode stages is typically limited by overdrive voltages rather than the

threshold voltage.
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Figure 1 2.1 5 On-resistance of (a) NMOS and (b) PMOS devices as a function of input

voltage.

In order to accommodate greater voltage swings in a sampling circuit, we first observe

that a PMOS switch exhibits an on-resistance that decreases as the input voltage becomes

more positive [Fig. 12.15(b)]. It is then plausible to employ “complementary” switches

so as to allow rail-to-tail swings. Shown in Fig. 12.16(a), such a combination requires

complementary clocks, producing an equivalent resistance:

Ron,eq — ^on,N II ^on,P

'W\

1

finCoxy—
J (

VdD ~ Vin ~ VtHN

)

1

( 12 .25
)

( 12 .26
)

(W\
l^nCox

^
—

J (
VDD ~ VTHN )

-
N

Vin ftpCox
^ ^ ^

( 12 .27)

Interestingly, if finCox(W/L)N = }ipCox(W/L)P , then Ron
,
eq is independent of the input

level.
3 Figure 12.16(b) plots the behavior of Ron ,eq in the general case, revealing much less

variation than that corresponding to each switch alone.

For high-speed input signals, it is critical that the NMOS and PMOS switches in

Fig. 12.16(a) turn off simultaneously so as to avoid ambiguity in the sampled value. If,

for example, the NMOS device turns off At seconds earlier than the PMOS device, then

the output voltage tends to track the input for the remaining At seconds, but with a large,

input-dependent time constant (Fig. 12.17). This effect gives rise to distortion in the sampled

value. For moderate precision, the simple circuit shown in Fig. 12. 18 provides complemen-

tary clocks by duplicating the delay of inverter I] through the gate G2 .

3
In reality, Vjhn and Vjhp vary with V

( „ through body effect but we ignore this variation here.
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Three mechanisms in MOS transistor operation introduce error at the instant the switch

turns off. We study each effect individually.

Channel Charge Injection Consider the sampling circuit of Fig. 12.19 and recall that

for a MOSFET to be on, a channel must exist at the oxide-silicon interface. Assuming

Vin ~ V0ut, we use our derivations in Chapter 2 to express the total charge in the inversion

layer as

Qch = WLC0X(Vdd - Vin - Vth ), (12.28)

where L denotes the effective channel length. When the switch turns off, Qch exits through

the source and drain terminals, a phenomenon called “channel charge injection.”

'iiV

CK

i M
^out

J Figure 12.19 Charge injection when

a switch turns off.

The charge injected to the left side of Fig. 12. 19 is absorbed by the input source, creating

no error. On the other hand, the charge injected to the right side is deposited on Ch,

introducing an error in the voltage stored on the capacitor. For example, if half of Qch is

injected onto CH ,
the resulting error equals

AV — WLCqAVdd - Vin - Vth)

2CH
(12.29;

Illustrated in Fig. 12.20, the error for an NMOS switch appears as a negative “pedestal” ai

the output. Note that the error is directly proportional to WLCox and inversely proportiona

to Ctf

.

Figure 12.20 Effect of charge injection.

An important question that arises now is: why did we assume in arriving at (12.29) tha

exactly half of the channel charge is injected onto C# ? In reality, the fraction of charg<

that exits through the source and drain terminals is a relatively complex function of varioui

parameters such as the impedance seen at each terminal to ground and the transition tim<

of the clock [1, 2], Investigations of this effect have not yielded any rule of thumb tha

can predict the charge splitting in terms of such parameters. Furthermore, in many cases
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these parameters, e.g., the clock transition time, are poorly controlled. Also, most circuit

simulation programs model charge injection quite inaccurately. As a worst-case estimate,

we can assume that the entire channel charge is injected onto the sampling capacitor.

How does charge injection affect the precision? Assuming all of the charge is deposited

on the capacitor, we express the sampled output voltage as

V,out Vln~
WLCqAVdd - Vin - Vth )

CH
(12.30)

where the phase shift between the input and output is neglected. Thus,

Vou, = Vin (l + - ^t^(Vdd ~ Vth), (12.31)

suggesting that the output deviates from the ideal value through two effects: a non-unity

gain equal to 1 4- WLCox/CH ,

4 and a constant offset voltage -WLC0X(VDD - VTH)/CH
(Fig. 12.21). In other words, since we have assumed channel charge is a linear function of

the input voltage, the circuit exhibits only gain error and dc offset.

With

Figure 12.21 Input/output character-

istic of sampling circuit in the presence

of charge injection.

In the foregoing discussion, we tacitly assumed that Vth is constant. However, for

NMOS switches (in an rt-well technology), body effect must be taken into account.
5 Since

Vth = Vtho 4 yW'Z&b 4 Vsb — V2^b), and Vbs ^ ~Vin ,
have

Vout = Vin -
WLCn

CH
(Vdd ~ Vin ~ Vtho ~ Y^2<Pb 4 Vf„ + yy/l^^j

,

(12.32)

17 (1 ,

WLC0X \ t

WLC0X
, T ,= Vin I 1 H

~
I
4- y——

V^<pB + Vin

Ch

WLC0X

Ch

Ch

(Vdd ~ Vtho 4 y * (12.33)

4The voltage gain is greater than unity because the pedestal becomes smaller as the input level rises.

5Even for PMOS switches, the n-well is connected to the most positive supply voltage because the source and

drain terminals of the switch may interchange during sampling.
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It follows that the nonlinear dependence of Vth upon introduces nonlinearity in th<

input/output characteristic.

In summary, charge injection contributes three types of errors in MOS sampling circuits

gain error, dc offsets, and nonlinearity. In many applications, the first two can be toleratec

or corrected whereas the last cannot.

It is instructive to consider the speed-precision trade-off resulting from charge injection

Representing the speed by a simple time constant r and the precision by the error A V due

to charge injection, we define a figure of merit as F = (rA V)
-1

. Writing

* = RonCn (12.34;

1

“
finC0AW/L)(

V

DD - Vin
- Vth )

Ch ' (12 '35

and

Ay = WLCox

Ch
(Vdd — Vin - VThX (12.36;

we have

f^n

L 2
’ (12.37;

Thus, to the first order, the trade-off is independent of the switch width and the sampling

capacitor.

Clock Feedthrough In addition to channel charge injection, a MOS switch couples the

clock transitions to the sampling capacitor through its gate-drain or gate-source overlap

capacitance. Depicted in Fig. 12.22, the effect introduces an error in the sampled outpul

voltage. Assuming the overlap capacitance is constant, we express the error as

AV = VCK
WCov

WCOT + CV
(12.38)

where Cov is the overlap capacitance per unit width. The error AV is independent of the

input level, manifesting itself as a constant offset in the input/output characteristic. As with

charge injection, clock feedthrough leads to a trade-off between speed and precision as well.

Figure 12.22 Clock feedthrough in a

sampling circuit.
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kT/C Noise Recall from Example 7.1 that a resistor charging a capacitor gives rise

to a total rms noise voltage of *JkT/C. As shown in Fig. 12.23, a similar effect occurs in

sampling circuits. The on-resistance of the switch introduces thermal noise at the output and,

when the switch turns off, this noise is stored on the capacitor along with the instantaneous

value of the input voltage. It can be proved that the rms voltage of the sampled noise in this

case is still approximately equal to VkT/C [3, 4].

^on

T
-OK,

out 'in' ^in+

H

Figure 1 2.23 Thermal noise in a sampling circuit.

The problem ofkT/C noise limits the performance in many high-precision applications.

In order to achieve a low noise, the sampling capacitor must be sufficiently large, thus loading

other circuits and degrading the speed.

12.2.4 Charge Injection Cancellation

The dependence of charge injection upon the input level and the trade-off expressed by

(12.37) make it necessary to seek methods of cancelling the effect of charge injection so as

to achieve a higher F . We consider a few such techniques here.

To arrive at the first technique, we postulate that the charge injected by the main transistor

can be removed by means of a second transistor. As shown in Fig. 12.24, a “dummy” switch,

M2 , driven by CK is added to the circuit such that after M\ turns off and M2 turns on, the

channel charge deposited by the former on CH is absorbed by the latter to create a channel.

Note that both the source and drain of M2 are connected to the output node.

How do we ensure that the charge injected by M
\ ,
Aq \ , is equal to that absorbed by Af2 ,

Aq2 l Suppose half of the channel charge of M\ is injected onto CH > i.e.,

^

°X - Vin ~ Vth \ )* (12.39)

Since Aq2 = W2L2C0X(VCk ~ Vin ~ Vth2X if we choose W2 = 0.5 W\ and L 2 = L u then

Aq2 = Aq \ . Unfortunately, the assumption of equal splitting of charge between source and

drain is generally invalid, making this approach less attractive.

Figure 1 2.24 Addition of dummy de-

vice to reduce charge injection and clock

feedthrough.
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Interestingly, with the choice W2 = 0.5 W\ and L 2 = L
i ,
the effect of clock feedthrough

is suppressed. As depicted in Fig. 12.25, the total charge in Vout is zero because

— VCK
WiCOT

w.r -t- + iw.r + VCK
2W2C0

TT 7
= 0 .

Figure 12.25 Clock feedthrough suppression by dummy switch.

Another approach to lowering the effect of charge injection incorporates both PMOS

and NMOS devices such that the opposite charge packets injected by the two cancel each

other (Fig. 12.26). For A<?i to cancel Aq2 ,
we must have W\L\C0X(Vck ~ V/„ - VThn) =

W2L 2Cox {Vin — \
VthpW Thus, the cancellation occurs for only one input level. Even for

clock feedthrough, the circuit does not provide complete cancellation because the gate-drain

overlap capacitance of NFETs is not equal to that of PFETs.

CK
T Electrons

CK
Figure 12.26 Use of complementary

switches to reduce charge injection.

Our knowledge of the advantages of differential circuits suggests that the problem of

charge injection may be relieved through differential operation. As shown in Fig. 12.27,

we surmise that the charge injection appears as a common-mode disturbance. But, writing

Aq x
= WLCox {Vck - Vin\ ~ Vthi), and Aq2 = WLCox{Vck ~ Vim ~ Vrfl2 ), we

recognize that A<?i = Aq2 only if Vin i
= Vin2 . In other words, the overall error is not

suppressed for differential signals. Nevertheless, this technique both removes the constant

offset and lowers the nonlinear component. This can be understood by writing

A q\ - Aq2 - WLCox [(Vin2 - Vinl ) + (VTH 2
~ VTHl )] (12.41)

- WLC0X
[
Vin2 - VM + Y (72<j>F + vin2

- 724>f + y«„,)] . (12.42)
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Figure 12.27 Differential sampling

circuit.

Since for Vin{ = Vin2t Aq\ - Aq2 = 0, the characteristic exhibits no offset. Also, the

nonlinearity of body effect now appears in both square-root terms of (12.42), leading to

only odd-order distortion (Chapter 13).

The problem of charge injection continues to limit the speed-precision envelope in

sampled-data systems. Many cancellation techniques have been introduced but each leading

to other trade-offs. One such technique, called “bottom-plate sampling,” is widely used in

switched-capacitorcircuits and is described later in this chapter.

12.3 Switched-Capacitor ^mplifiers

As mentioned in Section 12.1 and exemplified by the circuit of Fig. 12.4, CMOS feedback

amplifiers are more easily implemented with a capacitive feedback network than a resis-

tive one. Having examined sampling techniques, we are now ready to study a number of

switched-capacitor amplifiers. Our objective is to understand the underlying principles as

well as the speed-precision trade-offs encountered in the design of each circuit.

Before studying SC amplifiers, it is helpful to briefly look at the physical implementation

of capacitors in CMOS technology. A simple capacitor structure is shown in Fig. 12.28(a),

where the “top plate” is realized by a polysilicon layer and the “bottom plate” by a heavily

B

p-substrate

CAB
o

(a) (b)

Figure 12.28 (a) Monolithic capacitor structure, (b) circuit model of (a) including

parasitic capacitance to the substrate.
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doped n+ region. The dielectric is the thin oxide layer used in MOS devices as well .

6
An

important concern in using this structure is the parasitic capacitance between each plate and

the substrate. In particular, the bottom plate suffers from substantial junction capacitance to

the underlying p region—typically about 10 to 20% ofthe oxide capacitance. For this reason,

we usually model the capacitor as in Fig. 12.28(b). Monolithic capacitors are described in

more detail in Chapters 17 and 18.

12.3.1 Unity-Gain Sampler/Buffer

While a unity-gain amplifier can be realized with no resistors or capacitors in the feedback

network [Fig. 12.29(a)], for discrete-time applications, it still requires a sampling circuit.

We may therefore conceive the circuit shown in Fig. 12.29(b) as a sampler/buffer. However,

the input-dependent charge injected by Si onto Ch limits the accuracy here.

(a) (b)

Figure 12.29 (a) Unity-gain buffer, (b) sampling circuit followed by unity-gain buffer.

Now consider the topology depicted in Fig, 12.30(a), where three switches control the

sampling and amplification modes. In the sampling mode, Sj and S2 are on and S3 is off,

yielding the topology shown in Fig. 12.30(b). Thus, Vout = Vx ~ 0, and the voltage

across Ch tracks Vltl . At t = to, when Vin = Vo, Si and S2 turn off and S3 turns on,

placing the capacitor around the op amp and entering the circuit into the amplification

mode [Fig. 12.30(c)]. Since the op amp’s high gain requires that node X still be a virtual

ground and since the charge on the capacitor must be conserved, Vout rises to a value

approximately equal to Vo- This voltage is therefore “frozen” and it can be processed by

subsequent stages.

With proper timing, the circuit of Fig. 12.30(a) can substantially alleviate the problem

of channel charge injection. As Fig. 12.31 illustrates in “slow motion,” in the transition

from the sampling mode to the amplification mode, S2 turns off slightly before S\ does.

We carefully examine the effect of the charge injected by S2 and Si . When S2 turns off,

it injects a charge packet Aq2 onto CH ,
producing an error equal to Aq2/CH . However,

this charge is quite independent of the input level because node A is a virtual ground.

For example, if S2 is realized by an NMOS device whose gate voltage equals VCk ,
then

Aq2 = WLC0X (VCk ~ Vth ~ Vx )• Although body effect makes VTH a function of VXi
Aq2 is relatively constant because Vx is quite independent of Vin .

The constant magnitude of Aq2 means that channel charge of S2 introduces only an

offset (rather than gain error or nonlinearity) in the input/output characteristic. As described

6The oxide in this type of capacitor is typically thicker than the MOS gate oxide because silicon dioxide grows

faster on a heavily-doped material.
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S3

Figure 12.30 (a) Unity-gain sampler, (b) circuit of (a) in sampling mode,

(c) circuit of (a) in amplification mode.

S2
o ©

(b) (c)

Figure 1 2.31 Operation of the unity-gain sampler in slow motion.

below, this offset can easily be removed by differential operation. But, how about the charge

injected by Si onto C* ? Let us set Vin to zero and suppose Si injects a charge packet Aq x

onto node P [Fig. 12.32(a)]. If the capacitance connected from X to ground (including

the input capacitance of the op amp) is zero, Vp and Vx jump to infinity. To simplify the

analysis, we assume a total capacitance equal to Cx from X to ground [Fig. 12.32(b)], and

we will see shortly that its value does not affect the results. In Fig. 12.32(b), each of C#
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Figure 1 2.32 Effect of charge injected by S\ with (a) zero and (b) finite op amp input

capacitance, (c) transition of circuit to amplification mode.

and Cx carries a charge equal to A?,. Now, as shown in Fig. 12.32(c), we place C„ around

the op amp, seeking to obtain the resulting output voltage.

To calculate the output voltage, we must make an important observation: the total charge

at node X cannot change after S2 turns off because no path exists for electrons to flow into

or out of this node. Thus, if before Sx
turns off, the total charge on the right plate of CH

and the top plate of Cx is zero, it must still add up to zero after Si injects charge because

no resistive path is connected to X. The same holds true after CH is placed around the op

amp.

Now consider the circuit of Fig. 12.32(c), assuming the total charge at node X is zero. We

can write Cx V* -(

V

0„,
— Vx)Ch = 0,andVx = — Vour/A K i.Thus, —(Cx +Ch)V0UI/A v \

Vou,Ch = 0, i.e., Vout = 0. Note that this result is independent of Aq x ,
capacitor values,

or die gain of the op amp, thereby revealing that the charge injection by 5, introduces no

error if So turns offfirst.

In summary, in Fig. 12.30(a), after S2 turns off, node X “floats ” maintaining a constant

total charge regardless of the transitions at other nodes of the circuit. As a result, after

the feedback configuration is formed, the output voltage is not influenced by the charge

injection due to S, . From another point of view, node X is a virtual ground at the moment

S2 turns off, freezing the instantaneous input level across CH and yielding a charge equal

to V0CH on the left plate of C'H . After settling with feedback, node X is again a virtual

ground, forcing CH to still carry V0CH and hence the output voltage to be approximate^

equal to Vo-

The effect of the charge injected by Si can be studied from yet another perspective

Suppose in Fig. 12.32(c), the output voltage is finite and positive. Then, since Vx =

Vout/(—A v \), Vx must be finite and negative, requiring negative charge on the top plati

of“cx . For the total charge at X to be zero, the charge on the left plate of CH must b

positive and that on its right plate negative, giving Voul < 0. Thus, the only valid solutioi

IS V0yf — 0.
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The third switch in Fig. 12.30(a), S3 ,
also merits attention. In order to turn on, S3 must

establish an inversion layer at its oxide interface. Does the required channel charge come

from Ch or from the op amp? We note from the foregoing analysis that after the feedback

circuit has settled, the charge on C# equals VqCh, unaffected by S3. The channel charge of

this switch is therefore entirely supplied by the op amp, introducing no error.

Our study of Fig. 12.30(a) thus far suggests that, with proper timing, the charge injected

by Si and S3 is unimportant and the channel charge of S2 results in a constant offset voltage.

Fig. 12.33 depicts a simple realization of the clock edges to ensure Si turns off after S2

does.

CK

Sii
^in

°"

1
TL

Is,

1 1

s
X

H n>
/out

Figure 1 2.33 Generation of proper clock edges for unity-gain sampler.

The input-independent nature of the charge injected by the reset switch allows complete

cancellation by differential operation. Illustrated in Fig. 12.34, such an approach employs

a differential op amp along with two sampling capacitors so that the charge injected by S2

and S
2
appears as a common-mode disturbance at nodes X and Y

.

This is in contrast to the

behavior of the differential circuit shown in Fig. 12.27, where the input-dependent charge

injection still leads to nonlinearity. In reality, S2 and S2 exhibit a finite charge injection

mismatch, an issue resolved by adding another switch, Seq ,
that turns off slightly after S2

and S2 (and before S\ and $J), thereby equalizing the charge at nodes X and Y.

S3

Figure 12.34 Differential realization

of unity-gain sampler.
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Precision Considerations The circuit of Fig. 12.30(a) operates as a unity-gain buffer

in the amplification mode, producing an output voltage approximately equal to the voltage

stored across the capacitor. How close to unity is the gain here? As a general case, we

assume the op amp exhibits a finite input capacitance Cm and calculate the output voltage

when the circuit goes from the sampling mode to the amplification mode (Fig. 12.35).

Owing to the finite gain of the op amp, Vx ^ 0 in the amplification mode, giving a charge

Figure 1 2.35 Equivalent circuit for accuracy calculations.

equal to Cin Vx on Cin . The conservation of charge at X requires that Cin Vx come from

C/f, raising the charge on CH to CH Vo + Cin Vx ? It follows that the voltage across Cg

equals (CH Vo + Cin Vx)/CH . We therefore write Vout - (CH V0 + Cin Vx)jCH - V* and

Vx = — Voutl

A

v \. Thus,

V,out

Vo
( 12 .43 )

( 12 .44)

As expected, if Cin/CH 1, then Vout ^ Vo/(l + A”,
1

). In general, however, the circuit

suffers from a gain error of approximately ~{CinjCu + 1)/A„i, suggesting that the input

capacitance must be minimized even if speed is not critical. Recall from Chapter 9 that to

increase A v \ ,
we may choose a large width for the input transistors of the op amp, but at the

cost of higher input capacitance. An optimum device size must therefore yield minimum

gain error rather than maximum A v \.

Example 12.4

In the circuit of Fig. 12.35, Cin — 0,5 pF and Cm = 2 pF. What is the minimum op amp gain that

guarantees a gain error of 0.1%?

Solution

Since CinjCn — 0.25, we have A v i tfn i n = 1000 x 1.25 = 1250.

7The charge on Cm increases because positive charge transfer from the left plate of Ch to the top plate of Cj„

leads to a more positive voltage across C//.
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CK

Speed Considerations Let us first examine the circuit in the sampling mode
[Fig. 12.36(a)], What is the time constant in this phase? The total resistance in series

with CH is given by RonX and the resistance between X and ground, Rx . Using the simple

op amp model shown in Fig. 12.36(b), where Rq denotes the open-loop output impedance

of the op amp, we have

Ux — Gm Vx)Ro 4- IxRoni ~ Vx
, (12.45)

that is,

Rp + Ron2

1 + Gm Ro
(12.46)

Since typically Ron2 < Rq and Gm Ro > 1, we have Rx ^ 1/Gm . For example, in

a telescopic op amp employing differential to single-ended conversion, Gm equals the

transconductance of each input transistor.

The time constant in the sampling mode is thus equal to

Ronl +

The magnitude of rsam must be sufficiently small to allow settling in the test case ofFig. 12.14

to the required precision.

Now let us consider the circuit as it enters the amplification mode. Shown in Fig. 12.37

along with both the op amp input capacitance and the load capacitance, the circuit must

begin with Vout ^ 0 and eventually produce Vout % V0 . If Cin is relatively small, we can

assume that the voltages across Cl and Ch do not change instantaneously, concluding that

if Vout ^ 0 and VCh ^ F0 , then Vx = -V0 at the beginning of the amplification mode.

In other words, the input difference sensed by the op amp initially jumps to a large value,

possibly causing the op amp to slew. But, let us first assume the op amp can be modeled by
a linear model and determine the output response.

To simplify the analysis, we represent the charge on Ch by an explicit series voltage

source, V$, that goes from zero to V0 at t = t0 while CH carries no charge itself (Fig. 12.38).

The objective is to obtain the transfer function Vout {s)j V^(^) and hence the step response.

W. (12.47)
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Figure 12.37 Time response of unity-gain sampler in amplification

mode.

CH
Hh

x*

C|n«

+

Vk
T

-*vtout

(t)GmVx
^
rq

Figure 12.38 Equivalent circuit of

unity-gain circuit in amplification mode.

We have

VQUt — + CLs )
+Gm Vx = (Vs + vx - V0Ul)CH s.

Rq /

( 12 .48)

Also, since the current through Cin equals VxCin s,

Vx + Vx + — Vout .

ChS
( 12 .49)

Calculating Vx from (12.49) and substituting in (12.48), we arrive at the transfer function:

(Gm + Cins)CH

Vs
^ 0

Ro(CL Cin + CinCH + CHCL )s + GmRoCH + CH + Cin

( 12 .50)

Note that for 5 = 0, (12.50) reduces to a form similar to (12.43). Since typically Gm RoCH »

C//, Cin , we can simplify (12.50) as

Vout , ,
(Gm + Cj nS)CH

Vs
S

(CLCin + CinCH + CHCL )s + GmCH

Thus, the response is characterized by a time constant equal to

cLcin + cincH + cHcL

( 12 .51
)

( 12.52ramp — GmC„
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which is independent of the op amp output resistance. This is because a higher Rq leads

to a greater loop gain, eventually yielding a constant closed-loop speed. If Cin < Cl, C#,

then (12.52) reduces to Ci/Gm , an expected result because with negligible Cin ,
the output

resistance of the unity-gain buffer is equal to 1/Gm .

We now study the slewing behavior of the circuit, considering a telescopic op amp as an

example. Upon entering the amplification mode, the circuit may experience a large step at

the inverting input (Fig. 12.37). As shown in Fig. 12.39, the tail current of the op amp’s input

differential pair is then steered to one side and its mirror current charges the capacitance

seen at the output. Since M2 is off during slewing, Cin is negligible and the slew rate is

approximately equal to /WCi^The slewing continues until Vx is sufficiently close to the

gate voltage of M\, after which point the settling progresses with the time constant given

in (12.52).

Figure 12.39 Unity-gain sampler

during slewing.

Our foregoing studies reveal that the input capacitance of the op amp degrades both the

speed and the precision of the unity-gain sampler/buffer. For this reason, the bottom plate

of Ch in Fig. 12,30 is usually driven by the input signal or the output of the op amp and

the top plate is connected to node X (Fig. 12.40), minimizing the parasitic capacitance

seen from node X to ground. This technique is called “bottom-plate sampling.” Driving the

bottom plate by the input or the output also avoids the injection of substrate noise to node

X (Chapter 18).

It is instructive to compare the performance of the sampling circuits shown in

Figs. 12.29(b) and 12.30(a). In Fig. 12.29(b), the sampling time constant is smaller because

it depends on only the on-resistance of the switch. More importantly, in Fig. 12.29(b), the

amplification after the switch turns off is almost instantaneous, whereas in Fig. 12.30 it

requires a finite settling time. However, the critical advantage of the unity-gain sampler is

the input-independent charge injection.
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Figure 12.40 Connection of capacitor to the unity-gain

sampler.

12.3.2 Noninverting Amplifier

In this section, we revisit the amplifier of Fig. 12.4, studying its speed and precision proper-

ties. Repeated in Fig. 12.41(a), the amplifier operates as follows. In the sampling mode, S\

and S2 are on and S3 is off, creating a virtual ground at X and allowing the voltage across

C
{
to track the input voltage [Fig. 12.41(b)]. At the end of the sampling mode, S2 turns

off first, injecting a constant charge, Aq2 ,
onto node X. Subsequently, S\ turns off and S3

turns on [Fig. 12.41(c)]. Since VP goes from Vino to 0, the output voltage changes from 0 to

approximately Vin0(C\/C2 ), providing a voltage gain equal to Ci/C2 . We call the circuit a

“noninverting amplifier” because the final output has the same polarity as V-

[no and the gain

can be greater than unity.

(C)

Figure 12.41 (a) Noninverting amplifier, (b) circuit of (a) in sampling mode, (c) transition

of circuit to amplification mode.
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As with the unity-gain circuit of Fig. 12.30(a), the noninverting amplifier avoids input-

dependent charge injection by proper timing, namely, turning S2 off before S\ (Fig. 12.42).

After S2 is off, the total charge at node X remains constant, making the circuit insensitive to

charge injection of S\ or charge “absorption” of S3 . Let us first study the effect of S\ carefully.

As illustrated in Fig. 12.43, the charge injected by S \ , Aq \ , changes the voltage at node P by

approximately AVP = A#i/C ls and hence the output voltage by -Aq 1 /

C

2 . However, after

S3 turns on, VP drops to zero. Thus, the overall change in VP is equal to 0 - VinQ — -Vin0y

producing an overall change in the output equal to - V*„o(“Ci/C2 )
= V, noCj/C2 .

Figure 1 2.42 Transition of noninvert-

ing amplifier to amplification mode.

Figure 1 2.43 Effect of charge injected by Si

.

The key point here is that VP goes from a fixed voltage, Vo, to another, 0, with an

intermediate perturbation due to Si. Since the output voltage of interest is measured after

node P is connected to ground, the charge injected by Si does not affect the final output.

From another perspective, as shown in Fig. 12.44, the charge on the right plate of C\ at the

instant S2 turns off is approximately equal to - V-m§C \ . Also, the total charge at node X must

remain constant after S2 turns off. Thus, when node P is connected to ground and the circuit

settles, the voltage across C\ and hence its charge are nearly zero, and the charge —VinoC\

must reside on the left plate of C2 . In other words, the output voltage is approximately equal

to VinoC\/C2 regardless of the intermediate excursions at node P.
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$2 $2

Kout

Figure 1 2.44 Charge redistribution in noninverting amplifier.

The foregoing discussion indicates that two other phenomena have no effect on the fina

output. First, from the time S2 turns off until the time Si turns off, the input voltage ma;

change significantly (Fig. 12.45) without introducing any error. In other words, the samplinj

instant is defined by the turn-off of S2 . Second, when S3 turns on, it requires some channe

charge but since the final value of VP is zero, this charge is unimportant. Neither of thesi

effects introduces error because the total charge at node X is conserved and V> is eventually

set by a fixed (zero) potential. To emphasize that Vp is initially and finally determined b;

fixed voltages, we say node P is “driven” or node P switches from a low-impedance node ti

another low-impedance node. Here the term low-impedance distinguishes node P, at whicl

charge is not conserved, from “floating” nodes such as X, where charge is conserved.

S2

Figure 1 2.45 Effect of input change after S2 turns off.

In summary, proper timing in Fig. 12.41(a) ensures that node X is perturbed by only th

charge injection of S2 ,
making the final value of Vout free from errors due to Si and S3 . Th

constant offset due to S2 can be suppressed by differential operation (Fig. 12.46).

Example 12.5

In the differential circuit of Fig. 12.46, suppose the equalizing switch is not used and S2 and S'
2
exhib

a threshold voltage mismatch of 10 mV. If C\ — 1 pF, C2 = 0.5 pF, Vjbf = 0-6 V, and for all switch

WLCox — 50 fF, calculate the dc offset measured at the output assuming all of the channel charge <

S2 and S
2

is injected onto X and Y, respectively.
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$3

Figure 12.46 Differential realization

of noninverting amplifier.

Solution

Simplifying the circuit as in Fig. 12.47, we have Vout » A4/C2 ,
where = WLCox AVr//. Note

that Ct does not appear in the result because X is a virtual ground, i.e., the voltage across C\ changes

only negligibly. Thus, the injected charge resides primarily on the left plate of C2 ,
giving an output

error voltage equal to AVout = WLC0XAVth/

C

2 = 1 mV.

Precision Considerations As mentioned above, the circuit of Fig. 12.41(a) provides

a nominal voltage gain of Ci/C2 . We now calculate the actual gain if the op amp exhibits a

finite open-loop gain equal to A vl . Depicted in Fig. 12.48 along with the input capacitance

of the op amp, the circuit amplifies the input voltage change such that:

(Vout - Vx)C2s = VxCin s 4- (Vx - Vin)C lS . (12.53)
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C2

r
\n*

Figure 12.48 Equivalent circuit of

noninverting amplifier during ampli-

fication.

Since Vou t
= -A v \ Vx ,

we have

Va*

Vin

Cl

C2 + Cl + Cin
C 2 + :

For large AvU

Vout ^ Cl / C2 + Cl + Cin 1 \

"v^T ~cl\~ C2
’ A WJ’

(12.54)

(12.55)

implying that the amplifier suffers from a gain error of (C2 + Ci + Cin )/(C2A v \). Note that

the gain error increases with the nominal gain Ci/C2 .

Comparing (12.44) with (12.55), we note that with Ch = C2 and for a nominal gain

of unity, the noninverting amplifier exhibits greater gain error than does the unity-gain

sampler. This is because the feedback factor equals C2/(Ci + Cin + C2 ) in the former and

ChUPh + Cin ) in the latter. For example, if Cin is negligible, the unity-gain sampler’s gain

error is half that of the noninverting amplifier.

Speed Considerations The smaller feedback factor in Fig. 12.48 suggests that the

time response of the amplifier may be slower than that of the unity-gain sampler. This is

indeed true. Consider the equivalent circuit shown in Fig. 12.49(a). Since the only difference

between this circuit and that in Fig. 12.38 is the capacitor C\ ,
which is connected from node

X to an ideal voltage source, we expect that (12.52) gives the time constant of this amplifier

as well if Cin is replaced by Cin + C\. But for a more rigorous analysis, we substitute

Vf„, Ci, and Cin in Fig. 12.49(a) by a Thevenin equivalent as in Fig. 12.49(b), where

a = Ci /(Ci + Cin ) 9
and Ceq = Ci + Cin , and note that

V* = (aVin ~ Vout )

'eq

Ceq + C2
+ VCout • (12.56)

Thus,

(«V„ Vou<)
'eq

Ceq H" C2
+ v;out Gm -F Vout (— + Cis = (0tVin - Vout )

ceqc2

Ceq + C2

( 12 .57 )
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C2

Figure 12.49 (a) Equivalent circuit of noninverting ampli-

fier in amplification mode, (b) circuit of (a) with Vf„, C \ ,
and

Cin replaced by a Thevenin equivalent.

which is the same as the time constant of Fig. 12.37 if Cin is replaced by Cin + C\. Note

the direct dependence of ramp upon the nominal gain, Ci/C2 .

It is instructive to examine the amplifier's time constant for the special case CL = 0.

Equation (12.60) yields ramp - (C\ + C(n)/Gm ,
a value independent of the feedback

capacitor. This is because, while a larger C2 introduces heavier loading at the output, it also

provides a greater feedback factor.

The reader may wonder why Eq. (12.58) yields a negative gain for the circuit that we

have called a “noninverting” amplifier. This equation simply means if the left plate of C\ is
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stepped down
,
then the output goes up. This does not contradict the operation of the original

circuit (Fig. 12.41), where the change in Vp is equal to ~Vin .

12.3.3 Precision Multiply-by-Two Circuit

The circuit of Fig. 12.41(a) can operate with a relatively high closed-loop gain, but it

suffers from speed and precision degradation due to the low feedback factor. In this section,

we study a topology that provides a nominal gain of two while achieving a higher speed

and lower gain error [5]. Shown in Fig. 12.50(a), the amplifier incorporates two equal

capacitors, Ci = C2 = C. In the sampling mode, the circuit is configured as in Fig. 12.50(b),

(b) (c)

Figure 1 2.50 (a) Multiply-by-two circuit, (b) circuit of (a) in sampling mode, (c) circuit

of (a) in amplification mode.

establishing a virtual ground at X and allowing the voltage across C\ and C2 to track Vin . In

the transition to the amplification mode, 53 turns off first, C\ is placed around the op amp,

and the left plate of C2 is switched to ground [Fig. 12.50(c)]. Since at the moment S3 turns

off, the total charge on C\ and C2 equals 2Vino

C

(if the charge injected by S3 is neglected),

and since the voltage across C2 approaches zero in the amplification mode, the final voltage

across C\ and hence the output voltage are approximately equal to 2Vino. This can also be

seen from the slow motion illustration of Fig. 12.51.

The reader can show that the charge injected by Si and S2 and absorbed by S4 and

S5 is unimportant and that injected by S3 introduces a constant offset. The offset can be

suppressed by differential operation.

The speed and precision of the multiply-by-two circuit are expressed by (12.60) and

(12.55), respectively, but the advantage of the circuit is the higher feedback factor fora

given closed-loop gain. Note, however, that the input capacitance of the multiply-by-two

circuit in the sampling mode is higher.
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Figure 12.51 Transition of multiply-by-two circuit to amplification mode in slow motion.

12.4 Switched-Capacitor Integrator

Integrators are used in many analog systems. Examples include filters and oversampled

analog-to-digital converters. Fig. 12.52 depicts a continuous-time integrator, whose output

can be expressed as

Vout = J
Vindt .

(12.61)

if the op amp gain is very large. For sampled-data systems, we must devise a discrete-time

counterpart of this circuit.

CF

Kout

Figure 12.52 Continuous-time inte-

grator.

Before studying SC integrators, let us first point out an interesting property. Consider

a resistor connected between two nodes [Fig. 12.53(a)], carrying a current equal to ( Va -

Vb)/R • The role of the resistor is to take a certain amount of charge from node A every

second and move it to node B. Can we perform the same function by a capacitor? Suppose

in the circuit of Fig. 12.53(b), capacitor Cs is alternately connected to nodes A and B at a

clock rate fcK- The average current flowing from A to B is then equal to the charge moved

Figure 1 2.53 (a) Continuous-time and (b) discrete-time resistors.
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in one clock period:

Iab
~ CS(VA - VB )

fcK

= CsfcK(VA - Vb).

(12.62)

(12.63)

We can therefore view the circuit as a “resistor” equal to (C$/ck )~ 1
• Recognized by James

Clark Maxwell, this property formed the foundation for many modem switched-capacitor

circuits.

Let us now replace resistor R in Fig. 12.52 by its discrete-time equivalent, arriving at

the integrator of Fig. 12.54(a). We note that in every clock cycle, C\ absorbs a charge equal

Figure 12.54 (a) Discrete-time integrator, (b) response of circuit to a constant input

voltage.

to Ci Vi n when Si is on and deposits the charge on C2 when S2 is on (node X is a virtual

ground). For example, if Vin is constant, the output changes by Vin C\/

C

2 every clock cycle

[Fig. 12.54(b)]. Approximating the staircase waveform by a ramp, we note that the circuit

behaves as an integrator.

The final value of Vout in Fig. 12.54(a) after every clock cycle can be written as

Vou,(kTCK ) = Vout [(k - \)Tck \
- Vin [(k - l)TCK ] ( 12 -64

)

where the gain of the op amp is assumed large. Note that the small-signal settling time

constant as charge is transferred from Ci to C2 is given by (12.52).

The integrator of Fig. 12.54(a) suffers from two important drawbacks. First, the input-

dependent charge injection of Si introduces nonlinearity in the charge stored on Ci and

hence the output voltage. Second, the nonlinear capacitance at node P resulting from

the source/drain junctions of Si and S2 leads to a nonlinear charge-to-voltage conversion

when Ci is switched to X. This can be understood with the aid of Fig. 12.55, where

the charge stored on the total junction capacitance, Cy, is not equal to VinoCj, but rathei

equal to

pVinO

qcj = /
CjdV.

Jo
( 12 .65

)
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C2

^out

Figure 12.55 Effect of junction ca-

pacitance nonlinearity in SC integrator.

Since C
}

is a function of voltage, qCj
exhibits a nonlinear dependence on V;„o» thereby

creating a nonlinear component at the output after the charge is transferred to the integration

capacitor.

An integrator topology that resolves both of the foregoing issues is shown in Fig. 12.56(a).

We study the circuit’s operation in the sampling and integration modes. As shown in

Fig. 12.56(b), in the sampling mode Si and S3 are on and S2 and S4 are off, allowing

the voltage across Ci to track Vin while the op amp and C2 hold the previous value. In the

transition to the integration mode, S3 turns off first, injecting a constant charge onto Ci, Si

turns off next, and subsequently S2 and S4 turn on [Fig. 12.56(c)]. The charge stored on Ci

is therefore transferred to C2 through the virtual ground node.

Since S3 turns off first, it introduces only a constant offset, which can be suppressed by

differential operation. Moreover, because the left plate of Ci is “driven” (Section 12.3.2),

the charge injection or absorption of Si and S2 contributes no error. Also, since node X

is a virtual ground, the charge injected or absorbed by S4 is constant and independent

ofV-B .

How about the nonlinear junction capacitance of S3 and S4 ? We observe that the voltage

across this capacitance goes from near zero in the sampling mode to virtual ground in the

^2

(b) (c)

Figure 1 2.56 (a) Parasitic-insensitive integrator, (b) circuit of (a) in sampling mode,

(c) circuit of (a) in integration mode.
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integration mode. Since the voltage across the nonlinear capacitance changes by a very

small amount, the resulting nonlinearity is negligible.

12.5 Switched-Capacitor Common-Mode Feedback

Our study of common-mode feedback in Chapter 9 suggested that sensing the output CM
level by means of resistors lowers the differential voltage gain of the circuit considerably.

We also observed that sensing techniques using MOSFETs that operate as source followers

or variable resistors suffer from a limited linear range. Switched-capacitor CMFB networks

provide an alternative that avoids both of these difficulties (but the circuit must be refreshed

periodically.)

In switched-capacitor common-mode feedback, the outputs are sensed by capacitors

rather than resistors. Figure 12.57 depicts a simple example, where equal capacitors Ci and

C2 reproduce at node X the average of the changes in each output voltage. Thus, if Voul \
and

Vou t2 experience, say, a positive CM change, then Vx and hence 1D5 increase, pulling Vom \

and Vout2 down. The outputCM level is then equal to Vasi plus the voltage across C\ and C2 .

Figure 12.57 Simple SC common-

mode feedback.

How is the voltage across C\ and C2 defined? This is typically carried out when the

amplifier is in the sampling (or reset) mode and can be accomplished as shown in Fig. 12.58.

Here, during CM level definition, the amplifier differential input is zero and switch Si is

on. Transistors A/6 and M7 operate as a linear sense circuit because their gate voltages

are nominally equal. Thus, the circuit settles such that the ouput CM level is equal to

^C56,7 + Vgss- At the end of this mode, Si turns off, leaving a voltage equal to Vgs6,i across

Ci and C2 . In the amplification mode, M6 and may experience a large nonlinearity but

they do not impact the performance of the main circuit because Si is off.

In applications where the output CM level must be defined more accurately than in the

above example, the topology shown in Fig. 12.59 may be used. Here, in the reset mode,

one plate of Ci and C2 is switched to VCm while the other is connected to the gate of

M6 . Each capacitor therefore sustains a voltage equal to VCM - VGsb- In the amplification

mode, S2 and S3 are on and the other switches are off, yielding an output CM level equal to

Vcm - Vgs6 + Vgss - Proper definition of //>3 and ID4 with respect to lRFF can guarantee

that Vgs5 = Vgs6 and hence the output CM level is equal to Vcm-
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Figure 12.58 Definition of the volt-

age across C\ and Cj-

With large output swings, the speed of the CMFB loop may in fact influence the settling

of the differential output [6]. For this reason, part of the tail current of the differential pairs

in Figs. 12.58 and 12.59 can be provided by a constant current source so that M5 makes

only small adjustments to the circuit.

Problems

Unless otherwise stated, in the following problems, use the device data shown in Table 2. 1 and assume

VDD = 3 V where necessary. Also, assume all transistors are in saturation.

12.1. The circuit of Fig. 12.2(b) is designed with C\ = 2 pF and C2 = 0.5 pF.

(a) Assuming Rf = 00 but the op amp has an output resistance Rouu derive the transfer

function \Ws)/V/ rt (j).
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(b) If the op amp is ideal, determine the minimum value of Rf that guarantees a gain error

of 1% for an input frequency of 1 MHz.

12.2. Suppose in Fig. 1 2.5(a), the op amp is characterized by a transconductance Gm and an output

resistance Rout .

(a) Determine the transfer function Vou t I Vi n in this mode.

(b) Plot the waveform at node B if Vin is a 100-MHz sinusoid with a peak amplitude of 1 V,

Ci = 1 pF, Gm = 1/(100 £2), and Rout = 20 kfi.

12.3. In Fig. 12.5(b), node A is in fact connected to ground through a switch (Fig. 12.4). If the

switch introduces a series resistance Ron and the op amp is ideal, calculate the time constant

of the circuit in this mode. What is the total energy dissipated in the switch as the circuit

enters the amplification mode and Vout settles to its final value?

12.4. The circuit of Fig. 12.9(a) is designed with (W/L ) i
= 20/0.5 and CH = 1 pF.

(a) Using Eqs. (12.9) and (12.16), calculate the time required for Vout to drop to +1 mV.

(b) Approximating M\ by a linear resistor equal to [finCox (W/L) t (VDD ~ VTu )]
'

“

1

, calculate

the time required for Vou t to drop to + 1 mV and compare the result with that obtained in

part (a).

12.5. The circuit of Fig. 12.11 cannot be characterized by a single time constant because the

resistance charging Cu (equal to \/gm \ if y = 0) varies with the output level. Assume

(W/L ) i
= 20/0.5 and CH = 1 pF.

(a) Using Eq. (12.21), calculate the time required for Vout to reach 2.1 V.

(b) Sketch the transconductance of M\ versus time.

12.6. In the circuit of Fig. 12.8(b), (W/L)
x = 20/0.5 and CH = 1 pF. Assume X = y = 0 and

Vin = Vo sin a)in t + Vm ,
where cotn = 2rr x (100 MHz).

(a) Calculate RonX and the phase shift from the input to the output if V0 = Vm — 10 mV.

(b) Repeat part (a) if Vo = 10 mV but Vm = 1 V. The variation of the phase shift translates

to distortion.

12.7. Describe an efficient SPICE simulation that yields the plot of Ron eq for the circuit of

Fig. 12.16.

12.8. The sampling network of Fig. 12,16 is designed with (W/L)
\
- 20/0.5, (W/L )2 = 60/0.5,

and Ch = 1 pF. If V/„ = 0 and the initial value of Vout is +3 V, estimate the time required

for Vout to drop to + 1 mV.

12.9. In the circuit of Fig. 12.19, (W/L) 1 = 20/0.5 and Cu = 1 pF. Calculate the maximum
error at the output due to charge injection. Compare this error with that resulting from clock

feedthrough.

12.10. The circuit of Fig. 12.60 samples the input on C\ when CK is high and connects C\ and Ci

when CK is low. Assume (W/L)

\

= (W/L)2 and C { = C2 .

(a) If the initial voltages across C\ and C2 are zero and - 2 V, plot Vou t versus time for

many clock cycles. Neglect charge injection and clock feedthrough.

1

l

CK

jtHi
out

C2

Figure 12.60
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(b) What is the maximum error in V™, due to charge injection and clock feedthrough of M\
and M2 ? Assume the channel charge of M2 splits equally between C\ and C2 .

(c) Determine the sampled kT/C noise at the output after M2 turns off

12 .11 . For Vin = Vosincoo* + Vo, where Vo = 0.5 V and coq = 2tt x (10 MHz), plot the output

waveforms of the circuits shown in Fig. 12.29(b) and 12.30(a). Assume a clock frequency of

50 MHz.

12 .12 . In Fig. 12.45, Si turns off At seconds after S2 and S3 turns on At seconds after Si turns off.

Plot the output waveform, taking into account the charge injection and clock feedthough of

Si -S3 . Assume all of the switches are NMOS devices.

12.13 . The circuit of Fig. 12.48 is designed with C\ = 2 pF, Qn = 0.2 pF and A v = 1000. What is

the maximum nominal gain, C 1 /C2 , that the circuit can provide with a gain error of 1%?

12 .14 . In Problem 12.13, what is the maximum nominal gain if Gm = 1/(100 fi) and the circuit

must achieve a time constant of 2 ns in the amplification mode? Assume Cin — 0.2 pF and

calculate C 1 and C2 .

12.15 . The integrator of Fig. 12.54 is designed with C\ = C2 — 1 pF and a clock frequency of

100 MHz. Neglecting charge injection and clock feedthrough, sketch the output if the input

is a 10-MHz sinusoid with a peak amplitude of 0.5 V. Approximating Ci, Si, and S2 by a

resistor, estimate the output amplitude.

12.16 . Consider the switched-capacitor amplifier depicted in Fig. 12.61, where the common-mode

feedback is not shown. Assume (W/L) 1-4 = 50/0.5, Iss = 1 mA, Ci = C2 = 2 pF,

C3 = C4 = 0.5 pF, and the output CM level is 1.5 V. Neglect the transistor capacitances.

(a) What is the maximum allowable output voltage swing in the amplification mode?

(b) Determine the gain error of the amplifier.

(c) What is the small-signal time constant in the amplification mode?

12 .17 . Repeat Problem 12.16(c) if the gate-source capacitance of Mi and M2 is not neglected.

12 .18. A differential circuit incorporating a well-designed common-mode feedback network exhibits

the open-loop input-output characteristic shown in Fig. 12.62(a). In some circuits, however,

the characteristic appears as in Fig. 12.62(b). Explain how this effect occurs.
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Figure 12.62

12.19. In the common-mode feedback network of Fig. 12.58, assume W/L — 50/0.5 for all tran-

sistors, Ids = 1 mA, and Id6J = 50 //A. Determine the allowable range of the input

common-mode level.

12.20. Repeat Problem 12.19 if (W/L)$j = 10/0.5.

12.21. Suppose in the common-mode feedback network of Fig. 1 2.58, Si injects a charge ofAq onto

the gate of Ms. How much do the gate voltage of Ms and the output common-mode level

change due to this error?

12.22. In the circuit ofFig. 1 2.63, each op amp is represented by a Norton equivalent and characterized

by Gm and Rout . The output currents of two op amps are summed at node Y [7]. (The circuit

is shown in the amplification mode.) Note that the main amplifier and the auxiliary amplifier

are identical and the error amplifier senses the voltage variation at node X and injects a

Main Amplifier

i

Auxiliary Amplifier
Figure 12.63
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proportional current into node Y . The output impedance of the error amplifier is much greater

than Rout . Assume Gm Rout > 1.

(a) Calculate the gain error of the circuit.

(b) Repeat part (a) if the auxiliary and error amplifiers are eliminated and compare the

results.
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Chapter 13

Nonlinearity and Mismatch

In Chapters 6 and 7, we dealt with two types of nonidealities, namely, frequency response

and noise, that limit the performance of analog circuits. In this chapter, we study two othei

imperfections that prove critical in high-precision analog design and trade with many othei

performance parameters. These effects are nonlinearity and mismatch.

We first define metrics for quantifying the effects of nonlinearity. Next, we study non-

linearity in differential circuits and feedback systems and examine several linearizatior

techniques. We then deal with the problem of mismatch and dc offsets in differential cir-

cuits. Finally, we consider a number of offset cancellation methods and describe the effecl

of offset cancellation on random noise.

13.1 Nonlinearity

13.1.1 General Considerations

As we have observed in the large-signal analysis of single-stage and differential amplifiers,

circuits usually exhibit a nonlinear input/output characteristic. Depicted in Fig. 13.1, such

a characteristic deviates from a straight line as the input swing increases. Two examples

Figure 13.1 Input/output characteris-

tic of a nonlinear system.

are shown in Fig. 13.2. In a common-source stage or a differential pair, the output variation

becomes heavily nonlinear as the input level increases. In other words, for a small input

swing, the output is a reasonable replica of the input but for large swings the output exhibits

“saturated” levels.

448
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The nonlinear behavior of a circuit can also be viewed as variation of the slope and

hence the small-signal gain with the input level. Illustrated in Fig. 13.3, this observation

means that a given incremental change at the input results in different incremental changes

at the output depending on the input dc level.

Figure 1 3.3 Variation of small-signal gain in a nonlinear amplifier.

In many analog circuits, precision requirements mandate relatively small nonlinearities,

making it possible to approximate the input/output characteristic by a Taylor expansion in

the range of interest:

y(t) = aix(f) + a2x
2
(t) + a3x

3
(t) H . (13.1)

For small x, y(t) ^ a {x y
indicating that ai is the small-signal gain in the vicinity of jc « 0.

How is the nonlinearity quantified? A simple method is to identify a
i , a2 , etc., in (13.1).

Another metric that proves useful in practice is to specify the maximum deviation of the

characteristic from an ideal one (i.e., a straight line). As shown in Fig. 13.4, for the voltage

range of interest, [0 Vintmax \, we pass a straight line through the end points of the actual

characteristic, obtain the maximum deviation, A V, and normalize the result to the max-

imum output swing, VoutfTnax , For example, we say an amplifier exhibits 1% nonlinearity

(A Vj Vout,max =0.01) for an input range of 1 V.

Figure 13.4 Definition of nonlin-

earity.
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Example 13.1

The input/output characteristic of a differential amplifier is approximated as y(t) = a\ x(t) +

a^x 3
(r). Calculate the maximum nonlinearity if the input range is from x = ~~Xmax tOX — +Xmax •

Solution

As depicted in Fig. 13.5, we can express the straight line passing through the end points as

y l

OtlXmax + aiXmojc

%max

-(ai + c
)x.

(13.2)

(13.3)

The difference between y and yi is therefore equal to

Ay = y — yi (13.4)

- aix+aix* - ^ofi +0f3X^^x. (13.5)

Setting the derivative of Ay with respect to x to zero, we have * = xmax /^/3 and the maximum

deviation is equal to 2tf3Jt^ flJC /(3\/3 ). Normalized to the maximum output, the nonlinearity is obtained

as

= . (13.6)

ymax 3v^3 X 2(aiXmax + <*3*m<u)

Note that the factor of 2 in the denominator is included because the maximum peak-to-peak output

swing is equal to 2{ot\xmax + x^ flJC
). For small nonlinearities, we can neglect a3X^ax with respect

toaixmax ,
arriving at

*y „ <*3 2

ymax
~

3V3a l

maX ' (13.7)

Note that the relative nonlinearity is proportional to the square of the maximum input swing in this

example.
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The nonlinearity of a circuit can also be characterized by applying a sinusoid at the input

and measuring the harmonic content ofthe output. Specifically, if in ( 1 3 . 1 ), x(r ) = A cos cot,

then

y(0 = aiA cos cot -f a2A
2
cos

2
cot +a3 cos

3
cot H (13.8)

= oiiA cos cot + — [1 + cos(2w/)] + —— [3cos&>r + cos(3a>r)] H . (13.9)
^ T

We observe that higher-order terms yield higher harmonics. In particular, even-order terms

and odd-order terms result in even and odd harmonics, respectively. Note that the magnitude

of the nth harmonic grows roughly in proportion to the nth power of the input amplitude.

Called “harmonic distortion,” this effect is usually quantified by summing the power of all

of the harmonics (except that of the fundamental) and normalizing the result to the power

of the fundamental. Such a metric is called the “total harmonic distortion” (THD). For a

third-order nonlinearity:

(«2A
2
/2)

2 + (Q!3A
3
/4)

2

(oi\A -h 3q!3A 3
/4)

2
(13.10)

Harmonic distortion is undesirable in most signal processing applications, including

audio and video systems. High-quality audio products such as compact disc (CD) players

require a THD of about 0.01% (-80 dB) and video products, about 0.1% (-60 dB).

13.1.2 Nonlinearity of Differential Circuits

Differential circuits exhibit an “odd-symmetric” input/output characteristic, i.e., f(-x) =
”/(*)• F°r the Taylor expansion of ( 1 3. 1 ) to be an odd function, all of the even-order terms,

of2j
must be zero:

y(t) = aiX (t) + a3x
3
(t) + a $x

5
(t) + • •

•
,

(13.11)

indicating that a differential circuit driven by a differential signal produces no even har-

monics. This is another very important property of differential operation.

In order to appreciate the reduction of nonlinearity obtained by differential operation,

let us consider the two amplifiers shown in Fig. 13.6, each of which is designed to provide

a small-signal voltage gain of

I
At,

|
^ gm Ro (13.12)

— linC0x— (VGS ~ Vth)Rd- (13.13)
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Figure 1 3.6 Single-ended and differential amplifiers providing the

same voltage gain.

Suppose a signal Vm cos cot is applied to each circuit. Examining only the drain currents for

simplicity, we can write for the common-source stage:

1 W
Ido - -IJ-nC„x —(VGS - VTH + Vm coscot )

2

1 w w
= ^ftnCox -j-(VGS ~ Vth) + t^n^ox^i^GS ~~ Vjn)Vm QOS Q)t

+ -UnCox— COS
2
Q)t

W i w
= I + VnCox—iVcS - VTH)Vm COS Q)t + -fl„C0X— V 2

[l + COS(2fl)f)]. (13.14)

Thus, the amplitude of the second harmonic, Audi, normalized to that of the fundamental,

Af,is

AHP2 _ Vm

Ap 4(Vg5 — Vth)

On the other hand, for M\ and M2 in Fig. 13.6, we have from Chapter 4:

1 W
?D\ — Id2 — ~ finCtjx-j-Vin

4/55 - v .

2

w in

f^nCox
L

=
l

-tinC0xyVin^(VGs ~ VTH )
2 ~ V 2

.

(13.15)

(13.16)

(13.17)
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If|V/„|« VGS -

V

rff ,then

hi - hi = (*nCox^Vin(VGS - VTH ) 1 - ---
v,

*
n

L V 4(VCs - VTH )
2

W V 2

(inCox-Vin(VGs-VTH )
1-—-

L L o(Lgs — VV//)

= HnCoxZ(VGs -Vth)\Vm cos cot -
V" COs3 °*

8(VG5 - Vth )
2]

(13.18)

(13.19)

(13.20)

Since cos
3
cot = [3 cos cot -f cos(3a)f)]/4, we obtain.

hn — hn — gm ^Vm ~
3V 3
J m

32(Vg5 - t^//)2
.

COSO>t - gm
V cos(3ct>f)

32(vG7_Vr//)2
‘ (13,21)

If ym » WlmVGS - Vth)
2
], then

Af ~
32(VG5-Vt//)2

' (13.22)

Comparison of (13.15) and (13.22) indicates that the differential circuit exhibits much

less distortion than its single-ended counterpart while providing the same voltage gain and

output swing. For example, if Vm = 0.2(Vgs — Vth), (13.15) and (13.22) yield a distortion

of 5% and 0.125%, respectively.

While achieving a lower distortion, the differential pair consumes twice as much power

as the CS stage because Iss = 2/. The key point, however, is that even if the bias current

ofM0 is raised to 27, (13.15) predicts that the distortion decreases by only a factor of

(with W/L maintained constant).

13.1.3 Effect of Negative Feedback on Nonlinearity

In Chapter 8, we observed that negative feedback makes the closed-loop gain relatively

independent of the op amp’s open-loop gain. Since nonlinearity can be viewed as variation

of the small-signal gain with the input level, we expect that negative feedback suppresses

this variation as well, yielding higher linearity for the closed-loop system.

Analysis of nonlinearity in a feedback system is quite complex. Here, we consider a

simple, “mildly nonlinear” system to gain more insight. The reason is that, if properly

designed, a feedback amplifier exhibits only small distortion components, lending itself to

this type of analysis.

Let us assume that the core amplifier in the system of Fig. 13.7 has an input-output

characteristic y & ot\x + a2x
2

. We apply a sinusoidal input x(t) = Vm cos cot, postulating

that the output contains a fundamental component and a second harmonic and hence can
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y(t)

Figure 13.7 Feedback system in-

corporating a nonlinear feedforward

amplifier.

be approximated as y & a cos cot + b cos 2cot} Our objective is to determine a and b. The

output of the subtractor can be written as

= *(f) - fiy(t) (13.23)

= Vm cos cot — p(a cos cot 4- b cos 2cot) ( 1 3.24)

= (Vm — Pa) cos cot — pb cos 2cot. (13.25)

This signal experiences the nonlinearity of the feedforward amplifier, thereby producing an

output given by:

y(t)
— ai[(Vm - P) cos cot - pb cos 2cot]

+ a2 [(Vm — Pa ) cos cot — pbcoslcot]
2

= [ai(Vm - Pa) - a2(Vm ~ Pa)pb]coscot

+ —ot\Pb +
“2(vm -M21

cos 2cot ~b

(13.26)

(13.27)

The coefficients of coscot and cos 2cot in (13.27) must be equal to a and b, respectively:

a = (a
l
-a2pb)(Vm -Pa)

b = -ct\pb -f

a2(Vm-pa)
2

2

(13.28)

(13.29)

The assumption ofsmall nonlinearity implies that botha2 and b are small quantities, yielding

a ^ a\(Vm — pa) and hence

a
1 + P&\

Vm ,
(13.30)

which is to be expected because pu\ is the loop gain. To calculate b ,
we write

Vm - Pa^ — ,
(13.31)

Qfl

! Note that higher harmonics and phase shifts through the system are neglected.
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Without feedback, on the other hand, such a ratio would be equal to (oi2V^/2)/a\Vm -

ct2 Vm /(2a\). Thus, the relative magnitude of the second harmonic has dropped by a factor

0f(l+^!)2
.

As described in Chapter 8, a feedback circuit employing a feedforward amplifier with a

finite gain suffers from gain error. For a feedforward gain of A0 and a feedback factor of

/?, the relative gain error is approximately equal to l/(/JA0 ). If the feedforward amplifier

exhibits nonlinearity, it is possible to derive a simple relationship between the gain error

and maximum nonlinearity of the overall feedback circuit. As illustrated in Fig. 13.8, we

draw two straight lines, one representing the ideal characteristic (with a slope 1//J) and

another passing through the end points of the actual characteristic. We note that with this

construction, the nonlinearity, Ay2 , is always smaller than the gain error, Ay\. This is of

course true only if the small-signal gain drops monotonically as x goes from 0 to xmax ,
a
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typical behavior in most analog circuits. Thus, a sufficient condition to ensure Aj2 < € is

to guarantee that Ayi < e by choosing a high open-loop gain for the amplifier.

The above condition is often applied in analog design because it is much easier to

predict the open-loop gain than its nonlinearity. Of course, this simplification is obtained at

the cost of a pessimistic choice of the amplifier’s gain, an issue that becomes more serious

as short-channel devices limit the voltage gain that can be achieved.

13.1.4 Capacitor Nonlinearity

In switched-capacitor circuits, the voltage dependence of capacitors may introduce sub-

stantial distortion. While for a linear capacitor we have Q = CV, for a voltage-dependent

capacitor we must write dQ = CdV. Thus, the total charge on a capacitor sustaining a

voltage Vi is

fVi

Q(V0= /
CdV. (13.37)

Jo

To study the effect of capacitor nonlinearity, we express each capacitor as C = Co(l +

jx(v + (*2V 2 + •)•

Let us consider the noninverting amplifier of Fig. 12.41(a), repeated in Fig. 13.9, as an

example. At the beginning of the amplification mode, C\ has a voltage equal to V/„o and

Ci a voltage of zero. Assuming C\ & MC0 ( 1 + of
i
V), where M is the nominal closed-loop

gain (Ci = MC2\ we obtain the charge across Ci as

VinO

Cl = /
CxdV (13.38)

Jo

r VnO

= /
MC0(1 + ct\V)dV

Jo

(13.39)

v \J

= MC0Vin0 + MC0jV 2
. (13.40)

Similarly, if C2 ^ C0(l + <*\ V), then the charge on this capacitor at the end of the amplifi-

cation mode is

pVoul

Q2 = C2 dV (13.41)

Jo

= C0Vout + C0jVo

2

ur (13.42)

Figure 1 3.9 Effect of capacitor nonlinearity.
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Equating Q\ and Q 2 and solving for Vouty we have

Vou, = ^ (
- 1 + 71 + Ma\vl0 + 2Ma, Vin0 ) .

(13.43)

The last two terms under the square root are usually much less than unity and, since for

€ 4C 1, n/T+T ^ 1 + e/2 - e
2
/8, we can write

Moi i 't

Vou, + v;
2
„0 . (13.44)

The second term in the above equation represents the nonlinearity resulting from the voltage

dependence of the capacitor.

13.1.5 Linearization Techniques

While amplifiers using “global” feedback (e.g., the switched-capacitor topologies of Chap-

ter 12) can achieve a high linearity, stability and settling issues of feedback circuits limit

their usage in high-speed applications. For this reason, many other techniques have been

invented to linearize amplifiers with less compromise in speed.

The principle behind linearization is to reduce the dependence of the gain of the circuit

upon the input level. This usually translates into making the gain relatively independent of

the transistor bias currents.

The simplest linearization method is source degeneration by means of a linear resistor.

As shown in Fig. 13.10 for a common-source stage and revealed by the observations in the

Figure 1 3.1 0 Common-source stage with resistive degener-

ation.

previous section, degeneration reduces the signal swing applied between the gate and the

source of the transistor, thereby making the input/output characteristic more linear. From

another point of view, neglecting body effect, we can write the overall transconductance of

the stage as

Gm
8m

1 + gmRs
(13.45)

which for large gm Rs approaches 1 /Rs , an input-independent value.
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Note that the amount of linearization depends on gm Rs rather on Rs alone. With a

relatively constant Gm , the voltage gain, GmRD , is also relatively independent of the input

and the amplifier is linearized.

Example 13.2 —
A common-source stage biased at a current l\ experiences an input voltage swing that varies the drain

current from 0.75 l\ to 1.25/i. Calculate the variation of the small-signal voltage gain (a) with no

degeneration, (b) with degeneration such that gm Rs = 2, where gm denotes the transconductance at

Id = h-

Solution

Assuming square-law behavior, we have gm a sJT^. For the case of no degeneration:

8m, high _ 1 1-25

8m,low V 0.75
(13.46)

y/\25gm

Gm,high _ 1 + \/l.25gmRs

Gm,low V0.75gm

1 + \/0~J5gm Rs

1.25 1 + 2Vo?75

0/75 1 + 2VT25

(13.47)

(13.48)

= 0.84-
1.25

0/75
(13.49)

Thus, degeneration decreases the variation of the small-signal gain by approximately 16% in this

case.

Resistive degeneration presents trade-offs between linearity, noise, power dissipation,

and gain. For reasonable input voltage swings (e.g., 1 V^), it may be quite difficult to

achieve even a voltage gain of 2 in a common-source stage if the nonlinearity is to remain

below 1%.

A differential pair can be degenerated as shown in Figs. 13.11(a) and(b). In Fig. 13.1 1(a),

Iss flows through the degeneration resistors, thereby consuming a voltage headroom of

IssRs/2> an important issue if a high level of degeneration is required. The circuit of

Fig. 13.11(b), on the other hand, does not involve this issue but it suffers from a slightly

higher noise (and offset voltage) because the two tail current sources introduce some dif-

ferential error. The reader can prove that if the output noise current of each current source

is equal to / 2
,
then the input-referred noise voltage of the circuit of Fig. 13.1 1(b) is higher

than that of Fig. 13.11(a) by 21% Rj.
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Figure 1 3.1 1 Source degeneration applied to a differential pair.

Resistive degeneration requires high-quality resistors, a commodity unavailable in many

of today’s CMOS technologies (Chapter 17). As depicted in Fig. 13.12, the resistor can be

replaced by a MOSFET operating in deep triode region. However, for large input swings,

M3 may not remain in deep triode region, thereby experiencing substantial change in its

on-resistance. Furthermore, Vb must track the input common-mode level so that Ron 3 can

be defined accurately.

Figure 1 3.1 2 Differential pair degen-

erated by a MOSFET operating in deep

triode region.

Another linearization technique is illustrated in Fig. 13.13 [1]. Here, M3 and M4 are in

deep triode region if Vin = 0. As the gate voltage ofM\ becomes more positive than the gate

voltage ofM2 , transistor M3 stays in the triode region because VD^ = VG3 - VG5 i
whereas

Figure 1 3.1 3 Differential pair degen-

erated by two MOSFETs operating in the

triode region.
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M4 eventually enters the saturation region because its drain voltage rises and its gate and
source voltages fall. Thus, the circuit remains relatively linear even if one degeneration de-

vice goes into saturation. For the widest linear region,
[ 1 ] suggests (W/L)\ t2 ^ 7(W/L)3A .

A linearization technique avoiding the use of resistors is based on the observation that

a MOSFET operating in the triode region can provide a linear ID / VGS characteristic if its

drain-source voltage is held constant: ID = (l/2)fiCox(W/L)[2(VGS - VTH)VDS - v£
s ].

Illustrated in Fig. 13.14, the technique employs amplifiers A\ and A 2 along with cascode

devices M3 and M4 to force Vx and Vy to be equal to for varying input levels.

Figure 13.14 Differential pair using input devices op-

erating in the triode region.

This circuit suffers from several drawbacks. First, the transconductance of M\ and M2 ,

equal to finC0X(W/L)VDS ,
is relatively small because VDS must be low enough to ensure

each input transistor remains in the triode region. Second, the input common-mode level

must be tightly controlled and it must track Vb so as to define Im and ID2 . Third, Mj, A/4 ,

and the two auxiliary amplifiers contribute substantial noise to the output.

Another approach to linearizing voltage amplifiers is to perform “post-correction.” Illus-

trated in Fig. 13.15, the idea is to view the amplifier as a voltage-to-current (V/I) converter

followed by a current-to-voltage (I/V) converter. If the V/I converter can be described as

hut - m„) and the I/V converter as Voul = f~\lin ), then Vou, is a linear function of

Vin . That is, the second stage corrects the nonlinearity introduced by the first stage. As an
example, recall from Chapter 4 that for the circuit shown in Fig. 13.16(a), we have

VM ~ Vin2 = Vox, - VGS2 (13.50)
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(a) (b) (c)

Figure 1 3.1 6 (a) Differential pair with nonlinear I /V characteristic, (b) diode-connected devices with

nonlinear V// characteristic, (c) circuit having linear input/output characteristic.

We also note that for the circuit shown in Fig. 13.16(b),

(13.52)

(13.53)

where channel-length modulation and body effect are neglected. It follows that for the

circuit shown in Fig. 13.16(c),

(13.54)

(13.55)

Thus, as derived in Chapter 4, the voltage gain is equal to

a quantity independent of the bias currents of the transistors.

In practice, body effect and other nonidealities in short-channel devices give rise to

nonlinearity in this circuit. Furthermore, as the differential input level increases, driving M\
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or M2 into the subthreshold region, Eqs. (13.51) and (13.53) no longer hold and the gain

drops sharply.

13.2 Mismatch

Our study of amplifiers in the previous chapters has mostly assumed that the circuits are

perfectly symmetric, i.e., the two sides exhibit identical properties and bias currents. In

reality, however, nominally-identical devices suffer from a finite mismatch due to uncer-

tainties in each step of the manufacturing process. For example, as illustrated in Fig. 13. 17,

the gate dimensions of MOSFETs suffer from random, microscopic variations and hence

mismatches between the equivalent lengths and widths of two transistors that are identically

laid out. Also, MOS devices exhibit threshold voltage mismatch because, from (2.1), Vth

is a function of the doping levels in the channel and the gate, and these levels vary randomly

from one device to another.

Figure 13.17 Random mismatches due to microscopic

variations in device dimensions.

Study of mismatch consists of two steps: (1 ) identify and formulate the mechanisms that

lead to mismatch between devices; (2) analyze the effect of device mismatches upon the

performance of circuits. Unfortunately, the first step is quite complex and heavily dependent

on the fabrication technology and the layout, often requiring actual measurements of mis-

matches. For example, the achievable mismatch between capacitors is typically quoted to be

0.1%, but this value is not derived from any fundamental quantities. We therefore consider

only some basic trends and intuitive results. Layout techniques for minimum mismatch are

described in Chapter 18.

Expressing the characteristics of a MOSFET in saturation as 1D = (1/2)jiCox{W/L)

(Vgs - Uw) 2
,
we observe that mismatches between /z, Cox ,

W, L
,
and VTH result in mis-

matches between drain currents (for a given Vos) or gate-source voltages (for a given drain

current) of two nominally-identical transistors. Intuitively, we expect that as W and L in-

crease, their relative mismatches, AW/W and AL/L, respectively, decrease, i.e., larger

devices exhibit smaller mismatches. A more important observation is that all of the mis-

matches decrease as the area of the transistor, WL, increases. For example, increasing

W reduces both AW/W and AL/L. This is because as WL increases, random varia-

tions experience greater “averaging,” thereby falling in magnitude. For the case depicted

in Fig. 13.18, AL 2 < AL| because, if the device is viewed as many small parallel tran-

sistors (Fig. 13.19), each having a width Wo, then we can write the equivalent length as



464 Chap. 13 Nonlinearity and Mismatch

Figure 1 3.1 8 Reduction of length mismatch as a result of increasing the width.

L eq ^ (Li + L 2 + • •
* + L n )/n. The overall variation is therefore given by

M eq « + A L\ + --- + AL 2

n )

U2
/n

("A L 2

0 )

lf2

n

AL0

(13.57)

(13.58)

(13.59)

where A

L

0 is the statistical variation of the length for a transistor with width Wo. Equa-

tion (13.59) reveals that for a given Wo, as n increases, the variation of L eq decreases.

The above result can be extended to other device parameters as well. For example, we

postulate that fiCox and VTh suffer from less mismatch if the device area increases. Illus-

trated in Fig. 1 3.20, the reason is that a large transistor can be decomposed into a series and

Figure 13.20 Large MOSFET viewed as a combination of small devices.
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parallel combination of small unit transistors with dimensions Wo and Lq, each exhibiting

(fiCox )j and VfHj • For given Wo and Lo, as the number of unit transistors increases, \xC0X

and Vm experience greater averaging, leading to smaller mismatch between two large

transistors.

The foregoing qualitative observations have been verified mathematically and experi-

mentally [2, 3]. Here, we state without proof that

A

AVTh =

MCox- I
=

Avth
(13.60)

JWL

Jwl'
(13.61)

where Avth and Ak are proportionality factors.

Interestingly, Avth has been observed to scale down with the gate oxide thickness [3].
o

From the data in [4], A Vth ^ 10 mV/xm for tox % 100 A. Thus, in a 0.6-/xm technology
o

with tox — 100 A, two 100 /xm/0.6 fim devices (L eff
& 0.5 /xm) exhibit a threshold

mismatch of 1.4 mV. With this information, we can write

AVTH = ^tLmV, (13.62)
VWl

where tox is expressed in angstroms and W and L in microns. Since the channel capacitance

is proportional to WLC0X , we note that AVTH and the channel capacitance bear a trade-off.

We now study the effect of device mismatch upon the performance of circuits. Mis-

matches lead to three significant phenomena: dc offsets, finite even-order distortion, and

lower common-mode rejection. The last phenomenon was studied in Chapter 4.

DC Offsets Consider the differential pair shown in Fig. 13.21(a). With Vin = 0 and

perfect symmetry, Vout = 0, but in the presence of mismatches, Vout ^ 0. We say the

circuit suffers from a dc “offset” equal to the observed value of Vout when Vin is set to

Figure 13.21 (a) Differential pair with offset measured at the output,

(b) circuit of (a) with its offset referred to the input.
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zero. In practice, it is more meaningful to specify the input-referred offset voltage, de-

fined as the input level that forces the output voltage to go to zero [Fig. 13.21(b)]. Note

that
|
Vos, in I

=
I
Vos,oh* IMu • As with random noise, the polarity of random offsets is

unimportant.

How does offset limit the performance? Suppose the differential pair of Fig. 13.21

is to amplify a small input voltage. Then, as depicted in Fig. 13.22, the output contains

amplified replicas ofboth the signal and the offset. In a cascade of direct-coupled amplifiers,

the dc offset may experience so much gain that it drives the latter stages into nonlinear

operation.

Figure 1 3.22 Effect of offset in an amplifier.

A more important effect of offset is the limitation on the precision with which signals

can be measured. For example, if an amplifier is used to determine whether the input signal

is greater or less than a reference, Vref (Fig. 13.23), then the input-referred offset imposes

a lower bound on the minimum V, n
— Vref that can be detected reliably.

Figure 1 3.23 Accuracy limitation of an amplifier due to offset.

Let us now calculate the offset voltage of a differential pair, assuming that both the

input transistors and the load resistors suffer from mismatch. As illustrated in Fig. 13.21(b),

our objective is to find the value of Vos, in such that Vout = 0. The device mismatches

are incorporated as Vjh

\

= VV//, Vjh2
= Vy# + AVV//;(VF/L)i = W/L,(W/L )2 —

W/L + A(W/L); R\ = Rd, R2 = Rd + Afl. For simplicity, X — y — 0, and mismatches

in jinCox are neglected. For Vout — 0, we must have Id\R\ = IdiRi, concluding that Im
cannot be equal to I&2 * Thus, we assume Ip\ = Id, Idi = h + A/D .
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Since V0Sjn = Vgs\ ~ Vgsi ,
we have

1/
2Im

, 17 yvos,in = 7wY + " TwY ~ TH

2

l^nCoxi T~ I ^
ftnCoxi “7“

)

(13.63)

ID + A Id

w 7w— + A —
L \L

(13.64)

tlnCoxV W/L
-(£)/(!

AVjh- (13.65)

Assuming AID /ID and A(W/L)/(W/L) « 1, and noting that for e « 1 we can write

Vl +€ « 1 + e/2 and (Vl + <0
_l « 1 - e/2, we reduce (13.65) to

Vos = — (l - (\ +—)
[~1 - A(W/L)

.|} A VTH (13-66)Vos,,n
/w \ | V 2/D / L 2(W/L) J J

\xnL ox I I

21D r-A/D A(W/I)

/W\ L 21D
+

2(W/L)
A VV/r> (13.67)

where the product of two small quantities is neglected. Recall that Id\R\ = 102^2 and

hence ID RD = (ID + A ID )(RD + ARD ) « IDRD + RDAID + hARD . Consequently,

A ID /ID « -ARd/Rd ,
and

1 2 ID \ARd
,

A(W/L)]
Al/

Vos,,n
2 /yy\ L /JD

+
(W/L) J

TH '

l^nCox ( )

(13.68)

We also recognize that the square-root quantity is approximately equal to the equilibrium

overdrive voltage of each transistor, Vgs — Vth> and

Vgs ~ Vth I"
ARp A(W/L) ~\

VoSl " “
2

+
(W/L) J

™'
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Equation (13.69) is an important result, revealing the dependence of Vos, in on device

mismatches and bias conditions. We note that (1) the contribution of load resistor mismatch

and transistor dimension mismatch increases with the equilibrium overdrive, and (2) the

threshold voltage mismatch is directly referred to the input. Thus, it is desirable to minimize

Vgs ~Vth by lowering the tail current or increasing the transistor widths. In reality, since

mismatches are independent statistical variables, we express (13.69) as
2

v 1 —V OS, in
— "A(W/L)

+
L (W/L) J

n2'

+ av 2

„, (13.70)

where squared quantities represent standard deviations.

To gain more insight into the effect of offset, let us establish an analogy between offset and

noise. If the two inputs of a differential pair are shorted, the output voltage exhibits a finite

noise, that is, a voltage that varies with time. We may therefore say that the offset voltage

of a differential pair resembles a very low-frequency noise component, varying so slowly

that it appears constant in our measurements. Viewed as such, offsets can be incorporated

as noise sources, allowing us to utilize analysis techniques developed in Chapter 7. To this

end, we represent the offset of two nominaily-identical transistors by a voltage source equal

to (13.70) in series with the gate of one of the transistors.

Example 13.3 —- — — —
Calculate the input-referred offset voltage of the circuit shown in Fig. 13.24(a). Assume all of the

transistors operate in saturation.

Figure 13.24

2As mentioned earlier, A VTh does depend on W, an effect that can be added as a cross-correlation term. We

neglect this term here for simplicity.
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Solution

We insert the offsets of the NMOS and PMOS pairs as in Fig. 13.24(b). To obtain lD[ = ID2 and

103 = Id4, we have from (13.69),

u ( Vgs ~ Vth)n
I"
A(W/L)

vos,N =—j— r^ri + A Vth,n
N

Vos,p =
I^gs - Vth\p r A(W/L)'

2 W/L \ P

+ &Vth,p-

(13.71)

(13.72)

From the noise analysis in Chapter 7, Vos,P is amplified by a gain of gm p{roN\Vop) and divided

by gmNiroNWop) when referred to the main input. As a result,

Vos, in —
I
Vgs - Vth\p

2

A(W/L)"

W/L \ P
+ A Vth,p

gmP

gmN

(Vgs-Vth)n
[
a(W/L)

2 L W/L J

+ AVT h,n-
N

(13.73)

In practice, we add the “power” of these terms, as exemplified by (13.70). Note that, as with noise,

the contribution of the offset of the PMOS pair is proportional to gm p/gmN-

The foregoing example can be better understood if we study the offset behavior of

current sources. Consider the nominally-identical current sources M
x and M2 in Fig. 13.25.

Neglecting channel-length modulation, we determine the total mismatch between Im and

loi by calculating the total differential. Recall from calculus that if y — f(x x ,
jc2 ,

. . .), then

the total differential is given by

Ay = A^2 + •
•

.
(13.74)

0*1 0*2

Equation (13.74) simply means that each mismatch component Axj is weighted by the

corresponding sensitivity df/dxj as it contributes to the total mismatch. Since ID =
(1 /2)nnCax(W/L)(VGS - VTH )\ we have

A ID
dip

d(W/L)

w
~L

+
dip

S(^G5 — VTH )

A(Vg.s - Vth), (13.75)

— VtDD

D

Figure 13.25 Mismatch between two

current sources.
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where mismatches in (inCox are neglected. It follows that

^-HnC0Xj(Vcs -VTH)AVTH . (13.76)

Unlike the input-referred offset voltage , current mismatch is usually normalized to the

average value to allow a meaningful comparison:

A Id =
A(W/L) _

AVTH
Id W/L Vgs-Vth

This result suggests that, to minimize current mismatch, the overdrive voltage must be

maximized, a trend opposite of that in (13.69). This is because as VGS - VTH increases,

threshold mismatch has lesser effect on the device currents.

The dependence of offset voltage and current mismatches upon the overdrive voltage

is similar to our observations in Chapter 7 for corresponding noise quantities. For a given

current, the input noise voltage of a differential pair increases as the overdrive increases

because gm = 2Id/(Vgs — VY#). Also, the output noise current of current sources is

proportional to gm and hence proportional to VGs ~ Vth>

Even-Order Distortion Our study of nonlinearity in Section 13.1 implies that, by virtue

of odd symmetry, differential circuits are free from even-order distortion. In reality, however,

mismatches degrade the symmetry, thereby introducing a finite even-order nonlinearity.

Analysis of the even-order distortion in the presence of mismatches is generally quite

complex, often necessitating simulations. Here, we consider a simple case to gain some

insight. Suppose the two signal paths in a differential circuit are represented by y\ ^

a
{ xi + a2x\ + a 3x^ and y2 « fi\x2 + fi2xj + (Fig. 13.26). The differential output is

given by

A Id
—

2
finC0x ( s Vth ) A

yi-yi- (ofixi — fax2 ) 4- (a2xf — faxl) + (a? 3xf — (13.78)

which, for x\ = —jc2 ,
reduces to

yi-yi = (ai + Pi)*i + (of2 — Pz)x i + (a ?> + Pi)*]* ( 13 .79)

0Ci*+ OL2 *
2
+ OC3 JT

3

XjU) »

X
2
(f) o ^y2

(f)

Figure 13.26 Effect of mismatch on

second-order distortion.
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If jci(f) = A cos cot , then the second harmonic has an amplitude equal to (c*2 - &)A
2
/2,

i.e., proportional to the mismatch between the second-order coefficients of the input/output

characteristic.

We should also mention that since at high frequencies, signals experience considerable

phase shift, even-order distortion may arise from phase mismatch. This point is considered

in Problem 13.1.

In circuits dissipating a high power, thermal gradients across the chip may create asym-

metries. For example, if one transistor of a differential pair is closer to a high-power output

stage than the other transistor, then mismatches arise between the threshold voltages and

the mobilities of the two transistors.

13.2.1 Offset Cancellation Techniques

As mentioned above, the threshold voltage mismatch ofMOSFETS trades with the channel

capacitance. For example, a threshold mismatch of 1 mV translates to roughly 300 fF

of channel capacitance for each transistor in a 0.6-/xm technology. If many differential

pairs are connected in parallel (e.g., in an A/D converter), the input capacitance becomes

prohibitively large, severely degrading the speed and/or demanding high power dissipation

in the preceding stage. Another difficulty is that mechanical stress may increase the offset

voltages after a circuit is packaged. For these reasons, many high-precision systems require

electronic cancellation of the offsets. As explained below, offset cancellation can also reduce

1// noise of amplifiers considerably.

As our first step toward understanding the principle of offset cancellation, let us consider

the circuit of Fig. 13.27(a), where a differential amplifier having an input-referred offset

X
s2

-0 X

Y

(c)

Figure 1 3.27 (a) Simple amplifier with capacitive coupling at the output, (b) cir-

cuit of (a) with its inputs and outputs shorted, (c) proper setting of the common-mode

level during offset cancellation.
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voltage Vos is followed by two series capacitors. Now suppose, as shown in Fig. 13.27(b),

the inputs are shorted together, driving the amplifier output to Vout — A v Vos . Furthermore,

assume that during this period, nodes X and Y are shorted together as well. We note that

when all of the node voltages are settled and A v V0s is stored across C\ and C2, a zero

differential input results in a zero difference between Vx and VY . Thus, after Si and Si

turn off, the circuit consisting of the amplifier and C\ and C2 exhibits a zero offset voltage,

amplifying only changes in the differential input voltage. In practice, the inputs and outputs

must be shorted to proper common-mode voltages [Fig. 13.27(c)].

In summary, this type of offset cancellation “measures” the offset by setting the differ-

ential input to zero and stores the result on capacitors in series with the output. The circuit

therefore requires a dedicated offset cancellation period, during which the actual input is

disabled. Fig. 13.28 depicts the final topology, where CK denotes the offset cancellation

command. Called “output offset storage,” this technique reduces the overall offset to zero

if S3-S4 exhibit no charge injection mismatch. Note, however, that if A v is large, A v Vos

may “saturate” the amplifier output. For this reason, A v is typically chosen to be less than

roughly 10.

CK

Figure 13.28 Control of amplifica-

tion and offset cancellation modes by a

clock.

In applications where a high voltage gain is required, the topology of Fig. 13.29(a) may

be employed. Called “input offset storage,” this approach incorporates two series capacitors

at the input and places the amplifier in a unity-gain negative-feedback loop during offset

cancellation. Thus, from Fig. 13.29(b), Vout = VXy and (Vout - Vqs)(—A v )
= V0M/ .Thatis,

Vout =
A v

1 + Ay

V
t

V
tos

os-

( 13 .80)

( 13 .81 )

In essence, the circuit reproduces the amplifier’s offset at nodes X and F, storing the result

on Ci and C2. Note that for a zero differential input, the differential output is equal to Vos*

Therefore, the input-referred offset voltage of the overall circuit (after S3 and S4 turn off)

equals Vos/A v if S3 and S4 match perfectly (and the input capacitance of the amplifier

is much less than C\ and C2). In reality, however, when S3 and S4 turn off, their charge

injection mismatch may saturate the amplifier if A v is very large.

The general drawback of input and output storage techniques is that they introduce

capacitors in the signal path, a particularly serious issue in op amps and feedback systems.
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(a) (b)

Figure 1 3.29 (a) Input offset storage, (b) circuit of (a) in the offset cancellation mode.

The bottom-plate parasitic of the capacitors may reduce the magnitude of the poles in the

circuit, thereby degrading the phase margin. Even in open-loop amplifiers, this parasitic

may limit the settling speed, intensifying the speed-power trade-off.

To resolve the above issues, the offset cancellation scheme can isolate the signal path

from the offset storage capacitors though the use of an “auxiliary” amplifier. Consider the

topology shown in Fig. 13.30, where Aaux amplifies the differential voltage V\ stored across

Ci and C2 and subtracts the result from the output of A \ . We note that if A
1
= V\ A aux ,

then for Vin — 0, Vout = 0, and the circuit is free from offsets. The key point here is that

Cj and C2 do not appear in the signal path.

Figure 13.30 Addition of an auxiliary

stage to remove the offset ofan amplifier.

How is V\ generated in Fig. 13.30? This is accomplished as illustrated in Fig. 1 3.3 1 . Here,

a second stage, A 2 , is added and its output is sensed by Aaux during offset cancellation.

To understand the operation, suppose that first only Si and S2 are on, yielding Vout =
VqsiMM- Now, assume S3 and S4 turn on, placing A 2 and Aaux in a negative feedback

loop. The reader can show that Vout then drops by a factor approximately equal to the loop

gain: VosiA\A2/(A2Aaux )
= V0s\M/

A

aux . Stored across Ci and C2 ,
this value is indeed

the required Vi in Fig. 13.30 because (Vos\A\/Aaux)A ux = V0s\A\.
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Figure 1 3.31 Auxiliary amplifier placed in a feedback loop during offset cancellation.

The topology of Fig. 13.31 suffers from two drawbacks. First, two voltage gain stages in

the signal path may not be desirable in a high-speed op amp. Second, addition of the output

voltages of A\ and A 2 is quite difficult. For these reasons, the technique is usually realized

as shown in Fig. 13.32(a), where each Gm stage is simply a differential pair and the R stage

represents a transimpedance amplifier. As exemplified by Fig. 13.32(b), Gm) and R may in

fact constitute a one-stage op amp while Gm2 adds an offset correction current at the low

impedance nodes X and Y.

Let us now examine the offset cancellation in Fig. 13.32(a) carefully, taking the offset

voltage of Gm2 into account as well. As depicted in Fig. 13.33, we can write:

[Gml Fos, - Gm 2(F0Mr - Vosi)]R = Vout . (13.82)

Thus,

Vtout

Gm \RVos\ + Gm 2RVos2

1 + Gm2 R
(13.83)

This voltage is stored on C\ and C2 after S3 and S4 turn off. The offset voltage referred to

the main input is therefore given by

Vos, tot

Vout

Gm \R

Vos 1

1 +Gm2 R
+
Gm2 Vqs2

Gm \
1 T- Gm2R

(13.84)

( 13 .85 )

V°s 1 VoS2

Gm2 R Gm \R
’

(13.86)

where we have assumed Gm2R » 1. If Gm2R and Gm \R are large, as in the op amp of

Fig. 13.32(b), then V0 s,tot is very small.

The offset cancellation of Fig. 13.32 warrants a cautionary note. Upon turning off, £3

and 1S4 may inject slightly unequal charges onto C\ and C2 ,
respectively, creating an error
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Figure 13.32 (a) Circuit of Fig. 13.31 using Gm and R stages, (b) realization of (a) in

a folded-cascode op amp.

Figure 13.33 CircuitofFig. 13 .32(a) including offset of

Gm2-
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voltage that is not corrected because the feedback loop is opened. The reader can prove

thatfor a differential injection-induced error voltage of AV, the resulting input-referred

offset voltage equals {Gm 2/Gmi)A V. For this reason, Gm2 is usually chosen to be on the

order of0AGm \.

We should also mention that the unity-gain and precision multiply-by-two circuits de-

scribed in Chapter 12 cancel the offset of the op amp as well. The proof is left to the

reader.
3

It is important to note that the offset cancellation techniques studied here require periodic

refreshing because thejunction and subthreshold leakage of the switches eventually corrupts

the correction voltage stored across the capacitors. In a typical design, the offset must be

refreshed at a rate of at least a few kilohertz.

13.2.2 Reduction of Noise by Offset Cancellation

Recall from previous sections that the offset of a differential amplifier can be viewed as

a noise component having a very low frequency. We therefore expect that periodic offset

cancellation can potentially reduce the (low-frequency) noise of the circuit as well.

Consider a simple differential amplifier that is to be used in the front-end of a sam-

3
lf, as shown in Fig. 12.34, an equalizing switch is added to the circuit, then the op amp offset may not be

removed.

(b)

Figure 13.34 (a) Front end of a sampler, (b) circuit of (a) with

offset cancellation applied to the first stage.
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pling system [Fig. 13.34(a)]. Here, the noise of A\ directly corrupts Vin . The 1// noise

of A] proves especially problematic if the signal spectrum extends from zero to only

a few megahertz, because the 1// noise comer frequency is typically around 500 kHz

to 1 MHz.

Now suppose the amplifier undergoes offset cancellation before every sampling operation

[Fig. 13.34(b)]. That is, as depicted in Fig. 13.35, the input is disabled; the offset of A\ is

stored on C\ and C2 ; the input is enabled and amplified by A\ and A 2 and stored on C3

and C4 ; and finally the sampling switches are turned off. How does the noise of A\ affect

the final output? Denoting the time elapsed from the end of offset cancellation to the end

of sampling by At = t2 - fi, we recall that at t = t\, VX y — 0. Thus, from t\ to r2 ,
only

high-frequency noise components of A
\ ,
on the order of > 1 /At, change VX y significantly.

In other words, offset cancellation suppresses noise frequencies below roughly 1/A t.

H h f

o

1
I

C4

Figure 1 3.35 Sequence of operations in the sampler.

To better understand this concept, let us consider a numerical example. Assuming

At = 10 ns, we examine two noise components, one at 1 MHz and another at 10 MHz,

approximating each with a sinusoid (Fig. 13.36). For a sinusoid of amplitude A and fre-

quency /, the maximum slew rate is equal to 2nfA and hence the maximum variation in

At seconds is InfAAt. Normalizing this value to the amplitude, we obtain the change for

1-MHz and 10-MHz components as AV\/A = 6.3% and A

V

2/A = 63%, respectively.

We therefore conclude that noise frequencies below a few megahertz do not have sufficient

time to change if the sampling occurs only 10 ns after the end of offset cancellation.

Originally utilized in charge-coupled devices (CCDs), the foregoing property of offset

cancellation is called “correlated double sampling” (CDS) because it involves two consecu-

tive sampling operations (the first being offset storage) that are so tightly spaced in time that

they do not allow (low-frequency) noise components to vary significantly. A powerful tech-

nique, CDS finds wide usage in suppressing the 1// noise ofMOS circuits. Nonetheless, it

leads to aliasing of wideband noise [5].
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1 MHz

Figure 13.36 Variation of 1-MHz and 10-MHz noise components in a

time interval of 10 ns.

13.2.3 Alternative Definition of CMRR

Recall from Chapter 4 that common-mode rejection is represented by the change in the

differential output divided by the change in the input common-mode level and CMRR is

defined as the differential gain divided by this quantity. We also noted that in fully differential

circuits, the finite output impedance of the tail current source and asymmetries limit the

common-mode rejection.

Now consider a differential circuit sensing an input CM change, A Vin<CM- If the dif-

ferential output voltage changes by A Vout while the differential input voltage is zero, we

can say that the output offset voltage of the circuit has changed by AV0Ut . In other words,

common-mode rejection can be viewed as the change in the output offset divided by the

change in the input CM level. Following the notation in Chapter 4, we write

AcM—DM ~ A VOS, out

AVcw.in

Since CMRR — ADM jACm~dm , we have

CMRR = Adm
AV'os,out

A VcMJn

A VcM,in

A VoS, out

Adm

(13.87)

(13.88)

(13.89)

Noting that A Vos,out/ADM is in fact the input-referred offset voltage, we have

CMRR -
A VcMgn

AVoSJn
(13.90)
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Figure 13.37 PMOS differential pair (a) without and

(b) with body effect.

The above result proves useful in analyzing the behavior of circuits. For example, suppose

an op amp incorporates a PMOS differential pair at the input. Which one of the topologies

shown in Fig. 13.37 yields a higher CMRR? In Fig. 13.37(a), body effect is eliminated and

the threshold voltages of M\ andM2 are independent of the inputCM level. In Fig. 1 3.37(b),

on the other hand, M\ and M2 experience body effect and, if they suffer from mismatches

in their body effect coefficients, then the difference between VTh\ and Vthi >
i-e., the input

offset voltage, varies with the input CM level, degrading the common-mode rejection.

Problems

Unless otherwise stated, in the following problems, use the device data shown in Table 2.1 and assume

Vbd — 3 V where necessary. Also, assume all transistors are in saturation.

13.1. The input-output characteristic of an amplifier is approximated as y(f) = a\ x(t) + a2x
2
(f)

in the range x = [0 xmax ]•

(a) What is the maximum nonlinearity?

(b) What is the THD for x(t) = (xmax cos cot + xmax )/2.

13.2. In the circuits of Fig. 13.6, W/L = 20/0.5 and 7 = 0.5 mA. Calculate the harmonic distortion

in each circuit if the input signal has a peak amplitude of 100 mV. How do the results change

if we double W/L or /?

13.3. For the circuits of Fig. 13.6(a), plot the THD and the input-referred thermal noise as a function

of (a) W/L , (b) 7. Identify the trade-offs between noise, linearity, and power dissipation.

13.4. In Fig. 13.6, two effects lead to a trade-off between nonlinearity and voltage gain. Describe

these effects.

13.5. The circuit of Fig. 13.6(a) is designed with W/L = 50/0.5, 7 = 1 mA, and Rd = 2 kQ. The

circuit is placed in a feedback loop similar to that of Fig. 13.7 with = 0.2 and senses an

input sinusoid with a peak amplitude of 10 mV. Calculate the THD at the output.

13.6. Suppose in Fig. 13.14, A

\

and A2 have an input-referred noise voltage Vn . Neglecting other

sources of noise, calculate the input-referred noise voltage of the overall circuit.

13.7. Equation 1 3.36 suggests that ifthe open-loop gain, a i ,
increases while other parameters remain

constant, then the harmonic distortion drops sharply. Repeat Problem 13.5 with W/L =

200/0.5 to achieve a higher open-loop gain and explain the results.
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13 .8 .

13.9 .

13.10.

13 .11 .

13 .12 .

13 .13 .

13 .14 .

13 .15 .

13 .16 .

13 .17 .

Equation 13.36 suggests that if fia\ » 1, then b/a a Repeat Problem 13.5 with

£ = 0.4.

Suppose the nonlinear feedforward amplifier in Fig. 13.7 is characterized by y(t) — a\x(t) +
). Estimate the magnitude of the third harmonic at the output of the overall system.

As mentioned in Chapter 2, MOS devices operating in the subthreshold region exhibit an

exponential behavior: Id —
/oexp[Vcs/(£VY)]. Suppose both of the circuits shown in

Fig. 13.6 operate in the subthreshold region. Derive expressions for the harmonic ampli-

tudes if the input signal is much less than $VT . For the differential pair, first prove that

1d\ ~ Id2 oc tanh[V,„/(2£VY)] and then write the Taylor expansion of the hyperbolic

tangent.

The mobility of MOSFETs is in fact a function of the gate-source voltage and expressed

as M = Mo/[l + 0(VGS - VTh )L where 0 is an empirical factor (Chapter 16). Assuming
0(VGs ~ VTh) < 1 and using the relationship (1 + e)~ { & 1 - 6 for e <§: 1, calculate the

third harmonic in the circuit of Fig. 13.6(a).

The input devices of a differential pair have an effective length of 0.5 fim.

(a) Assuming AVth = 0.1 tox /yJWL and neglecting other mismatches, determine the min-

imum width of the transistors such that Vos < 5 mV.
(b) If the tail current is 1 mA, what is the maximum input swing that gives a THD of 1%?

Repeat Problem 13.12(b) if the tolerable input offset is 2 mV and compare the results.

Determine the dimensions of M\ and M2 in Fig. 13.25 such that ID \ ^ ID2 = 0.5 mA,
A 1d/Id = 2%, and VGS - VTh = 0.5 V. Assume A VTh = 0Atox/y/wL and neglect other

mismatches.

Source degeneration can improve the matching between current sources ifresistor mismatches
are small. Prove that in the circuit of Fig. 13.38,

A 1D

Id

1
["
A (jin Cox ) A(W/L)

1+SmtfsL VnCox (W/L)

2AVjh

VGs - Vth
- gm ARs (13.91)

where ARs denotes the mismatch between Rs i and Rs

2

. Note that for an appreciable reduction

of A I/ ID ,
Rs must be greater than 1 /gm .

“ - Figure 13.38

In the circuit of Fig. 13.26, assume otj = fij but x\(t) = A cos cot andx2(0 = Acos(wr + 0 ),

where $ denotes a small phase mismatch. Calculate the magnitude of the second harmonic at

the output.

In the circuit of Fig. 13.39, and M4 suffer from a threshold mismatch of A Vth and the

circuit is otherwise symmetric. Assuming X / 0 but y = 0, calculate the input-referred offset

voltage. What happens as 00?
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t Figure 13.39

13 .18 . In the circuit of Fig. 13.29, the amplifier has an input capacitance (between X and Y) equal

to Cin . Calculate the input offset voltage after offset compensation.

13.11 . The circuit of Fig. 13.29 is designed for an input offset voltage of 1 mV. If the width of the

transistors in the input differential pair of the amplifier is doubled, what is the overall input

offset voltage? (Neglect the input capacitance of the amplifier.)

13 .20 . Explain why the circuit of Fig. 1 3 .24 suffers from a trade-off between the input offset and the

output voltage swing (for a given tail current).
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Chapter 14

Oscillators

Oscillators are an integral part of many electronic systems. Applications range from clock

generation in microprocessors to carrier synthesis in cellular telephones, requiring vastly

different oscillator topologies and performance parameters. Robust, high-performance os-

cillator design in CMOS technology continues to pose interesting challenges. As described

in Chapter 15, oscillators are usually embedded in a phase-locked system.

This chapter deals with the analysis and design of CMOS oscillators, more specifically,

voltage-controlled oscillators (VCOs). Beginning with a general study of oscillation in

feedback systems, we introduce ring oscillators and LC oscillators along with methods of

varying the frequency of oscillation. We then describe a mathematical model of VCOs that

will be used in the analysis of PLLs in Chapter 15.

14.1 General Considerations

A simple oscillator produces a periodic output, usually in the form of voltage. As such, the

circuit has no input while sustaining the output indefinitely. How can a circuit oscillate?

Recall from Chapter 10 that negative feedback systems may oscillate, i.e., an oscillator is

a badly-designed feedback amplifier!
1 Consider the unity-gain negative feedback circuit

shown in Fig. 14.1, where

V™,
,

. H(s)
(5) =

Vin 1 + H(S)
(14.1)

As mentioned in Chapter 10, if the amplifier itself experiences so much phase shift at high

frequencies that the overall feedback becomes positive, then oscillation may occur. More

accurately, if for 5 = ja>o, H(jcoo) = —1, then the closed-loop gain approaches infinity at

coo. Under this condition, the circuit amplifies its own noise components at coo indefinitely.

In fact, as conceptually illustrated in Fig. 14.2, a noise component at q)q experiences a total

gain of unity and a phase shift of 180°, returning to the subtractor as a negative replica

1

It is said, "In the high-frequency world, amplifiers oscillate and oscillators don’t.”

482
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Figure 14.2 Evolution of oscillatory system with time.

of the input. Upon subtraction, the input and the feedback signals give a larger difference.

Thus, the circuit continues to “regenerate,” allowing the component at coq to grow.

Fof the oscillation to begin, a loop gain of unity or greater is necessary. This can be seen

by following the signal around the loop over many cycles and expressing the amplitude of

the subtractor’s output in Fig. 14.2 as a geometric series (if LH(ja)o) = 180°):

VX = V0 + \H(jwo)\V0 + \H(ja>o)\
2
Vo + |tf(M,)|

3 V0 + • •

.
(14.2)

If \H(.ja>o)\ > 1, the above summation diverges whereas if |/f(j'<uo)| < 1, then

Vx
Vo

1 - \H(jtoo)\
(14.3)

In summary, if a negative-feedback circuit has a loop gain that satisfies two conditions:

\H(jco0 )\ > 1 (14.4)

IH(ja)o) = 180°, (14.5)

then the circuit may oscillate at coo. Called “Barkhausen criteria,” these conditions are

necessary but not sufficient [1]. In order to ensure oscillation in the presence of temperature

and process variations, we typically choose the loop gain to be at least twice or three times

the required value.

We may state the second Barkhausen criterion as ^H(jco) = 180° or a total phase shift

of 360°. This should not be confusing: if the system is designed to have a low-frequency

negative feedback, it already produces 180° of phase shift in the signal traveling around

the loop (as represented by the subtractor in Fig. 14.1), and IH(jco) = 180° denotes

an additional frequency-dependent phase shift that, as illustrated in Fig. 14.2, ensures the
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feedback signal enhances the original signal. Thus, the three cases illustrated in Fig. 14.3

are equivalent in terms of the second criterion. We say the system of Fig. 14.3(a) exhibits

H(j (0)

+

ha

J
360°

(b)

«(/©)

Various views of oscillatory feedback system.

a frequency-dependent phase shift of 1 80° (denoted by the arrow) and a dc phase shift of

180°. The difference between Figs. 14.3(b) and (c) is that the open-loop amplifier in the

former contains enough stages with proper polarities to provide a total phase shift of 360°

at wo whereas that in the latter produces no phase shift at coq. Examples of these topologies

are presented later in this chapter.

CMOS oscillators in today’s technology are typically implemented as “ring oscillators”

or “LC oscillators.” We study each type in the following sections.

14.2 Ring Oscillators

A ring oscillator consists of a number of gain stages in a loop. To arrive at the actual

implementation, we begin by attempting to make a single-stage feedback circuit oscillate.

Example 14.1 - - . -

Explain why a single common-source stage does not oscillate if it is placed in a unity-gain loop.

Solution

From Fig. 14.4, it is seen that the open-loop circuit contains only one pole, thereby providing a

maximum frequency-dependent phase shift of 90° (at a frequency of infinity). Since the common-

source stage exhibits a dc phase shift of 1 80° due to the signal inversion from the gate to the drain,

the maximum total phase shift is 270°. The loop therefore fails to sustain oscillation growth.

Vdd

*D

-O V,out

L

Figure 14.4



ec. 14.2 Ring Oscillators 485

The above example suggests that oscillation may occur if the circuit contains multiple

stages and hence multiple poles. Indeed, such a topology was considered undesirable in

Chapter 10 because it led to inadequate phase margin in op amps. We therefore surmise

that if the circuit of Fig. 14.4 is modified as shown in Fig. 14.5, then two significant poles

appear in the signal path, allowing the frequency-dependent phase shift to approach 180°.

^out

Figure 14.5 Two-pole feedback

system.

Unfortunately, this circuit exhibits positive feedback near zero frequency due to the signal

inversion through each common-source stage. As a result, it simply “latches up” rather than

oscillates. That is, if VE rises, VF falls, thereby turning off and allowing VE to rise

further. This may continue until VE reaches VDD and VF drops to near zero, a state that will

remain indefinitely.

To/gain more insight into the oscillation conditions, let us assume an ideal inverting stage

(wkh zero phase shift at all frequencies) is inserted in the loop of Fig. 14.5, providing nega-

tive feedback near zero frequency and eliminating the problem of latch-up (Fig. 14.6). Does
this circuit oscillate? We note that the loop contains only two poles: one at E and another

Figure 14.6 Two-pole feedback sys-

tem with additional signal inversion.

at F . The frequency-dependent phase shift can therefore reach 180°, but at a frequency of

infinity. Since the loop gain vanishes at very high frequencies, we observe that the circuit

does not satisfy both of Barkhausen’s criteria at the same frequency (Fig. 14.7), failing to

oscillate.

The foregoing discussion points to the need for greater phase shift around the loop,

suggesting the possibility of oscillation if the third inverting stage in Fig. 14.6 contains a

pole that contributes significant phase. We then arrive at the topology depicted in Fig. 14.8.

If the three stages are identical, the total phase shift around the loop, 0, reaches -135°

at co = o)p , E(— (op E = (i>p ,G ) and -270° at w = oo. Consequently, 0 equals -180° at

a) < oo, where the loop gain can be still greater than or equal to unity. This circuit indeed

oscillates if the loop gain is sufficient and it is an example of a ring oscillator.
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£

Figure 14.8 Three-stage ring oscillator.

It is instructive to calculate the minimum voltage gain per stage in Fig. 14.8 that is

necessary for oscillation. Neglecting the effect of the gate-drain overlap capacitance and

denoting the transfer function of each stage by — Aq/(1 + s/ o)q), we have for the loop gain:

H(s) =
(1 + -)3

Q)q

(14.6)

The circuit oscillates only if the frequency-dependent phase shift equals 180°. i.e., if each

stage contributes 60°. The frequency at which this occurs is given by

tan-' ^=60° (14.7)

0)0

and hence:

(Oosc — ( 14 . 8)
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The minimum voltage gain per stage must be such that the magnitude of the loop gain

at Q)osc is equal to unity:

4 3A
o = 1. (14.9)

It follows from (14.8) and (14.9) that

A 0 = 2. (14.10)

In summary, a three-stage ring oscillator requires a low-frequency gain of 2 per stage, and

it oscillates at a frequency of VScoq, where coq is the 3-dB bandwidth of each stage.

Let us now examine the waveforms at the three nodes of the oscillator of Fig. 14.8. Since

each stage contributes a frequency-dependent phase shift of 60° as well as a low-frequency

signal inversion, the waveform at each node is 240° (or 120°) out of phase with respect to

its neighboring nodes (Fig. 14.9). The ability to generate multiple phases is a very useful

property of ring oscillators.

'AAA

,

*\AAA
v°
r
\f\f\f\j

Figure 14.9 Waveforms of a three-

stage ring oscillator.

Amplitude Limiting The natural question at this point is: what happens if in the three-

stage ring of Fig. 14.8, A0 7^ 2? We know from Barkhausen’s criteria that if A 0 < 2, the

circuit fails to oscillate, but what if Ao > 22 To answer this question, we first model the

oscillator by a linear feedback system, as depicted in Fig. 14.10. Note that the feedback

is positive (i.e., Vout is added to Vin ) because H(s) in Eq. (14.6) already includes the

negative polarity resulting from three inversions in the signal path. The closed-loop transfer

function is:

-A 3A
o

Vout(s)
__ (1 +s/fr>o)3

vin (s)

-

1

A 3

(1 + s /(0o)
3

-Ag

(1 + i /ft)0)
3 + A

^

(14.11)

(14.12)
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-A]

/i s \
3

(1+ s; )

The denominator of (14.12) can be expanded as:

(1 H )
3 + Ag = (1 H V Ao) |"(1 H )

2 — (1 H )Ao + AqI
&0 COQ

\_
Q)q (Jt)0 ]

Thus, the closed-loop system exhibits three poles:

s\

s2,3

(~Ao - l)o)0

A0(l± 7-V3)

2
1]<W0.

(14.13)

(14.14)

(14.15)

Since Ao itself is positive, the first pole leads to a decaying exponential term: exp[(—

A

0 -

l)^o t], which can be neglected in the steady state. Figure 14.11 illustrates the locations

of the poles for different values of Ao, revealing that for Ao > 2, the two complex poles

exhibit a positive real part and hence give rise to a growing sinusoid. Neglecting the effect

of s i, we express the output waveform as

Voutit) = a exp( (Oot) cos(
AoV3

2
(Oot),

Thus, if A0 > 2, the exponential envelope grows to infinity.

(14.16)

Figure 14.1 1 Poles of three-stage ring oscillator for various values of gain.
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t'

In practice, as the oscillation amplitude increases, the stages in the signal path experience

nonlinearity and eventually “saturation,” limiting the maximum amplitude. We may say the

poles begin in the right half plane and eventually move to the imaginary axis to stop the

growth. If the small-signal loop gain is greater than unity, the circuit must spend enough

time in saturation so that the “average” loop gain is still equal to unity.
2

Example 14.2

Shown in Fig. 14. 12 is a differential implementation of the oscillator of Fig. 14.8. What is the maximum
voltage swing of each stage?

t

Figure 14.12

Solution

If the gain per stage is well above 2,' then the amplitude grows until each differential pair experiences

complete switching, that is, until I$s is completely steered to one side every half cycle. As a result,

the swing at each node is equal to IssR i- From the waveforms shown in Fig. 14.12, we also observe

that each stage is in its high-gain region for only a fraction of the period, (e.g., when
\
Vx - Vy

I

is

small).

A simple implementation of ring oscillators that does not require resistors is depicted

in Fig. 14.13. Suppose the circuit is released with an initial voltage at each node equal

2While intuitive, these statements are not rigorous. The concepts of transfer function, poles, and loop gain are

difficult to apply to a nonlinear circuit.
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— Figure 14.13 Ring oscillator using

* CMOS inverters.

to the trip point of the inverters, Vtrip ? With identical stages and no noise in the de-

vices, the circuit would remain in this state indefinitely,
4
but noise components disturb

each node voltage, yielding a growing waveform. The signal eventually exhibits rail-to-rail

swings.

Let us now assume the circuit of Fig. 14.13 begins with V* = Vdd (Fig. 14.14). Under

this condition, Vy = 0 and Vz = VDd- Thus, when the circuit is released, Vx begins to fall

VDD

Figure 14.14 Waveforms of ring oscillator when one node is initialized at Vdd.

to zero (because the first inverter senses a high input), forcing VY to rise to VDD after one

inverter delay, TD , and Vz to fall to zero after another inverter delay. The circuit therefore

oscillates with a delay of To between consecutive node voltages, yielding a period of 6TD .

The above small-signal and large-signal analyses raise an interesting question. While the

small-signal oscillation frequency is given by A0V3a>o/2 [from Eq. ( 1 4. 1 6)], the large-signal

3The trip point of an inverter is the input voltage that results in an equal output voltage.

4
This is indeed how SPICE predicts the circuit’s behavior. To start the oscillation in SPICE, one of the nodes

must be initialized at a different voltage.
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(

value is 1 /(67/)). Are these two values equal? Not necessarily. After all, coq is determined

by the small-signal output resistance and capacitance of each inverter near the trip point

whereas To results from the large-signal, nonlinear current drive and capacitances of each

stage. In other words, when the circuit is released with all inverters at their trip point, the

oscillation begins with a frequency of V3Aoa>o/2 but, as the amplitude grows and the circuit

becomes nonlinear, the frequency shifts to 1/(6TD ) (which is a lower value).

Ring oscillators employing more than three stages are also feasible. The total number

of inversions in the loop must be odd so that the circuit does not latch up. For example,

as shown in Fig. 14.15(a), a ring can incorporate five inverters, providing a frequency of

(a)

Figure 1 4.15 (a) Five-stage single-ended ring oscillator, (b)

four-stage differential ring oscillator.

1/(10TD ). On the other hand, the differential implementation can utilize an even number

of stages by simply configuring one stage such that it does not invert. Illustrated in Fig.

14.15(b), this flexibility demonstrates another advantage of differential circuits over their

single-ended counterparts.

Example 14.3

What is the minimum required voltage gain per stage in the four-stage oscillator of Fig. 14.15(b)?

How many signal phases are provided by the circuit?

Solution

Using a notation similar to that for Fig. 14.8, we have:

H(s) =
4
o

(1 + -)4

0)Q

(14.17)

For the circuit to oscillate, each stage must contribute a frequency-dependent phase shift of 180°/4 =
45°. The frequency at which this occurs is given by tan

-1
(oosc /coq = 45° and hence coosc = a>o. The
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minimum voltage gain is therefore derived as

Ap

l + (^)2

(DQ

= 1 . (14.18)

That is, Ao = \fl. As expected, this value is lower than that required in a three-stage ring.

With 45° of phase shift per stage, the oscillator provides four phases and their complements. This

is illustrated in Fig. 14.16.

Figure 14.16

The number of stages in a ring oscillator is determined by various requirements, including

speed, power dissipation, noise immunity, etc. In most applications, three to five stages

provide optimum performance (for differential implementations).

Example 14.4

Determine the maximum voltage swings and the minimum supply voltage of a ring oscillator incor-

porating differential pairs with resistive loads (e.g., as in Fig. 14.12) if no transistor must enter the

triode region. Assume each stage experiences complete switching.

Solution

Figure 14.17(a) shows two stages in cascade. If each stage experiences complete switching, then each

drain voltage, e.g., Vx or Vy, varies between Vdd and Vdd — hsRp- Thus, when M\ is fully on,

its gate and drain voltages are equal to Vdd and Vdd — hsRp> respectively. For this transistor to

remain in saturation, we have Iss^p < Vp//, be., the peak-to-peak swing at each drain must not

exceed Vp h
How is the minimum supply voltage determined? If Vdd is lowered, the voltage at the common

source node ofeach differential pair, e.g., Vp in Fig. 14. 17(a), falls, eventually driving the tail transistor

into the triode region. We must therefore calculate Vp for the worst case, noting that Vp does vary

with time because M\ and Mj carry unequal currents when the input difference becomes large.

Now consider the stand-alone circuit of Fig. 14.17(b), assuming the inputs vary between Vdd and

Vdd ~ hsRp- How does Vp vary? When the gate voltage ofM \ , Vi , is equal to Vd

d

and M

\

carries
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(14.22)
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If Vi and V2 vary differentially, they can be expressed as Vi — Vcm + AV and V2 = Vcm - AV,

where Vcm = Vdd — 1ssRp/2, yielding

1 4/cp
Vp = Vcm - Vth ± r

J

-(2AV)2 + — —
* 0 4 -23

)

2y MnCox(W/L)i j2

This expression reveals why node P is considered a virtual ground in small-signal operation: if
|

AV|

is much less than the maximum overdrive voltage, then Vp is relatively constant. Since the term under

the square root reaches a maximum for AV =0 (equilibrium condition),

Vp,min = Vcm - Vth - Iss

(XnCox(W/L)l2
(14.24)

As expected, the last term in (14.24) represents the overdrive voltage of each transistor in equilibrium

(where ID \

~ Idi = hs/2)•

Figure 14.17(c) shows typical waveforms in the oscillator. Note that Vp varies at twice the oscil-

lation frequency. This property is sometimes exploited in “frequency doublers.”

To determine the minimum supply voltage, we write Vp,m i n > V/55, where Viss denotes the

minimum required voltage across Iss- Thus,

Vdd ~ Rplss

2
- Vth - Iss

HnC0x(W/L)c2
> Viss ,

(14.25)

and

Vdd > Viss + Vth +
Iss Rplss

tinC0X (W/L)h 2 2
(14.26)

The terms on the right are: the voltage headroom consumed by a current source, one threshold voltage,

the equilibrium overdrive, and half of the swing at each node.

InCMOS technologies lacking high-quality resistors, the implementation ofFig. 14. 17(a)

must be modified. While a PMOS transistor operating in the deep triode region can serve

as the load [Fig. 14.18(a)], the gate voltage must be set so as to define the on-resistance

accurately. Alternatively, a diode-connected load can be utilized [Fig. 14.18(b)] but at the

cost of one threshold voltage in the headroom. Figure 14.18(c) shows a more efficient load

where an NMOS source follower is inserted between the drain and gate of each PMOS

transistor. With the output sensed at nodes X and V, M3 and M4 consume only a voltage

headroom equal to \Vds3a\- If ^GS5 ^ Vthi* then M3 operates at the edge of the tri-

ode region and the small-signal resistance of the load is roughly equal to l/gm3 (with the

assumption A = y = 0) (Problem 14.4).

The load of Fig. 14.18(c) exhibits another interesting property as well. Since the gate-

source capacitance of M3 is driven by the source follower, the time constant associated

with the load is smaller than that of a diode-connected transistor. Also, the finite output

resistance of the follower may yield an inductive behavior for the load (Problem 14.5).
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(c)

Figure 14.18 Differential stages using PMOS loads.

14.3 LC Oscillators

Monolithic inductors have gradually appeared in bipolar and CMOS technologies in the past

10 years, making it possible to design oscillators based on passive resonant circuits. Before

delving into such oscillators, it is instructive to review basic properties of RLC circuits.

As shown in Fig. 14.19(a), an inductor L\ placed in parallel with a capacitor C\ res-

onates at a frequency (ores = 1 j\/L\C \ . At this frequency, the impedances of the inductor,

j L\(Ores ,
and the capacitor, 1/(jCi(ores ) 9

are equal and opposite, thereby yielding an infinite

impedance. We say the circuit has an infinite quality factor, Q . In practice, inductors (and

capacitors) suffer from resistive components. For example, the series resistance of the metal

wire used in the inductor can be modeled as shown in Fig. 14. 19(b). We define the Q of the

inductor as L\(d/Rs* For this circuit, the reader can show that the equivalent impedance is

given by

Rs + L\s

1 + L\C\s 2 + RsC\S *

Zeq (s) = (14.27)
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LL
o

Figure 14.22 (a) Magnitude and (b)

phase of the impedance of an LC tank as

a function of frequency.

(a) (b)

Figure 14.23 (a) Tuned gain stage, (b) stage of (a) in

feedback.

Before modifying the circuit for oscillatory behavior, let us observe another interesting

property of the gain stage of Fig. 14.23(a) that distinguishes it from a common-source

topology using a resistive load. Suppose, as shown in Fig. 14.24, the stage is biased at a

drain current I \ . If the series resistance of Lp is small, the dc level of Vout is close to Vqd-

How does Vout vary if a small sinusoidal voltage at the resonance frequency is applied to the

input? We expect Vout to be an inverted sinusoid with an average value near Vdd because

the inductor cannot sustain a large dc drop. In other words, if the average value of Vout

deviates significantly from Vdd, then the inductor series resistance must carry an average

current greater than I \ . Thus, the peak output level in fact exceeds the supply voltage, an
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Calculating Rp from the latter and substituting in the former, we have

g

2

L P = Li (I + 7/7 ). (14.33)

Recall that L\(o/Rs — Q, a value typically greater than 3 for monolithic inductors. Thus,

and

L P * L i (14.34)

„ LW
*'*

RS

(14.35)

* Q
2
Rs (14.36)

In other words, the parallel network has the same reactance but a resistance Q
2
times the

series resistance. This concept holds valid for a first-order RC network as well if the Q of

the series combination is defined as l/(Cco)/Rs^

The above transformation allows the conversion illustrated in Fig. 14.21
,
where Cp = C\.

The equivalence of course breaks down as co departs susbtantially from the resonance

CP

Figure 14.21 Conversion of a tank to

three parallel components.

frequency. The insight gained from the parallel combination is that at co\ = l/^/L pCp ,
the

tank reduces to a simple resistor; i.e., the phase difference between the voltage and current

of the tank drops to zero. Plotting the magnitude of the tank impedance versus frequency

[Fig. 14.22(a)], we note that the behavior is inductive for a; < co\ and capacitive for co > co\.

We then surmise that the phase of the impedance is positive for co < co\ and negative for

co > o)\ [Fig. 14.22(b)]. These observations prove useful in studying LC oscillators. (Why

do we expect the phase shift to approach +90° at very low frequencies and -90° at very

high frequencies?)

Let us now consider the “tuned” stage of Fig. 14.23(a), where an LC tank operates as

the load. At resonance, jL pco
— 1 /(jCp co) and the voltage gain equals -gm iRp. (Note

that the gain of the circuit is very small at frequencies near zero.) Does this circuit oscillate

if the output is connected to the input [Fig. 14.23(b)]? At resonance, the total phase shift

around the loop is equal to 180° (rather than 360°). Also, from Fig. 14.22(b), the frequency-

dependent phase shift of the tank never reaches 180°. Thus, the circuit does not oscillate.
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Figure 14.19 (a) Ideal and (b) realis-

tic LC tanks.

and hence,

Zeq {s - jco)

|

2 = + L\co
2

(1 - L^O)2
)
2 + Rlcfa2

' (14.28)

That is, the impedance does not go to infinity at any s = jco. We say the circuit has a finite

Q. The magnitude of Zeq in (14.28) reaches a peak in the vicinity of co = 1/V^iCi, but

the actual resonance frequency has some dependency on

The circuit of Fig. 14. 19(b) can be transformed to an equivalent topology that more easily

lends itself to analysis and design. To this end, we first consider the series combination shown

in Fig. 14.20(a). For a narrow frequency range, it is possible to convert the circuit to the

parallel configuration of Fig. 14.20(b). For the two impedances to be equivalent:

L\s + R$ ~
RpLps

Rp + Lps
(14.29)

Considering only the steady state response, we assume s = jco and rewrite (14.29) as

(L\Rp + LpRs)jco + RsRp — L\Lpco 2 = RpLpjco. (14.30)

This relationship must hold for all values of co (in a narrow range), mandating that

L\RP + LpRs = RpLp (14.31)

RsRp ~~ L\Lpco2 —
0. (14.32)

Figure 14.20 Conversion of a series

combination to a parallel combination.
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Figure 1 4.24 Output signal levels in a tuned stage.

important and often useful attribute of the LC load. For example, with proper design, the

output peak-to-peak swing can be larger than Vdd •

We now study two types of LC oscillators.

14.3.1 Crossed-Coupled Oscillator

Suppose we place two stages of Fig. 14.23(a) in a cascade, as depicted in Fig. 14.25. While

similar to the topology of Fig. 14.5, this configuration does not latch up because its low-

Figure 14.25 Two tuned stages in a

feedback loop.

frequency gain is very small. Furthermore, at resonance, the total phase shift around the

loop is zero because each stage contributes zero frequency-dependent phase shift. That is, if

gm i
RP gm2 Rp > 1, then the loop oscillates. Note that V* and VY are differential waveforms.

(Why?)

Example 14.5 Mn .r.ir. nr - "

Sketch the open-loop voltage gain and phase of the circuit shown in Fig. 14.25. Neglect transistor

capacitances.

Solution

The magnitude of the transfer function has a shape similar to that in Fig. 14.22(a) but with sharper rise

and fall because it results from the product of those of the two stages. The total phase at low frequencies

is given by signal inversion by each common-source stage plus a 90° phase shift due to each tank.
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A similar behavior occurs at high frequencies. The gain and phase are sketched in Fig. 14.26. From

these plots, the reader can prove that the circuit cannot oscillate at any other frequency.

Figure 1 4.26 Loop gain characteristics of the circuit shown in Fig. 1 4.25.

The circuit of Fig. 14.25 serves as the core of many LC oscillators and is sometimes

drawn as in Fig. 14.27(a) or (b). However, the drain currents of M\ and Af2 and hence the

output swings heavily depend on the supply voltage. Since the waveforms at X and Y are

differential, the drawing in Fig. 14.27(b) suggests that M\ and M2 can be converted to a

differential pair as depicted in Fig. 14.27(c), where the total bias current is defined by I$$.

Example 14.6

For the circuit of Fig. 14.27(c), plot Vx and Vy and lD \
and ID2 as the oscillation begins.

Solution

If the circuit begins with zero difference between V* and Vy , then Vx = Vy ^ Vdd The two

transistors share the tail current equally. If (gm \,2^p)
2 > b where Rp is the equivalent parallel

resistance of the tank at resonance, then noise components at the resonance frequency are continually

amplified by M\ and M2 ,
allowing the oscillation to grow. The drain currents of M\ and M2 vary

according to the instantaneous value of Vx — Vy (as in a differential pair).

As shown in Fig. 14.28, the oscillation amplitude grows until the loop gain drops at the peaks.

In fact, if gm \,2^P is large enough, the difference between Vx — Vy reaches a level that steers the

entire tail current to one transistor, turning the other off. Thus, in the steady state, lo\ and ID2 vary

between zero and Iss
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CP

(b)

Figure 14.28

The oscillator of Fig. 14.27(c) is constructed in fully differential form. The supply

sensitivity of the circuit, however, is nonzero even with perfect symmetry. This is because

the drain junction capacitances of M\ and M2 vary with the supply voltage. We return to

this issue in Example 14.9.
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14.3.2 Colpitts Oscillator

An LC oscillator may be realized with only one transistor in the signal path. Consider the

gain stage of Fig. 14.23(a) again and recall that the drain voltage cannot be applied to the

gate because the overall phase shift at resonance equals 180° rather than 360°. Also, recall

that in a common-gate stage, the phase shift from the source to the drain is zero. We then

surmise that if, as shown in Fig. 14.29(a), the drain voltage is returned to the source rather

than the gate, the circuit may oscillate. The coupling must incorporate a capacitor to avoid

disturbing the bias point ofM x
.

(a) (b)

Figure 1 4.29 (a) Tuned stage with feedback applied from drain to

source, (b) addition of input current to calculate closed-loop gain.

Unfortunately, owing to insufficient loop gain, the circuit of Fig. 14.29(a) does not

oscillate. To prove this point, we invoke the view of Fig. 14.1, where an oscillator is

considered a feedback system with infinite closed-loop gain. Applying an input current as

depicted in Fig. 14.29(b) and neglecting transistor parasitics, we obtain the closed-loop

gain as:

^L = Lps\\-!-\\Rp (14.37)

kn CP S

because M\ and C2 directly conduct the input current to the tank. Since the closed-loop

gain cannot be equal to infinity at any frequency, the circuit fails to oscillate.

Example 14.7 —

The reader may wonder why the input to the feedback system is realized as a current source applied

to the source of the transistor rather than a voltage source applied to its gate. Perform the analysis

with the latter stimulus.

Solution

From Fig. 14.30, we note that with a finite variation of V/ n , the change in lb is still zero if the

bias current source is ideal. Thus, if the source-bulk junction capacitance of M\ is neglected, the
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Figure 14.30

change in the tank current is zero, yielding Vout/Vin = 0. Interestingly, Vx does vary with Vin <

but Mi generates a small-signal current that cancels that through C2 . The reader can prove that

Vx/Vi„=Wte»+C2 j).

The above example reveals two important points. First, to excite a circuit into oscillation,

the stimulus can be applied at different points. (That is, the noise of any device in the loop

can initiate the oscillation.
5
) Second, in Fig. 14.30, Vout / Vin is zero because the impedance

connected between the source of Mi and ground is infinity. We then add a capacitor from

this node to ground as shown in Fig. 14.31(a), seeking conditions of oscillation. Note that

the capacitor in parallel with L p is removed. The reason will become clear later.

Figure 1 4.31 (a) Colpitts oscillator, (b) equivalent circuit of (a) with input stimulus.

5
This is because the natural frequencies of a linear (observable) system do not depend on the location of the

stimulus. Of course, the type of stimulus (voltage or current) must be chosen such that when it is set to zero, the

circuit returns to its original topology. For example, driving the gate of M\ in Fig. 14.30 by a current changes the

natural frequencies of the circuit.



504 Chap. 14 Oscillators

Approximating M\ by a single voltage-dependent current source, we construct the

equivalent circuit of Fig. 14.31(b). Since the current through the parallel combination of

L P and RP is given by Vout/(L Ps) + V0Ul/RP , the total current through Ci is equal to

hn ~ Vout/(L Ps )
- V0Ut/RP , yielding

Vl = -dm ~ V,out v out

Lps Rp C\S
(14.38)

Writing the current through C2 as (Vout + V\)C2s, we sum all of the currents at the output

node:

gmUin
V,out Y out

LpS

It follows that

^ IVout “ (Iin
- y out y out

RP C\s Lps Rp Ci$
)~—]C2s +

V,out

Lps
+

out

Rp °'

(14.39)

Vout =
RpL Ps(gm + C2s)

Un RpC\C2Lps 3 + (Ci + C2)Lps
2 + [gmLp + Rp{C\ + C2 )]5 H- gm Rp

(14.40)

Note that, as expected, (14.40) reduces to (Lps||/?p) if Ci = 0. The circuit oscillates if

the closed-loop transfer function goes to infinity at an imaginary value of s, sR = jo)R .

Consequently, both the real and imaginary parts of the denominator must drop to zero at

this frequency:

—RpC\C2LpQ)\ -T [gmLp + Rp(C
i -f C2)]cor = 0 (14.41)

-(Ci + C2)L p o)
2

r + gm Rp = 0. (14.42)

Since with typical values, gmL P < RP (C i + C2 ), Eq. (14.41) yields:

2 _ 1

7
C 'C2

^

P
Ci +c2

and Eq. (14.42) results in

gm Rp —
(C!+C2 )

2

CiC2

= ^(1+^)2
.

c2 Cl

(14.43)

(14.44)

(14.45)

Recognizing that gmRp is the voltage gain from the source ofM
x
to the output (if gmb - 0),

we determine the ratio C\/C2 for minimum required gain. The reader can prove that the

minimum occurs for C\jC2 = 1, requiring

gmRp >4. (14.46)

Equation (14.46) demonstrates an important disadvantage of the Colpitts oscillator with

respect to the cross-coupled topology of Fig. 14.27(c). The former demands a voltage gain

of at least 4 at resonance and the latter, only unity. This issue is critical if the inductor
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suffers from a low Q and hence a small Rp y a common situation in CMOS technologies.

As a consequence, the cross-coupled scheme is used more widely.

The foregoing analysis neglected the capacitance that appears in parallel with the induc-

tor. As suggested in Problem 14.10, if this capacitance, C/>, is included in the equivalent

circuit, Eq. (14.43) is modified as:

co
2 „
R
~

1

Lp(Cp +
C1C2

Ci + C2

(14.47)

whereas (14.46) remains unchanged. Thus, CP is simply included in parallel with the series

combination of Ci and C2 .

14.3.3 One-Port Oscillators

Our development of oscillators thus far has been based on feedback systems. An alternative

view that provides more insight into the oscillation phenomenon employs the concept

of “negative resistance.” To arrive at this view, let us first consider a simple tank that

is stimulated by a current impulse [Fig. 14.32(a)]. The tank responds with a decaying

oscillatory behavior because, in every cycle, some of the energy that reciprocates between

Mm-

Mm
(b)

Active

Circuit

-RP
(C)

Figure 1 4.32 (a) Decaying impulse response of a tank, (b) addition of neg-

ative resistance to cancel loss in Rp, (c) use of an active circuit to provide

negative resistance.



506 Chap. 14 Oscillators

the capacitor and the inductor is lost in the form ofheat in the resistor. Now suppose a resistor

equal to —RP is placed in parallel with RP and the experiment is repeated [Fig. 14.32(b)].

Since RP |

|(—Rp) — oo, the tank oscillates indefinitely. Thus, ifa one-port circuit exhibiting

a negative resistance is placed in parallel with a tank [Fig. 14.32(c)], the combination may

oscillate. Such a topology is called a one-port oscillator.

How can a circuit provide a negative resistance? Recall that feedback multiplies or

divides the input and output impedances of circuits by a factor equal to one plus the loop

gain. Thus, if the loop gain is sufficiently negative
,
(i.e., the feedback is sufficiently positive),

a negative resistance is achieved. As a simple example, let us apply positive feedback around

a source follower. The follower introduces no signal inversion and neither must the feedback

network. As depicted in Fig. 14.33(a), we implement the feedback by a common-gate stage

Figure 1 4.33 (a) Source follower with positive feedback to create negative input impedance,

(b) equivalent circuit of (a) to calculate the input impedance.

and add the current source h to provide the bias current ofM2 . From the equivalent circuit

in Fig. 1 4.33(b) (where channel-length modulation and body effect are neglected), we have

h ~ 8m2 Vi ~ -gmi V\ (14.48)

and

Thus,

Vx = V
x
- V2

8m\ 8m2

h gml

1

_|
),

8m2

(14.49)

(14.50)

(14.51)

and, if gm \
= gm2 = gm ,

then

Vx =
-2

h gm
(14.52)
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Negative resistance becomes more intuitive if we bear in mind that it is an incremental

quantity, that is, negative resistance indicates that if the applied voltage increases
,
the current

drawn by the circuit decreases. In Fig. 14.33(a), for example, if the input voltage increases,

so does the source voltage ofM
\ ,
decreasing the drain current of M2 and allowing part of

lb to flow to the input source.

With a negative resistance available, we can now construct an oscillator as illustrated in

Fig. 14.34. Here, Rp denotes the equivalent parallel resistance of the tank and, for oscillation

VDD

1

Figure 14.34 Oscillator using nega-

tive input resistance of a source follower

with positive feedback.

build-up, Rp — 2jgm > 0. Note that the inductor provides the bias current ofM2 , obviating

the need for a current source. If the small-signal resistance presented by M\ and M2 to the

tank is less negative than -Rp, then the circuit experiences large swings such that each

transistor is nearly off for part of the period, thereby yielding an “average” resistance of

—RP .

The circuit of Fig. 14.34 is similar to the stage of Fig. 14.29(a) but with the feedback

capacitor replaced by a source follower. More interestingly, the circuit can be redrawn as in

Fig. 14.35(a), bearing a resemblance to Fig. 14.27(c). In fact, if the drain current of Mi flows

Figure 14.35 (a) Redrawing of the topology shown in Fig. 14.34, (b) differential version of (a).

through a tank and the resulting voltage is applied to the gate of M2 ,
the topology of Fig.

14.35(b) is obtained. Ignoring bias paths and merging the two tanks into one (Fig. 14.36),

we note that the cross-coupled pair must provide a negative resistance of -Rp between
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Cp/2

Figure 14.36 Equivalent circuit of Fig. 14.35(b).

nodes X and Y to enable oscillation. The reader can prove that this resistance is equal to

-2/gm and hence it is necessary that RP > 1 /gm . Thus, the circuit can be viewed as either

a feedback system or a negative resistance in parallel with a lossy tank. This topology is

also called a “negative-Gm oscillator.”

As another method of creating negative resistance, consider the topology depicted in

Fig. 14.37(a), where none of the nodes is grounded and channel-length modulation, body

effect, and transistor capacitances are neglected. Since the drain current of M
x is equal to

(~h!C\s)gmy we have

vx = (lx ~
Cis C 2s C]5

Figure 1 4.37 (a) Circuit topology providing negative resistance, (b) equivalent circuit of (a),

(c) oscillator using (a).
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and hence

Vx _ gm 11
Ix C xC2s

2
+
C2s ClS

(14.54)

For s = jeo, this impedance consists of a negative resistance equal to -gm /(C\C2 a)
2
)

in series with the series combination of C\ and C2 [Fig. 14.37(b)]. Thus, as shown in Fig.

14.37(c), if an inductor is placed between the gate and drain ofM
x ,

the circuit may oscillate.

Of the three nodes in the circuit, one can be an ac ground, resulting in the three different

topologies illustrated in Fig. 14.38. The circuit of Fig. 14.38(a) is in fact based on a source

follower, whose input impedance was found in Chapter 6 to contain a negative real part.

The configuration of Fig. 14.38(b) is a Colpitts oscillator.

(a) (b) (c)

Figure 1 4.38 Oscillator topologies derived from the circuit of Fig. 14.37(c).

Example 14.8

Redraw the circuits of Fig. 14.38 with proper biasing.

Solution

The circuits are redrawn in Fig. 14.39.

(a) (b)

Figure 14.39

(C)
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14.4 Voltage-Controlled Oscillators

Most applications require that oscillators be “tunable,” i.e., their output frequency be a

function of a control input, usually a voltage. An ideal voltage-controlled oscillator is a

circuit whose output frequency is a linear function of its control voltage (Fig. 14.40):

U>out — (Oq + KveoVcont • (14.55)

Here, (o0 represents the intercept corresponding to Vcont = 0 and KVco denotes the “gain”

or “sensitivity” of the circuit (expressed in rad/s/V).
6 The achievable range, a>2 — o\, is

called the “tuning range.”

'cont
Voltage-Controlled

Oscillator
1 out

Figure 14.40 Definition of a VCO.

Example 14.9

In the negative-Gm oscillator of Fig. 14.27(c), assume Cp = 0, consider only the drain junction

capacitance, Cdb , of M\ and M2 , and explain why Vdd can be viewed as the control voltage.

Calculate the gain of the VCO.

Solution

Since Cdb varies with the drain-bulk voltage, if Vdd changes, so does the resonance frequency of

the tank. Noting that the average voltage across Cdb is approximately equal to Vdd > we write

and

Cdb =
Cdbo

(1 +
VDD

)
m'

4>b

Kveo =
do)Qut

cTVdz)

d^out

SCdb

dCpB

3Vdd

(14.56)

(14.57)

(14.58)

6A more familiar unit is Hz/V but one must be careful with the dimension of

locked loops.

Kyco in the context of phase-
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With (Oout = 1 I-JLpCdb. we have

Kyco =
-1 mC[)B

2«JL p CdbCdb
^g

+

YRR)
4>b

m

2*,tl +
<PB

' ti>QUt

(14.59)

(14.60)

Note that the relationship between coout and Vcont is nonlinear because Kyco varies with Vqd and

(tiout •

Before modifying the oscillators studied in the previous sections for tunability, we sum-

marize the important performance parameters of VCOs.

Center Frequency The center frequency (i.e., the midrange value in Fig. 14.40) is

determined by the environment in which the VCO is used. For example, in the clock

generation network of a microprocessor, the VCO may be required to run at the clock rate

or even twice that. Today’s CMOS VCOs achieve center frequencies as high as 10 GHz.

Tuning Range The required tuning range is dictated by two parameters: (1) the variation

of the VCO center frequency with process and temperature and (2) the frequency range

necessary for the application. The center frequency of some CMOS oscillators may vary

by a factor of two at the extremes of process and temperature, thus mandating a sufficiently

wide (> 2x) tuning range to guarantee that the VCO output frequency can be driven to the

desired value. Also, some applications incorporate clock frequencies that must vary by one

to two orders of magnitude depending on the mode of operation, demanding a proportionally

wide tuning range.

An important concern in the design of VCOs is the variation of the output phase and

frequency as a result of noise on the control line. For a given noise amplitude, the noise in

the output frequency is proportional to Kyco because wout = 0)0 + Kyco^com • Thus, to

minimize the effect of noise in Vcont ,
the VCO gain must be minimized, a constraint in direct

conflict with the required tuning range. In fact, if, as shown in Fig. 14.40, the allowable

range of Vcont is from V{
to V2 .(e.g., from 0 to VDD ) and the tuning range must span at least

o)i to C02 ,
then KVC o must satisfy the following requirement:

Kyco > (14.61)

Note that, for a given tuning range, KVC o increases as the supply voltage decreases, making

the oscillator more sensitive to noise on the control line.

Tuning Linearity As exemplified by Eq. (14.60), the tuning characteristics of VCOs

exhibit nonlinearity, i.e., their gain, Kyco >
is not constant. As explained in Chapter 15,

such nonlinearity degrades the settling behavior of phase-locked loops. For this reason, it

is desirable to minimize the variation of KVCo across the tuning range.
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Actual oscillator characteristics typically exhibit a high gain region in the middle of the

range and a low gain at the two extremes (Fig. 14.41). Compared to a linear characteristic

(the gray line), the actual behavior displays a maximum gain greater than that predicted

Figure 14.41 NonlinearVCO charac-

teristic.

by (14.61), implying that, for a given tuning range, nonlinearity inevitably leads to higher

sensitivity for some region of the characteristic.

Output Amplitude It is desirable to achieve a large output oscillation amplitude, thus

making the waveform less sensitive to noise. The amplitude trades with power dissipa-

tion, supply voltage, and (as explained in Section 14.4.2) even the tuning range. Also, the

amplitude may vary across the tuning range, an undesirable effect.

Power Dissipation As with other analog circuits, oscillators suffer from trade-offs

between speed, power dissipation, and noise. Typical oscillators drain 1 to 10 mW of

power.

Supply and Common-Mode Rejection Oscillators are quite sensitive to noise, espe-

cially if they are realized in single-ended form. As seen in Example 14.9, even differential

oscillators exhibit supply sensitivity. The design of oscillators for high noise immunity is

a difficult challenge. Note that noise may be coupled to the control line of a VCO as well.

For these reasons, it is preferable (but not always possible) to employ differential paths for

both the oscillation signal and the control line.

Output Signal Purity Even with a constant control voltage, the output waveform of

a VCO is not perfectly periodic. The electronic noise of the devices in the oscillator and

supply noise lead to noise in the output phase and frequency. These effects are quantified

by “jitter” and “phase noise” and determined by the requirements of each application.

14.4.1 Tuning in Ring Oscillators

Recall from Section 14.2 that the oscillation frequency, fosc ,
of an V-stage ring equals

(2NTd) *, where To denotes the large-signal delay of each stage. Thus, to vary the fre-

quency, To can be adjusted.

As a simple example, consider the differential pair of Fig. 14.42 as one stage of a ring

oscillator. Here, M3 and M4 operate in the triode region, each acting as a variable resistor

controlled by Vcont . As Vcont becomes more positive, the on-resistance of M3 and M4

increases, thus raising the time constant at the output, n ,
and lowering fosc . IfM3 and M4
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Mz M4

*DD

^cont

—0

Ml M2
1

T

1

11
_i

O

,

1

11

= CL

'out

00 /ss
Figure 14.42 Differential pair with

variable output time constant.

remain in deep triode region,

^1 — ^-on3,A^L

Cl

W
^pCox(—hA(^DD ~ ycont ~ \

Vthp\)

(14.62)

(14.63)

In the above equation, Cl denotes the total capacitance seen at each output to ground

(including the input capacitance of the following stage). The delay of the circuit is roughly

proportional to T
\ ,
yielding

fosc

1

T>

(X

W
pC0x\~J~)3A^yDD ycont

CL

Wthp\)

(14.64)

(14.65)

Interestingly, fosc is linearly proportional to Vcont .

Example 14.10_—
For given device dimensions and bias currents in Fig. 14.42, determine the maximum allowable value

of Vcont • What happens if M3 and M4 enter saturation?

Solution

Let us assume (somewhat arbitrarily) that M3 and M4 remain in deep triode region if
|
Vo53,4 | 5

0.2 x 2| Vqs3,4
~ yTHP I

• If each stage in the ring experiences complete switching, then the maximum

drain current of M3 and M4 is equal to Iss • To satisfy the above condition, we must have Iss Ron3A <
0.4(Vdd ~ yCont ~ \ yTHP\\ and hence

hs
W

PpCoxi—hAiVDD - ycont - \ yTHP\)

< 0A(Vdd — Vcont ~
\

VTH p\)- (14.66)
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It follows that

V

;

cont < yDD _
\
Vjhp

\

~

N

w
0.4^

/?
CM(— )3,4

(14.67)

If Vcont exceeds this level by a large margin, M3 and M4 eventually enter saturation. Each stage then

requires common-mode feedback to produce the output swings around a well-defined CM level.

The differential pair of Fig. 14.42 suffers from a critical drawback: the output swing of

the circuit varies considerably across the tuning range. With complete switching, each stage

provides a differential output swing of 2Iss^onZA- Thus, a tuning range of, say, two to one

translates to a twofold variation in the swing.

In order to minimize the swing variation, the tail current can be adjusted by Vcont as well

such that, as Vcont becomes more positive, Iss decreases. The circuit nonetheless requires

a means of maintaining Iss Ronsa relatively constant. To this end, let us consider the circuil

in Fig. 14.43(a), where M5 operates in the deep triode region and amplifier A\ applies

^REF

(a)

Figure 14.43 (a) Simple feedback circuit defining V> ,
(b) replica biasing to define voltage swings

in a ring oscillator.

negative feedback to the gate of M5 . If the loop gain is sufficiently large, the differential

input voltage of A\ must be small, giving VP & Vref and
\
Vds5 \

~ VDD ~ Vref

-

Thus,

the feedback ensures a relatively constant drain-source voltage even if I] varies. In fact, as

1
1 , say, decreases, A

1
raises the gate voltage ofM5 such that Ron5/1 ^ Vdd ~ Vref-

The topology of Fig. 14.43(a) can serve as a “replica circuit” for the stages of a ring

oscillator, thereby defining the oscillation amplitude. Illustrated in Fig. 14.43(b), the idea is

to “servo” the on-resistance ofM3 andM4 to that ofM5 and vary the frequency by adjusting

I\ and Iss simultaneously [2]. If M3 and M4 are identical to M5 and ISs to /1 , then V*

and VY vary from VDd to VDd ~ Vref as M\ and M2 steer the tail current to one side 01

the other. Thus, if process and temperature variations, say, decrease, I\ and Iss , then A\

increases the on-resistance of M3-M5 ,
forcing VP and hence V* and VY (when M\ or Mi

is fully on) equal to Vref-
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The bandwidth of the op amp A\ in Fig. 14.43(b) is of some concern. If a change in Vcont

takes a long time to change a)out , then the settling speed of a PLL using this VCO degrades

significantly (Chapter 15).

Example 14.11 —

How does the oscillation frequency depend on hs for a VCO incorporating the stage of Fig. 14.43(b).

Solution

Noting that Ron3A Iss ^ Vdd ~ Vref, we have Ron3A ^ (Vdd - Vref)/Iss and hence

fosc 0^
1

Ron3A^E

[ss

(Vdd - Vref)Cl

(14.68)

(14.69)

Thus, the characteristic is relatively linear.

Delay Variation by Positive Feedback To arrive at another tuning technique, recall

that a cross-coupled transistor pair such as that of Fig. 1 4.36 exhibits a negative resistance of

—2/gm ,
a value that can be controlled by the bias current. A negative resistance -Rn placed

in parallel with a positive resistance ~\-Rp gives an equivalent value -\-R^Rp/(Rn — Rp),

which is more positive if
|

— R^\ >
|
+ /?p |. This idea can be applied to each stage of a ring

oscillator as illustrated in Fig. 14.44(a). Here, the load of the differential pair consists of

Figure 14.44 (a) Differential stage with variable negative-resistance load, (b) half-

circuit equivalent of (a).

resistors R\ and R2 (R\ = R2 = Rp) and the cross-coupled pair M3-M4 . As I\ increases,

the small-signal differential resistance -2/gmxA becomes less negative and, from the half

circuit of Fig. 14.44(b), the equivalent resistance Rp\\(-l/gm3A) = - gm3A^p)

increases, thereby lowering the frequency of oscillation.

An important issue in the circuit of Fig. 14.44(a) is that as /1 varies, so do the currents

steered by M3 and M4 to R\ and R2 . Thus, the output voltage swing is not constant across
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the tuning range. To minimize this effect, Iss can be varied in the opposite direction such

that the total current steered between R\ and R2 remains constant. In other words, it is

desirable to vary I{ and ISs differentially while their sum is fixed, a characteristic provided

by a differential pair. Illustrated in Fig. 14.45, the idea is to employ a differential pairMyMb

to steer Ij to M\-M2 or M3-M4 so that 1$$ 4- h = h- Since lj must flow through R\ and

Figure 1 4.45 Use of a differential pair

to steer current between M\-M2 and My
M4 .

/?2 ,
ifM

1
-M4 experience complete switching in each cycle of oscillation, then IT is steered

to Ri (through M\ and M3 ) in half a period and to R2 (through M2 and Af4 ) in the other

half, giving a differential swing of 2RP IT .

In the circuit of Fig. 14.45, Vcont \
and Vcont2 can be viewed as differential control lines if

they vary by equal and opposite amounts. Such a topology provides higher noise immunity

for the control input than if Vcom is single-ended. Now, note that as Vcont \ decreases and

yconti increases, the cross-coupled pair exhibits a greater transconductance, thereby raising

the time constant at the output nodes. But what happens if all of 1T is steered by M6 to M3

and M4 ? Since M\ and M2 carry no current, the gain of the stage falls to zero, prohibiting

oscillation. To avoid this effect, a small constant current source, /#, can be connected from

node P to ground, thereby ensuring M\ and M2 always remain on. With typical values, this

ring oscillator provides a two-to-one tuning range and reasonable linearity.

Example 14.12

Calculate the minimum value of Ih in Fig. 14.45 to guarantee a low-frequency gain of 2 when all of

Ij is steered to the cross-coupled pair.

Solution

The small-signal voltage gain of the circuit equals gm \, 2 Rp/{\ - gm 3
,
4Rp). Assuming square-law

devices, we have

W
P'nC0x(~)\,2l

H

'

Rp

1 - ^ w
tLnC0x(~)3,4^T Rp

> 2 . (14.70)
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That is,

In >

W
1 - J tinC0x(-j-^AlTRp

W 2
ftnC0x{

—
)l,2^p

i2

( 14 .71 )

An important drawback of using the differential pair Ms-M^ in the circuit of Fig. 14.45

is the additional voltage headroom that it consumes. As depicted in Fig. 14,46, for Ms

to remain in saturation, Vp must be sufficiently higher than V/v. When Vcontl — Vcontl*

Kcont2

Figure 14.46 Headroom calculation

for a current-steering topology.

the minimum allowable drain-source voltage of Ms is equal to its equilibrium overdrive

voltage, implying that, compared to that calculated in Example 14.4, the supply voltage

must be higher by this value. Note also that if Vconn or Vcont2 is allowed to vary above its

equilibrium value by more than Vjh, then Ms or M& enters the triode region.

The above observation reveals a trade-offbetween voltage headroom and the sensitivity of

the VCO. In order to minimize the sensitivity with a given tuning range, the transconductance

of Ms-M<$ must be minimized. (That is, to steer all of the tail current, the differential pair must

require a large VCOnt\ ~ Vcont2 -) However, for a given tail current, gm = 2Id/(Vqs - Vth),

indicating a large equilibrium overdrive for M5-M6 and a correspondingly higher value for

the minimum required supply voltage.

We should mention that the pair M5-M6 need not remain in complete saturation. If

the drain voltages are low enough to drive these transistors into the triode region, then

the equivalent transconductance of the differential pair drops, thus demanding a greater

Vconti ~ Vconti to steer the tail current. This phenomenon in fact translates to a lower VCO
sensitivity. In practice, careful simulations are required to ensure the VCO characteristic

remains relatively linear across the range of interest.
7

At low supply voltages, it is desirable to avoid the voltage headroom consumed by M5
-

M6 in Fig. 14.45. The issue can be resolved by means of “current folding.” Suppose, as

illustrated in Fig. 14.47(a), a differential pair drives two current mirrors, generating Iouti

and Iout 2 . Since I\+h = hs, hut\ = £7i,and/OM ,2 = Kh, we have lout \ + I0U t2 — K?ss-

Thus, as Vini - Vin2 goes from a very negative value to a very positive value, Iout \
varies

7
If both M5 and M(, are in the triode region and Vcont \ # Vconti ,

then supply voltage variations affect the

current steered between the two transistors, introducing noise in the frequency of oscillation.
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|- Kdd

©'ss Rl
r

4*2

1

''contl
tHl^hh Ht 4i- Hfck

To Other

Figure 14.47 (a) Current folding topology, (b) application of current folding to current steering.

from K Iss to zero and Iout2 from zero to K

I

Ss while their sum remains constant - a behavio

similar to that of a differential pair.

We now utilize the topology of Fig. 14.47(a) in the gain stage of Fig. 14.44(a). Showr

in Fig. 14.47(b), the resulting circuit operates from a low supply voltage.

Delay Variation by Interpolation Another approach to tuning ring oscillators is baser

on “interpolation” [3, 4]. As illustrated in Fig. 14.48(a), each stage consists of a fast path ant

Fast Path

Slow Path

(a)

©-

Figure 14.48 (a) Interpolating delay stage, (b) smallest delay, (b) largest delay.
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a slow path whose outputs are summed and whose gains are adjusted by Vcont in opposite

directions. At one extreme of the control voltage, only the fast path is on and the slow path

is disabled, yielding the maximum oscillation frequency [Fig. 14.48(b)]. Conversely, at the

other extreme, only the slow path is on and the fast path is off, providing the minimum

oscillation frequency [Fig. 14.48(c)]. If Vcont lies between the two extremes, each path is

partially on and the total delay is a weighted sum of their delays.

To better understand the concept of interpolation, let us implement the topology of Fig.

14.48(a) at the transistor level. Each stage can be simply realized as a differential pair whose

gain is controlled by its tail current. But how are the two outputs summed? Since the two

transistors in a differential pair provide output currents
,
the outputs of the two pairs can be

added in the current domain. As depicted in Fig. 14.49(a), simply shorting the outputs of

two pairs performs the current addition, e.g„ for small signals, Iout = gm i^Vini +gm 3,4 Vln 2 *

The overall interpolating stage therefore assumes the configuration shown in Fig. 14.49(b),

where V+
nt

and V~
nt

denote voltages that vary in opposite directions (so that when one

path turns on, the other turns off). The output currents of M\-M2 and M3 -A/4 are summed

at X and Y and flow through R\ and R2 ,
producing Vout .

In the circuit of Fig. 1 4.49(b), the gain of each stage is varied by the tail current to achieve

interpolation. But it is desirable to maintain constant voltage swings. We also recognize

that the gain of the differential pair need not be varied because even if only the

gain of M3-M4 drops to zero, the slow path is fully disabled. We then surmise that if the

tail currents of M\-M2 and M3-M4 vary in opposite directions such that their sum remains

constant, we achieve both interpolation between the two paths and constant output swings.

Figure 14.49 (a) Addition of currents of two differential pairs, (b) interpolating delay stage.
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Illustrated in Fig. 14.50, the resulting circuit employs the differential pair M7-M8 to stee

Iss between M\-M2 and M3-MA . If Vcont is very negative, M8 is off and only the fast pati

Figure 14.50 Interpolating delay stage with current steering.

amplifies the input. Conversely, if Vcont is very positive, M7 is off and only the slow path

is enabled. Since the slow path in this case employs one more stage than the fast path, the

VCO achieves a tuning range of roughly two to one. For operation with low supply voltages,

the control pair M7-M8 can be replaced by the current-folding topology of Fig. 14.47(a),

Example 14.13

Combine the tuning techniques of Figs. 14.45 and 14.50 to achieve a wider tuning range.

Solution

We begin with the interpolating stage of Fig. 14.50 and add a cross-coupled pair to the output nodes

[Fig. 14.51(a)]. However, in order to obtain constant voltage swings, the total current through the

load resistors must remain constant. This is accomplished by replacing the control differential pair

with the current-folding circuit of Fig. 14.47(a). Depicted in Fig. 14.51(b), the resulting configuration

steers the current to M\-M2 to speed up the circuit and to M3-M4 and to slow down the

circuit. The tail current source dimensions are chosen such that Issi — hs2 + Iss3-

Wide-Range Tuning Except for the circuit of Fig. 14.43(b), the ring oscillator tuning

techniques presented thus far achieve a tuning range of typically no more than three to one.

In applications where the frequency must be varied by orders of magntitude, the topology

shown in Fig. 14.52 can be used. Driven by the input, the additional PMOS transistorsM5 and

M(y pull each output node to VDD ,
creating a relatively constant output swing even with large

variations in Iss • The oscillation frequency of a ring incorporating this stage can be varied

by more than four orders of magnitude with less than a twofold variation in the amplitude.
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Figure 14.51

14.4.2 Tuning in LC Oscillators

The oscillation frequency of LC topologies is equal to fosc — 1/(2tt\/LC), suggesting

that only the inductor and capacitor values can be varied to tune the frequency and other

parameters such as bias currents and transistor transconductances affect fosc negligibly.

Since it is difficult to vary the value of monolithic inductors, we simply change the tank

capacitance to tune the oscillator. Voltage-dependent capacitors are called “varactors.”
8

8The term “varicap” is also used.
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Figure 14.52 Differential stage with

wide tuning range.

A reverse-biased pn junction can serve as a varactor. The voltage dependence is ex-

pressed as

Cvar

Co

Vr ’

a + T~)
m

<Pb

( 14 .72)

where C0 is the zero-bias value, V* the reverse-bias voltage, (pB the built-in potential of

the junction, and m a value typically between 0.3 and O.4.
9 Equation (14.72) reveals an

important drawback of LC oscillators: at low supply voltages Vr has a very limited range,

yielding a small range for Cvar and hence for fosc . We also note that to maximize the tuning

range, constant capacitances in the tank must be minimized.

Example 14.14 - — — - —
Suppose in Eq. (14.72), <j>s = 0.7 V, m — 0.35, and Vr can vary from zero to 2 V. How much tuning

range can be achieved?

Solution

For VR = 0, Cj = Cp and foscMn = \!{2xjLCo). For VR = 2 V, Cj * 0.62

C

0 and fosc,max =

1 /(2n<s/L x 0.62Co) ~ 1.27fosc.mm- Thus, the tuning range is approximately equal to 27%. As

explained later, the parasitic capacitances of the inductor and the transistor(s) further limit this range

because they cannot be varied by the control voltage.

Let us now add varactor diodes to a cross-coupled LC oscillator (Fig. 14.53). To avoid

forward-biasing D\ and £>2 significantly, Vcont must not exceed Vx or VY by more than a

few hundred millivolts. Thus, if the peak amplitude at each node is A, then 0 < Vcont <

VDD - A + 300 mV, where it is assumed a forward bias of 300 mV creates negligible

current. Interestingly, the circuit suffers from a trade-off between the output swing and the

tuning range. This effect appears in most LC oscillators.

Note that, since the swings at X and Y are typically large (e.g., 1 \pp at each node),

the capacitance of D\ and D2 varies with time. Nonetheless, the “average” value of the

capacitance is still a function of VCOnt ,
providing the tuning range.

9Note that m = 0.5 for an abrupt junction, but pn junctions in CMOS technology are not abrupt.
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Figure 14.53 LC oscillator using varactor diodes.

How are varactor diodes realized in CMOS technology? Illustrated in Fig. 14.54 are two

types of pn junctions. In Fig. 14.54(a), the anode is inevitably grounded whereas in Fig.

Side

View n-well

p-substrate p-substrate

(a) (b)

Figure 14.54 Diodes realized in CMOS technology.

14.54(b), both terminals are floating. For the circuit of Fig. 14.53, only the floating diode

can be used. To increase the capacitance of the junction, the p
+ and n+ areas (and hence

the n-well) are enlarged.

Upon closer examination, the structure of Fig. 14.54(b) suffers from a number of draw-

backs. First, the n-well material has a high resistivity, creating a resistance in series with

the reverse-biased diode and lowering the quality factor of the capacitance. Second, the

/i-well displays substantial capacitance to the substrate, contributing a constant capacitance

to the tank and limiting the tuning range. The diode is therefore represented as shown in

Fig. 14.55, where Cn represents the (voltage-dependent) capacitance between the n-well

and the substrate.
10

10
In circuit simulations, Cn is replaced by a diode having proper junction capacitance.
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o 1>|
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Figure 14.55 Circuit model of the

varactor shown in Fig. 14.54(b).

In order to decrease the series resistance of the structure shown in Fig. 14.54(b), the p
+

region can be surrounded by an n+ ring so that the displacement current flowing through

the junction capacitance sees a low resistance in all four directions [Fig. 14.56(a)]. Since a

single minimum-size p
+ area has a small capacitance, many of these units can be placed in

parallel [Fig. 14.56(b)]. The rc-well, however, must accommodate the entire set, exhibiting

a large capacitance to the substrate.

(a) (b)

Figure 14.56 (a) Reduction of series resistance by sur-

rounding the p
+ region by an n+ ring, (b) several diodes in

parallel.

It is instructive at this point to examine the unwanted capacitances in the circuit of Fig.

1 4.53, i.e., the components that are not varied by Vcont . We identify three such capacitances:

(1) the capacitance between the n-well and the substrate associated with D
{
and Z)2 ; (2)

the capacitances contributed by the transistors to each node, i.e., CGD , 2CGD (the factor

of 2 arising from Miller effect
11

), and Cdb\ (3) the parasitic capacitance of the inductor

itself. Monolithic inductors are typically implemented as metal spiral structures (Fig. 14.57)

having relatively large dimensions (

S

^ 100-200 jim). Their capacitance to the substrate

is therefore quite large.

In Fig. 14.53, it is desirable to connect the anode of the diodes to nodes X and y,

thereby eliminating the parasitic rc-well capacitances from the tank. Shown in Fig. 14.58 is

a topology allowing such a modification. Here, the cross-coupled pair incorporates PMOS

devices, providing swings around the ground potential. However, owing to their lower

mobility, the PMOS transistors must be wider than their NMOS counterparts so as to

exhibit the same transconductance. This increases the second component mentioned above.

1

'if the gate and drain voltages vary by equal and opposite amounts, the Miller multiplication factor is equal

to 2 regardless of the small-signal gain.
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S

I

Figure 14.57 Spiral inductor struc-

ture.

Figure 14.58 Negative-Gm oscillator

using PMOS devices to eliminate n-well

capacitance from the tanks.

The design oflow-noise CMOS LC oscillators with acceptable tuning range is still a topic

of active research. Issues such as phase noise and inductor and varactor design continue

to intrigue researchers. MOS varactors have also been investigated as an alternative to pn

junctions.

14.5 Mathematical Model of VCOs

The definition of the voltage-controlled oscillator given by Eq. (14.55) specifies the relation-

ship between the control voltage and the output frequency. The dependence is “memoryless”

because a change in Vcont immediately results in a change in coout . But how is the output

signal of the VCO expressed as a function of time? To answer this question, we must review

the concepts of phase and frequency.

Consider the waveform Vo(0 = Vm sincoot. The argument of the sinusoid is called the

“total phase” of the signal. In this example, the phase varies linearly with time, exhibiting

a slope equal to coq. Note that, as depicted in Fig. 14.59, every time o)q t crosses an integer

multiple of jr, Vo(0 crosses zero.

Now consider two waveforms Vi(f) = Vm sin[0i(/)] and V2 (t) = Vm sin[02(Oh where

<p\{t) — o)\t
, 02(0 = (Oi t, and coi < co2 . As illustrated in Fig. 14.60, 02(O crosses integer

multiples of n faster than <0(0 does, yielding faster variations in V2 (t). We say V2 (t)
accumulates phase faster.
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Figure 14.59 Illustration of phase of

a signal.

Figure 14.60 Variation of phase for

two signals.

The above study reveals that the faster the phase of a waveform varies, the higher the

frequency of the waveform, suggesting that the frequency
12 can be defined as the derivative

of the phase with respect to time:

d(j)

( 14 .73 )

Example 14.15 . «... ..

Figure 14.61(a) shows the phase of a sinusoidal waveform with constant amplitude as a function of

time. Plot the waveform in the time domain.

,2The quantity co = litf is called the “radian frequency” (and expressed in rad/s) to distinguish it from /

{expressed in Hz). In this book, we call both the frequency, but use a> more often to avoid the factor 2tt.
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(c) Figure 14.61

Solution

Taking the time derivative of </>(r), we obtain the behavior illustrated in Fig. 14.61(b). The frequency

therefore periodically toggles between a>

\

and &>2 ,
yielding the waveform shown in Fig. 14.6

1
(c). (This

is a simple example of binary frequency modulation, called “frequency shift keying” and utilized in

wireless pagers and many other communication systems.)

Equation (14.73) indicates that, if the frequency of a waveform is known as a function

of time, then the phase can be computed as

<p = J
ajdt + 4>o. (14.74)

In particular, since for a VCO, a)0UT — wo + Kyco VCOnt, we have

v„u,(t) = Vm cos(

J
(Dou,dt + <po) (14.75)

= Vm cos(w0 ? + Kyco
J

Vcont dt + fa). (14.76)

Equation (14.76) proves essential in the analysis of VCOs and PLLs. 13 The initial phase (j>

o

is usually unimportant and is assumed zero hereafter.

13
Noteithat Kyco cannot be brought out of the integral if the characteristic is nonlinear.
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Example 14.16

The control line of a VCO senses a rectangular signal toggling between V\ and V2 at a period Tm .

Plot the frequency, phase, and output waveform as a function of time.

Solution

Since a>out = coo + Kyco^cont »
the output frequency toggles between co\ = coq + KycoVl

and

(02 = (oq + Kyco ^2 (Fig- 14.62). The phase is equal to the time integral of this result, rising linearly

C02
(0 (0 m

1 I 1
p

”0 7^ T

v0(O

t

Figure 14.62

with time at a slope of co\ for half the input period and (02 for the other half. The output waveform of

the VCO is similar to that shown in Fig. 14.61. Thus, a VCO can operate as a frequency modulator.

As explained in Chapter 15, if a VCO is placed in a phase-locked loop, then only the

second term of the total phase in Eq. (14.76) is of interest. This term, Kyco f V^df, is

called the “excess phase,” <pex . In fact, in the analysis of PLLs, we view the VCO as a system

whose input and output are the control voltage and the excess phase, respectively:

<PeX = Kvco
f

Vcon,dt. (14.77)

That is, the VCO operates as an ideal integrator, providing a transfer function:

4>,

Vt

<s) =
KVCO

cont

(14.78)

Example 14.17 ^
AVCO senses a small sinusoidal control voltage VCOnt = Fm cos com t . Determine the output waveform

and its spectrum.
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Solution

The output is expressed as

/
— V0 COS(o)Qt + Kyco I Vcontdt)

— Vocos(wof + Kyco— sinwm r)

COm

— Vo coswot cos(Kyco— sinwm r)

Vm— Vo sin wot sin( JK'yco— sinwm t)-

0)m

If Vm is small enough that Kyco Vml&m < 1 tad, then

Vout(t) ^ Vo cos wot - Vo(sincuot)(^yco— sin wm t)

COm

(14.79)

(14.80)

(14.81)

(14.82)

= Vo cos wot
VC

<
? m Q

[cos(wo — com )t
— cos(wo + wm )t]. (14.83)

2(Dm

The output therefore consists of three sinusoids having frequencies of wo, wo — wm ,
and coq com .

The spectrum is shown in Fig. 14.63. The components at coq ± wm are called “sidebands”

t
(O0-O)m co0 to0+0)m (0

Figure 14.63

The above example reveals that variation of the control voltage with time may create

unwanted components at the output. Indeed, when a VCO operates in the steady state, the

control voltage must experience very little variation.
14

This issue is studied in Chapter 15.

A common mistake in expressing the phase of signals arises from the familiar form

Vm cos (Dot. Here, the phase is equal to the product of frequency and time, creating the

impression that such equality holds in all conditions. We may even deduce that, since the

output frequency of a VCO is given by coo + Kyco^cont ,
the output waveform can be

written as Vm cos[(o>o + KVCo VconM- To understand why this is incorrect, let us compute

the frequency as the derivative of the phase:

CO
— -~[(a)Q + Kyco Vcont)t] (14.84)

at

= Kyco— + COo + Kyco ^cont- (14.85)
at

14
Except when the VCO senses a signal to perform frequency modulation.
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The first term in this expression is redundant, vanishing only if dVcont /dt = 0. Thus, in the

general case, the phase cannot be written as the product of time and frequency.

Our study of VCOs in this section has assumed sinusoidal output waveforms. In prac-

tice, depending on the type and speed of the oscillator, the output may contain significant

harmonics, even approaching a rectangular waveform. How should Eq. (14.76) be modified

in this case? We expect that Vout (t) can be expressed as a Fourier series:

V0ut(t) = Fi cos(w0 ; + 4>\) + V2 cos(2aj0 r + <fe) + •

.
(14.86)

We also note that if the (fundamental) frequency of a rectagular waveform is changed by

A/, the frequency of its second harmonic must change by 2A/, etc. Thus, if Vcont varies

by A V, then the frequency of the first harmonic varies by KVC o A V, the frequency of the

second harmonic by 2KVco A V, etc. That is,

Vout(t) — El COS(&)o^+^Vc 0 I Veontdt-\-9\)-\-V2COS(2a)ot-\-2KvcO I Vcontdt+02 )-\—

,

(14.87)

where 0
\ ,
02 ,

* are constant phases necessary for the representation of each harmonic in

the Fourier series expansion.

Equation (14.87) suggests that the harmonics of an oscillator output can be readily taken

into account. For this reason, we often limit our calculations to the first harmonic even

though we may draw the waveforms in rectangular shape rather than sinusoidal shape.

Problems

Unless otherwise stated, in the following problems, use the device data shown in Table 2. 1 and assume

Vdd = 3 V where necessary. Also, assume all transistors are in saturation.

14. 1 . For the circuit of Fig. 14.6, determine the open-loop tranfer function and calculate the phase

margin. Assume gm \ = gm2 = gm and neglect other capacitances.

14.2 . In the circuit of Fig. 14.8, assume gm] = gm2 ~ gm 3 = (200 Q)~ l

.

(a) What is the minimum value of R& that ensures oscillation?

(b) Determine the value of Cl for an oscillation frequency of 1 GHz and a total low-frequency

loop gain of 16.

14.3. For the circuit of Fig. 14.12, determine the minimum value of ISs that guarantees oscillation.

(Hint: if the circuit is at the edge of oscillation, the swings are quite small.)

14.4. Prove that the small-signal resistance of the composite load in Fig. 1 4. 1 8(c) is roughly equal

to l/gm3-

14.5 . Including only the gate-source capacitance of M3 in Fig. 14.

1

8 (c), explain under what con-

dition the impedance of the composite load (seen at the drain of M3 ) becomes inductive.

14 .6 . If each inductor in Fig. 1 4.25 exhibits a series resistance of Rs, how low must be to ensure

the low-frequency loop gain is less than unity? (This condition is necessary to avoid latchup.)

14 .7 . Explain why the Vx and Vy waveforms in Fig. 14.28 are closer to sinusoids (i.e., they contain

smaller harmonics) than the Id\ and Id

2

waveforms.
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14.8. Determine the minimum value of I$s in Fig. 14.27(c) that guarantees oscillation. Estimate

the maximum value of Iss that guarantees M\ and M2 do not enter the triode region.

14.9. Repeat Example 14.7 by applying a current stimulus to the drain of M\ .

14.10. Prove that if a capacitor Cp is placed in parallel with Lp in Fig. 14.31(a), then Eq. (14.47)

results.

14.11. The Colpitts oscillator ofFig. 14.3 1(a) was analyzed and its oscillation conditions were derived

by applying a current stimulus to the source. Repeat the analysis by applying a voltage stimulus

to the gate of M\

.

14.12. Repeat the analysis of the Colpitts oscillator for the topologies in Figs. 14.38(a) and (c).

Determine the oscillation condition and the frequency of oscillation.

14.13. The stage of Fig. 14.45 is designed with Ip = 1 mA and (W/L)\^ = 50/0.5. Assume

Ih < h-

(a) Determine the minimum value of R\ = R2 — R to ensure oscillation in a three-stage

ring.

(b) Determine (W/L)3,4 such that gnti^R = 0.5 when each of M3 and M4 carries Ip/2.

(c) Calculate the minimum value of /# to guarantee oscillation.

(d) If the common-mode level of Vcont\ and Vcont 2 is 1.5 V, calculate (W/L)5,5 such that lp

sustains 0.5 V when VCont\ — Vcon t 2 .

14.14. Repeat Example 1 4. 14 if each inductor in the circuit contributes a constant capacitance equal

to Ci.

14.15. The VCO of Fig. 14.53 is designed for operation at 1 GHz.

(a) If Lp = 5 nH and the total (fixed) parasitic capacitance seen at X (and T) to ground is

500 fF, determine the maximum capacitance that D\ and £>2 can add to the circuit.

(b) If the tail current is equal to 1 mA and the Q of each inductor at 1 GHz is equal to 4,

estimate the output voltage swing.
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Chapter 15

Phase-Locked Loops

The concept of phase locking was invented in the 1930s and swiftly found wide usage in

electronics and communication. While the basic phase-locked loop has remained nearly the

same since then, its implementation in different technologies and for different applications

continues to challenge designers. A PLL serving the task of clock generation in a micro-

processor appears quite similar to a frequency synthesizer used in a cellphone, but the actual

circuits are designed quite differently.

This chapter deals with the analysis and design of PLLs with particular attention to

implementations in VLSI technologies. A thorough study of PLLs would require an entire

book by itself, but our objective here is to lay the foundation for more advanced work.

Beginning with a simple PLL architecture, we study the phenomenon of phase locking and

analyze the behavior of PLLs in the time and frequency domains. We then address the prob-

lem of lock acquisition and describe charge-pump PLLs (CPPLLs) and their nonidealities.

Finally, we examine jitter in PLLs, study delay-locked loops (DLLs), and present a number

of PLL applications.

15.1 Simple PLL

A PLL is a feedback system that compares the output phase with the input phase. The

comparison is performed by a ‘‘phase comparator” or “phase detector” (PD). It is therefore

beneficial to define the PD rigorously.

15.1.1 Phase Detector

A phase detector is a circuit whose average output, V^i, is linearly proportional to the

phase difference, A 0, between its two inputs (Fig. 15.1). In the ideal case, the relationship

between Vout and A0 is linear, crossing the origin for A0 = 0. Called the “gain” of the PD,

the slope of the line, KPD ,
is expressed in V/rad.

A familiar example of phase detector is the exclusive OR (XOR) gate. As shown in

Fig. 15.2, as the phase difference between the inputs varies, so does the width of the output

pulses, thereby providing a dc level proportional to A <j>. While the XOR circuit produces

532
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Figure 15.1 Definition of phase detector.

v,(r)

v2 (t)

Figure 15.2 Exclusive OR gate as phase detector.

error pulses on both rising and falling edges, other types ofPD may respond only to positive

or negative transitions.

Example 15.1 —

If the output swing of the XOR in Fig. 15.2 is Vo volts, what is the gain of the circuit as a phase

detector? Plot the input-output characteristic of the PD.

Solution

If the phase difference increases from zero to A <j> radians, the area under each pulse increases by

Vo • A <j). Since each period contains two pulses, the average value rises by 2[Vo A<t>/(2n)\, yielding

a gain of Vo/tz\ Note that the gain is independent of the input frequency.

To construct the input-output characteristic, we examine the circuit’s response to various input

phase differences. As illustrated ih Fig. 15.3, the average output voltage rises to [Vq/ti] x tt/2 = Vb/2

for A0 = tt/2 and Vo for A<£ = n. For A(p > tt, the average begins to drop, falling to Vo/2 for

A0 — 3tt/2 and zero for A<p = 2n. The characteristic is therefore periodic, exhibiting both negative

and positive gains.

The operation of phase detectors is similar to that of differential amplifiers in that both

sense the difference between the two inputs, generating a proportional output.

15.1.2 Basic PLL Topology

To arrive at the concept of phase locking, let us consider the problem of aligning the output

phase of a VCO with the phase of a reference clock. As illustrated in Fig. 15.4(a), the rising
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edges of VVC o are “skewed” by A t seconds with respect to VC k, and we wish to eliminate

this error. Assuming that the VCO has a single control input, Vcont ,
we note that to vary the

phase, we must vary the frequency and allow the integration (p = f(wo 4“ Kvco Vcont) dt to

take place. For example, suppose as shown in Fig. 15.4(b), the VCO frequency is stepped to

a higher value at t = t \ . The circuit then accumulates phase faster, gradually decreasing the

phase error. At t - h, the phase error drops to zero and, if Vcont returns to its original value,

Vvco and VCk remain aligned. Interestingly, the alignment can be accomplished by stepping

the VCO frequency to a lower value for a certain time interval as well (Problem 15.2). Thus,

phase alignment can be achieved only by a (temporary) frequency change.

The foregoing experiment suggests that the output phase of a VCO can be aligned with

the phase of a reference if (1) the frequency of the VCO is changed momentarily, (2) a

means of comparing the two phases, i.e., a phase detector, is used to determine when the

VCO and reference signals are aligned. The task of aligning the output phase of the VCO

with the phase of the reference is called “phase locking.”

From the above observations, we surmise that a PLL simply consists of a PD and a VCO

in a feedback loop [Fig. 15.5(a)]. The PD compares the phases of Vout and Vin ,
generating

an error that varies the VCO frequency until the phases are aligned, i.e., the loop is locked.

Kout

^out

(a) (b)

Figure 15.5 (a) Feedback loop comparing input and output phases, (b) simple PLL.

This topology, however, must be modified because (1) as exemplified by the waveforms of

Fig. 15.2, the PD output, VPD ,
consists of a dc component (desirable) and high-frequency

components (undesirable), and (2) as mentioned in Chapter 14, the control voltage of the

oscillator must remain quiet in the steady state, i.e., the PD output must be filtered. We

therefore interpose a low-pass filter (LPF) between the PD and the VCO [Fig. 15.5(b)],

suppressing the high-frequency components of the PD output and presenting the dc level to

the oscillator. This forms the basic PLL topology. For now, we assume the LPF has a gain

of unity at low frequencies (e.g., as in a first-order RC section).

It is important to bear in mind that the feedback loop of Fig. 15.5(b) compares thq phases

of the input and output. Unlike the feedback topologies studied in the previous chapters,

PLLs typically require no knowledge of voltages or currents in their feedback operation. If

the loop gain is large enough, the difference between the input phase, 0 ( „, and the output

phase, (pout ,
falls to a small value in the steady state, providing phase alignment.

For subsequent analyses of PLLs, we must define the phase lock condition carefully. If

the loop of Fig. 15.5(b) is locked, we postulate that (pout - <pin is constant and preferably

small. We therefore define the loop to be locked if <p0ut
—

<Pin does not change with time.
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An important corollary of this definition is that

d(f>out d(pin

dt dt
(15.1)

and hence

(^out — tOin- (15.2)

This is a unique property of PLLs and will be revisited more closely later.

In summary, when locked, a PLL produces an output that has a small phase error with

respect to the input but exactly the same frequency. The reader may then wonder why a

PLL is used at all. A short piece of wire would seem to perform the task even better! We

answer this question in Section 15.5.

Example 15.2

Implement a simple PLL in CMOS technology.

Solution

Figure 15.6 illustrates an implementation utilizing an XOR gate as the phase detector. The VCO is

configured as a negative-Gm LC oscillator whose frequency is tuned by varactor diodes.

PLL Waveforms in Locked Condition In order to familiarize ourselves with the

behavior of PLLs, we begin with the simplest case: the circuit is locked and we wish to

examine the waveforms at each point around the loop. As illustrated in Fig. 15.7(a), Vin

and Vout exhibit a small phase difference but equal frequencies. The PD therefore generates

pulses as wide as the skew between the input and the output
1 and the low-pass filter extracts

the dc component of VPD , applying the result to the VCO. We assume the LPF has a gain

of unity at low frequencies. The small pulses in Vlpf are called “ripple.”

!

In this example, the PD produces pulses only on the rising transitions.
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Figure 15.7 (a) Waveforms in a PLL in locked condition, (b) calculation of phase error.

In the waveforms of Fig. 15.7(a), two quantities are unknown: 0o and the dc level of Vcont .

To determine these values, we construct the VCO and PD characteristics [Fig. 15.7(b)].

If the input and output frequencies are equal to a>\ ,
then the required oscillator control

voltage is unique and equal to V\ . This voltage must be produced by the phase detector,

demanding a phase error determined by the PD characteristic. More specifically, since

O)out = 0)0 + KvcoVcont and = KPD A0, we can write

0)1 - o>o

Kvco

and

00 =
Vi

Kpd

O) 1
— 0)0

KpdKvco

(15.3)

(15.4)

(15.5)

Equation (15.5) reveals two important points: (1) as the input frequency of the PLL varies,

so does the phase error; (2) to minimize the phase error, Kpu^vco must be maximized.

Example 15.3 —
A PLL incorporates a VCO and a PD having the characteristics shown in Fig. 15.8. Explain what

happens as the input frequency varies in the locked condition.

Solution

The PD characteristic is relatively linear near the origin but exhibits a small-signal gain of zero if

the phase difference equals ±7t/2, at which point the average output is equal to ±Vo- Now suppose
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the input frequency increases from coq, requiring a greater control voltage. If the frequency is high

enough (= cox ) to mandate Vcont — Vo, then the PD must operate at the peak of its characteristic.

However, the PD gain drops to zero here and the feedback loop fails. Thus, the circuit cannot lock if

a>in = (ox-

With the basic understanding of PLLs developed thus far, we now return to Eq. (15.2).

The exact equality of the input and output frequencies of a PLL in the locked condition

is a critical attribute. The significance of this property can be seen from two observations.

First, in many applications, even a very small (deterministic) frequency error may prove

unacceptable. For example, if a data stream is to be processed synchronously by a clocked

system, even a slight difference between the data rate and the clock frequency results in a

“drift,” creating errors (Fig. 1 5.9). Second, the equality would not exist if the PLL compared

the input and output frequencies rather than phases. As illustrated in Fig. 15.10(a), a loop

employing a frequency detector (FD) would suffer from a finite difference between a)in

and o)out due to various mismatches and other nonidealities. This can be understood by

an analogy with the unity-gain feedback circuit of Fig. 15.10(b). Even if the op amp’s

t

Figure 1 5.9 Drift of data with respect to clock in the presence of small frequency error.

Figure 15.10 (a) Frequency-locked loop, (b) unity-gain feedback amplifier.
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open-loop gain is infinity, the input-referred offset voltage leads to a finite error between Vin

and V0ut‘

Small Transients in Locked Condition Let us now analyze the response of a PLL

in locked condition to small phase or frequency transients at the input.

Consider a PLL in the locked condition and assume the input and output waveforms can

be expressed as

Vin (t) = Va coscuif (15.6)

Vouti0 = VB cos {co
x
t + <A)), (15.7)

where higher harmonics are neglected and 0o is the static phase error. Suppose, as shown in

Fig. 15 . 11 ,
the input experiences a phase step of 0i ait = fi, i.e., 0,-„ = <D\t + (p\u(t — 1\)}

Since the output of the LPF does not change instantaneously, the VCO initially continues to

Figure 1 5.1 1 Response of a PLL to a phase step.

oscillate at coi . The growing phase difference between the input and the output then creates

wide pulses at the output of the PD, forcing VLPF to rise gradually. As a result, the VCO

frequency begins to change, attempting to minimize the phase error. Note that the loop is

not locked during the transient because the phase error varies with time.

2
In this example,

(f>in and 4>out denote the total phases of the input and output, respectively.
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What happens after the VCO frequency begins to change? If the loop is to return to lock,

wout must eventually go back to requiring that VLPF and hence <j>out - <pin also return

to their original values. Since
<f>in has changed by (pi ,

the variation in the VCO frequency is

such that the area under coout provides an additional phase of <pi in <pout :

poo

I Woutdt ~ (p\. (15.8)

Jn

Thus, when the loop settles, the output becomes equal to

K>«*(0 — Vb cos[<wif -\- <po + (piu(t — ti)\. (15.9)

Consequently, as shown in Fig. 15.1 1, <pout gradually “catches up” with tpin .

It is important to make two observations. (1) After the loop returns to lock, all of the

parameters (except for the total input and output phases) assume their original values. That is,

(pin
~

<Pout , Vlpf> and the VCO frequency remain unchanged—an expected result because

these three parameters bear a one-to-one relationship and the input frequency has stayed

the same. (2) The control voltage of the oscillator can serve as a suitable test point in the

analysis of PLLs. While it is difficult to measure the time variations of phase and frequency

in Fig. 15.1 1, Vcont{— Vlpf) can be readily monitored in simulations and measurements.

The reader may wonder whether an input phase step always gives rise to the response

shown in Fig. 15.1 1. For example, is it possible for ViPF to ring before settling to its final

value? Such behavior is indeed possible and will be quantified in Section 15.1.3.

Let us now examine the response of PLLs to a small input frequency step Aco at l =t\

(Fig. 15.12). As with the case of a phase step, the VCO initially continues to oscillate at

I n n n n n i i

Figure 1 5.1 2 Response of a PLL to a small frequency step.
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W]. Thus, the PD generates increasingly wider pulses, and Vlpf rises with time. As coout

approaches <o\ + A the width of the pulses generated by the PD decreases, eventually

settling to a value that produces a dc component equal to Oi + Aco— coq)/KVCo In contrast

to the case of phase step, the response of a PLL to a frequency step entails a permanent

change in both the control voltage and the phase error. If the input frequency is varied

slowly, o)out simply “tracks” coin .

The exact settling behavior of PLLs depends on the various loop parameters and will be

studied in Section 15.1.3. But, to arrive at an important observation, we consider the phase

step response depicted in Fig. 15.13, where Vcont rings before settling to its final value.

V,
in

'out jmimnnjm^
'cont

*1 *2 ‘3

Figure 1 5.1 3 Example of phase step response.

Consider the state of the loop at t — t2 . At this point, the output frequency is equal to its

final value (because Vcont is equal to its final value) but the loop continues the transient

because the phase error deviates from the required value. Similarly, at t = ?3 ,
the phase

error is equal to its final value but the output frequency is not. In other words, for the loop

to settle, both the phase and the frequency must settle to proper values.

Example 15.4 ,, , .

Consider the PLL shown in Fig. 15.14, where an external voltage V€X is added to the output of

the low-pass filter.
3

(a) Determine the phase error and Vlpf if the loop is locked and Vex = V\.

(b) Suppose Vex steps from V\ to V2 at t = t\ . How does the loop respond?

Solution

(a) If the loop is locked, a)out -<x>\ n and Vcon t

~ —two)/KVC O- Thus, Vlpf = (<oin~m)/Kvco~
V\ and A<j) = Vlpf /

K

pd = (win ~ wq)/(KpdKvco )
- V\ /Kpd-

(b) When Vex steps from V\ to V2 ,
Vcont immediately goes from (&>/„ - coo)/Kyco to (<wj„ -

m)/Kvco + (V2 - Vi), changing the VCO frequency to coin - KVco(V\ - V2 ). Since VL pf
cannot change instantaneously, the PD begins to generate increasingly wider pulses, raising Vlpf

and increasing a)out . When the loop returns to lock, a)out becomes equal to cu
r
-„ and Vlpf = (win

~

wq)/Kvco ~ V2 - The phase error also changes to (a>in — u>o)/(Kpd^vco)~ V2/Kpo - Note that the

3
This topology is used for some types of frequency modulation in wireless communication.
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jnjijnjnjnjnjnjnj^jnjnj~L

area under a)out during the transient is equal to the change in the output phase and hence the change

in the phase error:

/

00
. Vi -V2

(Doutdt — — .

&PD
( 15 . 10

)

From our study thus far, we conclude that phase-locked loops are “dynamic” systems,

i.e., their response depends on the past values of the input and output. This is to be expected

because the low-pass filter and the VCO introduce poles (and possibly zeros) in the loop

transfer function. Moreover, we note that, so long as the input and the output remain

perfectly periodic (i.e., = win t and (j>out = win t + 0O ), the loop operates in the steady

state, exhibiting no transient. Thus, the PLL only responds to variations in the excess phase

of the input or output. For example, in Fig. 15.11, (pin = o)\t + <f)\u(t — t\) and in Fig. 15.12,

(pin = co\t + Aw • tu(t — 1
1 ).

15.1.3 Dynamics of Simple PLL

With the qualitative analysis of PLLs in the previous section, we can now study their

transient behavior more rigorously. Assuming the loop is initially locked, we treat the

PLL as a feedback system but recognize that the output quantity in this analysis must be
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the (excess) phase of the VCO because the ‘"error amplifier” can only compare phases. Our

objective is to determine the transfer function Q>out (s)/$i n (s) for both open-loop and closed-

loop systems and subsequently study the time-domain response. Note that the dimensions

change from phase to voltage through the PD and from voltage to phase through the VCO.

What does <b out (s)/$i n (s) signify? An analogy with more familiar transfer functions

proves useful here. A circuit having a transfer function Vout (s)/Vi„(s) = 1/(1 + s/cdq) is

considered a low-pass filter because if V/„ varies rapidly, Vout cannot fully track the input

variations. Similarly, <&0ut(s)/ O^ts) reveals how the output phase tracks the input phase if

the latter changes slowly or rapidly.

To visualize the variation of the excess phase with time, consider the waveforms in

Fig. 15.15. The period varies slowly in Fig. 15.15(a) and rapidly in Fig. 15.15(b). Thus,

yi(t) experiences faster phase variation than does

yi(t)

»

_l Lj LJ i i i i i i i lj LfL^
(a)

y2 (0

TTlTlJinJlJTJm ;

(b)

Figure 1 5.1 5 Slow and fast variation of the excess phase.

Let us construct a linear model of the PLL, assuming a first-order low-pass filter for

simplicity. The PD output contains a dc component equal to KpD(4>out — <t>in ) as well as high-

frequency components. Since the latter are suppressed by the LPF, we simply model the PD
by a subtractor whose output is “amplified” by Kpp. Illustrated in Fig. 15.16, the overall

PLL model consists of the phase subtractor, the LPF transfer function 1/(1 +s/<olpf).

PD LPF VCO

where (j£>lpf denotes the -3-dB bandwidth, and the VCO transfer function K Vco/s. Here,

<!>,•„ and d>OH/ denote the excess phases of the input and output waveforms, respectively. For

example, if the total input phase experiences a step change, <p\u(t), then <&,„($) = </>i/s.
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The open-loop transfer function is given by

«(*) lopen = ^Wlopeo (15.11
'Pin

„ 1 Kvco= Kpd 5
—

, (15.12

1 +— s

&LPF

revealing one pole at s — —wLpf and another at s = 0. Note that the loop gain is equal t<

H(s ) | open because of the unity feedback factor. Since the loop gain contains a pole at tfo

origin, the system is called “type I”

Before computing the closed-loop transfer function, let us make an important observa

tion. What is the loop gain \fs is very small, i.e., if the input excess phase varies very slowly

Owing to the pole at the origin, the loop gain goes to infinity as s approaches zero, a poin

of contrast to the feedback circuits studied in Chapters 8 and 10. Thus, the phase-locke(

loop (under closed-loop, locked condition) ensures that the change in <pou t is exactly equa

to the change in <pin as 5 goes to zero. This result predicts two interesting properties o

PLLs. First, if the input excess phase varies very slowly, the output excess phase “tracks’

it. (After all, (j)out is “locked” to <pin .) Second, if the transients in <j>in have decayed (anothe;

case corresponding to s 0), then the change in <pout is precisely equal to the change ii

(pin . This is indeed true in the example depicted in Fig. 15.11.

From (15.12), we can write the closed-loop transfer function as:

H(^) I closed
- KpdKvco

(15.13

b s + KpoKyco
(*>LPF

For the sake of brevity, we hereafter denote H(s)
| ci0sed simply by H(s) or 0ow/ /^>in . As

expected, if s 0, H(s) — 1 because of the infinite loop gain.

In order to analyze H(s) further, we derive a relationship that allows a more intuitive

understanding of the system. Recall that the instantaneous frequency of a waveform is equal

to the time derivative of the phase: co — d<p/dt. Since the frequency and the phase are related

by a linear operator, the transfer function of (15.13) applies to variations in the input and

output frequencies as well:

Worn

,

.
KpoKyco

/ 1 c i0 )
= 5

• ( 15 - 14)

Win S
l

b s 4- KpoKyco
&>LPF

For example, this result predicts that if win changes very slowly (s —» 0), then wout tracks

Win ,
again an expected result because the loop is assumed locked. Equation (15.14) also

indicates that if Win changes abruptly but the system is given enough time to settle (

s

-> 0),

then the change in wout equals that in win (as illustrated in the example of Fig. 15.12).

The above observation aids the analysis in two directions. First, some transient responses

of the closed-loop system may be simpler to visualize in terms of changes in the frequency

quantities rather than phase quantities. Second, since a change in wout must be accompanied
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by a change in Vcont ,
we have

H(s) = Kvco ——(s). (15.15)
<*>in

That is, monitoring the response of Vcont to variations in a>i n indeed yields the response of

the closed-loop system.

The second-order transfer function of (1 5. 13) suggests that the step response of the type I

system can be overdamped, critically damped, or underdamped. To derive the condition for

each case, we rewrite the denominator in a familiar form used in control theory, s
2
+2f con s +

o>
2

, where f is the “damping ratio” and con is the “natural frequency” That is,

H(s) =
<ot

s 2 + 2£con s + CO
2 ’

where

CO,*n
~ WlpfKpdKvco

1 /
OJL pf

2 V KpdKvco

The two poles of the closed-loop system are given by

s\a = -£(i>n ± y (f
2 - 1)^

= ± Vf 2 - 1)<W#|.

(15.16)

(15.17)

(15.18)

(15.19)

(15.20)

Thus, if ( > 1, both poles are real, the system is overdamped, and the transient response

contains two exponentials with time constants \/s\ and l/si. On the other hand, if f < 1,

the poles are complex and the response to an input frequency step a>i n = Acou(t) is equal

to

Wout(t) = \ 1 - e
<(0at

[co$(Q)n y/l - $
2
t) + sin^yi - f

2
r)]

Vi-? 2

= [i- -e sin(w„yi - f
2
? + 9)]A(ou(t),

Awu(t) (15.21)

(15.22)

where a)out denotes the change in the output frequency and 9 — sin”
1

y^l - f
2

. Thus, as

shown in Fig. 15.17, the step response contains a sinusoidal component with a frequency

o)ny/ 1 — f
2 that decays with a time constant (^(on

)~ {

. Note that the system exhibits the

same response if a phase step is applied to the input and the output phase is observed.

The settling speed of PLLs is of great concern in most applications. Equation (15.22)

indicates that the exponential decay determines how fast the output approaches its final
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w
in

e"
c®nf

Figure 15.1 7 Underdamped response

of PLL to a frequency step.

value, implying that £(on must be maximized. For the type I PLL under study here, (15.17)

and (15.18) yield

1

= -&LPF- (15.23)

This result reveals a critical trade-off between the settling speed and the ripple on the VCO
control line: the lower coipf, the greater the suppression of the high-frequency components

produced by the PD but the longer the settling time constant.

Example 15.5 —— - —
A cellular telephone incorporates a 900-MHz phase-locked loop to generate the carrier frequencies.

If coipf = 2n x (20 kHz) and the output frequency is to be changed from 901 MHz to 901.2 MHz,

how long does the PLL output frequency take to settle within 100 Hz of its final value?

Solution

Since the step size is 200 kHz, we have

[1 _ sin(<u„y 1 - t;
2
ts + 9)] x 200 kHz = 200 kHz - 100 Hz. (15.24)

Thus,

e~K^nU sin^V 1 - t;
2
ts + 6) = (15.25)v s 4 ' 200 kHz

V ;

In the worst case, the sinusoid is equal to unity and

= 0.0005. (15.26)

7.6
ts — (15.27)

15.2
(15.28)

&LPF

— 0.12 ms. (15.29)
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£ = 0.2

Figure 15.18 Underdamped response of a second-order

system for various values of

In addition to the product f £w„, the value of f itself is also important. Illustrated in

Fig. 15.18 for several values of f and a constant wn , the step response exhibits severe

ringing for f <0.5. In view of process and temperature variation of the loop parameters,

( is usually chosen to be greater than y/2/2 or even 1 to avoid excessive ringing.
4

The choice of f entails other trade-offs as well. First, (15.18) implies that as coLPF is

reduced to minimize the ripple on the control voltage, the stability degrades. Second, (15.5)

and (15.18) indicate that both the phase error and f are inversely proportional to KPDKvco ;

lowering the phase error inevitably makes the system less stable. In summary, the type I

PLL suffers from trade-offs between the settling speed, the ripple on the control voltage

(i.e., the quality of the output signal), the phase error, and the stability.

The stability behavior of PLLs can also be analyzed graphically, providing more insight.

Recall from Chapter 10 that the Bode plots of the magnitude and phase of the loop gain

readily yield the phase margin. Let us utilize (15.12) to construct such plots. As shown in

Fig. 15.19, the loop gain begins from infinity at to = 0 and falls at a rate of 20 dB/dec for

(o <o)LPF and at a rate of40 dB/dec thereafter. The phase begins at -90° and asymptotically

reaches -180°.

What happens if a higher KPP>Kyco is chosen so as to minimize (j)out — 0,-„? Since

the entire gain plot in Fig. 15.19 is shifted up, the gain crossover moves to the right, thus

degrading the phase margin. This is consistent with the dependence of £ upon KPDKVCo •

As observed thus far, KPDKVC o impacts many important parameters of PLLs. This

quantity is sometimes called the loop gain (even though it is not dimensionless) due to the

resemblance of A<p = (coout - o)q)/{KpdK Vco)^ the error equation in a feedback system.

The stability behavior of type I PLLs can also be analyzed by the locus of their poles in

the complex plane as the parameter KPDKVCo varies (Fig. 15.20). With KPD KVCo = 0,

4The value of f may also yield peaking in the transfer function. Thus, some applications require a £ of 5 to 10

to avoid peaking in the presence of higher order poles.
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Figure 15.20 Root locus of type I

PLL.

the loop is open, f = oo, and the two poles are given by s
i
= —coLPF and si = 0. As

KpdKvco increases (i.e., the feedback becomes stronger), f drops and the two poles, given

by *i ,2 = (-? ± V? 2 - iMi, move toward each other on the real axis. For f = 1 (i.e.,

KpdKvco — ^>lpf /4), si = S2 — ~^o)n — —o)ppp/2. As KpoKyco increases further,

the two poles become complex, with a real part equal to — f con — —q)ipF /2, moving in

parallel with the jco axis.

We recognize from Fig. 15.20 that, as s\ and S2 move away from the real axis, the system

becomes less stable. In fact, the reader can prove that cos (p
= f (Problem 15.8), concluding

that as (p approaches 90°, f drops to zero.

Another transfer function that reveals the settling behavior of PLLs is that of the error at

the output of the phase subtractor in Fig. 15.16. Defined as He (s) = (<j>in - (p0ut)/<t>in

,

this

transfer function can be obtained by noting that = H(s) and, from (15.13),

He (s) = 1 - H(s)

s
2 + Q)n s

s
2 + 2f (Dn S + 0)n

(15.30)

(15.31)
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As expected, He (s) 0 if s 0 because the output tracks the input when the input varies

very slowly or the transient has settled.

Example 15.6 -

Suppose a type I PLL experiences a frequency step Aw at t — 0. Calculate the change in the phase

error.

Solution

The Laplace transform of the frequency step equals Aw/s, Since He (s) relates the phase error to the

input phase, we write = (Aw/s)/s = Aw/s 2
. Thus, the Laplace transform of the phase error is

Aw
= He (s) •

-
r

_ s
2 + 2$wn s Aw

s2 + 2i;wn s + w2 s 2

(15.32)

(15.33)

From the final value theorem,

<j)e {t = oo) = lim s<l>e (s)
s -*-0

(15.34)

A—Aw (15.35)

Aw

KpdKvco
’ (15.36)

which agrees with (15.5).

15.2 Charge-Pump PLLs

While type I PLLs have been realized widely in discrete form, their shortcomings often

prohibit usage in high-performance integrated circuits. In addition to the trade-offs between

and the phase error, type I PLLs suffer from another critical drawback: limited

acquisition range.

15.2.1 Problem of Lock Acquisition

Suppose when a PLL circuit is turned on, its oscillator operates at a frequency far from the

input frequency, i.e., the loop is not locked. Under what conditions does the loop “acquire”

lock? The transition of the loop from unlocked to locked condition is a very nonlinear

phenomenon because the phase detector senses unequal frequencies. The problem of lock

acquisition in type I PLLs has been studied extensively [1,2], but we state without proof
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that the “acquisition range”
5

is on the order of a)LPF , that is, the loop locks only if the

difference between a)in and o)out is less than roughly (Olpf -

6

The problem of lock acquisition further tightens the trade-offs in type I PLLs. If (Oipf is

reduced to suppress the ripple on the control voltage, the acquisition range decreases. Note

that even if the input frequency has a precisely controlled value, a wide acquisition range

is often necessary because the VCO center frequency may vary considerably with process

and temperature. In most of today’s applications, the acquisition range of the simple PLL

studied thus far proves inadequate.

In order to remedy the acquisition problem, modem PLLs incorporate frequency detec-

tion in addition to phase detection. Called “aided acquisition” and illustrated in Fig. 15.21,

the idea is to compare cu
(
-„ and a)ou t

by means of a frequency detector, generate a dc com-

V,
in

Win

Figure 15.21 Addition of frequency

detection to increase the acquisition

range.

ponent Vlpf2 proportional to cu,- n — a)out , and apply the result to the VCO in a negative-

feedback loop. At the beginning, the FD drives a)out toward o)[n while the PD output remains

“quiet.” When \coout - co{n |

is sufficiently small, the phase-locked loop takes over, acquiring

lock. Such a scheme increases the acquisition range to the tuning range of the VCO.7

15.2.2 Phase/Frequency Detector and Charge Pump

For periodic signals, it is possible to merge the two loops of Fig. 1 5.2 1 by devising a circuit

that can detect both phase and frequency differences. Called a phase/frequency detector

(PFD) and illustrated conceptually in Fig. 15.22, the circuit employs sequential logic to

create three states and respond to the rising (or falling) edges of the two inputs. If initially

Qa — Qb = 0 .
then a rising transition on A leads to Q A = 1

, Q B = 0 . The circuit remains

5
Acquisition range, tracking range, lock range, capture range, and pull-in range are often used to describe the

behavior of PLLs in the presence of input or VCO frequency variation. For our purposes, the acquisition range,

the capture range, and the pull-in range are the same. The tracking range refers to the input frequency range across

which a locked PLL can track the input. With the addition of frequency detection, the acquisition range becomes

equal to the tracking range (for periodic signals).

6This is a very rough estimate. In practice, the acquisition range may be several times narrower or wider. It is

also assumed that the tuning range of the VCO is large enough not to limit the acquisition range.

7This may not be true if the input is not periodic.
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Figure 1 5.22 Conceptual operation of a PFD.

in this state until B goes high, at which point QA returns to zero. The behavior is similar

for the B input.

In Fig. 15.22(a), the two inputs have equal frequencies but A leads B. The output Q A

continues to produce pulses whose width is proportional to <pA - (j)B while Q B remains at

zero. In Fig. 15.22(b), A has a higher frequency than B and Q A generates pulses while Q B

does not. By symmetry, if A lags B or has a lower frequency than B , then Q B produces

pulses and QA remains quiet. Thus, the dc contents of QA and Q B provide information

about 0a ~ <Pb or coA - (db . The outputs Q A and Q B are called the “UP” and “DOWN”
pulses, respectively.

Example 15.7 -

Explain whether a master-slave D flipflop can operate as a phase detector or a frequency detector.

Assume the flipflop provides differential outputs.

Solution

As shown in Fig. 15.23(a), we first apply inputs having equal frequencies and a finite phase difference,

assuming the output changes on the rising edge of the clock input. IfA leads B
,
then Vout remains at a

logical ONE indefinitely because the flipflop continues to sample the high levels of A. Conversely, if

A lags 5, then Vout remains low. Plotted in Fig. 15.23(b), the input-output characteristic of the circuit

displays a very high gain at A0 = 0, ±tt, •
• and a zero gain at other values of A0. The D flipflop

is sometimes called a “bang-bang” phase detector to emphasize that the average value of Vout jumps
from - Fi to +Vi as A0 varies from slightly below zero to slightly above zero.
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Now let us assume unequal frequencies for A and B. If the fiipflop is to behave as

a frequency detector, then the average value of Vout must exhibit different polarities for

ooA > cos and coA < a)B . However, as illustrated in Fig. 15.23(c), the average value is zero

in both cases.

The circuit of Fig. 15.22 can be realized in various forms. Figure 15.24(a) shows a

simple implementation consisting of two edge-triggered, resettable D flipflops with their

D inputs tied to a logical ONE. The inputs of interest, A and B, serve as the clocks of the

flipflops. If Q a — Qb = 0 and A goes high, Q A rises. If this event is followed by a rising

transition on B,Q b goes high and the AND gate resets both flipflops. In other words, Qa

and Q b are simultaneously high for a short time but the difference between their average

values still represents the input phase or frequency difference correctly. Each fiipflop can be

implemented as shown in Fig. 15.24(b), where two RS latches are cross-coupled. Latch 1

and Latch 2 respond to the rising edges of CK and Reset, respectively.

A o D Q

Bo CK Q

-O +

^out

A

B

^out

--+*1

t

(a)

t

Time Average i

Of I'out

+*1

-71 0
71

A<|>

-Vi

(b)

* ^^n_rumrLr^
b Anuirninruiruu
3

i i i i

* jiruiruiruruiruiri
° ^mrururuumj

,

out \ t | |

Figure 15.23 (a) D fiipflop as a phase detector, (b) input/output characteristic, (c) response of D fiipflop to unequal input

frequencies.
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Figure 1 5.24 (a) Implementation of PFD, (b) implementation of D flipflop.

Example 15.8 --

Determine the width of the narrow reset pulses that appear in the Qb waveform in Fig. 15.24(a).

Solution

Figure 15.25(a) illustrates the overall PFDat the gate level. If the circuit begins with A = 1
, QA = 1

,

and Qb = 0, a rising edge on B forces Q B to go low and, one gate delay later, Qb to go high. As

Figure 15.25
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shown in Fig. 15.25(b), this transition propagates to Reset, E, E, Q a, Reset, F, F, and Qb Thus,

the width of the pulse on Qb is approximately equal to 10 gate delays.
8

It is instructive to plot the input-output characteristic of the above PFD. Defining the

output as the difference between the average values of Qa and Qb when oja — &B and

neglecting the effect of the narrow reset pulses, we note that the output varies symmetrically

as \A((>\ begins from zero (Fig. 15.26). For = ±360°, V™, reaches its maximum or

minimum and subsequently changes sign.

Figure 15.26 Input-output characteristic of the three-

state PFD.

How is the PFD of Fig. 15.24(a) utilized in a phase-locked loop? Since the difference

between the average values of Qa and Qb is of interest, the two outputs can be low-pass

filtered and sensed differentially (Fig. 15.27). However, a more common approach is to

interpose a “charge pump” (CP) between the PFD and the loop filter.

^out

Figure 1 5.27 PFD followed by low-pass filters.

A charge pump consists of two switched current sources that pump charge into or out of

the loop filter according to two logical inputs. Figure 15.28 illustrates a charge pump driven

by a PFD and driving a capacitor. The circuit has three states. If Qa = Qb = 0, then Si

8This is a rough approximation because the NAND gate, the inverter, and the NOR gates have different delays

and fanouts.
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t

Figure 15.28 PFD with charge pump.

and 1S2 are off and Vout remains constant. If Qa is high and Qb is low, then / 1
charges Cp .

Conversely, if Qa is low and Qb is high, then h discharges Cp. Thus, if, for example, A
leads B ,

then Q A continues to produce pulses and Vout rises steadily. Called UP andDOWN
currents, respectively, /1 and h are nominally equal.

Example 15.9 — —

What is the effect of the narrow pulses that appear in the Qb waveform in Fig. 15.28?

Solution

Since Qa and Qb are simultaneously high for a finite period (approximately 10 gate delays from

Example 15.8), the current supplied by the charge pump to Cp is affected. In fact, if I\ = ?2 ,
the

current through S\ simply flows through S2 during the narrow reset pulse, leaving no current to charge

Cp. Thus, as shown in Fig. 15.29, Vou remains constant after Qb goes high.

t

Figure 15.29
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The circuit of Fig. 15.28 has an interesting property. If A, say, leads B by a finite amount,

Qa produces pulses indefinitely, allowing the charge pump to inject I\ into Cp and forcing

Vout to rise steadily. In other words, for a finite input error, the output eventually goes to

+oo or —oo, i.e., the “gain” of the circuit is infinity. The consequences of infinite gain are

described below.

15.2.3 Basic Charge-Pump PLL

Let us now construct a PLL using the circuit of Fig. 15.28. Shown in Fig. 15.30 and called

a charge-pump PLL, such an implementation senses the transitions at the input and output,

Figure 1 5.30 Simple charge-pump PLL.

detects phase or frequency differences, and activates the charge pump accordingly. When

the loop is turned on, coout may be far from and the PFD and the charge pump vary the

control voltage such that coout approaches a>in . When the input and output frequencies are

sufficiently close, the PFD operates as a phase detector, performing phase lock. The loop

locks when the phase difference drops to zero and the charge pump remains relatively idle.

As observed above, the gain of the PFD/CP combination is infinite, i.e., a nonzero

(deterministic) difference between <pin and <pout leads to indefinite charge buildup on Cp.

What is the consequence of this attribute in a charge-pump PLL? When the loop of Fig. 15.30

is locked, Vcont is finite. Therefore, the input phase error must be exactly zero.
9
This is in

contrast to the behavior of the type I PLL, in which the phase error is finite and a function

of the output frequency.

To gain more insight into the operation of the PLL shown in Fig. 15.30, let us ignore

the narrow reset pulses on Qa and Q B and assume that after (j)out — 0,-„ drops to zero,

the PFD simply produces Q A = Qb — 0. The charge pump thus remains idle and Cp

sustains a constant control voltage. Does this mean that the PFD and the CP are no longer

needed?! If Vcont remains constant for a long time, the VCO frequency and phase begin to

9As explained in Section 15.3.1, mismatches still yield a finite phase error.
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drift. In particular, the noise sources in the VCO create random variations in the oscillation

frequency that can result in a large accumulation of phase error. The PFD then detects

the phase difference, producing a corrective pulse on QA or Q B that adjusts the VCO
frequency through the charge pump and the filter. This is why we stated earlier that the

PLL responds only to the excess phase of waveforms. We also note that, since in Fig. 15.30

phase comparison is performed in every cycle, the VCO phase and frequency cannot drift

substantially.

Dynamics of CPPLL In order to quantify the behavior of charge-pump PLLs, we must

develop a linear model for the combination of the PFD, the charge pump, and the low-pass

filter, thereby obtaining the transfer function. We therefore raise two questions: (1) Is the

PFD/CP/LPF combination in Fig. 15.28 a linear system? (2) If so, how can its transfer

function be computed?

To answer the first question, we test the system for linearity. For example, as illustrated

in Fig. 15.31(a), we double the input phase difference and see if Vout exactly doubles.

j4n_n_n_rL * jTLr’i_n_rL

»JrLn_n_n_ 8 lri_rLrLrL
A<|>

^out

(a)

Figure 15.31 (a) Test of linearity of PFD/CP/LPF combination, (b) ramp approximation of the

response.

Interestingly, the flat sections of Vout double but not the ramp sections. After all, the current

charging or discharging Cp is constant, yielding a constant slope for the ramp—an effect

similar to slewing in op amps. Thus, the system is not linear in the strict sense. To overcome

this quandary, we approximate the output waveform by a ramp [Fig. 15.31(b)], arriving at a

linear relationship between Vout and A0. In a sense, we approximate a discrete-time system

by a continuous-time model.

To answer the second question, we recall that the transfer function is the Laplace trans-

form of the impulse response, requiring that we apply a phase difference impulse and
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compute Vout in the time domain. Since a phase difference impulse is difficult to visualize,

we apply a phase difference step, obtain Vout ,
and differentiate the result with respect to time.

Let us assume the input period is Tm and the charge pump provides a current of ±/p to

the capacitor. As shown in Fig. 15.32, we begin with a zero phase difference and, at t = 0,

step the phase of B by i.e., A
<f>
- <t>ou(t). As a result, Q A or Q B continues to produce

T,
in

-njrLTLrLTLrL
*jnji40J

-
LrLri

’a n n n n

''out

Figure 1 5.32 Step response of PFD/CP/LPF combination.

pulses that are <t>$Tin /(27z) seconds wide, raising the output voltage by (Ip/CP )<poTin /(27t

)

in every period.
10 Approximated by a ramp, Vout thus exhibits a slope of (IP /

C

P )(po/(2tt)

and can be expressed as

Ip
VM (t) = t <p0 u(t).

2nCp
(15.37)

The impulse response is therefore given by

m ~2,Cr

“ (,> -
(15.38)

yielding the transfer function

Vo,, h 1

A (j)

S
2irCp s

(15.39)

Consequently, the PFD/CP/LPF combination contains a pole at the origin, a point of contrast

to the PD/LPF circuit used in the type I PLL. In analogy with the expression KVCo A* we

call Ip/ilnCp) the “gain” of the PFD and denote it by Kppw

Example 15.10 — -

Suppose the output quantity of interest in the circuit of Fig. 1 5.28 is the current injected by the charge

pump into the capacitor. Determine the transfer function from A0 to this current, Iout .

10We neglect the effect of the narrow reset pulses that appear in the other output.
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Solution

Since Vout (s )
= lout/(Cps\ we have

lout

A0
{s) =

Ip

2ti
(15.40)

Let us now construct a linear model of charge-pump PLLs. Shown in Fig. 15.33, the

model gives an open-loop transfer function

&out

,

,, _ h Kvco
"(Ulopen —

lizCp
(15.41)

Since the loop gain has two poles at the origin, this topology is called a “type II” PLL. The

closed-loop transfer function, denoted by H(s) for the sake of brevity, is thus equal to

IpKvco

H(s) =
In Ci

s
2 +

IpKvco

2ttC p

(15.42)

This result is alarming because the closed-loop system contains two imaginary poles at

s\ 2 = ±jy/IpKVco/@nCp) and is therefore unstable. The instability arises because

the loop gain has only two poles at the origin, (i.e., two ideal integrators). As shown in

Fig. 15.34(a), each integrator contributes a constant phase shift of 90°, allowing the system

to oscillate at the gain crossover frequency.

PFD/CP/LPF VCO

4* in 0—j—
i

ip i

2it CP s

1

1

1

1

1

1

1

1

1

1

Kvco

s

i -f
1

1

1

^out

Figure 1 5.33 Linear model of simple charge-pump PLL.

In order to stabilize the system, we must modify the phase characteristic such that

the phase shift is less than 180° at the gain crossover. As shown in Fig. 15.34(b), this is

accomplished by introducing a zero in the loop gain, i.e., by adding a resistor in series with

the loop filter capacitor (Fig. 15.35). Using the result of Example 15.10, the reader can

prove (Problem 15. 1 1) that the PFD/CP/LPF now has a transfer function

V,out

A<p

IP ( \

w = &(*' + c^
It follows that the PLL open-loop transfer function is equal to

__
Ip

, w open — ^
$;« 2jt

Rp +
_±_\Kvco

Cps ) s

(15.43)

(15.44)
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Figure 15.34 (a) Loop gain characteristics of simple charge-pump PLL, (b) addition of zero.

and hence

H(s) =

IpKyco

2nCp
(RpCps + 1 )

s
1

Ip
+ ——KycoRp$ +

In

h
2nCp

Kvco

(15.45)

The closed-loop system contains a zero at sz
= — 1j{RpCp). Using the same notation as

that for the type I PLL, we have

a**
IpKvco

(15.46)
2nCP
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Rp jlpCpKyco

TV 2tt
(15.47)

As expected, if Rp =0, then f = 0. With complex poles, the decay time constant is given

by 1 /($a)n )
= 4it/{RplpKyco)*

Stability Issues The stability behavior of type II PLLs is quite different from that of

type I PLLs. We begin the analysis with the Bode plots of the loop gain [Eq. (15.44)]. Shown

in Fig. 15.36, these plots suggest that if IpKyco decreases, the gain crossover frequency

Figure 15.36 Stability degradation

of charge-pump PLL as IpKyco
decreases.

moves toward the origin, degrading the phase margin. Predicted by (15,47), this trend is in

sharp contrast to that expressed by (15.18) and illustrated in Fig. 15.19.

It is also possible to construct the root locus of the closed-loop system in the complex

plane. For IPKVCo = 0 (e.g., Ip = 0), the loop is open and both poles lie at the origin. For

IpKyco > 0, we have, sy 2 = -$(on ± a>n y/c
2 -

1, and, since f a VIpKyco , the poles

are complex if IpKVCo is small. The reader can prove (Problem 15.14) that as IP KyCo

increases, s

\

and s2 move on a circle centered at a = -
1 /(RPCP ) with a radius 1 /(R PCP )

(Fig. 15.37). The poles return to the real axis at f = 1, assuming a value of —2/(R P Cp).

For f > 1, the poles remain real, one approaching -1 /(RP Cp) and the other going to -oo

as IpKyco +oo. Since for complex s

\

and si, ? = cos <p, we observe that as IpKyco
exceeds zero, the system becomes more stable.
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The compensated type II PLL of Fig. 15.35 suffers from a critical drawback. Since the

charge pump drives the series combination of RP and CP , each time a current is injected into

the loop filter, the control voltage experiences a large jump. Even in the locked condition,

the mismatches between l\ and /2 and the charge injection and clock feedthrough of S\

and S2 introduce voltage jumps in Vcont , The resulting ripple severely disturbs the VCO,

corrupting the output phase. To relax this issue, a second capacitor is usually added in

parallel with Rp and Cp (Fig. 15.38), suppressing the initial step. The loop filter now is of

V,in

^out

Figure 15.38 Addition of C2 to reduce ripple on the control line.

second order, yielding a third-order PLL and creating stability difficulties [4]. Nonetheless,

if C2 is about one-fifth to one-tenth of Cp, the closed-loop time and frequency responses

remain relatively unchanged.

Equation (15.47) implies that the loop becomes more stable as RP increases. In reality,

as Rp becomes very large, the stability degrades again. This effect is not predicted by

the foregoing derivations because we have approximated the discrete-time system by a

continuous-time loop. A more accurate analysis is given in [2], but simulations are often

necessary to determine the stability bounds of CPPLLs.

15.3 Nonideal Effects in PLLs

15.3.1 PFD/CP Nonidealities

Several imperfections in the PFD/CP circuit lead to high ripple on the control voltage even

when the loop is locked. As mentioned earlier, the ripple modulates the VCO frequency,

producing a waveform that is no longer periodic. In this section, we study these nonidealities.

The PFD implementation of Fig. 15.24(a) generates narrow, coincident pulses on both

Qa and Q B even when the input phase difference is zero. As illustrated in Fig. 15.39, if

A and B rise simultaneously, so do QA and Qg, thereby activating the reset. That is, even

when the PLL is locked, Q A and Qp simultaneously turn on the charge pump for a finite

period TP ~ 10To, where TD denotes the gate delay (Example 15.8).
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* jTJin_rL
'JISITLTL
~rTf

i i i

||ll Figure 15.39 Coincident pulses

— generated by PFD with zero phase

* difference.

What are the consequences of the reset pulses on Q A and 2 #? To understand why these

pulses are desirable
,
we consider a hypothetical PFD that produces no pulses for a zero

input phase difference [Fig. 15.40(a)], How does such a PFD respond to a small phase

error? As shown in Fig. 15.40(b), the circuit generates very narrow pulses on Q A or Q B .

t t

(a) (b)

Figure 15.40 Output waveforms of a hypothetical PD with (a) zero input phase difference, and

(b) a small input phase difference.

However, owing to the finite risetime and falltime resulting from the capacitance seen at

these nodes, the pulse may not find enough time to reach a logical high level, failing to turn

on the charge pump switches. In other words, if the input phase difference, A0, falls below

a certain value 0o, then the output voltage of the PFD/CP/LPF combination is no longer a

function of A0. Since, as depicted in Fig. 15.41, for |A0| < 0O the charge pump injects

Figure 1 5.41 Dead zone in the charge

pump current.
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no current, Eq. (15.41) implies that the loop gain drops to zero and the output phase is not

locked. We say the PFD/CP circuit suffers from a dead zone equal to ±<po around A(f> = 0.

The dead zone is highly undesirable because it allows the VCO to accumulate as much

random phase error as 0o with respect to the input while receiving no corrective feedback.

Thus, as illustrated in Fig. 15.42, the zero crossing points of the VCO output experience

substantial random variations, an effect called “jitter”

— ^TUTUT-TL-TL
VCO Output

Figure 1 5.42 Jitter resulting from the dead zone.

Interestingly, the coincident pulses on QA and Q B can eliminate the dead zone. This is

because, for A<p = 0, the pulses always turn on the charge pump ifthey are sufficiently wide.

Consequently, as shown in Fig. 15.43, an infinitesimal increment in the phase difference

results in a proportional increase in the net current produced by the charge pump. In other

words, the dead zone vanishes if TP is long enough to allow Q A and Q B to reach a valid

logical level and turn on the switches in the charge pump.

While eliminating the dead zone, the reset pulses on Q A and QB introduce other dif-

ficulties. Let us first implement the charge pump using MOS transistors [Fig. 15.44(a)].

Here, M\ and M2 operate as current sources and M3 and M4 as switches. The output Q A is

inverted so that when it goes high, M4 turns on.

The first issue in the circuit of Fig. 15.44(a) stems from the delay difference between

Q a and Q b in turning on their respective switches. As shown in Fig, 15.44(b), the net

current injected by the charge pump into the loop filter jumps to +1P and — IP , disturbing

the oscillator control voltage periodically even if the loop is locked. To suppress this effect,
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Figure 15.44 (a) Implementation of charge pump, (b) effect of skew between Qa and Q B ,

(c) suppression of skew by a pass gate.

a complementary pass gate can be interposed between Q B and the gate of Af3 ,
equalizing

the delays [Fig. 15.44(c)].

The second issue in the CP of Fig. 15.44(c) relates to the mismatch between the drain

currents of M\ and M2 . As depicted in Fig. 15.45(a), even with perfect alignment of the UP
and DOWN pulses, the net current produced by the charge pump is nonzero, changing Vcont
by a constant increment at each phase comparison instant. How does the PLL respond to this

error? For the loop to remain locked, the average value of the control voltage must remain

constant. The PLL therefore creates a phase error between the input and the output such that

the net current injected by the CP in every cycle is zero [Fig. 15.45(b)]. The relationship

between the current mismatch and the phase error is determined in Problem 15.12. It is

important to note that (1) the control voltage still experiences a periodic ripple, (2) owing

to the low output impedance of short-channel MOSFETs, the current mismatch varies

with the output voltage (i.e., with the VCO frequency), and (3) the clock feedthrough and
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Net

Current
I

Vtcont

(a)

t

(b)

f

Figure 1 5.45 Effect of UP and DOWN current mismatch.

charge injection mismatch between M3 and M4 further increases both the phase error and

the ripple.

The third issue in the circuit of Fig. 15.44(c) originates from the finite capacitance seen

at the drains of the current sources. Suppose, as illustrated in Fig. 15.46(a), Si and S2 are

off, allowing M\ to discharge X to ground and M2 to charge Y to VD d. At the next phase

comparison instant, both Si and S2 turn on, Vx rises, VY falls, and Vx ^ Vy ~ Vcont if the

voltage drop across Si and S2 is neglected [Fig. 15.46(b)]. If the phase error is zero and

(a) (b)

Figure 15.46 Charge sharing between Cp and capacitances at X and Y .

hi = \hiU does Vcont remain constant after the switches turn on? Even if Cx — Cy, the

change in Vx is not equal to that in VY . For example, if Vcont is relatively high, Vx change;

by a large amount and VY by a small amount. The difference between the two changes mus

therefore be supplied by Cp, leading to a jump in Vcont .

The above charge sharing phenomenon can be suppressed by “bootstrapping.” Illustratec

in Fig. 15.47 [3], the idea is to “pin” Vx and VY to Vcont after phase comparison is finished

When S\ and S2 turn off, S3 and S4 turn on, allowing the unity-gain amplifier to hold node;
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Figure 15.47 Bootstrapping X and Y

to minimize charge sharing.

X and Y at a potential equal to Vcont . Note that the amplifier need not provide much current

because I\ & /2 . At the next phase comparison instant, S\ and S2 turn on, S3 and S4 turn off,

and Vx and VY begin with a value equal to Vconf . Thus, no charge sharing occurs between

Cp and the capacitances at X and Y .

15.3.2 Jitter in PLLs

The response of phase-locked loops to jitter is of extreme importance in most applications.

We first describe the concepts of jitter and the rate of change of jitter.

As shown in Fig. 15.48, a strictly periodic waveform, x\ (f), contains zero crossings that

are evenly spaced in time. Now consider the nearly periodic signal x2 (r), whose period

x^t)

x2 (t)

i i- i

_| |_|i
jj =J

t

Excess

Phase

ex2

t

Figure 15.48 Ideal and jittery waveforms.
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experiences small changes, deviating the zero crossings from their ideal points. We say the

latter waveform suffers from jitter.
11

Plotting the total phase, <ptot ,
and the excess phase,

<j?ex , of the two waveforms, we observe that jitter manifests itself as variation of the excess

phase with time. In fact, ignoring the harmonics above the fundamental, we can write

x\ (0 — A cos cot and X2 (t) — A cos [cot + cj>n (t )], where cf)n (t) models the variation of the

period.
12

The rate at which the jitter varies is also important. Consider the two jittery waveforms

depicted in Fig. 15.49. The first signal, y\(t), experiences “slow jitter” because its instan-

taneous frequency varies slowly from one period to the next. The second signal, y2 (t),

JTJTJTJLrLTLT r

rLmUTOTL r

Excess

Phase

Figure 1 5.49 Illustration of slow and fast jitter.

experiences “fast jitter.” The rate of change is also evident from the excess phase plots of

the two waveforms.

Two jitter phenomena in phase-locked loops are of great interest: (a) the input exhibits

jitter, and (b) the VCO produces jitter. Let us study each case, assuming the input and output

waveforms are expressed as x in (t) = A cos [cot + 0,- rt
(r)] and xout (t) = A cos[tuf + cpout ( f)].

The transfer functions derived for type I and type II PLLs have a low-pass characteristic,

suggesting that if <pin (t) varies rapidly, then <pout (0 does not fully track the variations. In

other words, slow jitter at the input propagates to the output unattenuated but fast jitter does

not. We say the PLL low-pass filters </>in (t).

Now suppose the input is strictly periodic but the VCO suffers from jitter. Viewing jitter

as random phase variations, we construct the model depicted in Fig. 15.50, where the input

excess phase is set to zero [i.e., Xin (t) = A cos cot] and a random component vco is added

to the output of the VCO to represent its jitter. The reader can show that the transfer function

from Oyco to d>
ou t for a type II PLL is equal to

d5
out , x

$
(y \ —

Qvco s2 + 2$a>n s + o)
2
n

(15.48)

1

'jitter is quantified by several different mathematical definitions, e.g., as in [5].

12The quantity <pn (t

)

(or more commonly its spectrum) is called the “phase noise” In this book, we assume

the jitter is uniquely represented by
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PFD/CP/LPF VCO
3> VCO

<X> in = 0<
+

1

1

1 + t

7\ A(— +#?p )

2 71

V
CpS P '

1

1

1 ^VCO _ _V 1

1

1

1

1

S

tz

>Oout

Figure 1 5.50 Effect of VCO jitter.

Interestingly, the characteristic has a high-pass nature, indicating that slow jitter compo-

nents generated by the VCO are suppressed but fast jitter components are not. This can

be understood with the aid of Fig. 15.50: If <pvco(t) changes slowly (e.g., the oscillation

period drifts with temperature), then the comparison with <pin — 0 (i.e., a perfectly periodic

signal) generates a slowly varying error that propagates through the LPF and adjusts the

VCO frequency, thereby counteracting the change in <j>vco On the other hand, if <pvco

varies rapidly, (e.g., high-frequency noise modulates the oscillation period), then the error

produced by the phase detector is heavily attenuated by the poles in the loop, failing to

correct for the change.

Figure 15.5 1 conceptually summarizes the response ofPLLs to inputjitter andVCO jitter.

Depending on the application and the environment, one or both sources may be significant,

requiring an optimum choice of the loop bandwidth.

Figure 1 5.51 Transfer functions of jitter from input and VCO to the output.

15.4 Delay-Locked Loops

A variant of PLLs that has become popular in the past ten years is the delay-locked

loop. To arrive at the concept, let us begin with an example. Suppose an application re-

quires four clock phases with a precise spacing of AT = 1 ns between consecutive edges

[Fig. 15.52(a)]. How should these phases be generated? We can use a two-stage differential

ring oscillator
13

to produce the four phases, but how do we guarantee that AT — 1 ns

13As explained in Chapter 14, a simple two-stage CMOS ring oscillator may not oscillate. This example is

merely for illustration purposes.
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c/c
1
ck3 ck4 ck

2

Figure 1 5.52 (a) Clock phases with edge-to-edge delay of 1 ns, (b) use of a phase-locked ring oscillator to generate

the clock phases.

despite process and temperature variations? This requires that the oscillator be locked to a

250-MHz reference so that the output period is exactly equal to 4 ns [Fig. 15.52(b)].

An alternative approach to generating the clock phases of Fig. 15.52(a) is to apply the

input clock to four delay stages in a cascade. Illustrated in Fig. 15.53(a), this technique

nonetheless does not produce a well-defined edge spacing because the delay of each stage

Figure 15.53 (a) Generation of clock edges by delay stages, (b) simple delay-locked loop.

varies with process and temperature. Now consider the circuit shown in Fig. 1 5.53(b), where

the phase difference between CKi n and CK4 is sensed by a phase detector, a proportional

average voltage, Vconty is generated, and the delay of the stages is adjusted with negative

feedback. For a large loop gain, the phase difference between CKin and CK4 is small, that

is, the four stages delay the clock by almost exactly one period, thereby establishing precise

edge spacing.
14
This topology is called a delay-locked loop to emphasize that it incorporates

a voltage-controlled delay line (VCDL) rather than a VCO. In practice, a charge pump is

14The total delay through the four stages may be equal to two or more periods. We return to this issue later.
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interposed between the PD and the LPF to achieve an infinite loop gain. Each delay stage

may be based on one of the ring oscillator stages described in Chapter 14.

The reader may wonder about the advantages of DLLs over PLLs. First, delay lines are

generally less susceptible to noise than oscillators are because corrupted zero crossings

of a waveform disappear at the end of a delay line whereas they are recirculated in an

oscillator, thereby experiencing more corruption. Second, in the VCDL of Fig. 15.53(b), a

change in the control voltage immediately changes the delay, that is, the transfer function

^owfCO/Vcwi/fa) is simply equal to the gain of the VCDL, KVCdl • Thus, the feedback

system of Fig. 15.53(b) has the same order as the LPF and its stability and settling issues

are more relaxed than those of a PLL.

Example 15.11 , ,

Determine the closed-loop transfer function of the DLL shown in Fig. 15.54.

Figure 15.54

Solution

From Example 15. 10, we write the transfer function of the PD/CP/LPF combination as

Vcont

~AO~
0) =

h
27T

7 1 \ 1

r +
<* C2S

Ip RpCps 4- 1

2ti (RpCpC2$ + Cp + C2)s

(15.49)

(15.50)

The closed-loop transfer function is thus equal to

^out

®in
00 1 closed

IpKycDL

2n
(RpCps + 1)

RpCpCis 2 + [Cp + C2 + Ip KvcdlRpCp/(2tt)]s + IpKycDL/Qjr)

(15.51)

This transfer function can be used to determine how
<fiout settles if experiences a change. Note

that in practice Rp may not be needed because the loop contains only one pole at the origin.
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The principal drawback ofDLLs is that they cannot generate a variable output frequency.

This issue becomes clearer when we study the frequency synthesis capabilities of PLLs in

Section 15.5.1. DLLs may also suffer from locked delay ambiguity. That is, if the total

delay of the four stages in Fig. 15.53(b) can vary from below Tin to above 2Tin , then the

loop may lock with a CA^-to-CA^ delay equal to either Tin or 2Tin . This ambiguity proves

detrimental if the DLL must provide precisely-spaced clock edges because the edge-to-

edge delay may settle to 2Tin /A rather than Tin /4. In such cases, additional circuitry is

necessary to avoid the ambiguity. Also, mismatches between the delay stages and their load

capacitances introduce error in the edge spacing, requiring large devices and careful layout.

15.5 Applications

After nearly 70 years since its invention, phase locking continues to find new applica-

tions in electronics, communication, and instrumentation. Examples include memories,

microprocessors, hard disk drive electronics, RF and wireless transceivers, and optical fiber

receivers.

The reader may recall from Section 15.1.2 that a PLL appears no more useful than a short

piece of wire because both guarantee a small phase difference between the input and the

output. In this section, we present a number of applications that demonstrate the versatility

of phase locking. The concepts described below have been the topic of numerous books

and papers, e.g., [6, 7].

15.5.1 Frequency Multiplication and Synthesis

Frequency Multiplication A PLL can be modified such that it multiplies its input

frequency by a factor of M. To arrive at the implementation, we exploit an analogy with

voltage multiplication. As depicted in Fig. 15.55(a), a feedback system amplifies the input

Figure 1 5.55 (a) Voltage amplification and (b) frequency multiplication.

voltage by a factor ofM if the output voltage is divided by M fi.e., if R2 /(R\ + A2 )
= 1/M]

and the result is compared with the input. Thus, as shown in Fig. 15.55(b), if the output

frequency of a PLL is divided by M and applied to the phase detector, we have fout = Mfin .

From another point of view, since fD = foul/M and fu and fn must be equal in the locked

condition, the PLL multiplies f n by M. The circuit is realized as a counter that produces

one output pulse for every M input pulses.
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As with voltage division in Fig. 15.55(a), the feedback divider in the loop of Fig. 15.55(b)

alters the system characteristics. Using (15.44), we rewrite (15.45) as

H(s) =

b
2tt

Rp +
1 \ Kyco

Cps ) s

i + —Il(r i

1
\ Kvco

M2n\ P
Cps) s

IpKyco

IttCp
(RpCps 4- 1)

IP Kvco
lizCp M

(15.52)

(15.53)

Note that H(s) - M as s 0, i.e., phase or frequency changes at the input result in an M-

fold change in the corresponding output quantity. Comparing the denominators of (15.45)

and (15.53), we observe that frequency division in the loop manifests itself as division of

Kyco by M. In other words, as far as the poles of the closed-loop system are concerned, we

can assume the oscillator and the divider form a VCO with an equivalent gain of KVCo/M.

This is of course to be expected because, for the VCO/divider cascade shown Fig. 15.56,

we have

Wout

O)0 + KycoVcont

M
Kvco

M Vtcant

(15.54)

(15.55)

Thus, the combination cannot be distinguished from a VCO having an intercept frequency

of q)q/M and a gain of KVco/M.

^cont

!

I

vco u S-M
i

*

r* n •

-° tt>out

Figure 1 5.56 Equivalency ofVCO/divider combination to

a single VCO.

The foregoing discussion suggests that (15.46) and (15.47) can be respectively rewritten

as

Ip Kyco

2ttCp M

Rp IhCp K^co

TV ~2n W

(15.56)

(15.57)

Also, the decay time constant is modified to (fo;^
1 = 4ttM/(Rp!pKvco)- It follows

that inserting a divider in a type II loop degrades both the stability and the settling speed,

requiring a proportional increase in the charge pump current.



574 Chap. 15 Phase-Locked Loopj

The frequency-multiplying loop of Fig. 15.55(b) exhibits two interesting properties

First, unlike the voltage amplifier of Fig. 15.55(a), the PLL provides a multiplication factoi

exactly equal to M, an attribute resulting from the infinite loop gain and expressed b)

Eq. (15.53). Second, the output frequency can be varied by changing the divide ratio M
an extremely useful property in synthesizing frequencies. Note that DLLs cannot perfonr

such synthesis.

Frequency Synthesis Some systems require a periodic waveform whose frequency (a

must be very accurate (e.g., exhibit an error less than 10 ppm), and (b) can be varied in ver>

fine steps (e.g., in steps of 30 kHzfrom 900 MHz to 925 MHz). Commonly encounterec

in wireless transceivers, such requirements can be met through frequency multiplication b>

PLLs.

Figure 15.57 shows the architecture of a phase-locked frequency synthesizer. The channel

control input is a digital word that varies the value of M. Since fout = MfREF ,
the relative

accuracy of fout is equal to that of /ref- For this reason, fREF is derived from a stable

low-noise crystal oscillator. Note that fout varies in steps equal to fRE F if A/ changes b>

one each time.

^REF fout

Channel

Control

Figure 15.57 Frequency synthesizer.

CMOS frequency synthesizers achieving gigahertz output frequencies have been re-

ported. Issues such as noise, sidebands, settling speed, frequency range, and power dissi-

pation continue to challenge synthesizer designers.

15.5.2 Skew Reduction

The earliest usage of phase locking in digital systems was for skew reduction. Suppose a

synchronous pair of data and clock lines enter a large digital chip as shown in Fig. 15.58.

Since the clock typically drives a large number of transistors and long interconnects, it

is first applied to a large buffer. Thus, the clock distributed on the chip may suffer from

substantial skew with respect to the data, an undesirable effect because it reduces the timing

budget for on-chip operations.

Now consider the circuit shown in Fig. 15.59, where CKin is applied to an on-chip PLL

and the buffer is placed inside the loop. Since the PLL guarantees a nominally-zero phase

difference between CKin and CKr, the skew is eliminated. From another point of view,

the constant phase shift introduced by the buffer is divided by the infinite loop gain of
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Figure 1 5.58 Skew between data and buffered clock.

Digital Chip

E

^ -r-

luffer X

Buffer

Figure 15.59 Use of a PLL to eliminate skew.

the feedback system. Note that the VCO output, Vvco , may not be aligned with CKin , a

nonetheless unimportant issue because Vvco is not used.

Example 15.12 —
Construct the voltage-domain counterpart of the loop shown in Fig. 15.59.

Solution

The buffer creates a constant phase shift in the signal generated by the VCO. The voltage-domain

counterpart therefore assumes the topology shown in Fig. 15.60. We have

(Vin ” Vou t )A + VM = Vout

and hence

=
AVin + VM

1 + A

As A oo, V
tout

(15.58)

(15.59)

'in
c

Figure 15.60
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We should note that the skew can be suppressed by a delay-locked loop as well. In

fact, if frequency multiplication is not required, DLLs are preferred because they are less

susceptible to noise.

15.5.3 Jitter Reduction

Recall from Section 15.3.2 that PLLs suppress fast jitter components at the input. For

example, if a 1-GHz jittery signal is applied to a PLL having a bandwidth of 10 MHz, then

input jitter components that vary faster than 10 MHz are attenuated. In a sense, the phase-

locked loop operates as a narrowband filter centered around 1 GHz with a total bandwidth

of 20 MHz. This is another important and useful property of PLLs.

Many applications must deal with jittery waveforms. Random binary signals expe-

rience jitter because of (a) crosstalk on the chip and in the package (Chapter 18), (b)

package parasitics (Chapter 18), (c) additive electronic noise of devices, etc. Such wave-

forms are typically “retimed” by a low-noise clock so as to reduce the jitter. Illustrated

in Fig. 15.61(a), the idea is to resample the midpoint of each bit by a D flipflop that

i'«*ruuL

JlIUUUl

(a)

D in

(b)

Figure 15.61 (a) Retiming data with D flipflop driven by a

low-noise clock, (b) use of a phase-locked clock recovery circuit

to generate the clock.

is driven by the clock. However, in many applications, the clock may not be available

independently. For example, an optical fiber carries only the random data stream, pro-

viding no separate clock waveform at the receive end. The circuit of Fig. 15.61(a) is

therefore modified as shown in Fig. 15.61(b), where a “clock recovery circuit” (CRC)

produces the clock from the data. Employing phase locking with a relatively narrow

loop bandwidth, the CRC minimizes the effect of the input jitter on the recovered

clock.
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Problems

Unless otherwise stated, in the following problems, use the device data shown in Table 2. 1 and assume

Vdd — 3 V where necessary. Also, assume all transistors are in saturation.

15.1. The Gilbert cell (Chapter 4) operates as an XOR gate with large input swings and as an analog

multiplier with small input swings. Prove that an analog multiplier can be used to detect the

phase difference between two sinusoids. Is the input-output characteristic of such a phase

detector linear?

15.2. Redraw the waveforms of Fig. 15.4(b) if the VCO frequency is lowered at t — t\ . If the phase

error between Vqk and Vyco before t = t\ is equal to (f>o and fvco is lowered from /// to

fi, determine the minimum t2 ~ h that is sufficient for phase alignment.

15.3. Explain why the low-pass filter in Fig. 15.5(b) cannot be replaced by a high-pass filter.

15.4. A PLL using an XOR gate as a phase detector locks with —
(j)out 90° if KppKvco is

large. Explain why?

15.5. Using the characteristic of Fig. 15.3 as an example, explain why the polarity of feedback in a

PLL (without frequency detection) is unimportant. (Hint: prove that the loop locks regardless

of whether the initial phase difference falls in the positive-slope region or the negative-slope

region.)

15.6. Assuming a first-order LPF in Fig. 15.14, determine the transfer function / <Pex , where

<£>out denotes the excess phase of V0ut-

15.7. A VCO used in a type I PLL exhibits nonlinearity in its input-output characteristic, i.e., Kyco
varies across the tuning range. If the damping ratio must remain between 1 and 1 .5, how much

variation can be tolerated in Kyco^

15.8. Prove that in the root locus of Fig. 1 5.20, cos 6 = £

.

15.9. A type I PLL incorporates a VCO with Kyco = 100 MHz/V, a PD with Kpo = 1 V/rad,

and an LPF with colpf — 2tt(1 MHz). Determine the step response of the PLL.

15.10. Explain why in the charge-pump PLL of Fig. 15.35, the control voltage of the VCO cannot

be connected to the top plate of Cp .

15.11. Prove that the transfer function of the PFD/CP/LPF circuit in Fig. 15.35 is given by Eq. (15.43).

15.12. As illustrated in Fig. 15.45, mismatches between the UP and DOWN currents translate to

phase offset at the input of a CPPLL. With the aid of the waveforms in Fig. 15.45, calculate

the phase offset in terms of current mismatch.

15.13. Fora VCO, we have coout — +£^ 0 ^0^ The control line experiences a small sinusoidal

ripple, Vcon t = Vm cos com t. If the VCO is followed by a ~M circuit, determine the output

spectrum of the divider. Consider two cases: coq/M > com and wq/M < (om .

15.14. Prove that the root locus of a type II PLL is as shown in Fig. 15.37.

15.15. Determine the transfer function QoutI®ex for the circuit of Fig. 15. 14 if the PLL is modified

to the architecture of Fig. 15.35.

15.16. When a charge-pump PLL incorporating a PFD is turned on, the VCO frequency may be far

from the input frequency. Explain why the order of the PLL transfer function is lower by one

while the PFD operates as a frequency detector.
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Chapter 16

Short-Channel Effects and

Device Models

The square-law characteristics derived forMOSFETs in Chapter 2 provide moderate accura-

cies for devices with minimum channel lengths of greater than 4 /xm, a value corresponding

to technologies in production in the early 1980s. As device dimensions continue to scale

down, reaching below 0.2 ptm by the year 2000, higher order effects necessitate more

complex models so as to attain enough accuracy in simulations.

The problem of device models in CMOS technology has constantly haunted analog

designers, manifesting itself as substantial discrepancies between simulated and measured

results. A number of comprehensive books [1, 2, 3] and hundreds of papers deal with the

subject in great detail, but our objective here is to provide a basic understanding of short-

channel effects and review some of the SPICE models developed to reflect such phenomena.

Knowledge of these issues also proves useful in interpreting the anomalies that the designer

may encounter in SPICE simulations.

We first describe the ideal scaling theory of MOS transistors. Next, we study short-

channel effects such as threshold voltage variation, velocity saturation, and the dependence

of the output impedance on the drain-source voltage. We then review MOS device models,

including Levels 1-3 and the BSIM series. Finally, we discuss charge and capacitance

modeling, temperature dependence, and process comers.

6.1 Scaling Theory

The two principal reasons for the dominance of CMOS technology in today’s semicon-

ductor industry are the zero static power dissipation of CMOS logic and the scalability

of MOSFETs. In a paper published in 1974 [4], Dennard et al. recognized the tremendous

potential of scaling MOS transistors, making predictions about speed and power dissipation

of digital CMOS circuits as devices are shrunk.

The ideal scaling theory follows three rules: (1) reduce all lateral and vertical dimensions

by a(> 1 ); (2) reduce the threshold voltage and the supply voltage by a ; (3) increase all ofthe

doping levels by a (Fig. 16.1). Since the dimensions and voltages scale together, all electric

fields in the transistor remain constant, hence the name “constant-field scaling.” Note that

579
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rnmmm
L n++ J Wlimi!

p -substrate p -substrate

Figure 1 6.1 Ideal scaling of MOS transistor.

W, L, t0X1 VDD , Vth, and the depth and perimeter of the source and drain junctions scale

down by a.

Let us examine the saturation drain current of a square-law device after scaling. Writing

1D,scaled

1

-^fin {otCox )

W/a Vgs Vth\
2

a a /
(16d)

1 W
9 1— -zfaiCox-r (Vgs - Vth) —

,
(16.2)

l L a

we observe that the current capability of the transistor drops by a factor of a. Note that

the same result applies for the drain current in the triode region. The advantage of scaling,

however, lies in the reduction of capacitances and power dissipation. The total channel

capacitance is

r r t-j

'-'ch, scaled ~ \OlCox ) (16.3)
a a

= -WLCox . (16.4)
a

To calculate the source/drain junction capacitance, we first analyze the effect of ideal

scaling on the total width of the depletion region. Recall that this width is given by

Wd ~i^{vA + ik)
{ll>B+VR) ’ (16 -5)

where Na and No denote the doping levels of the two sides of the junction, </>b =
Vj h\(NA N[)/nj), and VR is the reverse-bias voltage. The built-in potential, <pR , is a weak

function of NaNo and in fact it increases if NaNd is scaled up by a 2
. For now, we

assume VR (f>B so that

Wd , scaled

2esi /
1

|

1
\VR

q \olNa aNo

)

a
(16.6)

1

a

f 2esi

'

1 1 \

Jh
+ ^) VR - (16.7)
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W

p -substrate

Figure 1 6.2 Scaling of S/D junction capacitances.

Thus, as with other dimensions, the width of each depletion region scales down by a ,

increasing the depletion region capacitance per unit area by the same factor.

As illustrated in Fig. 16.2, the bottom-plate capacitance of the S/D junction (per unit

area), Cy, increases by a factor of a. The sidewall capacitance (per unit width), Cjsw ,
on the

other hand, remains constant because the depth of the junction is reduced by or. It follows

that

WE (W E\
Cs/D,scaled ~~ (®Cj) + 21

1 ) {C

j

sw ) ( 16 . 8 )

a a \ a a }

= [WEC
j
+UW + E)C

i,w]-. (16.9)
a

All of the capacitances therefore decrease by the scaling factor.

In digital applications, the scaling of the gate delay and power dissipation is of interest.

Approximating the delay of a CMOS inverter by Td = (C/I)VDD (Fig. 16.3), we have

r _ C/a Vod
* d, scaled — , ,

/ /a a
(16.10)

=
(y

Vw0
) a

(16.11)

We conclude that the speed of digital circuits can potentially increase by the scaling factor.

For power dissipation, we write P ~ fCV^ D ,
where / is the operating frequency. Thus,

Figure 16.3 CMOS inverter.
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Pscaled = f(C/a)(VDD /a)
2 = fCVpD /a

3
, if / and the number of gates in the circuit

remain constant. Note that the layout density, i.e., the number of transistors per unit area,

also scales by a2
.

The reduction of power and delay and the increase in circuit density make scaling ex-

tremely attractive for digital systems. Based on these observations, Gordon Moore predicted

in 1975 [5] that MOS device dimensions would continue to scale down by a factor of two

every three years and the number of transistors per chip would double every one to two

years. Such trends have indeed persisted over the past 25 years.

Let us now consider the effect of ideal scaling in analog circuits. Writing the transcon-

ductance as

8m, scaled — f^{oiCox )

r
W

= ^Cox—

W/a VGS - Vth

L/a a
(16.12)

(Vow - Vth), (16.13)

we note that the transconductance remains constant if all ofthe dimensions and voltages (and

currents) scale down. To calculate the output impedance in saturation, we first observe from

Fig. 16.4 and Eq. (16.7) that the width of the depletion region around the drain decreases

by a, and hence AL/L remains constant. Since k = (AL/L )/ VDs (Chapter 2), k increases

by a and

ro
, scaled

1

a

Mn

Thus, the intrinsic gain, gm r0 , remains constant.

(16.14)

(16.15)

^ mmm
I #F"T n*+

Figure 16.4 Effect of scaling on pinch-off.

The greatest impact of scaling on analog circuits is the reduction of the supply voltage.

With ideal scaling, the maximum allowable voltage swings decrease by a factor of a,

lowering the dynamic range
1

of the circuit. For example, if the lower end of the dynamic

range is limited by thermal noise, then scaling VDD by a decreases the dynamic range by

1 Dynamic range is loosely defined as the maximum allowable voltage swing divided by the total noise voltage

in the band of interest.
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the same factor because gm and hence thermal noise remain constant. Of course, since for

analog circuits (Vdd/<x)(Idd/<x) = (Vdd//W«)
2

, the power dissipation drops by a 2
.

In order to restore the dynamic range, the transconductance of the transistors must be

increased by a factor of a2 because thermal noise voltages and currents scale with *Jg^.

Thus, since voltage scaling requires that Vos — Vth decrease by a factor of a, we note

from gm = 2Id /(Vgs ~ VTH ) that ID must increase by the same factor, leading to a

power dissipation of (yDD /ct)(aID ) = VDD ID . Also, from gm = fiC0X (W/L)(VG s
~

Vth)> we conclude that if Cox is scaled up by a and L and Vos — Vth are scaled down

by a
,
then W must increase by a (whereas in ideal scaling it would decrease by this

factor). That is, for a constant (thermal-noise limited) dynamic range, ideal scaling of linear

analog circuits requires a constant power dissipation and a higher device capacitance, e.g.,

(aW)(L/a)(aC0X )
= aWLC0X . Interestingly, if the lower end of the dynamic range is

determined by kT/C noise, then to maintain a constant slew rate in switched-capacitor

circuits, the bias current must scale up by a factor of a 2
,
resulting in an increase in the

power dissipation [Problem 16.3(d)].

In practice, technology scaling has deviated from the ideal, constant-field scenario con-

siderably. The supply voltage and MOS threshold voltage have not scaled as rapidly as

device dimensions. For example, Vdd has decreased from 5 V to 2.5 V and VTH from 0.8 V
to 0.4 V as minimum channel length has dropped from 1 jim to 0.25 /im. Furthermore,

many “short-channel” effects have plagued the transistors, making it difficult to obtain all

of the benefits that would accrue with ideal scaling.

The reluctance of circuit designers to use a lower supply voltage and the fundamental

limitations in decreasing the MOS threshold voltage have led to another scaling scenario:

constant-voltage scaling. In this case, the device dimensions shrink by a, the doping levels

increase by a
,
and the voltages remain constant, thereby increasing the electric fields by

a. Such high electric fields both raise the possibility of device breakdown and exacerbate

short-channel effects. In reality, technology scaling has followed a mixture of constant-

field and constant-voltage trends, thus demanding innovative device design so as to achieve

reliability and performance.

6.2 Short-Channel Effects

In order to appreciate the need for sophisticated device models, we briefly study some of

the phenomena that manifest themselves for channel lengths below approximately 3 gm.

As we will see, a basic understanding of these effects also proves essential to the design of

analog (and digital) circuits.

Small-geometry effects arise because five factors deviate the scaling from the ideal

scenario: (1) the electric fields tend to increase because the supply voltage has not scaled

proportionally; (2) the built-in potential term in Eq. (16.5) is neither scalable nor negligible;

(3) the depth of S/D junctions cannot be reduced easily; (4) the mobility decreases as the

substrate doping increases; (5) the subthreshold slope (described below) is not scalable.

16.2.1 Threshold Voltage Variation

The choice of the threshold voltage is based on the device performance in typical circuit

applications. The upper bound is roughly equal to Vdd/4 to avoid degrading the speed



584 Chap. 16 Short-Channel Effects and Device Models

of digital CMOS gates. The lower bound is determined by several factors: the subthresh-

old behavior, variation with temperature and process, and dependence upon the channel

length [6].

Let us first consider the subthreshold behavior. For long-channel devices, the subthresh-

old drain current can be expressed as

t n W “ VTHb = t*Cd— VT ^exp — 1 - exp I
v£l
VT

(16.16)

where Cd = ^JeSiqNsl(b /(4(pB ) denotes the capacitance of the depletion region under the

gate area, VT = kT/q , and f = 1 + Cd/Cox [6], Equation (16.16) reveals two interesting

properties. First, as Vos exceeds a few VY , Id becomes independent of the drain-source

voltage and the relationship reduces to Eq. (2.30). Second, under this condition the slope

of I

o

on a logarithmic scale equals

dQogio Id)

dVGS
(logi 0 e)

1

tVr'

The inverse of this quantity is usually called the “subthreshold slope,” S :

(16.17)

S — 2.3 VY +£- V/dec. (16.18)

For example, ifQ = 0.67Cox ,
then S = 100 mV/dec, suggesting that a change of 100 mV

in VGS leads to a ten-fold reduction in the drain current. In order to turn off the transistor by

lowering VGS below VTH , S must be as small as possible, i.e., Cd/Cox must be minimized.

The relatively constant magnitude of S severely limits the scaling of the threshold voltage.

For example, a subthreshold slope of 80 mV/dec imposes a lower bound of 400mV for Vth

if the “off current” must be roughly five orders of magnitude lower than the “on current.”

The difficulty in scaling Vth becomes even more serious if we take into account the

variation of VT

H

with temperature and process. The threshold voltage exhibits a temperature

coefficient of approximately -1 mV/°K, yielding a 50-mV change across the commercial

temperature range (0 to 50°C).
2
Process-induced variation is also in the vicinity of 50 mV,

raising the margin to approximately 1 00 mV. Thus, it is difficult to reduce VYn below several

hundred millivolts.

An interesting phenomenon observed in scaled transistors is the dependence of the

threshold voltage on the channel length. As shown in Fig. 16.5, transistors fabricated on

the same wafer but with different lengths yield lower VY h as L decreases. This is because the

depletion regions associated with the source and drain junctions protrude into the channel

area considerably, thereby reducing the immobile charge that must be imaged by the charge

on the gate (Fig. 16.6). In other words, part of the immobile charge in the substrate is now

imaged by the charge inside the source and drain areas rather than by the charge on the

2
Interestingly, as the temperature rises, so does 5, further exacerbating the situation.
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Figure 16.5 Variation of threshold

with channel length.

Imaged by Imaged by

S/D Gate

p -substrate

Figure 1 6.6 Charge sharing between source/drain deple-

tion regions and the channel depletion region.

gate.* As a result, the gate voltage required to create an inversion layer decreases. Since

the channel length cannot be controlled accurately during fabrication, this effect introduces

additional variations in VTH . The implication of this phenomenon in analog design is that

if the length of a device is increased so as to achieve a higher output impedance, then the

threshold voltage also increases by as much as 100 to 200 mV.

Another short-channel phenomenon related to the threshold voltage is “drain-induced

barrier lowering” (DIBL). Recall from Chapter 2 that in weak inversion, as the gate voltage

rises, the surface potential becomes more positive [Fig. 16.7(a)], attracting carriers from

the source region. In short-channel devices, the drain voltage also makes the surface more

positive by creating a two-dimensional field in the depletion region [6]. In essence, the drain

introduces a capacitance C'
d
that raises the surface potential in a manner similar to Q. As a

result, the barrier to the flow of charge and hence the threshold voltage are decreased. This

effect manifests itself if the plot of Fig. 2.27 is drawn in both deep triode and saturation

regions [Fig. 16.7(b)].

The principal impact of DIBL on circuit design is the degraded output impedance. This

point is explained in Section 16.2.5.

16.2.2 Mobility Degradation with Vertical Field

At large gate-source voltages, the high electric field developed between the gate and the

channel confines the charge carriers to a narrower region below the oxide-silicon interface,

*While intuitive, this explanation is not quite correct. More accurate descriptions can be found in books on

semiconductor devices.
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p -substrate

(a)

Figure 16.7 (a) DIBL in a short-

channel device, (b) effect of DIBL on

current characteristic.

leading to more carrier scattering and hence lower mobility. Since scaling has substantiall

deviated from the constant-field scenario, small-geometry devices experience significar

mobility degradation. An empirical equation modeling this effect is

^2 (16 l
c

^ff
-

1 +0{Vgs -Vth)'

where /x0 denotes the “low-field” mobility and 6» is a fitting parameter roughly equal t

(1(T
7
/tox ) V'

1

[7]. For example, if tox = 100 A, then 0 n 1 V” 1 and the mobility begir

to fall considerably as the overdrive exceeds 100 mV. Note that 9 rises as tox drops becauj

the electric field in the oxide becomes stronger.

In addition to lowering the current capability and transconductance of MOSFETs, m<

bility degradation deviates the I/V characteristic from the simple square-law behavic

Specifically, whereas a square-law device generates only even harmonics in its drain cu

rent in response to a sinusoidal gate-source voltage, Eq. (16.19) predicts odd harmonics -

well. In fact, writing

lD - ~
{XqC0

2 1 + 9(Vgs ~ Vth) L

and assuming 0 (Fgs — Vth) we obtain

W 9— (Vgs — Vth) >

1 W 9

Id ~ -V*CoxT \\ - 0(VGS ~ VT h)](Vgs ~ Vth)
2 L

^oC„y[(Vcs - vrw )

2 -0(VCS - v™) 3

]-

L Li

W

(16.2

(16.2

(16.2
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This is a rough approximation but it reveals the existence of higher harmonics in the drain

current.

The mobility degradation with the vertical field affects the device transconductance as

well. This is studied in Problem 16.9.

16.2.3 Velocity Saturation

The mobility of carriers also depends on the lateral electric field in the channel, beginning

to drop as the field reaches levels of 1 V/jxm. Since the carrier velocity v = fiE, we note that

v approaches a saturated value, about 10
7
cm/s, for sufficiently high fields. Thus, as carriers

enter the channel from the source and accelerate toward the drain, they may eventually reach

a saturated velocity at some point along the channel.
3
In the extreme case, where carriers

experience velocity saturation along the entire channel, we can rewrite Eq. (2.2) as

h = vsatQd (16.23)

= vsatWC0X (VGs-VTH ). 06.24)

Interestingly, the current is linearly proportional to the overdrive voltage and does not

depend on the length. In fact, as shown in Fig. 16.8, Id~Vds characteristics of devices

Figure 1 6.8 Effect of velocity saturation on drain current

characteristics.

with L < 1 fim reveal velocity saturation because equal increments in VGS - Vth result

in roughly equal increments in ID . We also note that gm = vsatWC0X ,
concluding that

the transconductance is a weak function of the drain current and channel length in the

velocity-saturation regime.

Under typical bias conditions, MOSFETs experience some velocity saturation, display-

ing a characteristic between linear and square-law behavior. An important consequence is

that, as VGS increases, the drain current saturates well before pinch-off occurs. As shown in

Fig. 16.9(a), carriers reach velocity saturation if VDS exceeds VD0 < VG s
— Vth, yielding a

3Even in long-channel devices, carriers experience velocity saturation if the drain-source voltage is high enough

to pinch off the channel. At the pinch-off point, the mobile charge density is near zero, the electric field is very

large, and hence the velocity of carriers is saturated.
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Without

ity Saturation .. ...
vgso+av

^GS0+^
^GSO

^DS

(b)

Figure 16.9 Effect of velocity saturation: (a) premature drain

current saturation, (b) reduction of transconductance.

constant current quite lower than that obtained if the device saturated for VDS > Vgs - Vth

Furthermore, as illustrated in Fig. 16.9(b), since an increment in VGS gives a smaller incre-

ment for Id when velocity saturation occurs, the transconductance is also lower than thal

predicted by the square law.

A compact and versatile equation developed to represent velocity saturation (in the

saturation region) is

Id — WC0x Vsat
'

(Vgs ~ VTHf

Vgs ~ Vth + 2
VsatL

Veff

(16.25)

where {ieff is given by Eq. (16.19) [7, 8]. The same work provides the following equation

for the drain-source voltage at the onset of premature saturation [V^o in Fig. 16.9(a)]:

VDS,scit =
2/xeffLjVcs - Vth)

2fieffL + Vgs — Vth
(16.26)

Equation (16.25) provides two interesting results. First, ifL or vsat is large, the expression

reduces to the square-law relationship. Second, if the overdrive voltage is so small that the

denominator of (16.25) is approximated as 2vsat L/fieff and \xeff ^ /zo, then the device

still follows the square-law behavior even if L is relatively small. For example, if vsat ^ 10
7

cm/s, L = 0.25 /xm, and
(
1q ^ 350 cm2

/V/s, we have 2 vsat L/fiQ ^ 1.43 V, recognizing

that for overdrive voltages of a few hundred millivolts, the transistor operation is somewhat
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close to the square law. Thus, the simplified treatment of Chapter 2 can still provide insight

for many analog applications.

Equation (16.25) can be further simplified to yield additional results. Substituting for

fieff from Eq. (16.19), we have

Id — w

C

ox Vsat

VGs-

— WCox^sat
^Vsatl-1

II0

1

2

W
T

i +

(Vcs — Vth)
2

VTH + ^^11 +0(VGS - VTH )]

M0

(VG5 - Vth)
2

/ 2vsatL0\
T-

(
1 H

)
( Vgs — Vth )

V Mo /

(Vg5 ~ Vth)
2

Vth )
2vsatL }

(16.27)

(16.28)

(16.29)

This equation is similar to (16.20), implying that the degradation of the mobility with

both lateral and vertical fields can be represented by adding the terms no/(2vsatL) and 0.

Thus, the results obtained from (16.20) apply here as well. For example, the drain current

contains high-order nonlinear terms. Equation (16.29) can also predict the transconductance

(Problem 16.10).

16.2.4 Hot Carrier Effects

Short-channel MOSFETs may experience high lateral electric fields if the drain-source volt-

age is large. While the average velocity of carriers saturates at high fields, the instantaneous

velocity and hence the kinetic energy of the carriers continue to increase, especially as they

accelerate towards the drain. These are called “hot” carriers [2].

In the vicinity of the drain region, hot carriers may “hit” the silicon atoms at high speeds,

thereby creating impact ionization. As a result, new electrons and holes are generated, with

the electrons absorbed by the drain and the holes by the substrate. Thus, a finite drain-

substrate current appears. Also, if the carriers acquire a very high energy, they may be

injected into the gate oxide and even flow out the gate terminal, introducing a gate current.

The substrate and gate currents are often measured to study hot carrier effects.

The scaling of technologies proceeds so as to minimize hot carrier effects. This limitation

and other breakdown phenomena make the supply voltage scaling inevitable.

16.2.5 Output Impedance Variation with Drain-Source Voltage

In modeling channel-length modulation by a single constant k
,
we have assumed that

the output impedance of the transistor, r^, is constant in the saturation region. In reality,

however, tq varies with Vos- As Vos increases and the pinch-off point moves toward the

source, the rate at which the depletion region around the source becomes wider decreases,

resulting in a higher incremental output impedance. Illustrated in Fig. 16.10, this effect is

somewhat similar to the variation of the capacitance of a reversed-biased pn junction: with
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a small reverse bias, the width of the depletion region is a strong function of the voltage

applied to the junction and with a large reverse bias, a weak function.

In this regime, the output impedance can be approximated as

ro
2L 1

ALID
L

2esl

(V/)S - Vos,sat)i (16.30)

where Vo,sat is the drain-source voltage at the onset ofpinch-off [9]. Another approximation

developed in conjunction with (16.25) and (16.26) is described in [8].

In short-channel devices, as Vos increases further, drain-induced barrier lowering be-

comes significant, reducing the threshold voltage and increasing the drain current. This effect

roughly cancels that expressed by (16.30), giving a relatively constant output impedance.

At sufficiently high drain voltages, impact ionization near the drain produces a large current

(flowing from the drain into the substrate), in essence lowering the output impedance. The

overall behavior of r0 is plotted in Fig. 16.1 1.

Channel-Length

Figure 16.11 Overall variation of output resistance as a

function of Vos-

The variation of r0 gives rise to nonlinearity in many circuits. In a cascode op amp,

for example, as the output voltage varies, so does the output impedance of the cascode

devices and hence the voltage gain of the circuit. Furthermore, impact ionization limits

the maximum gain that can be obtained from cascode structures because it introduces a

small-signal resistance from the drain to the substrate rather than to the source.

16.3 MOS Device Models

Since the introduction of the first MOS model in the mid-1960s [10], tremendous research

has been expended on improving the accuracy of models as device dimensions scale down.

Developed between the mid-1960s and the late 1970s, the Level 1, 2, and 3 models consec-

utively included higher order effects so as to provide reasonable accuracy with respect to

measured transistor characteristics for channel lengths as small as 1 fim. Following this set

were the Compact Short-Channel IGFET Model (CSIM) from AT&T Bell Laboratories and

the Berkeley Short-Channel IGFET Model (BSIM) from University of California, Berkeley
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in the mid-1980s. These models proved inadequate for analog design and were followed by

BSIM2, HSPICE level 28, BSIM3, and a number of others in the late 1980s and early 1990s.

MOS device modeling continues to pose a challenge—especially for high-frequency

operation—because even today’s sophisticated models become inadequate after one or

two technology generations (e.g., from 0.5 fim to 0.35 /xm to 0.25 iim). Our objective

is to develop a basic understanding of some of the models to the extent necessary for

simulations. We should also mention that the utility of a model is given by the accuracy

it provides in various regions of operation for different device dimensions, the ease with

which its parameters can be measured, and the efficiency that it allows in simulations. The

interested reader is referred to [1] for an in-depth coverage.

16.3.1 Level 1 Model

Also known as the Shichman and Hodges Model [10], this representation uses the parameters

listed in Table 2.1 and is based on the following equations:

1 W
Id = ~Kp

,
.. [2(Vgs - VtH)VDs - v£s](l + XVDS ) Triode Region (16.31)

L L — ZL j)

1 w
Id = (tfe - VYh

)

2
(1 +>-VW) Saturation Region (16.32)

2 L — ILj}

where Kp = \iCox and Vth = Vtho + yW2<I>b ~ VBs — V20b)- Note that this model

does not include subthreshold conduction or any short-channel effects.

The device capacitances are represented according to the simple model described in

Chapter 2, but with one modification. Since in that model, Cgs abruptly changes from

(2/3)WLCox + WCov in saturation to (1/2)WLCox + WCov in the triode region [and Cqd
from WC0V to (1/2)WLCox + WCou ], most computation algorithms experience conver-

gence difficulties here. For this reason, Cgs and Cgd in the triode region are formulated as

Cgs = \wLCox ^\

Cgd = \wLC„ jl

CGb = 0.

(Vgs ~ Vps ~ Vth)
2

[2(VG s - VTH ) -W
(Vgs " Vth)

2

[2{VGs ~ Vth) - Vds ]
2

+ WCov (16.33)

+ WC0V (16.34)

(16.35)

We note that if the device operates at the edge of saturation, VG s - Vds = VTH , Cgs =

(2/3)WLCox + WC0V ,
and Cgd = WC0V . Thus, the capacitance values change continu-

ously from one region to another.

The Level 1 model maintains reasonable I/V accuracy for channel lengths as small as

roughly 4 ^m, but it still predicts the output impedance of transistors in saturation quite

poorly.
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1 6.3.2 Level 2 Model

The Level 1 model began to manifest its shortcomings as channel lengths fell below approx-

imately 4 fim. The Level 2 model was then developed to represent many high-order effects.

An assumption that we made in Chapter 2 in deriving the square-law characteristics

was a constant threshold voltage along the channel. This assumption is not correct even for

long-channel devices because the charge in the depletion region under the channel varies

according to the local voltage (Fig. 16. 12). Since the inversion layer and the depletion region

Vg

X

Figure 1 6.1 2 Variation of threshold along the channel.

must image the charge on the gate, as the inversion layer vanishes in the direction toward

the drain, the depletion region must enclose more charge. Performing the integration in

Section 2.2.2 with a varying threshold voltage yields [1]:

IT
f

ID ~ \iC0X—
j

(VG s
~ VthoWds

2

3
y[(Vds-VB s + 2<Pf)

V2 -{-VBs + 20f )

3/2

]
(16.36)

Interestingly, even for Vbs = 0, Id exhibits some dependence on y. Moreover, for small

Vds, the equation reduces to that of the Level 1 model, but for large Vds the drain current is

less than that predicted by the square law. It can also be shown that the edge of the saturation

region is given by [1]:

VD,sat = VgS — VtHO - 4>F + Y* 1- JI + ^(Vgs -Vtho + <Pf) I- (16.37)

In the saturation region, the drain current is

bs = h.
1

sat
1 - A.VDs

(16.38)

where IDtSat is calculated from (16.36) for Vds — ^DS,sat-

Modeling channel-length modulation or, more generally, the finite output impedance has

always remained a difficult problem. Representing such phenomena by only X is far from
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accurate. In the Level 2 implementation, if X is not specified, it is obtained by calculating

the width of the depletion region between the pinch-off point and the edge of the drain.

Using simple relationships for the depletion region of a pn junction, we can write

AL = J-^r- [<i>B + (Vds - VblM,)], (16.39)

V qNsub

where Vo, sat denotes the pinch-off voltage.
4

The principal difficulty in the above approach is that both the drain current and its

derivative are discontinuous at the edge of the triode region [1]! To resolve this issue, AL

is actually obtained by a “fixed-up” equation:

AL =
<l7t(

v
' +^} ,,6m

where V\ = (VDS — VD ^ sat )/4, The channel-length modulation coefficient is then expressed

as X = AL/(LVds ). An attribute of (16.40) is that the output conductance of the transis-

tor varies as VDS increases, an effect not represented by the first-order model using a

constant X.

The Level 2 model also includes the degradation of the mobility with the vertical field

in the channel. The mobility is calculated from

= II0
^si

cox

Ur

Vgs “ Vth ~ U
t
VDs ,

(16.41)

where Uc denotes the gate-channel critical electric field, Ut is a fitting parameter between

0 and 0.5, and Ue is an exponent in the vicinity of 0.15.

The subthreshold behavior implemented in the Level 2 model defines a voltage Von as

= vTh + ? VT , where ? = 1 + (qNFS/Cox ) + Cd/Cox ,
and NFS is an empirical

constant. The drain current is then expressed as

Ids = hn exp
V°S V‘m

, ( 1 6.42)

5 VT

where lon is the drain current calculated in strong inversion [Eq. (16.36)] for Vos =

An important drawback of this representation is the discontinuity in the slope of In as the

device goes from the subthreshold region to strong inversion (Fig. 1 6. 1 3), leading to various

difficulties and errors in simulation.

In addition to the above effects, the Level 2 model represents two other short-channel

phenomena: the variation of Vjh with L, and velocity saturation. The implementation of

these effects is quite involved and can be found in [1].

Measured data [1] indicate that the Level 2 model provides reasonable I/V accuracy for

wide, short devices in the saturation region with L ^ 0.7 (j,m but it suffers from substantial

4The junction is considered “one-sided” here, i.e., the drain doping level is much higher.
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Figure 16.13 Kink in drain current

characteristic in Level 2 model.

error in representing the output impedance and the transition point between saturation and

triode regions. For narrow or long devices, the model is quite inaccurate.

16.3.3 Level 3 Model

The Level 3 model realization is somewhat similar to the Level 2 model, with some equations

simplified and many empirical constants introduced to improve the accuracy for channel

lengths as small as 1 (im .

This model expresses the threshold voltage as

VTh = Vtho + FsY\/2(I>f — Vbs + Fn (2<pp

8.15 x 1(T
22—

3
Vds, 06.43)

CoxL
eff

where Fs and Fn represent short-channel and narrow-channel effects,
5
respectively, and f

models drain-induced barrier lowering.

The mobility equation involves both vertical and lateral field effects and is expressed as:

where

/X|
Feff

j t

Vef/VDS
*

VmaxF 1

_ ^0
Feff

l + 0(VGS - Vth)

(16.44)

(16.45)

and vmax denotes the maximum velocity of the carriers in the channel. As can be seen from

(16.44) and (16.45), fieff models the effect of the vertical field while \i\ adds that of the

lateral field as well.

The drain current is realized as:

}D — fi]C0

W,eff

Leff L

Vgs ~ Vtho ~
(

1 +
Fs y

4 — Vbs
+ Fn

Vds
Vos .

(16.46)

where V f

DS = Vo, Sat if the device is in saturation. The quantity Vo,sa t
represents both

channel pinch-off and velocity saturation (Fig. 16.9) and is expressed by relatively complex

5 For narrow-channel devices, the threshold voltage increases if the width is reduced [6j.
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equations [1]. The subthreshold current relations are similar to those of the Level 2 model,

still suffering from derivative discontinuity near strong inversion.

The Level 3 model employs more sophisticated methods of computing channel-length

modulation as well as charge and capacitance parameters. The details can be found in [1].

Comparison with measured data [1] suggests that the Level 3 model, as with the Level 2

model, exhibits moderate accuracy for wide, short transistors but suffers from large errors

for longer channels.

An important drawback of the Level 3 model is the discontinuity of the derivative of ID
with respect to VDS at the edge of the triode region, leading to large errors in the calculation

of the output impedance. Shown in Fig. 16.14 for a short-channel device, the variation of

r0 with VDS is quite poorly modeled.

Figure 1 6.1 4 Kink in output resistance in Level 3 model.

16.3.4 BSIM Series

The philosophy behind the Level 1-3 models was to express the device behavior by means of

equations that originated from the physical operation. However, as transistors were scaled

to submicron dimensions, it became increasingly more difficult to introduce physically

meaningful equations that would be both accurate and computationally efficient. BSIM
adopted a different approach: numerous empirical parameters were added so as to simplify

the equations—but at the cost of losing touch with the actual device operation.

An interesting feature of BSIM is the addition of a simple equation to represent the

geometry dependence of many of the device parameters. The general expression is of the

form:

P = Po +
&p ftp

(16.47)

where P0 is the value of the parameter for a long, wide transistor (P = P0 if L eff> Weff

oo), and aP and
j
8P are fitting factors. For example, the mobility is computed as:

au fill= + + (16.48)

The formulation of (16.47) nonetheless becomes less accurate at small dimensions [1].

The device equations and fitting parameters used in BSIM are beyond the scope of this

book. Using approximately 50 parameters, this model provides the following improvements

over the Level 3 version [1]: (1) the dependence of mobility upon the vertical field includes
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the substrate voltage; (2) the threshold voltage is modified for substrates with nonuniform

doping; (3) the currents in the weak and strong inversion regions are derived such that their

values and first derivatives are continuous; (4) to simplify the drain current equations, new

expressions are devised for velocity saturation, dependence of mobility upon the lateral

field, and the saturation voltage.

Measured results in a 0.7-/xm technology [1] indicate that BSIM avoids gross errors

in the I/V characteristics for various device dimensions, but its accuracy for narrow, short

transistors is somewhat poor.

In addition to shortcomings at channel lengths below approximately 0.8 fim, BSIM
suffers from other subtle inaccuracies. For example, at large drain-source voltages, BSIM
predicts a negative output resistance for saturated MOSFETs. Furthermore, in deep triode

region, BSIM still exhibits slight discontinuities in the drain current [1].

The next model in the BSIM series is BSIM2. Requiring approximately 70 parameters,

this version employs new expressions for mobility, drain current, and subthreshold con-

duction. It also represents the output impedance more accurately by incorporating both

channel-length modulation and drain-induced barrier lowering. Nevertheless, measured re-

sults indicate that the overall accuracy of the model is only marginally higher than that of

BSIM. For short, narrow transistors, BSIM2 suffers from large errors in the triode region

and even substantial “kinks” in the saturation region [1].

The trend in BSIM and BSIM2, namely, expressing the device behavior by means of

empirical equations that bear little relation to the physical phenomena, eventually created

difficulties in modeling short-channel devices. Parameter extraction, modeling process vari-

ations, and the need for extensive use of polynomials made the generation and application

of these models quite difficult. Consequently, the next generation, BSIM3, has returned to

the physical principles of device operation while maintaining many of the useful features

of BSIM and BSIM2. BSIM3 itself has rapidly gone through several versions, requir-

ing approximately 1 80 parameters in the third one. For channel lengths as low as 0.25 /xm,

BSIM3 provides reasonable accuracy for subthreshold and strong inversion operation while

still suffering from large errors in predicting the output impedance.

16.3.5 Other Models

In addition to the Level 1-3 models and the three generations of BSIM, a number of other

MOS models have been introduced. Among these, HSPICE Level 28, MOS9, and the Enz-

Krummenacher-Vittoz (EKV) model are the most notable, for they provide new approaches

to representing the behavior of MOSFETs [1]. For example, the HSPICE Level 28 model

improves the dependence of accuracy upon device dimensions by expressing the parameters

as:

P = P0 + a
1

L wrel)
+Y

{l Lref

i—l'yW wref
)'

(16.49)

where L ref and Wref denote the dimensions of a “reference” device, i.e., a transistor whose

characteristics have been measured. Thus, the dependence is expressed in terms of in-

crements with respect to characterized transistors rather than the absolute value of the



598 Chap. 16 Short-Channel Effects and Device Models

dimensions, yielding a potentially higher accuracy. Also, the term proportional to the prod-

uct of the length and width increments facilitates curve fitting.

The EKV model [11] substantially departs from traditional views ofMOSFET operation

by considering the bulk
,
rather than the source, as the reference point for all voltages.

This approach thus avoids distinguishing between the source and drain terminals and,

more importantly, introduces a single drain-source current equation that is valid for both

subthreshold and saturation regions.

The reader is referred to [1] for an extensive study of these models.

16.3.6 Charge and Capacitance Modeling

The simple gate capacitance model described in Chapter 2 for the Level 1 model, called

the Meyer capacitance model [1], suffers from many shortcomings even for long-channel

devices. In transient SPICE analyses, such a model does not conserve charge (!), thereby

introducing errors in the simulation. For example, as illustrated in Fig. 16.15, a periodic

Vn

, n.n..ru~L

»

t

^ruiniL
r

Figure 16.15 Annihilation of charge in simulation.

rectangular waveform applied to a voltage divider consisting of an ideal capacitor and a

MOSFET experiences “droop” at the output because in every period some charge at node X
is lost. This effect arises from the calculation of charge by integrating capacitor voltages with

respect to time, an operation that accumulates small errors in the simulation.
6 To minimize

this type of error, the simulation algorithm can be modified such that it first computes the

charge in the inversion layer and the depletion region and subsequently partitions the charge

among the device capacitances.

Another issue in the Meyer charge model relates to partitioning of the channel charge

between the source and drain terminals. The assumption that in the triode region, CGS -
CGD = (1/2)WLC0X + WC0Vi and in the saturation region, Cos — (2/3)WLC0X + WC()V

and CGd = WCov is quite inaccurate for short-channel devices, requiring flexible parti-

tioning for ease of curve fitting. In BSIM and BSIM3, for example, three different charge

partitioning scenarios (40%/60%, 50%/50%, and 0%/100%) are available.

Recent efforts have created more sophisticated charge and capacitance models for MOS
devices so as to improve the accuracy, especially for analog applications. However, as

with many other modeling improvements, the resulting equations are quite cumbersome,

imparting little intuition. The reader is referred to [1] for details.

6Another source of error here is the assumption that the device capacitances are reciprocal, e.g.,

Cgs = Csg [ 1

1

-
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16.3.7 Temperature Dependence

Many parameters of MOS transistors vary with temperature, making it difficult to main-

tain a reasonable fit between measured and simulated behavior across a wide temperature

range. In the Level 1-3 models as well as BSIM and BSIM2, the following parameters

have temperature dependence: VT h> built-in potential of S/D junctions, the intrinsic carrier

concentration of silicon («,-), the bandgap energy (E
g ), and the mobility. Most equations

are empirical, e.g.,

and

E
g =

7.02 X KT4 7 2

7+ 1108

M = Mo
300

~T~

3/2

(16.50)

(16.51)

where /xo — (t(T = 300° K).

BSIM3 incorporates a few more parameters to represent the temperature dependence of

phenomena such as velocity saturation and the effect of subthreshold voltage on VT h * It is

unclear at this point how accurately BSIM3 expresses the temperature variation of MOS
devices and circuits.

16.4 Process Corners

Unlike bipolar transistors, MOSFETs suffer from substantial parameter variations from

wafer to wafer and from lot to lot. Despite decades of technology advancement, the large

variability of CMOS circuits remains a fact with which digital and analog designers must

cope.

In order to facilitate the task of circuit design to some extent, process engineers guarantee

a performance envelope for the devices, in essence tightening the anticipated parameter

variations by discarding wafers that fall out of the envelope (Fig. 16.16). Of course, in

Acceptable

Parameter 2

Process

Parameter 1

Figure 16.16 Performance envelope as a function of process

parameters.
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their eternal battle, circuit designers insist on a tighter variability space so that they can

design more aggressively whereas process engineers tend to enlarge the envelope as much as

possible so as to increase the yield. For example, it is common in today’s CMOS technologies

to obtain a gate delay that varies by a factor of two to one with process and temperature.

The performance envelope furnished to designers has traditionally been one suited to

digital circuits and constructed in the form of “process corners.” Illustrated in Fig. 16.17,

Figure 16.17 Process corners based

on speed of NMOS and PMOS devices.

the idea is to constrain the speed envelope of the NMOS and PMOS transistors to a rect-

angle defined by four corners: fast NFET and fast PFET; slow NFET and slow PFET; fast

NFET and slow PFET; and slow NFET and fast PFET. For example, transistors having a

thinner gate oxide and lower threshold voltage fall near the fast corner. The device mod-

els corresponding to each corner are extracted from wafers whose NMOS or PMOS test

structures display a large or small gate delay, and the actual corners are chosen so as to

obtain an acceptable yield. Thus, only wafers satisfying these specifications are considered

acceptable. Simulation of circuits for various process corners and temperature extremes is

essential to determining the yield.

16.5 Analog Design in a Digital World

Memories and processors constitute the major portion of today’s semiconductor business.

Thus, as explained in Chapters 1 7 and 1 8, mostCMOS technologies are designed, optimized,

and characterized for digital applications. Despite the increasing emphasis on the “analog”

accuracy of device models, we are still far from a point where we can fully trust the absolute

numbers obtained in circuit simulations. Analog designers routinely encounter discrepancies

in SPICE, for example, between ac analysis and transient analysis. Moreover, many device

models fail simple benchmark tests [12] and effects such as flicker (and thermal) noise

and mismatch require measured data before they can be accurately reflected in simulations.

Subtle, yet important phenomena such as nonlinearity of the device output resistance are

represented incorrectly even in the most recent models. Also, the device models extracted

from a wafer often fail to accurately predict the speed of the circuits fabricated on the same

wafer! These difficulties are intensified by the rapid migration ofCMOS technologies from

one generation to the next.

Under these conditions, analog design relies on experience, intuition, and measured data.

In fact, the design ofcomplex, high-performance analog circuits may require data points that

can be obtained only by first fabricating and characterizing many simpler test circuits
[

1 3].
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Problems

Unless otherwise stated, in the following problems, use the device data shown in Table 2. 1 and assume

Vdd = 3 V where necessary. Also, assume all transistors are in saturation.

16 .1 . Silicon dioxide breaks down at high electric fields. Explain what happens if ideal scaling is

performed while keeping the gate oxide thickness constant.

16 .2 . The maximum doping level that can be established in the source and drain regions is limited

by the “solid solubility” of silicon. Explain what happens to the S/D junction capacitance

and series resistance as ideal scaling occurs but the S/D doping level remains constant. Does

DIBL become more or less significant?

16 .3 . Suppose the supply voltage of a switched-capacitor amplifier is reduced by a factor of two

and so is the maximum allowable output voltage swing. In order to maintain the dynamic

range constant, the noise voltage must scale down by the same factor.

(a) If the noise is only of kT/C type, how should the capacitors in the circuit be scaled?

(b) If the time constant is given by Gm /C, where Gm denotes the transconductance of a

one-stage op amp, how should Gm be scaled to maintain the same small-signal time

constant?

(c) How should the dimensions and tail current of the input differential pair of the op amp be

scaled?

(d) Repeat parts (b) and (c) where the slew rate must remain constant.

16 .4. Explain how each parameter in Eq. (16. 16) scales in an ideal constant-field scaling scenario.

What happens to the subthreshold slope?

16 .5. A common-gate stage designed for an input impedance of 50 Q undergoes ideal scaling. If

A, = y = 0, what is the input impedance?

16 .6 . Repeat Problem 1 6.5 if X ^ 0, y / 0, and the load is aMOS current source that is also scaled.

16 .7 . For power-conscious applications, a figure of merit is defined as the transconductance of

devices normalized to their bias current. Determine this quantity for long-channel devices

operating in strong inversion or the subthreshold region. At what drain current are these two

equal?

16.8 . Explain why the mobile charge density cannot drop to exactly zero at any point along the

channel. What happens beyond the pinch-off point?

16.9 . Using Eq. (16.20), calculate the transconductance of a MOSFET. What happens if the over-

drive voltage is very small or very large?

16.10. Using Eq. (16.29), calculate the transconductance of a MOSFET. Prove that

-
gm

Vgs ~ Vth
1 +—

1 +

1

0 T
+ 0Wgs - VT h )

2ihat l /

(16.52)

16.11

.

Suppose the channel-length modulation coefficient X is modified as A /(

1

+ kVdsX where

k is a constant, to represent the dependence of the output impedance upon Vps * Calculate

ro . Explain how a current source with such behavior introduces distortion in the voltage

across it.
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16.12

.

Assuming the devices in Fig. 16.18 experience complete velocity saturation, derive expres-

sions for the voltage gain of each circuit in terms of W and vsat . Assume k — y = 0.

— V,DD

V,out

^in 0
I 1

(a)

Figure 16.18

16.13. Using Eq. (16.36), calculate gmb and compare the result with that derived in Chapter 2.

16.14. From Eq. ( 1 6.50), determine SEg
/dT at room temperature and explain how it affects bandgap

reference voltages.

16 .15 . Suppose the fast comers of a process result from a higher fiCox • Explain what happens to the

voltage gain and the input thermal noise of the circuits shown in Fig. 16.19 at the four comers

of the process if the transistors are biased at a constant current in saturation.

H

^in ° I

Vb—\

^in° I

Figure 16.19

16.16

.

Repeat Problem 16.15 if each transistor is biased with a fixed Vos*
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Chapter 17

CMOS Processing Technology

With the high-order effects ofMOS devices covered in Chapter 1 6, we now study the fabri-

cation ofCMOS technologies. A solid understanding of device processing proves essential

in the design and layout of ICs because many limitations imposed on the performance of

circuits are related to fabrication issues. Furthermore, today’s semiconductor technology

demands that process engineers and circuit designers interact regularly so as to understand

each other’s needs, necessitating a good knowledge of each discipline.

In this chapter, we deal with the processing technology of CMOS devices, aiming to

provide a simple view of the fabrication steps and their relevance to circuit design and

layout. We begin with a brief description of basic fabrication steps such as wafer processing,

photolithography, oxidation, ion implantation, deposition, and etching. Next, we study the

fabrication sequence of MOS transistors in detail. Finally, we describe the processing of

passive devices and interconnections.

17.1 General Considerations

Before delving into a detailed study of fabrication, it is instructive to consider the ba-

sic structure of NMOS and PMOS transistors and predict the required processing steps.

As shown in Fig. 17.1, a p -type substrate (wafer) serves as the foundation upon which

n-wells, source/drain regions, gate dielectric, polysilicon, n -well and substrate ties, and

metal interconnects are built. Considering both the side view and the top view, we may

raise the following questions: (1) How are various regions defined so accurately? For ex-

ample, how is a gate polysilicon line with a minimum dimension of 0.25 fim fabricated

while maintaining a distance of 0.25 gm from another polysilicon line? (2) How are the

n -wells and S/D regions built? (3) How are the gate oxide and polysilicon fabricated? (4)

How are the gate oxide and polysilicon aligned with the S/D regions? (5) How are the

contact windows created? (6) How are the metal interconnect layers deposited?

Modem CMOS technologies involve more than 200 processing steps, but for our pur-

poses, we can view the sequence as a combination of the following operations: (1) wafer

processing to produce the proper type of substrate; (2) photolithography to precisely define

604



Sec. 17.2 Wafer Processing 605

Top View

n-well

p-substrate

Figure 17.1 Side view and top view of MOS devices.

each region; (3) oxidation, deposition, and ion implantation to add materials to the wafer;

(4) etching to remove materials from the wafer. Many of these steps require “heat treatment;
5

i.e., the wafer must undergo a thermal cycle inside a furnace.

In semiconductor processing and characterization, we often refer to the “sheet resistance
55

of a layer. The total resistance of a rectangular bar is R = pL/(W t), where p is the

resistivity of the material, and L, IV, and t, denote the length, width, and thickness of the

bar, respectively. In integrated circuits, the resistivity and thickness of the layers are set by

fabrication materials and processing steps and cannot be changed in the layout. The quantity

Rn -p/t is thus defined as the sheet resistance, combining two constants of the technology.

Since R = for W — L, i.e., for a square geometry, we express Rn in terms of ohms per

square. For example, for a sheet resistance of 10 Q/D, a geometry with VF = 2 gm and

L = 20 iim has a resistance of R = 10 Q/n x (20/2) = 100 Q. In fact, we may say “this

line is 10 squares long,
55

meaning that Lj W — 10 and R = 10Ra .

17.2 Wafer Processing

The starting wafer in a CMOS technology must be created with a very high quality. That

is, the wafer must be grown as a single-crystal silicon body having a very small number of

“defects,
55

e.g., dislocations in the crystal or unwanted impurities. Furthermore, the wafer

must contain the proper type and level of doping so as to achieve the required resistivity.
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This is accomplished by the “Czochralski method,” whereby a seed of crystalline silicon

is immersed in molten silicon and gradually pulled out while rotating. As a result, a large

single-crystal cylindrical “ingot” is formed that can be sliced thin into wafers. The diameter

of the wafer has scaled up with new technology generations, exceeding 20 cm (8 in) today.

Note that dopants are added to the molten silicon to obtain the desired resistivity. The wafers

are then polished and chemically etched, thereby removing damages on the surface that are

created during slicing. In most CMOS technologies, the wafer has a resistivity of 0.05 to

0.1 Q cm and a thickness of approximately 500 to 1000 fim (which is reduced to a few

hundred microns after all of the processing steps).

17.3 Photolithography

Photolithography, or simply lithography, is the first step in transferring the circuit layout

information to the wafer. As shown in the top view of Fig. 17. 1 and explained in Chapter 18

in more detail, the layout consists of polygons representing different types of “layers,”

e.g., n-well, S/D regions, polysilicon, contact windows, etc. For fabrication purposes, we

decompose the layout into these layers. For example, the layout of Fig. 17. 1 can be viewed

as five different layers shown in Fig. 17.2, each of which must be created on the wafer with

a very high precision. Note that the “active” (or “diffusion”) layer includes the source/drain

regions and the p
+ and n+ openings serving as the substrate and well ties.

n-well

(a) (b)

(d)

Figure 17.2 Layers comprising the structures of Fig. 17.1

.
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To understand how a layer is transferred from the layout to the wafer, let us consider

the n-well pattern of Fig. 17.2(a) as an example. This pattern is “written” to a transparent

glass “mask” by a precisely controlled electron beam [Fig. 17.3(a)]. Also, as depicted in

Fig. 17.3(b), the wafer is covered by a thin layer of “photoresist,” a material whose etching

properties change upon exposure to light.
1

Subsequently, the mask is placed on top of

the wafer and the pattern is projected onto the wafer by ultraviolet (UV) light [Fig. 17.3(c)],

The photoresist “hardens” in the regions exposed to light and remains “soft” under the

opaque rectangle. The wafer is then placed in an etchant that dissolves the “soft” photoresist

area, thereby exposing the silicon surface [Fig. 17.3(d)]. Now, an /t-well can be created in

the exposed area. We call this set of operations a lithography sequence.

Opaque
Photoresist

UV Light

**********
Exposed

Figure 1 7.3 (a) Glass mask used in lithography, (b) coverage of wafer by photoresist, (c) selective exposure

of photoresist to UV light, (c) exposed silicon after etching.

In summary, the sequence associated with the lithography of each layer involves one

mask and three processing steps: (1) cover wafer with photoresist; (2) align mask on top

and expose to light; (3) etch exposed photoresist. The example of Fig. 1 7.2 therefore requires

at least five masks and hence. five lithography sequences.

We should mention that two types of photoresists are used in processing. A “negative”

photoresist hardens in the areas exposed to light and a “positive” photoresist hardens in

the areas not exposed to light. As explained later in this chapter, both types prove useful in

fabrication.

The number of masks in a process heavily impacts the overall cost of fabrication, eventu-

ally influencing the unit price of the chip. This is so for two reasons: each mask costs several

thousand dollars, and, owing to the necessary precision, lithography is a slow and expensive

task. In fact, CMOS technology originally became attractive by virtue of the relatively small

number of masks—about seven—that it required. Although in modern CMOS processes,

In practice, a thin layer of oxide is grown before depositing the photoresist to protect the surface.
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this number is close to 25 (and the total cost of masks greater than $200,000), the cost of

each IC has nonetheless remained low because both the number of transistors per unit area

and the size of the wafer have steadily increased.

17.4 Oxidation

A unique property of silicon is that it can produce a very uniform oxide layer on the surface

with little strain in the lattice, allowing the fabrication of gate oxide layers as thin as a few

tens of angstroms (only several atomic layers). In addition to serving as the gate dielectric,

silicon dioxide can act as a protective coating in many steps of fabrication. Also, in areas

between the devices, a thick layer ofSi02 , called the “field oxide” (FOX) is grown, providing

the foundation for interconnect lines that are formed in subsequent steps (Fig. 17.4).

FOX FOX

p -substrate

Figure 17.4 Field oxide.

Silicon dioxide is “grown” by placing the exposed silicon in an oxidizing atmosphere

such as oxygen at a temperature around 1000°C. The rate of growth depends on the type

and pressure of the atmosphere, the temperature, and the doping level of the silicon.

The growth of the gate oxide is a very critical step in the process. Since the oxide

thickness, tox ,
determines both the current handling and reliability of the transistors, it must

be controlled to within a few percent. For example, the oxide thicknesses of two transistors

separated by 20 cm on a wafer must differ by less than a few angstroms, requiring extremely

high uniformity across the wafer and hence a slow growth of the oxide. Also, the “cleanness’’

of the silicon surface under the oxide affects the mobility of the charge carriers and thus the

current drive, transconductance, and noise of the transistors.

17.5 Ion Implantation

In many steps of fabrication, dopants must be selectively introduced into the wafer. For

example, after the lithography sequence of Fig. 17.3 is completed, the ra-well is formed by

entering dopants into the exposed silicon area. Similarly, the source and drain regions of

transistors require selective addition of dopants to the wafer.

The most common method of introducing dopants is “ion implantation,” whereby the

doping atoms are accelerated as a high-energy focused beam, hitting the surface of the wafer

and penetrating the exposed areas [Fig. 17.5(a)]. The doping level (dosage) is determined

by the intensity and duration of the implantation, and the depth of the doped region is set
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Ion Implant

4
Protective

Layer

Substrate

(a)

mzmzmzm

i
n-well

j

Substrate

(b)

Figure 17.5 (a) Ion implantation, (b) retrograde profile.

by the energy of the beam. As shown in Fig. 17.5, with a high energy, the peak of the

doping concentration in fact occurs well below the surface, thereby creating a “retrograde”

profile. Such a profile is desirable for the n-well because it establishes a low resistivity near

the bottom, reducing susceptibility to latch-up (Section 17.8), and a low doping level at the

surface, decreasing the S/D junction capacitance of PMOS devices.

Another important application of implantation is to create “channel-stop” regions be-

tween transistors. Consider the field oxide and the S/Djunctions ofM
\
andM2 in Fig. 1 7.6(a),

assuming an interconnect line passes on top of the field oxide. Interestingly, the two /?+

regions and the FOX form a MOS transistor having a thick gate oxide and hence a large

threshold voltage. Nonetheless, with a sufficiently positive potential on the interconnect

line, this transistor may turn on slightly, creating a leakage path between M
{
and M2 . To

resolve this issue, a channel-stop implant (also called a field implant) is performed before

the field oxide deposition [Fig. 17.6(b)], thereby raising the threshold voltage of the field

oxide transistor to a very large value.

Ion implantation damages the silicon lattice extensively. For this reason, the wafer is

subsequently heated to approximately 1000°C for 15 to 30 minutes, allowing the lattice

bonds to form again. Called “annealing,” this operation also leads to diffusion of dopants,

broadening the profile in all directions. For example, annealing results in side-diffusion of

S/D regions, creating overlap with the gate area. The wafer is therefore usually annealed

only once, after all implantations have been completed.

An interesting phenomenon in ion implantation is “channeling.” As shown in Fig. 17.7(a),

if the implant beam is aligned with the crystal axis, the ions penetrate the wafer to a great

depth. For this reason, the implant (or the wafer) is tilted by 7-9° [Fig. 17.7(b)], avoiding

such an alignment and ensuring a predictable profile. As explained in Chapter 18, this tilt

impacts the matching of transistors, necessitating precautions in the layout.
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Poly

Interconnect

p -substrate —

Figure 1 7.6 (a) Unwanted conduction due to inversion of field area, (b) channel-

stop implant.

Ion Implant

Figure 1 7.7 (a) Effect of channeling, (b) tilt in implant to avoid

channeling.
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17.6 Deposition and Etching

As suggested by the structures of Fig. 17.1, device fabrication requires the deposition of

various materials. Examples include polysilicon, dielectric materials separating interconnect

layers, and metal layers serving as interconnects.

A common method of forming polysilicon on thick dielectric layers is “chemical vapor

deposition” (CVD), whereby wafers are placed in a furnace filled with a gas that creates

the desired material through a chemical reaction. In modem processes, CVD is performed

at a low pressure to achieve more uniformity.

The etching of the materials is also a crucial step. For example, contact windows with

very small dimensions, e.g., 0.3 fim x 0.3 /zm, and relatively large depths, e.g., 2 /xm, must

be etched with high precision. Depending on the speed, accuracy, and selectivity required

in the etching step, and the type of material to be etched, one of these methods may be used:

(1) “wet” etching, i.e., placing the wafer in a chemical liquid (low precision); (2) “plasma”

etching, i.e., bombarding the wafer with a plasma gas (high precision); (3) reactive ion

etching (RIE), where ions produced in a gas bombard the wafer.

17.7 Device Fabrication

With the processing operations described in the previous section, we now study the fab-

rication sequence and device structures in typical CMOS technologies. We consider three

categories: active devices, passive devices, and interconnects.

17.7.1 Active Devices

Basic Transistor Fabrication The fabrication begins with a p-type silicon wafer ap-

proximately 1 mm thick. Following cleaning and polishing steps, a thin layer of silicon

dioxide is grown as a protective coating on top of the wafer [Fig. 17.8(a)]. Next, to create

the rc-wells, a lithography sequence consisting of photoresist deposition, exposure to UV
light using the n -well mask, and selective etching is carried out and the n -wells are implanted

[Fig. 17.8(b)]. The remaining photoresist and oxide layers are then removed [Fig. 17.8(c)].

Recall from the previous section that a field implant and a field oxide growth are neces-

sary in the areas between the transistors. At this point in the sequence, a stack consisting

of a silicon oxide layer, a silicon nitride (S^N^, and a positive photoresist layer is created.

Next, the “active” mask is used for lithography so that only the regions between the transis-

tors are exposed [Fig. 17.8(d)].
2
Subsequently, the channel-stop implant is performed, the

photoresist is removed, and a thick oxide layer is grown in the exposed silicon areas, produ-

cing the field oxide. The protective nitride and oxide layers are then removed [Fig. 17.8(e)],

thereby exposing all areas where transistors are to be formed. In the subsequent diagrams,

the channel-stop implant will be omitted for the sake of clarity.

The next step involves the growth of the gate oxide, a critical operation requiring slow,

low-pressure CVD [Fig. 17.8(f)]. As explained in Chapter 2, the “native” threshold voltage

2The n -wells are not shown for clarity.
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Figure 17.8 Fabrication sequence of MOS devices.
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of the transistors is typically far from the desired value, necessitating a threshold-adjust

implant. (The native threshold of both PMOS and NMOS is usually more negative than

desired, e.g., VT hn ^ 0, and VThp ~ -1 V.) Such an implant is performed following the

growth of the gate oxide, creating a thin sheet of dopants near the surface and making the

threshold of both NMOS and PMOS devices more positive.

With the gate oxide in place, the polysilicon layer is deposited and the “poly mask”

lithography is carried out, resulting in the structure shown in Fig. 17.8(g). We should

note that polysilicon is simply noncrystalline (“amorphous”) silicon, a property that arises

because this layer grows on top of silicon dioxide and hence cannot form a crystal. Since

polysilicon serves as a conductor, its amorphous nature is unimportant. To reduce the

resistivity of this layer, an additional implant is typically used, yielding a sheet resis-

tance of a few tens of ohms per square.

In the next step, the source/drain junctions of the transistors and the substrate and

/7 -well ties are formed by ion implantation. This step requires a “source/drain mask” and

two lithography sequences. As illustrated in Fig. 17.8(h), the first sequence incorporates

a negative photoresist, exposing the areas to receive an n+ implant (the S/D junctions of

NMOS transistors and the n-well ties). In the second sequence (Fig. 17.8(i)j, the same mask

and a positive photoresist are used, exposing the areas to receive a p
+ implant (the S/D

junctions of PMOS transistors and the substrate ties). Note that these implants also dope

the polysilicon layer, reducing its sheet resistance. This step completes the fabrication of

the basic transistors.

The reader may wonder why the source/drain junctions are formed after the gate oxide

and polysilicon. Suppose, as depicted in Fig. 17.9(a), these junctions are created first. Then,

the alignment of the gate poly mask with respect to the S/D areas becomes extremely

critical. Even if the misalignment is a small fraction of the minimum channel length, a

gap may appear between the source (or drain) and the gate area, prohibiting the formation

I

”1

^ I tl* J

p -substrate p -substrate

(a)

N-Type Implant

umuumuuu
mmm ^ TZ2

I 1mmmm.
J La?

p -substrate p -substrate

(b)

Figure 17.9 (a) Formation of regions before deposition of poly,

(b) self-aligned structure.
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of a continuous channel in the transistor. By contrast, the sequence shown in Fig. 17.8

yields a “self-aligned” structure because the source/drain regions are implanted at precisely

the edges of the gate area and a misalignment in lithography simply makes one junction

slightly narrower than the other [Fig. 17.9(b)]. Interestingly, the first few generations of

CMOS technology were based on the approach shown in Fig. 17.9(a), but it was soon

discovered that the self-aligned structure would lend itself to scaling much more easily.

Back-End Processing With the basic transistors fabricated, the wafers must next un-

dergo “back-end” processing, a sequence primarily providing various electrical connections

on the chip through contacts and wires. The first step in this sequence is “silicidation.” Since

the sheet resistance of doped polysilicon and S/D regions is typically several tens of ohms

per square, it is desirable to reduce their resistance by about an order of magnitude. Sili-

cidation accomplishes this by covering the polysilicon layer and active areas (S/D regions

and substrate and n-well ties) with a thin layer of a highly conductive material, e.g., tita-

nium silicide or tungsten. Illustrated in Fig. 17. 10, this step in fact begins with creating an

“oxide spacer” at the edges of the polysilicon gate such that the deposition of the silicide

becomes a self-aligned process as well.
3 Without the spacer, the silicide layer on the gate

may be shorted to that on the source/drain.

Oxide Spacer

n-well

(a)

Figure 17.10 (a) Oxide spacers and (b) silicide.

The next step in back-end processing is to produce contact windows on top of polysili-

con and active regions. This is carried out by first covering the wafer with a relatively thick

(0.3- to 0.5-/im) layer of oxide and subsequently performing a lithography sequence using

the “contact mask.” The contact holes are then created by plasma etching [Fig. 17.1 1(a)].

Owing to reliability issues, contacts to the gate polysilicon are not placed on top of the

gate area.

Following contact windows, the first layer of metal interconnect (called “metal 1”)

(using aluminum or copper) is deposited over the entire wafer. A lithography sequence

3
Self-aligned silicide is sometimes called “salicidc.”
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Contact Holes

(a)

(c)

Figure 1 7.1 1 Contact and metal fabrication.

using the “metal 1 mask” is then carried out and the metal layer is selectively etched

[Fig. 17.11(b)].

The higher levels of interconnect are fabricated using the same procedure [Fig. 17.1 1(c)].

For each additional metal layer, two masks are required: one for the contact windows

and another for the metal itself. Thus, a CMOS process having five layers of metal con-

tains 10 masks for the back end. The contact windows between metal layers are some-

times called “vias” to distinguish them from the first level of contacts to active areas and

polysilicon.

We should mention that if a large area must be contacted, many small windows—rather

than a large window—are usually used. Dictated by reliability issues, the dimensions of

each contact or via are fixed and cannot be decreased or increased by the layout designer. An

interesting phenomenon related to large active areas is “contact spiking.” If a large contact

window allows aluminum to touch the active area, then, as depicted in Fig. 17.12(a), the

metal may “eat” and penetrate the doped region, eventually crossing the junction to the

bulk and shorting the diode. With small windows, on the other hand, this effect is avoided

[Fig. 17.12(b)].
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Metal 1 Metal 1

Gate

p -substrate p -substrate

(a) (b)

Figure 17.12 (a) Spiking due to large contact areas, (b) use of small contacts to avoid spiking.

The final step in back-end processing is to cover the wafer with a “glass” or

“passivation” layer, protecting the surface against damages caused by subsequent mechan-

ical handling and dicing. After a lithography sequence using the “passivation mask,” the

glass is opened only on top of the bond pads to allow connection to the external environment

(e.g., the package).

17.7.2 Passive Devices

Passive components such as resistors and capacitors find wide usage in analog design,

making it desirable to add these devices to standard CMOS technologies. In practice, how-

ever, CMOS processes target primarily digital applications and hence provide only NMOS
and PMOS transistors. A new generation of CMOS technology may take one to two years

and many iterations before it becomes an “analog process,” i.e., one offering high-quality

passive devices. If a digital CMOS process is to be used for analog design, we must seek

structures that can serve as passive components. The principal issue in using such structures

is the variability of the component value from wafer to wafer because the process flow does

not assume such structures are used in circuits.

Resistors A CMOS process may be modified so as to provide resistors suited to ana-

log design. A common method is to selectively “block” the silicide layer that is deposited

on top of the polysilicon, thereby creating a region having the resistivity of the doped

polysilicon (Fig. 17.13). This means the fabrication requires an additional mask and a cor-

responding lithography sequence. Since the poly doping level is determined by various

implants in the process, the resistivity obtained here is not necessarily a target value, but

it usually falls in the range of fifty to a few hundred ohms per square. For the same rea-

son, the resistance value may vary by as much as ±20% from wafer to wafer or lot to

lot.

The use of silicide on the two ends of the resistor in Fig. 17.13 results in a much

lower contact resistance than that obtained by directly connecting the metal layer to doped

polysilicon. This improves both the definition of the resistor value and the matching with

identical structures. Also, for a given resistance, poly resistors typically exhibit much less

capacitance to the substrate than other types—on the order of 90 af//xm
2
for the bottom plate

capacitance and 100 af/^m for the fringing capacitance. These resistors are quite linear,
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Silicide Block

X - /
Silicided Poly

p -substrate
Figure 17.13 Poly resistor using

silicide block.

especially if they are long. The primary difficulties with silicide-block poly resistors are

variability, mask cost, and process complexity.

In a purely digital process, silicided poly, silicided p
+ or n+ active areas, n-well, and

metal layers can be used as resistors. Since the silicided layers have a low resistivity and,

more importantly, their resistance varies substantially (e.g., by ±50%), they are rarely

used in analog circuits.
4 An n-well resistor can be formed as shown in Fig. 17.14, but

the n-well resistivity may vary by several tens of percent with process. With typical sheet

resistivities of about 1 k^/n, n-well resistors can prove useful where their absolute value is

n-well

p -substrate
Figure 17.14 Resistor made of n-

well.

4One exception is where the low value is desirable and the absolute value is not critical, e.g., in resistor ladders

used in A/D converters (Chapter 18).
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VDD

2

Figure 17.15 Use of an n-well resis-

tor in a coupling network.

not critical. For example, Fig. 17.15 shows a common-source stage that is biased by means

of M0 and 70 while employing C
x
to block the dc level of the preceding stage. In order to

isolate the signal path from the low impedance (and the noise) introduced by Mo, resistor R\

is inserted between X and Y. Here, the value of R\ is not critical so long as it is sufficiently

large.

We should mention that, due to the depletion region formed between the n -well and the

/^-substrate, n -well resistors suffer from both a large parasitic capacitance and significant

voltage dependence. Fig. 17.16 illustrates a typical case, where one terminal of the w-well

resistor is tied to VDD . Since the capacitance to the substrate is distributed (nonuniformly)

along the resistor, a lumped model may not be accurate enough, but as a rough approxima-

tion, we place half of the total capacitance on each side of the resistor. We also note that as

Vout varies, so do the width of the depletion region and hence the value of the resistor.

The metal layers available in CMOS technologies exhibit sheet resistances on the order of

70 mQln (for bottom layers) to 30 mQ/D (for top layers). Thus, for resistor values common

in analog design, metal layers are rarely used.

^dd

T VDD

Depletion
' Region

^out

1

-T- VDD

IH«

:l
C2

ClHH
-oV.out

^1

Figure 17.16 Common-source stage using rc-well resistors.
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Capacitors Capacitors prove indispensible in most of today s analog CMOS circuits.

Several parameters of capacitors are critical in analog design: nonlinearity (voltage depen-

dence), parasitic capacitance to the substrate, series resistance, and capacitance per unit area

(density). In CMOS technologies modified for analog design, capacitors are fabricated as

“poly-diffusion,” “poly-poly,” or “metal-poly” structures. Illustrated in Fig. 17.17, the idea

is to grow or deposit a relatively thin oxide between two floating conductive layers, thereby

forming a dense capacitor with moderate bottom-plate parasitic (about 10 to 20%).

i

1; Wi
; s

i

j
• j

p -substrate

(a)

o ^ Poly 2 Metal 1

Poly 1

Fox

p-substrate p -substrate

(b) (c)

Figure 17.17 Linear capacitor structures, (a) poly-diffusion, (b) poly-poly, (c) metal poly.

The fabrication steps required to build the poly-diffusion capacitor of Fig. 17.17(a) are

shown in Fig. 17.18. First, using the “capacitor mask,” a lithography sequence similar to that

ofFig. 17.3 defines the bottom plate areas andaheavy n+ implant is applied [Fig. 17.18(a)].

Next, the gate oxide layer is grown over the entire wafer [Fig. 17.18(b)]. Note that the

oxide grows faster over the n+ region because of the heavier doping level, yielding a

capacitance per unit area less than that of MOSFETs. The fabrication then proceeds as

;

v • - '

p-substrate

(a)

yPoiy

p-substrate

(c)

n

p-substrate

Gate

Oxide

(b)

Metal 1

FOX

p-substrate

(d)

Figure 17.18 Fabrication steps of poly-diffusion capacitor.
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in a standard CMOS process, forming capacitors and MOS devices simultaneously [Figs

17.18(c) and (d)].

It is important to understand the necessity of the capacitor mask in the above sequence

The self-aligned process used to fabricate MOS devices forms active regions in the substratt

only after the gate oxide and polysilicon are created. It is therefore impossible to build ;

doped area under the polysilicon without an extra lithography sequence. Even if the layou

is drawn as in Fig. 17.19, since the n+ step is performed after the deposition of poly, tht

result is still a MOS device rather than a linear capacitor.

Figure 17.19 Layout yielding a

MOSFET rather than a linear capacitor.

By virtue of its simplicity, the poly-diffusion capacitor is the most common type, bu

it still requires an additional mask and associated fabrication steps. This structure suffer:

from some nonlinearity because the width of the depletion regions at the poly-oxide ant

oxide-diffusion interfaces changes with the applied voltage (Fig. 17.20), thereby varying

the equivalent dielectric thickness between the two conductive plates. If C ^ C0 (I d

aiV+ftV 2
), then a\ and a2 are typically on the order of 5 x 1CT4 V-1

and 5 x 10“ 5 V”2

respectively. The bottom-plate parasitic of this topology is about 20% of the interplatf

capacitance.

Depletion

Figure 17.20 Depletion regions in a

poly-diffusion capacitor.

The poly-poly capacitor of Fig. 17.17(b) is used in “double-poly’’ processes, e.g., those

designed for fabricating electrically erasable programmable read-only memories

(EEPROMs). Requiring both a capacitor mask and processing steps for the deposition and

etching of the second polysilicon layer, this structure is available in some technologies and

has roughly the same linearity and bottom-plate parasitic as the poly-diffusion capacitor.

The metal-poly topology shown in Fig. 17. 17(c) is the most linear and the most expensive

of the three. Here, after the transistors are formed and the polysilicon is silicided, a thin layer

of Si02 is deposited over the entire wafer. Next, a lithography sequence using the capacitor

mask defines areas on top of polysilicon where the oxide must remain, and selective etching
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is performed. Owing to silicidation, no depletion region is formed at the poly-oxide interface

and the linearity of the capacitor is improved. Nonlinearity coefficients as low as a few parts

per million have been achieved for such a structure [1]. The bottom-plate parasitic is on the

order of 10 to 20%.

Digital CMOS technologies do not offer the foregoing capacitor structures for cost and

yield reasons. The designer must therefore construct capacitors through the use of the

“native” layers of the process.

Perhaps the simplest capacitor structure in CMOS technology is that implemented by

a MOSFET. Illustrated in Fig. 17.21(a), the device has a capacitance that varies from a

small value at low voltages (where no channel exists and the equivalent capacitance is the

series combination of the oxide capacitance and the depletion region capacitance) to a large

value (Cox ) if the voltage difference exceeds VTH . Since the gate oxide is typically the thin-

nest layer in the process, MOS capacitors biased in strong inversion are quite dense, saving

substantial area if large values are required. For the same reason, the bottom-plate parasitic,

i.e., that due to drain and source junctions, is a relatively small percentage of the gate

capacitance—typically 10 to 20%.

Figure 17.21 (a) MOSFET configured as a capacitor, (b) nonlinear C/V characteristic.

Unfortunately, the voltage dependence of MOS capacitors, even in strong inversion,

makes the structure less attractive for precision charge transfer.

Example 17.1 Ljuumnuumur Hi HfJif Uifminuniinifniimrni F r r.rrnw.,,, rrrnnrnn im.Q, ,»

Consider the multiply-by-two amplifier of Section 12.3.3, shown in Fig. 17.22(a) as an imple-

mentation using a MOS capacitor Cj and a linear capacitor C2 . Explain how the output voltage

in the amplification mode is distorted.

Solution

Suppose for simplicity that V'in is below ground by more than Vjh so that the NMOS capacitors are

in strong inversion during sampling. As the circuit enters the amplification mode, the voltage across

Ci approaches zero and the total charge stored on Ci is transferred to C2 . How much is this charge?

If Ci were linear, we would have Q = Ci V, but here we must write dQ = C\dV. Thus, as shown

in Fig. 17.22(b), the total transferred charge when the voltage across the capacitor goes from V,- n to
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Figure 17.22 Precision muitiply-by-two circuit using a MOS capacitor.

zero is equal to the area under the C/V characteristic, a value substantially less than that in the linear

case. The output voltage is then given by

1 f
v'»

Vout*Vin + — C
{
dV. (17.1)

C2 J0

Another issue related to MOS capacitors is their series resistance, an effect arising from

the gate material and, more importantly, the channel resistance. Assuming proper layout

minimizes the gate resistance, we view the channel resistance as shown in Fig. 17.23,

estimating the equivalent series resistance as (Rtot /2)\\(R tot /2) — RtoI /4 ,
where Rtot -

fijlC0X{W

/

L){Vqs — Vth )]~ ]

• The intrinsic time constant of the capacitor is therefore

9 9

1 ^ J
1 1

l r?

Rtot

9

=>
Mot

;

2

'tot

9

ch

S

6

Figure 1 7.23 Channel resistance of MOS capacitor.
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equal to:

t = Cch

1

4
f
xC0X (W/L)(VGS - VTH )

L 1

4/x(Vg5 - Vth)

* WLCox

(17.2)

(17.3)

(17.4)

In reality, the distributed nature of the resistance and the capacitance along the channel

results in a time constant equal to one-third of that given above [2]. Another figure of merit

for such a capacitor is Q = [l/(Ca))]/ R$- As a rule of thumb, we choose Rs < 0.1 /(Cod).

Equation 17.4 indicates that for a given overdrive, to minimize the series resistance of a

MOS capacitor, L must be minimized. Consequently, MOS capacitors are usually designed

as a parallel combination of wide, short devices rather than a square block (Fig. 17.24). The

penalty is a higher junction capacitance to the substrate and somewhat greater area.

In applications requiring linear capacitors, a “sandwich” of conductive layers can be

formed in CMOS technology. Shown in Fig. 17.25 is an example, where the capacitance

between every two layers is exploited to increase the density. Since the dielectrics between

Figure 17.24 Use of wide, short MOS fingers to reduce channel resistance.

C — C-j +

9 9

Metal 4

Metal 3

Metal 2

Metal 1

Poly

3
J%L
Substrate Figure 17.25 Linear capacitor made

of native conductive layers.
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the layers are relatively thick, this structure still requires a much larger area than the types

studied above. More importantly, the bottom-plate parasitic (e.g., the capacitance between

poly and substrate in Fig. 17.25) is quite large, about 50 to 60% of the total interplate

capacitance. This structure is studied in detail in Chapter 18.

Example 17.2'

An amplifier with an input capacitance of Ci„ is to be ac-coupled to a preceding stage having an output

resistance R0ut- Considering both of the topologies depicted in Fig. 17.26 and allowing a maximum

signal attenuation of 20%, determine the minimum value of the coupling capacitor and the resulting

time constant if Cp = 0.5Cc or Cp = 0.2Cc-

"out ^C Y
-%—Ih-t-

(a) (b)

Figure 17.26

Solution

In Fig. 17.26(a), the attenuation is given by: A v — Cd(Pc + C,-n ), yielding Cc > 4C,„ for a 20%

signal loss. The total capacitance seen from node X to ground is therefore equal to Cp + CcC/n/

(Cc + Ci n ) = Cp + 0.8C,b. It follows that the time constant is 2.8R0Ut Cin for Cp = 0.5Cc and

1.6RoutCi n forCp = 0.2Cc-

In Fig. 17.26(b), Cp itself attenuates the signal: A v = Cc/(Cc + Cin + Cp), indicating that no

value of Cc can yield a signal loss of 20% if Cp > 0.2Cc-

These calculations yield two important results. First, the topology of Fig. 17.26(a) is generally

preferable. Second, the addition of a coupling capacitor, e.g., to isolate the bias levels, substantially

degrades the speed.

17.7.3 Interconnects

The performance oftoday’s complex integrated circuits heavily depends on the quality of the

available interconnects, requiring more metal layers in new generations of the technology.
5

Proper modeling of interconnects in a high-performance circuit is still a topic of active

research, but our objective is to provide a basic understanding of the interconnect issues.

Two properties of interconnects, namely, series resistance and parallel capacitance, im-

pact the performance, often mandating iteration between layout and circuit design. The

series resistance becomes especially problematic in supply and ground lines, creating dc

and transient voltage drops. Also, for long signal lines, the distributed resistance and ca-

pacitance of the wire may result in a significant delay.

5 At the time of this writing, technologies with six layers of metal are in production.
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The resistance of metal wires can be easily estimated at low frequencies, where skin

effect is negligible. Typical sheet resistances are 30 mQ/n for the topmost (thickest) layer

and 70 mQ/n for lower layers. The finite resistance of wires influences the choice of line

widths for high-current interconnects such as supply and ground buses, as illustrated by the

following example.

Example 17.3

A D/A converter incorporates N equal current sources implemented as NMOS devices each having

an aspect ratio of W/L [Fig. 17.27(a)]. Assuming the interconnect between every two consecutive

current sources has a small resistance, r, estimate the mismatch between In and I\.

(a) (b)

Figure 17.27 Effect of ground resistance in a D/A converter.

Solution

If r is sufficiently small, the circuit can be modeled as shown in Fig. 17.27(b), where, I\ & h %
. . . ss }N = /. The voltage at node N is obtained by superposition of currents:

VN = Ir + I(2r) + • 4 - 1(Nr) (17.5)

N(N + 1) f
Ir.

2
(17.6)

If Vn is relatively small, the assumption I\ & I2 & • • ^ //v used in the above calculation is

reasonable and M\ -Mn exhibit roughly equal transconductances. Thus,

In = I - gm Vn

N{N + 1)
= I ~gm r = 1

= I 1 ~ gm r

2

N(N + 1)"

(17.7)

(17.8)

(17.9)

Since V\ ^ /V • / • r, we have I\ — I — gmN I • r, and the relative mismatch between /

1

and In

is

h -In

I

N(N~ 1)

= gmr
2

(17.10)
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The key point here is that the error grows in proportion to N 1
. The ground bus must therefore be

sufficiently wide to minimize r.

Another factor determining the width of interconnects is “electromigration.” At high

current densities, the aluminum atoms in a wire tend to “migrate,” leaving a void that

eventually (after some years of operation) grows to a discontinuity. For this reason, long-

term reliability considerations restrict the maximum current density of interconnects. As a

rule of thumb, a current-density of 1 mA per micron of width is acceptable, but the actual

value varies according to the thickness of the metal. Also, for transient currents, the peak

value may be quite higher.

The problem of interconnect capacitance is much more complicated. We begin with a

single wire on top of a substrate (Fig. 17.28), identifying a “parallel-plate” capacitance and

a “fringe” capacitance. For narrow lines, the two are comparable.

Figure 17.28 Parallel-plate and fringe capacitance of an

interconnect.

A simple empirical relationship for calculating the total wire capacitance per unit length

on top of a conducting substrate is:

C = 6
W— + 0.77 + 1 .06
h

W
T

0.25

+ 1.06
( 17 . 11

)

where W, h, and t denote the dimensions shown in Fig. 17.28 [3]. For typical dimensions,

this equation predicts the capacitance with a few percent of error.

While upper levels of metal in a process exhibit less capacitance per unit width and

length, their minimum allowable width is usually greater than that of the lower layers. Thus,

the minimum capacitance for a given length may be only slightly smaller for the topmost

layer(s). Table 17.1 depicts typical values for the minimum widths and parallel -pi ate and

fringe capacitances (to the substrate) in a four-metal 0.25-/zm process.

Wires also suffer from parallel and fringe capacitances between them. Illustrated in

Fig. 17.29, this effect is difficult to quantify for a complex layout, often necessitating the

use of computer programs. In practice, the capacitances between the layers are calculated

by “electromagnetic field solvers,” measured experimentally, and tabulated in the process

design manual.
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Table 17.1 Minimum widths and capacitances of

interconnects in a 0.25-^m technology.

Poly Metal 1 Metal 2 Metal 3 Metal 4

Minimum Width 0.25 0.35 0.45 0.50 0.60

(/im)

Bottom-Plate 90 30 15 9.0 7.0

Capacitance

(aF//mn
2

)

Fringe Capacitance

(Two Sides)

(aF/^m)

110 80 50 40 30

Figure 17.29 Complex interconnect structure.

7.8 Latch-Up

Owing to manufacturing difficulties, the first few generations ofMOS technologies provided

only NMOS devices. In fact, many of the early microprocessors and analog circuits were

fabricated in NMOS processes, but they consumed substantial power. The advent ofCMOS

technology was motivated by the zero static power dissipation of CMOS logic—although

CMOS devices required a greater number of masks and fabrication steps. Another issue

that did not exist in NMOS implementations but arose in CMOS circuits was latch-up.

Consider the NMOS and PMOS devices shown in Fig. 17.30(a). Recall from Chapter 1

1

that a parasitic pnp bipolar transistor, Q \ , is associated with the PFET, the rc-well, and the

substrate. By the same token, a parasitic npn device, Qi, can be identified in conjunction with

the NFET. We make two observations: (1) the base of each bipolar transistor is inevitably

tied to the collector of the other; (b) owing to the finite resistance of the n-well and the

substrate, the bases of Q\ and Q 2 see a nonzero resistance to VDD and ground, respectively.

The parasitic circuit can therefore be drawn as in Fig. 1 7.30(b), revealing a positive feedback

loop around Q \
and £> 2 * In fact, if a current is injected into node X such that Vx rises, then

fc

2

increases, VY falls, |/C i| increases, and V* rises further. If the loop gain is greater

than or equal to unity, this phenomenon continues until both transistors turn on completely,

drawing an enormous current from VDD . We say the circuit is latched up.
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Figure 1 7.30 (a) Parasitic bipolar transistors in a CMOS process, (b) equivalent circuit.

The initial current required to trigger latch-up may be produced by various sources in an

integrated circuit. For example, in Fig. 17.30(a), the bases of Q x
and Q 2 are capacitively

coupled to the drains of M
{
and A/2 , respectively. A large voltage swing at the drains can

therefore inject a significant displacement current into the n -well or the substrate, initiating

latch-up.

A common case of latch-up occurs with the use of large digital output buffers (invert-

ers). These circuits inject high currents into the substrate through the large drain junction

capacitance of the transistors and by forward-biasing the source-bulk junction diodes. The
latter arises because of the substantial transient voltages produced across the bond wires

connected to the ground (Chapter 18).

In order to prevent latch-up, both process engineers and circuit designers take precau-

tions such that the loop gain of the equivalent circuit shown in Fig. 17.30(b) remains well

below unity. Proper choice of the doping levels and profiles as well as layout design rules

ensure a low value for both the parasitic resistances and the current gain of the bipolar

transistors. Furthermore, the layout of the circuit incroporates substrate and ^-well contacts

with sufficiently small spacing so as to minimize the resistance. The design manual of each

technology typically provides an extensive set of layout rules recommended for latch-up

prevention.

Problems

Unless otherwise stated, in the following problems, use the device data shown in Table 2. 1 and assume

Vdd = 3 V where necessary. Also, assume all transistors are in saturation.

17. 1 . A MOS technology is designed to provide only «-type transistors and two metal layers. Sketch

the fabrication steps and determine the minimum number of masks required in this technology.

17 .2 . During a threshold-adjust implant, the wafer was not tilted, leading to severe channeling.

Explain whether the resulting threshold voltage is higher or lower than the target value.

17 .3 . The circuits of Fig. 17.31 have been fabricated with a longer-than-expected gate oxidation

cycle. If the threshold voltages are still equal to the desirable value, sketch Vout versus Vin
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and compare the results to the target case.

H

^in
0

I

(a) (b)
Figure 17.31

17.4. The circuits of Fig. 17.31 have been fabricated without a threshold-adjust implant. Sketch

V0ut versus Vin and compare the results to the target case.

17.5. Due to a layout error, the circuit shown in Fig. 1 7.32 suffers from contact spiking in one of the

junctions. Identify the faulty junction if (a) the voltage gain is higher than expected, (b) the

output voltage is near Vdd-

H

-°v,out

^in 0
I

Figure 17.32

17.6. An NMOS cascode current source used in a large circuit exhibits a substantially lower output

impedance than expected. Determine which fabrication error may have led to this effect;

(a) channeling during S/D. implant, (b) omission of the channel-stop implant, (c) insufficient

gate oxide growth.

17.7. An NMOS cascode current source has a zero output current. If a single (small) lithography

misalignment has caused this error, determine in which fabrication step(s) this may have

occurred.

17.8. A differential pair using an active current mirror as load suffers from a low small- signal voltage

gain. If the bias current is equal to the target value, determine which fabrication error may

have led to this effect; (a) heavy n-well implantation, (b) heavy threshold-adjust implantation,

(c) long gate oxidation cycle.

17.9. The switched-capacitor amplifier of Fig. 17.33 exhibits a large gain error. If the bias current

of the op amp is equal to the desired value, which fabrication error is likely to have happened:

(a) heavy threshold-adjust implantation, (b) very heavy doping in the bottom plate of C\

(placed at node P), (c) channeling during the S/D implantation.
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Chapter 18

Layout and Packaging

In the past 20 years, analog CMOS circuits have evolved from low-speed, low-complexity,

small-signal, high-voltage topologies to high-speed, high-complexity, low-voltage “mixed-

signal” systems containing a great deal of digital circuitry. While device scaling has en-

hanced the raw speed of transistors, unwanted interaction between different sections of

integrated circuits as well as nonidealities in the layout and packaging increasingly limit

both the speed and the precision of such systems. Today’s analog circuit design is very

heavily influenced by layout and packaging.

In this chapter, we study principles of layout and packaging, emphasizing effects that

manifest themselves when analog and digital circuits coexist on a chip. For the sake of

brevity, we use the term analog to mean both “analog” and “mixed-signal ” Beginning with

an overview of layout design rules, we study a number of topics related to the layout of

analog circuits, including multifinger transistors, symmetry, reference distribution, passive

device layout, and interconnects. Next, we deal with the problem of substrate coupling.

Finally, we describe packaging issues, analyzing the effect of self- and mutual inductance

and capacitance of external connections to integrated circuits.

18.1 General Layout Considerations

The layout of an integrated circuit defines the geometries that appear on the masks used

in fabrication. From Chapter 17, the geometries include rc-well, active, polysilicon, n+ and

implants, interlayer contact windows, and metal layers.

Figure 18.1 shows an example, where the mask geometries required for a PMOS tran-

sistor are drawn. It is important to note the following: (1) the n-well surrounds the device

with enough margin to ensure that the transistor is contained in the well for all expected

misalignments during fabrication; (2) each active area (S/D regions and n+ contact to

the well) is surrounded by a proper implant geometry with enough margin; (3) from the

fabrication steps described in Chapter 17, the gate requires its own mask; (4) the con-

tact windows mask provides connection from active and poly regions to the first layer

of metal.

631
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Figure 18.1 Layout of a PMOS
transistor.

In most modern layout tools, the implants, and even the n-wells are automatically gen-

erated from the remainder of transistor geometries, reducing the number of layers that the

layout designer sees on the computer screen and simplifying the task.

18.1.1 Design Rules

While the width and length of each transistor is determined by circuit design, most of the

other dimensions in a layout are dictated by “design rules,” i.e., a set of rules that guarantees

proper transistor and interconnect fabrication despite various tolerances in each step of

processing. Most design rules can be categorized under one of four groups described below.

Minimum Width The widths (and lengths) of the geometries defined on a mask must

exceed a minimum value imposed by both lithography and processing capabilities of the

technology. For example, if a polysilicon rectangle is excessively narrow, then, owing to

fabrication tolerances, it may simply break or at least suffer from a large local resistance

(Fig. 18.2). In general, the thicker a layer, the greater its minimum allowable width, indi-

t

W,
i Figure 18.2 Excessive width varia-

* tion in a narrow poly line.

eating that as technologies scale, the thickness must be decreased proportionally. Fig. 1 8.3

depicts examples of minimum widths in a 0.25-/rm technology. Note that the thickness of

the layers is not under the control of the layout designer.

Metal 1

Figure 18.3 Widths and thicknesses of poly and metal lines.
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Poly Line

Figure 18.4 (a) Short between two excessively close poly lines, (b) minimum

spacing between active and poly.

Metal 1

Figure 18.5 Enclosure rule for poly

and metal surrounding a contact.

Minimum Spacing The geometries built on the same mask or, in some cases, different

masks must be separated by a minimum spacing. For example, as shown in Fig. 18.4(a), if

two polysilicon lines are placed too close to each other, they may be shorted. As another

example, consider the case shown in Fig. 18.4(b), where a polysilicon line runs close to

the S/D area of a transistor. A minimum spacing is required here to ensure the implant

surrounding the transistor does not overlap with the poly line.

Minimum Enclosure We mentioned above that in the layout of Fig. 18.1, the n-well

and the p
+ implant must surround the transistor with sufficient margin to guarantee that the

device is contained by these geometries despite tolerances. These are examples of minimum

enclosure rules. Fig. 18.5 depicts another example, where a poly contact window connects

a poly line to a metal 1 line. To ensure that the contact remains inside the poly and metal 1

squares, both geometries must enclose the contact with enough margin.

Minimum Extension Some geometries must extend beyond the edge of others by a

minimum value. For example, as shown in Fig. 18.6, the gate polysilicon must have a

minimum extension beyond the active area to ensure proper transistor action at the edge.

In addition to the minimum dimensions specified in the above four categories, some

maximum allowable dimensions may also be enforced. For example, for long metal wires,

the minimum width is typically larger than that for short wires to avoid “liftoff” problems.

Other such rules relate to the “antenna effect,” described in the next section.

Fig. 18.7 summarizes a small subset of design rules governing the layout of an NMOS
differential pair with PMOS current-source loads. Modern CMOS technologies typically

involve more than 150 layout design rules.
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p-substrate

Figure 1 8.7 Layout of a differential

Figure 18.6 Extension of poly

beyond the gate area.

>4
1

: Active-Active Spacing

A 2 : Metal Width

A3
: Metal-Metal Spacing

A4 : Enclosure of Contact by Active

A 5 :
Poly-Active Spacing

A6 : Active-Well Spacing

A7 \ Enclosure of Active by Well

A8 : Poly-Poly Spacing

r with PMOS current-source loads.

18.1.2 Antenna Effect

Suppose the gate of a small MOSFET is tied to a metal 1 interconnect having a large area

[Fig. 1 8.8(a)]. During the etching of metal 1, the metal area acts as an “antenna,” collecting

ions and rising in potential. It is therefore possible that the gate voltage of the MOS device

increases so much that the gate oxide breaks down (irreversibly) during fabrication.

The antenna effect may occur for any large piece of conductive material tied to the gate,

including polysilicon itself. For this reason, submicron CMOS technologies typically limit

the total area of such geometries, thereby minimizing the probability of gate oxide damage.
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Metal 2
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Figure 18.8 (a) Layout susceptible to antenna effect, (b) discontinuity in metal 1 layer to avoid antenna

effect.

If large areas are inevitable, then a discontinuity can be created as illustrated in Fig. 1 8.8(b)

so that, when metal 1 is being etched, the large area is not connected to the gate.

18.2 Analog Layout Techniques

The extensive sets of design rules enforced by mainstream CMOS processes aim to maxi-

mize the yield of digital ICs while allowing moderately aggressive circuit design. Analog

systems, on the other hand, demand many more layout precautions so as to minimize effects

such as crosstalk, mismatches, noise, etc.

18.2.1 Multifinger Transistors

As mentioned in Chapter 2, wide transistors are usually “folded” so as to reduce both

the S/D junction area and the gate resistance. A simple folded structure such as that in

Fig. 18.9(a) may prove inadequate for very wide devices, necessitating the use of multiple

“fingers” [Fig. 18.9(b)], As a rule of thumb, the width of each finger is chosen such that the

resistance of the finger is less than the inverse transconductance associated with the finger.

In low-noise applications, the gate resistance must be one-fifth to one-tenth of 1 /gm .

Figure 18.9 (a) Simple folding of a MOSFET, (b) use of multiple fingers.
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Example 18.1 - _ _

A 100-/zm/0.6-/xm MOSFET biased at 1 mA exhibits a transconductance of 1/(200 £2). If the sheet

resistance of the gate polysilicon is equal to 5 £!/, what is the widest finger that the structure can

incorporate while ensuring the gate thermal noise voltage is one-fifth of the input-referred channel

thermal noise voltage?

Solution

If the transistor is laid out as N parallel fingers, each finger exhibits a transconductance of 1 /(200/V £2)

and a total distributed resistance of 5 £2 x (100/0.6)/N. Using the long-channel approximation for

the input-referred channel thermal noise from Chapter 7, we have

Channel Noise = yJ^kT ^(200) V/\/Hz (18.1)

/ 500 1 ,

—

Gate Noise = J4kT . V/VHz
V 0.6N 2 3

' (18.2)

where the factor 1/3 on the right hand side of (1 8.2) accounts for the distributed nature of the resistance

(Chapter 7). Equating (18.1) to five times (18.2), we have

N = 5
6.25

"IT

^ 7.2.

(18.3)

(18.4)

Thus, a minimum of 8 fingers is required.

While the gate resistance can be reduced by decomposing the transistor into more parallel

fingers, the capacitance associated with the perimeter of the source/drain areas increases. As

exemplified by the structures depicted in Fig. 1 8. 10,
1

with three fingers, the total perimeter

of the source or the drain is equal to 2(2E + 2W/3) = 4E + 4W/3, whereas with five

Figure 18.10 Layout of a transistor using (a) three fingers, (b) five fingers.

The use of multiple fingers is sometimes called “interdigitization.”
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fingers, it is equal to 3(2£ + 21V/5) = 6E + 6W/5. In general, for an odd number of fingers

/V, the S/D perimeter capacitance is given by

/v + 1 ( 2W \
Cp =

2 r +
»)

r̂
JSW (18.5)

r N + 1

-1

= (/v + 1 )£ +
N

w r̂
JSW’ (18.6)

Thus, the number of fingers multiplied by E must be much less than W so as to mini-

mize the S/D perimeter capacitance contribution. In practice, this requirement may conflict

with that for minimizing the gate resistance noise, mandating a compromise between the

two or contacting the gate on both ends to reduce the resistance.

For transistors having a large number of gate fingers, the structure may be modified

to that shown in Fig. 18.11, thereby avoiding long geometries and hence disproportionate

dimensions in the layout of the overall circuit.

Figure 18.11 Layout of a wide

transistor with many fingers.

The layout of a cascode circuit can be simplified if the input device M\ and the cascode

device M2 have equal widths. As shown in Fig. 18.12(a), the drain of M\ and the source of

M2 can share the same junction. More importantly, since this junction is not connected to any

other node, it need not accommodate a contact window and can therefore be quite smaller

[Fig. 18.12(b)]. Consequently, the capacitance at the drain of M\ is reduced substantially,

improving the high-frequency performance. For wide transistors, each transistor may use

two or more fingers [Fig. 18.12(c)].

18.2.2 Symmetry

Recall from Chapter 13 that asymmetries in fully differential circuits introduce input-

referred offsets, thus limiting the minimum signal level that can be detected. While some
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Figure 18.12 Layout of cascode devices having the same width.

mismatch is inevitable, inadequate attention to symmetry in the layout may result in large

offsets—much greater than the values predicted by the statistical treatment of Chapter 13.

Symmetry also suppresses the effect of common-mode noise and even-order nonlinearity.

It is important to note that symmetry must be applied to both the devices of interest and

their surrounding environment. We return to this point later.

Let us consider the differential pair of Fig. 1 8.13(a) as the starting point. If, as depicted

in Fig. 18.13(b), the two transistors are laid out with different orientations, the matching

greatly suffers because many steps in lithography and wafer processing behave differently

along different axes. Thus, one of the configurations in Fig. 18. 13(c) and (d) provides a more

Figure 18.13 (a) Differential pair, (b) layout of M\ and M2
with different orientations, (c) layout with gate-aligned devices,

(d) layout with parallel-gate devices.
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Source/Drain Implant

Region

W///MWM.HEJ\ 0LJ
Asymmetry

Figure 18.14 Shadowing due to implant tilt.

plausible solution. The choice between these two is determined by a subtle effect called

“gate shadowing.’
1

Illustrated in Fig. 18.14, the shadowing is caused by the gate polysilicon

during the source/drain implantation because the implant (or the wafer) is tilted by about

7° to avoid channeling (Chapter 17). As a result, a narrow strip in the source or drain region

receives less implantation, creating a small asymmetry between the source and drain side

diffusions after the implanted areas are annealed.

Now consider the structures of Figs. 18.13(c) and (d) in the presence of gate shadow-

ing (Fig. 18.15). In Fig. 18.15(a), if the shadowed terminal is distinguished as the drain

(or the source), then the two devices sustain no asymmetry resulting from shadowing. In

Fig. 18.15(b), on the other hand, the transistors are not identical even if the shadowed ter-

minals are distinguished because the source region of M
\
“sees” M2 to its right whereas

the source region of M2 sees only the field oxide. Similarly, the drains of M\ and M2 see

different structures to their left. In other words, the surrounding environment of Mi is not

identical to that of M2 . For this reason, the topology of Fig. 1 8. 15(a) is preferable.

Figure 18.15 Effect of shadowing on (a) gate-aligned and (b) parallel-gate

transistors.

The asymmetry inherent to the structures of Fig. 1 8.15(b) can be ameliorated by adding

“dummy” transistors to the two sides so that Mi and M2 see approximately the same

environment (Fig. 18.16). However, in more complex circuits, e.g., in a folded-cascode op

amp, such measures cannot be easily applied.

We should emphasize the importance of maintaining the same environment on the two

sides of the axis of symmetry. For example, in the structure of Fig. 18.17, an unrelated

metal line passing over only one transistor indeed degrades the symmetry, increasing the

mismatch between Mj and M2 . In such cases, either a replica must be produced on the other
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Figure 18.16 Addition of dummy devices to improve symmetry.

Figure 18.17 (a) Asymmetry resulting from a metal line passing over M2 ,
(b) removing

the asymmetry by replicating the line on top ofM \

.

side [Fig. 18.17(b)] (even though the replica may remain floating) or, preferably, the source

of asymmetry must be removed.

Symmetry becomes more difficult to establish for large transistors. In the differential pair

of Fig. 1 8. 18, for example, the two transistors have a large width so as to achieve a small

Gradient

Figure 18.1 8 Effect of gradient in a differential pair.

input offset voltage, but gradients along the x-axis give rise to appreciable mismatches. To
reduce the error, a “common-centroid” configuration may be used such that the effect of

first-order gradients along both axes is cancelled. Illustrated in Fig. 18.19, the idea is to

decompose each transistor into two halves that are placed diagonally opposite of each other
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Figure 18.19 Common-centroid layout.

and connected in parallel.
2 However, the routing of interconnects in this layout is quite

difficult, often leading to systematic asymmetries of the type depicted in Fig. 1 8. 17(a) or in

the capacitances from the wires to ground and between the wires. For a larger circuit, e.g.,

an op amp, the routing may become prohibitively complex.

The effect of linear gradients can also be suppressed by “one-dimensional” cross cou-

pling, as depicted in Fig. 1 8.20. Here, all four half transistors are placed along the same axis

and M\ andM2 are formed by connecting either the near ones and the far ones [Fig. 1 8.20(a)]

or every other one [Fig. 18.20(b)]. (For clarity, the connections between the sources and

drains are not shown.) To analyze the effect of gradients in these structures, let us assume

that, for example, the gate oxide capacitance varies by ACox from each half transistor to

the next.
3 Placing M]a and M4ti in parallel, we have

1 W 9

Io\a + ID4a = -fin (C0X JrC0X + 3

A

C0X )-j-(Vas ~ Vth )'> (18-7)

and for M2a and M3a :

1 W 9

ID2a + IDal = -f^ni^ox + &C0X + Cox + 2AC0X )
— (VgS ~ ^ThY- (18.8)

This type of cross coupling therefore cancels the effect of the gradient. Now, for the con-

figuration of Fig. 18.20(b), we have

1 W ,

Io\b + ?D3b = 2^n(^ox + C0X + 2AC0X )
— (VgS ~ VTH ) ,

(18.9)

and

1 W
lD2b + lD4b = -finiCox + AC0JC + Cox + 3ACox )^~(^GS ~ VTH )

2
- (18.10)

Equations ( 1 8.9) and (18.10) suggest that this approach removes the error to a lesser extent.

2The interconnect lines shown in this figure are only conceptually correct.

3
In reality, variation of Cox influences the threshold voltage as well. We neglect this effect here.
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Figure 18.20 One-dimensional cross-coupling.

The reader can prove that for small gradients in other device parameters, similar results

are obtained, concluding that the topology of Fig. 1 8.20(a) contains smaller errors than that

of Fig. 1 8.20(b). However, since the environment seen by M2a + differs from that seen

by M\ a + M4a , dummy transistors must be added to the left of M Xa and right of MAa .

18.2.3 Reference Distribution

In analog systems, the bias currents and voltages of various building blocks are derived from

one or more bandgap reference generators. The distribution of such references across a large

chip entails a number of important issues. Consider the example depicted in Fig. 18.21,

where Iref is produced by a bandgap reference and M\~Mn serve as bias current sources

of building blocks that are located far from MREF and from each other. If the matching

between //>j -//>« and Iref is critical, then the voltage drop along the ground line must be

taken into account. In fact, for a large number of circuits connected to the same ground line,

the systematic mismatch between the current sources and lREF may be unacceptable.

To remedy the above difficulty, the reference can be distributed in the current domain

rather than in the voltage domain. Illustrated in Fig. 18.22, the idea is to route the reference
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Circuit n

Figure 1 8.21 Distribution of a reference voltage for current-mirror

biasing.

Figure 18.22 Distribution of current to reduce the effect of inter-

connect resistance.

current to the vicinity of the building blocks and perform the current mirror operation

locally. Placing the interconnect resistance in series with current sources, this approach

lowers systematic errors if the building blocks appear in dense groups in different regions

on the chip. However, mismatches between Iref\ and Irefi and between MrE f\ and

Mrefi introduce error. In large systems, it may be advantageous to employ several local

bandgap reference circuits so as to alleviate routing problems.

Another issue in the circuits of Figs. 18.21 and 18.22 relates to the orientation of the

transistors. As mentioned in Section 18.2.2, if, for example, Mref and M\ -Mn in Fig. 1 8.21

have different orientations, then substantial mismatches arise. Since circuits 1 , 2, . .
.

,

n may

be laid out individually, particular attention must be paid to the orientation of their current

sources before and after the entire chip is composed.

The scaling of currents in Figs. 18.21 and 18.22 also demands careful choice of device

dimensions and layout. Suppose the circuit of Fig. 18.21 requires lm = 0.5IREf and IDi =
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Floating Source

Wu

Figure 1 8.23 Proper scaling of device dimensions for adequate matching of current sources.

21ref • How do we choose (W/L ) i
and (W/L)2 with respect to (W/L)REF 1 Recall from

Chapter 2 that, owing to the side diffusion of the source/drain regions, the effective channel

length is less than the drawn length by 2LD ,
a poorly controlled quantity. Thus, to avoid

large mismatches, the lengths of the transistors must be equal and the currents must be

scaled by proper choice of the widths. We then postulate that W
x
= 0.5^ £/? and W2 =

2Wref - Figure 18.23 shows how Mref, M\, and M2 in this example are laid out to ensure

reasonable matching. Note that all equivalent widths are integer multiples of a unit value,

Wu . Transistor M\ is identical to M^ef except that half of its source remains floating (or

connected to the drain). To improve the matching, the array can be surrounded by dummy
devices.

18.2.4 Passive Devices

The implementation of passive devices in mainstream CMOS technologies continues to

pose difficult challenges. When introduced for production, a new generation of a CMOS
process provides only NMOS and PMOS devices, rarely allowing the use of polysilicon

resistors (with silicide block) or high-density linear capacitors. Since it takes approximately

two years to add such modules to the technology, we say “analog” processes are about two
years behind “digital” processes. This is an important observation because in two years

the next generation of the basic CMOS process is launched (Fig. 18.24), providing scaled

transistors having a higher “raw” speed.

Which generation should a manufacturer use at t — t\ + 2 years: generation N

A

with

well-characterized passive components but a minimum dimension of L] or generation

N + 1 with no high-quality passive devices but a scaled dimension of Lj/2? Considering

the difficulties in analog design without such passive elements, we may choose generation

NA, forsaking the speed advantages of generation W + 1. However, since the design of

digital circuits is immediately moved to the scaled technology, the analog building blocks

must follow suit if they are to be integrated on the same chip along with the digital system.



»c. 18.2 Analog Layout Techniques 645

• Generation N
-Minimum Dimension =L

1

-No High-Quality Passive

,
Devices

*i
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Figure 18.24 Development of digital and analog generations of a CMOS technology.

In practice, different IC manufacturers have adopted different approaches: some develop

products in analog technologies, exploiting the well-characterized properties of the devices

to design aggressively, whereas others utilize digital processes, taking advantage of more

relaxed power-speed trade-offs and maintaining compatibility with digital circuits.

Let us now study the implementation of passive devices.

Resistors Polysilicon resistors using a silicide block exhibit high linearity, low capac-

itance to the substrate, and relatively small mismatches. The linearity of these resistors

in fact depends on their length [1], necessitating accurate measurement and modeling for

high-precision applications. Fig. 18.25 depicts an example where the nonlinearity of the

resistor is critical. Since Vout = —Iin Rf, the accuracy of current-to-voltage conversion

depends on the linearity of RF .

Figure 18.25 Feedback amplifier

converting a voltage to current.

As with other devices, the matching of polysilicon resistors is a function of their dimen-

sions. For example, resistors having a length of 5 fim and width of 3 fim display typical

mismatches on the order of 0.2%. Most of the symmetry rules described for the layout of

MOS devices apply to resistors as well. For example, resistors that are required to bear a

well-defined ratio must consist of identical units placed in parallel or series (with the same

orientation).

Example 18.2 —

Consider the bandgap circuit shown in Fig. 1 8.26. Choose the values of n, R
] ,
and /?2 such that Vou t

exhibits a zero temperature coefficient and the layout can be designed for high precision.
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4 Series Units 4 Series Units 4 Series Units 4 Series Units

(b)

Figure 18.27 Layout of /?j and R2 with (a) R2/R\ = 5, (b) R2/R\ = 5.34 ^ 16/3.

Solution

Since Vout = V&E3 + Vj(R2/ /?i ) In w, we must find convenient values of n,R
1 ,
R2 such that

(R2 / R\)\nn ^ 17.2 (Chapter 11). If « = 31, then R2 j R\ ^ 5, yielding the layout of Fig. 18.27(a).

Note that R\ is placed in the middle to partially cancel the effect of gradients.

Now suppose we choose n = 25, obtaining R2 /R\ =5.34. Such a value cannot be accurately

established by simply adjusting the dimensions of R2 and R\. Rather, we write R2 j R\ = 16/3 and

construct the resistors as shown in Fig. 18.27(b).
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For large values, resistors are usually decomposed into shorter units that are laid out

in parallel and connected in series [Fig. 18.28(a)]. From the viewpoint of matching and

reproducibility, this structure is preferable to “serpentine” topologies [Fig. 1 8.28(b)], where

the corners contribute significant resistance.

(a) (b)

Figure 1 8.28 (a) Layout of large resistors, (b) serpentine topology.

The sheet resistance, R
l h of polysilicon resistors varies with temperature and process,

necessitating provisions in the design for this variation. The temperature coefficient depends

on the doping type and level and must be measured for each technology. Typical values are

+0. 1 % /°C and -0. 1% /°C for p
+ and n+ doping, respectively. The variation with process

is usually less than ±20%.

In technologies lacking a silicide block mask, resistors may be made of n-well, source/

drain p
+ or n+ material, silicided polysilicon, or metal, with Ra decreasing in this order.

The sheet resistance of rc-well is typically around 1 kQ but it may vary by a large frac-

tion, e.g., ±40%, with process. Furthermore, RD depends on the width of the resistor, as

exemplified by the plot of Fig. 18.29. This is because, with a depth of several microns,

rt-well regions exhibit width-dependent diffusion at the edges. Also, Ra is a strong func-

tion of the n-well-substrate voltage difference, giving rise to both nonlinearity and poor

Figure 18.29 Dependence of «-well

sheet resistance upon resistor width.

definition of the value of the resistor. For example, in the circuit of Fig. 18.30, resistors

R s and RD suffer from large mismatches in Rn because the depletion region below Rs

is quite narrower than that below Ro . Also, as Vou! varies, so does the sheet resistance

of Rf), introducing nonlinearity. Resistors made of n-well display a TC of ±0.2% to

±0.5% /°C.
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p-substrate Depletion Region

Figure 18.30 Common-source stage using rc-well resistors.

Example 18.3 -

An A/D converter incorporates a resistor ladder consisting of 128 units made of /z-well to generate

equally-spaced reference voltages (Fig. 18.31). If the two ends of the ladder are connected to V\ —

+ 1 V and Vi — +2 V, calculate the ratio R\i%jR\.

Vo

*128

—o ViREF128

*127

--0
^REF127

*1
Figure 18.31 Resistor ladder used in

an A/D converter.

Solution

The width of the depletion region inside the n-well is given by xd = aJ2csi (<Pb + VR )j{qNweu ),

where Nweu denotes the n-well doping level and Vr the reverse bias voltage. Assuming the zero-bias
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depth of the n-well is equal to to, we have

^128

R\

to~
tfNwell

(<t>B + Vi) +
%€si

tfNwen
<Pb

to - J -
(<t>B + ^2 ) + 4>b

qNyjell $NW€h

(18.11)

io + J-^-4>b(i-Ji + ¥LqNwell 4>b

(18.12)

If the difference between R\ and Rn& is small, we can divide the numerator and denominator of

(18.12) by to and approximate the result as

^128

Ri

1

1 + -
1t^well

1 / 2€si

toy yNwell

(18.13)

1

^ 1 + —
to

si

Q^well
<Pb (18.14)

For example, if to = 2 fxm, Nweii

— 10
16 cm 1

, and (j>s = 0.7 V, the mismatch between Rnz and

R[ is nearly 60%.

The p
+ and n+ source/drain regions can also be used as resistors. With a sheet resistance

of 3 to 5 ohms per square, silicided S/D regions are suited to only low-value resistors, but

their variation with process can be as high as 50%. Furthermore, the junction between these

areas and the bulk introduces substantial capacitance and voltage dependence.4

Silicided polysilicon has a sheet resistance of 3 to 5 ohms per square and can be utilized

for low resistor values. While suffering from less capacitance to the substrate than n+ or

p
+

resistors, silicided polysilicon has a process-dependent /?, with variations as high as

60 to 70%. Thus, it can be used only if its absolute value is not critical, for example, in the

resistor ladder of Fig. 18.31. The temperature coefficient of this type of resistor is between

+0.2 and +0.4%/°C.

The metal layers in a process can provide very low resistor values. For example, in high-

speed A/D converters, the ladder of Fig. 18.31 may be constructed as simply a long metal

line having equally spaced taps (Fig. 18.32). Note, however, that if the width of the metal

4The nonlinearity of n-well resistors is much higher because the low doping level in the n-well results in a

greater sensitivity to the voltage with respect to the substrate.
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^2

^REF128

^REF127

^REF126

*1

^REFI

Figure 18.32 Resistor ladder made

of metal.

resistor is small, matching suffers. The temperature coefficient of the resistance is about

0.3%/°C for aluminum.

Capacitors As explained in Chapter 1 7, high-density linear capacitors can be fabricated

using polysilicon over diffusion, polysilicon over polysilicon, or metal over polysilicon,

with a relatively thin layer of oxide grown between the two plates. Owing to its simplicity,

the first structure is more common in today’s analog processes even though it exhibits lower

linearity than do the other two.

In the absence of the above structures, linear capacitors must be designed using sand-

wiches made of the available conductive layers. For example, in a process having four layers

of metal, the capacitors can be formed as shown in Fig. 18.33. The choice of one topol-

ogy over another is determined by two factors: (1) the area occupied by the capacitor and

(2) the ratio of the bottom-plate parasitic capacitance to the interplate capacitance, C P/C .

In typical technologies, the capacitance between consecutive metal layers [e.g., C
\ ,

. .
.

,

C4

in Fig. 18.33(d)] is on the order of 35 to 40 aF//xm2 and that between metal 1 and polysili-

con is about 60 aF//xm2 . Thus, the structure of Fig. 18.33(d) provides more than four times

the density of that in Fig. 18.33(a). On the other hand, the value of C P increases from

Fig. 18.33(a) to Fig. 18.33(d). With typical values, CP /C reaches a minimum—about 0.2

to 0.25—for the structure of Fig. 1 8.33(a) or (b) and increases to about 0.5 for the sandwich

of Fig. 18.33(d).

Since the absolute value of interlayer capacitances is poorly controlled in digital tech-

nologies, the capacitors of Fig. 18.33 may experience process variations as high as 20%. By

contrast, the gate oxide capacitance is typically controlled with less than 5% error. Interest-

ingly, the structure of Fig. 18.33(d) may suffer from less variation than the others because

random variations in the capacitances between various layers tend to “average out.”

We have thus far neglected the fringe capacitance. As depicted in Fig. 1 8.34, the electric

field lines emanating from the edge of each plate must terminate on the edge of the other

plate or on the substrate, giving rise to a fringe capacitance that must be taken into account.

The fringe capacitance can be calculated using Eq. (17. 1 1) or from tabulated values in the

process design manual.



iec. 1 8.2 Analog Layout Techniques 651

c~

Substrate

(a)

C — + C2 + C3

Substrate

C — Ci + C2

Substrate

(c) (d)

Figure 18.33 Capacitor structures using various conductive

layers.
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As explained in Chapter 17, a MOS transistor with its source and drain tied together can

act as a capacitor if the gate-source potential is sufficient to establish an inversion layer.

However, the voltage dependence of the capacitance limits the use of this structure.

The layout of capacitors for high-precision circuits must follow the principles described

above for transistors and resistors. For example, in applications where an array of well-

matched capacitors is required, dummy devices must be placed on the perimeter of the

array.

Example 18.4 , -

The circuit of Fig. 18.35(a) is designed for a nominal gain of C\ jC'i = 8. How should C\ and C2 be

laid out to ensure precise definition of the gain?

(a) (b)

Figure 18.35

Solution

We form C\ as 8 unit capacitors, each equal to C2 , and place all of the units in a square array

[Fig. 18.35(b)]. Note that (1) C2 is symmetrically surrounded by the units comprising C\ so that the

effect of vertical or horizontal gradients is cancelled to the first order; (2) dummy capacitor units are

placed around the main array, creating approximately the same environment for the units of C\ as

that seen by C2 .

For large capacitor arrays, cross-coupling techniques such as those illustrated in

Figs. 18.20 and 18.26 can be applied. However, unlike transistors and resistors, capacitors

are quite sensitive to the wiring capacitance, demanding great care in the interconnection of

the units. Even in the simple array of Fig. 18.35(b), it is difficult to route all of the top-plate

and bottom-plate connections while introducing no additional capacitance. As the layout

of Fig. 18.36 exemplifies, the wiring inevitably leads to some error in the ratio C\ /Cj,

Diodes Two types of pn junctions can be formed in a standard CMOS technology: one

in the /^-substrate and another in an rc-well (Fig. 18.37). The former must remain reverse

biased and can therefore serve only as a voltage-dependent capacitor (“varactor”), e.g., in

voltage-controlled oscillators.
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Figure 18.36 Layout of capacitors

along with interconnections.

if—Of—

o

Figure 1 8.37 Diodes in CMOS technology.

The diode formed in an rc-well also faces difficulties if forward biased. Recall from

Chapter 1 1 that the p
+ region in the rc-well, the rc-well itself, and the p-substrate constitute

a bipolar pnp transistor whose collector is typically grounded. Thus, if the pn junction in

the n-well is forward biased, substantial current flows from the p+ terminal to the substrate.

In other words, the structure must not be viewed as merely a two-terminal floating diode.

Nonetheless, if reverse-biased, the device can serve as a varactor.

Owing to these difficulties, analog CMOS circuits rarely incorporate forward-biased

diodes.

18.2.5 Interconnects

Modern CMOS processes offer five metal layers for interconnection. By comparison, as

late as 15 years ago, CMOS technologies provided only one layer of metal. Nevertheless,

many effects related to wires must still be taken into account when a high-precision and/or

high-speed circuit is laid out.

The parallel-plate and fringe capacitance of wires may degrade the speed if long inter-

connects are required. For example, in a mixed-signal system (e.g., using many switched-

capacitor circuits), the clock signal must be distributed over long wires to access various

building blocks, thereby experiencing significant line capacitance. More importantly, the

capacitance between lines introduces substantial coupling of signals.

Fig. 18.38 illustrates an example of cross-talk between signals. Here, a common-source

stage and a NAND gate are located next to each other and the two inputs to the gate, VA
and Vb, cross over the analog signal, V

[rt
. Furthermore, the clock wire, CK, is laid out

in parallel with Vin and the output of the NAND gate has some overlap with the output
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CX Vfn

Figure 18.38 Capacitive coupling

between various lines in a typical layout.

of the common-source stage. Each of the coupling capacitances in this layout may consi-

derably corrupt Vin or Vout . Note that, even though the coupling capacitances are small, the

signal corruption may be appreciable because typical voltage swings on VA , Vb , Va-b, and

CK are quite large. For example, if the overlap of VA and Vin gives a capacitance of 50 aF,

and the total capacitance seen from V/w to ground is 50 fF, then a 3-V change in VA may

result in a 3-mV corruption at Vin .

Crosstalk can be reduced through the use of two techniques. First, differential signaling

converts most of the crosstalk to common-mode disturbance. For example, if the circuit of

Fig. 18.38 is modified to that shown in Fig. 18.39, the coupling of VA and VB to v£ and V
(

~

K CK V
-

Figure 18.39 Reduction of capacitive coupling through the use of

differential signaling.
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produces no differential error if C\ = C\ and C2 = C’v Even for 10% mismatch between the

capacitances, the differential corruption is one order ofmagnitude less than that in Fig. 18.38.

Note that a dummy wire is added to the layout so as to create an overlap capacitance between

CK and V
t

~
equal to that between CK and V^. As mentioned in Chapter 4, it is desirable

to employ differential clocks as well to suppress the net coupling further.

Second, sensitive signals can be “shielded” in the layout. Depicted in Fig. 18.40(a), one

approach places ground lines on the two sides of the signal, forcing most of the electric field

lines emanating from the “noisy” lines to terminate on ground rather than on the signal.

Note that this method proves more effective than simply allowing more space between the

signal and the noisy lines [Fig. 1 8.40(b)]. The shielding, however, is obtained at the cost of

more complex wiring and greater capacitance between the signals and ground.

(a)

(b)

Figure 18.40 (a) Shielding sensitive signals by additional ground lines, (b) greater

spacing between lines to reduce coupling.

Another shielding technique is shown in Fig. 1 8.4 1 . Ffere, the sensitive line is surrounded

by a grounded shield consisting of a higher and a lower metal layer and hence fully isolated

from external electric field lines.
5
Flowever, the signal experiences higher capacitance to

ground and the use of three metal layers here complicates the routing of other signals.

Figure 18.41 Shielding a sensitive

line (metal 2) by lower and upper ground

planes.

The resistance of interconnects also requires attention. In low-noise applications, long

signal wires—with sheet resistances of 40 to 80 mQ/—may introduce substantial thermal

noise. Furthermore, the contacts and vias also suffer from a high resistance. For example,

5We assume that the ground connection itself does not contain noise. We return to this issue in Section 18.4.
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a 03-iim x 0.3-jum metal contact to silicided polysilicon exhibits a resistance of 5 to 10 Q

and a via between metal 1 and metal 2, a resistance of 5 F2.

Example 18.5

In the layout of Fig. 18.42, a 100-/xm metal 4 line is connected to a sequence of vias and contacts to

reach the gate of a transistor. Calculate the thermal noise contributed by the line and the contacts.

Solution

Assuming Rn = 40 mQ/U for metal 4, a via resistance of 5 Q, and a contact resistance of 10 Q, we

have R tot =2+2.54-2.5+2.5 + 5 = 14.5 fi. The thermal noise voltage is thus equal to 0.49 nV/VHz

at room temperature.

Figure 18.43 Delay and dispersion of a signal in a long line.

The distributed resistance and capacitance of long interconnects may introduce signifi-

cant delay and “dispersion” in signals. Illustrated in Fig. 18.43, the delay can be approxi-

mated as

TD =
l

-R„CuL\ (18.15)

where Ru and C„ denote the resistance and capacitance per unit length, respectively, and

L is the total length. For example, consider the circuit shown in Fig. 18.44, where an array

of samplers senses the analog input Vin and is activated by C K. If the delays experienced

by CK and V,„ from the left side to the right side are not equal, then the levels sampled by

C, , . .
.

,

C„ are not equal, resulting in distortion in the sampled waveform. Even if the clock
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_TL

J
• * 77

Figure 18.44 An array of sampling circuits sensing an

input.

and signal lines and their capacitive loading are identical, CK and Vin may still suffer from

unequal delays because the former is a rectangular wave and the latter is not.

The term “dispersion” refers to the significant increase in the transition time of the signal

as it propagates through a line, a particularly troublesome effect if a clock edge is to define

a sampling point. In the example of Fig. 18.44, the clock waveform applied to Sn displays

long rise and fall times, making the sampling susceptible to both noise and distortion [4].

The clock edges can be sharpened by inserting an inverter between CK and every switch

but at the cost of greater uncertainty in the delay difference between CK and Vin .

As mentioned in Chapter 17, the design of power and ground busses on a chip requires

attention to a number of issues. In large ICs, the dc or transient voltage drop along the

busses may be significant, affecting sensitive circuits supplied by the same lines. Further-

more, electromigration mandates a minimum line width to guarantee long-term reliability.

With multiple interconnect levels available in today’s CMOS technology, it is possible to

connect two or more layers in parallel, thereby reducing the series resistance and alleviating

electromigration constraints. Since the thickness of the top metal layer is typically twice

that of the lower ones, at least three layers must be placed in parallel to relax these issues

by a factor of two. As a result, routing signals and bias lines across the busses may become

difficult if only one or two more layers of metal are available.

If the bias currents drawn from a long bus are relatively well-defined, then the bus width

can be “tapered” from one end to the other so as to create a relatively constant voltage drop

along the line. Illustrated in Fig. 18.45, this technique can be used if the metal resistance

and its temperature coefficient are known.

Figure 1 8.45 Tapered ground line for

reduction of voltage drops.

18.2.6 Pads and ESD Protection

The interface between an integrated circuit and the external environment involves a num-

ber of important issues. In order to attach bond wires to the die, large “pads” are placed
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Figure 18.46 Addition of bonding pads to a chip.

on the perimeter of the chip and connected to the corresponding nodes in the circuit

(Fig. 18.46).

The pad dimensions and structure are dictated by the reliability issues and margin for

manufacturing tolerances in the wire bonding process. With bond wire diameters ranging

from 25 jxm to 50 gm, the minimum pad size falls between roughly 70 (im x 70 gm
and 100 gm x 100 gm. Adjacent pads are usually separated by at least 25 fim. From the

circuit design point of view, the pad dimensions must be minimized so as to reduce both

the capacitance of the pad to the substrate and the total die area.

A simple pad would consist of only a square made of the top metal layer. However, such

a structure is susceptible to “lift-off’ during bonding. For this reason, each pad is typically

formed by the two topmost metal layers, connected to each other by many small vias on
the perimeter (Fig. 18.47). Note that this structure suffers from a larger capacitance to the

substrate than a pad made of only the top layer.

Figure 18.47 Structure of a typical

bonding pad.

Example 18.6 — - -

Calculate the capacitance of a metal-4 pad and a metal-4/metal-3 pad. Assume dimensions of

75 fim x 75 ^m and use the capacitance data shown in Fig. 18.48.
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Figure 18.48

Solution

For a metal-4 pad,

Ctot = 75
2
x 6 + 75 x 4 x 15

= 38.25 fF.

For a metal-4/metal-3 pad,

Ciot = 75
2 x 9 + 75 x 4 x (17 + 15) (18.18)

= 60.22 fF. (18.19)

Note that the fringe capacitances of metal 4 and metal 3 are directly added here. This is a rough

approximation.

(18.16)

(18.17)

The interface between an IC and the external world also entails the problem of electro-

static discharge (ESD). This effect occurs when an external object having a high potential

touches one of the connections to the circuit. Since the capacitance seen at each input or

output is quite small, the ESD produces a large voltage, possibly damaging the devices

fabricated on the chip.

A common case of ESD arises when ICs are handled by human beings. For this effect,

the human body can be modeled by a capacitance of a few hundred picofarads in series

with a resistance of a few kiloohms. Depending on the environment, the voltage across the

capacitance ranges from a few hundred volts to several thousand volts. Thus, if a person

touches a line connecting to the chip, the chip is easily damaged. Interestingly, electrostatic

discharge may occur even without actual contact because at high electric fields, the person’s

finger “arcs” to the connection through the air if the finger is sufficiently close to the line.

It is important to note that ESD may occur even without human intervention. If not

properly grounded, various objects in a typical chip assembly line accumulate charge,

rising to high potential levels. Furthermore, charge in dry air may create substantial potential

gradients with respect to ground.

MOS devices sustain two types of permanent damage as a result of ESD. First, the gate

oxide may break down if the electric field exceeds roughly 10
7 V/cm (e.g., 10 V for an



660 Chap. 18 Layout and Packaging

oxide thickness of 100 A), typically leading to a very low resistance between the gate and
the channel. Second, the source/drain junction diodes may melt if they carry a large current

in forward or reverse bias, creating a short to the bulk. For today’s short-channel devices,

both of these phenomena are likely to occur.

In order to alleviate the problem of electrostatic discharge, CMOS circuits incorporate

ESD protection devices. Illustrated in Fig. 18.49, such devices clamp the external discharge

to ground or VDD , thereby limiting the potential applied to the circuit. Resistor R
x
is usually

necessary so as to avoid damaging D x or D2 due to large currents that would otherwise flow

from the external source.

To Circuit

Figure 18.49 Simple ESD protection

circuit.

The use of ESD protection structures involves three critical issues. First, the devices

introduce substantial capacitances from the node to ground and VDD , degrading the speed

and the matching of impedances at the input and output ports of the circuit. Since the

protection devices, e.g., D x and D2 in Fig. 18.49, must be large enough so that the

chip sustains a high ESD voltage without damage, their capacitance may reach several

picofarads. The thermal noise of R x may also become significant.

Second, the parasitic capacitance of the ESD devices may couple noise on VDD to the

input of the circuit, corrupting the signal. We return to this issue in Section 18.4.

Third, if not properly designed, ESD structures may lead to latchup in CMOS circuits

when electrostatic discharge occurs during actual circuit operation (or even when the circuit

is turned on). For this reason, process engineers fabricate and characterize many different

ESD structures for each generation of a technology, eventually providing a few reliable

configurations that can be used in circuits.
6

18.3 Substrate Coupling

Most modem CMOS technologies use a heavily-doped p
+

substrate to minimize latchup

susceptibility. However, the low resistivity of the substrate (on the order of 0.1 Q • cm)
creates unwanted paths between various devices in the circuit, thereby corrupting sensitive

signals. Called “substrate coupling” or “substrate noise,” this effect has become a serious

issue in today’s mixed-signal ICs [2].

To understand this phenomenon, suppose a CMOS inverter sensing a clock is laid out

next to a common-source stage amplifying an analog signal [Fig, 18.50(a)]. Note that the

6
In general, a circuit designer should not use an ESD structure that has not been tested and qualified for the

technology. Oncharacterized ESD devices are likely to cause latchup.
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Figure 18.50 (a) Mixed-signal circuit including the effect of substrate coupling,

(b) sideview of device layout, (c) signal waveforms.
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substrate is connected to ground through a bond wire that exhibits an (unwanted) inductance

of L b . With the aid of the cross section depicted in Fig. 18.50(b), we observe that the large

voltage excursions at the drain ofM2 are coupled to the substrate through the drain junction

capacitance, disturbing the substrate voltage because of the finite impedance of Lb .

How does the substrate noise influence M\ ? The principal coupling mechanism here

occurs through body effect, varying the threshold voltage of M\ with the substrate voltage.

Since the drain current of M\ depends on Vin — Vthu variations in Vrm are indistinguish-

able from those in Vin . In other words, as illustrated in Fig. 18.50(c), every transition of

C

K

disturbs the analog output.

The problem of substrate coupling becomes more noticeable as the number of “noise”

generators increases. In a mixed-signal environment, thousands of digital gates may inject

noise into the substrate—especially during clock transitions—introducing hundreds of mil-

livolts of disturbance in the substrate potential. The disturbance is also proportional to the

size of the noise-injecting devices, an important issue if large transistors are used as buffers

driving heavy external loads.

It may seem that substrate coupling can be decreased by increasing the physical spacing

between sensitive building blocks and digital sections of a chip. In practice, however, this

remedy may not be effective or feasible. If heavily doped, the substrate operates as a low-

resistance plane, distributing a relatively uniform potential across the chip regardless of the

position of the noise generators [3]. Furthermore, in many mixed-signal systems, the analog

and digital functions are so heavily blended that it is difficult to separate their corresponding

circuits. Fig. 1 8.5 1 shows a slice of an A/D converter consisting of a comparator, a flipflop,

a NAND gate, and a read-only memory (ROM). Various logical swings in the comparator

and the digital circuits generate substrate noise, but increasing the distance between any

two blocks necessitates long interconnects, degrading the performance.

Figure 18.51 A slice of an A/D converter.

In order to minimize the effect of substrate noise, the following methods can be applied.

First, differential operation should be used throughout the circuit, making the analog sec-

tion less sensitive to common-mode noise. Second, digital signals and clocks should be

distributed in complementary form, thereby reducing the net amount of the coupled noise.

Third, critical operations, e.g., sampling a signal or transferring charge from one capaci-

tance to another, should be performed well after clock transitions such that the substrate

voltage settles. Fourth, the inductance of the bond wire connected to the substrate should



Bee. 18.3 Substrate Coupling 663

be minimized (Section 18.4). Also, op amps using a PMOS differential input are preferred

because the well of the transistors can be tied to their common source, reducing the effect

of substrate noise.

In circuits fabricated on lightly-doped substrates,
U
guard rings” can be employed to

isolate the sensitive sections from the substrate noise produced by other sections. A guard

ring may be simply a continuous ring made of substrate ties that surrounds the circuit,

providing a low-impedance path to ground for the charge carriers produced in the substrate.

With its large depth, the rc-well can also augment the operation of a guard ring by stopping

the noise currents flowing near the surface (Fig. 18.52).

Figure 18.52 Use of guard ring to protect sensitive circuits.

In large mixed-signal ICs, it may not be possible to avoid substrate “bounce” with respect

to the external ground because of the high transient currents drawn by the devices and the

finite impedance of the bond wire connected to the substrate. However, we recognize that if

the ground of the chip bounces in unison with the substrate, then the transistors experience

no noise. Illustrated in Fig. 1 8.53, this idea suggests that the ground and the substrate should

be connected on the chip and brought out through a single wire.

Packaged 1C

Global

Ground

<-bw
Chip Ground

p+
l l CZD L_2l

w/mmm
r
mmmmm.

p-substrate

Figure 18.53 Substrate bounce.

The connection of the substrate to the chip ground nonetheless faces two difficulties.

The first relates to “ground bounce ” As shown in Fig. 18.54 and explained in Section 18.4,
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Analog

Section

Digital

Section

la

ikm GND»

ld

GNDd
Figure 18.54 Analog and digital

grounds.

most mixed-signal circuits employ at least one “analog ground” and one “digital ground”

so as to avoid corrupting the analog section by the large transient noise produced by the

digital section. To which ground should the substrate be connected? If the analog ground

is used, then the large substrate noise current must flow through L A ,
creating noise on

GND^ [Fig. 18.55(a)], and if the digital ground is used then the substrate voltage is heavily

disturbed by the large noise on GNDd [Fig. 18.55(b)]. Of course, connecting the substrate

to both GNDa and GNDo gives rise to a low-resistance path between the two, defeating

the purpose of separating the analog and digital grounds.

p-substrate Current

(a)

Figure 1 8.55 Connection of substrate contact to (a) analog ground, (b) digital

ground.

The choice between the configurations shown in Figs. 18.55(a) and (b) depends on the

transient currents drawn by the digital section from the substrate and the ground as well

as the magnitudes of L A and L D . In most cases, the topology of Fig. 18.55(a) is preferred

because it ensures the analog ground voltage and the substrate potential vary in unison.

As illustrated in Fig. 18.56(a), if the analog ground and the substrate experience unequal

bounce, then the drain current of Mi is corrupted by the substrate noise. The configuration
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: ^sub

(b)

Figure 1 8.56 (a) Large source-bulk noise voltage due to separating substrate contact from analog

ground, (b) suppression of the effect.

of Fig. 1 8.56(b), on the other hand, introduces less noise in Im . In general, careful, realistic

simulations of the overall environment (including the package) are necessary to determine

which approach yields less noise.

The second issue in allowing the substrate and a chip ground to bounce together is the

difficulty in defining a reference potential for the input signals. As shown in Fig. 18.57(a),

a single-ended input is heavily corrupted as its reference point changes from the off-chip

ground to the on-chip ground. For the differential structure of Fig. 18.57(b), the effect is

much less pronounced but in high-precision applications, asymmetries in the circuit and

interconnections convert a fraction of the common-mode noise to a differential component.

Figure 18.57 (a) Input signal corruption due to ground and substrate bounce, (b) less

corruption in a differential environment.
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18.4 Packaging

After fabrication and dicing, integrated circuits are packaged. The parasitics associated with

the package and connections to the chip introduce many difficulties in the evaluation of the

actual performance of the circuit at high speeds and/or high accuracies.

Let us first consider a simple dual-in-line package (DIP) [Fig. 18.58(a)]. Here, the die

is mounted in the center cavity and bonded to the pads on the perimeter of the cavity.

These pads are in fact the tip of each trace that ends in each package pin. Such a structure

exhibits the following parasitics: bond wire self-inductance, trace self-inductance, trace-to-

ground capacitance, trace-to-trace mutual inductance, and trace-to-trace capacitance. Thus,

as shown in Fig. 18.58(b), the connections between the circuit and the external world are

far from ideal.

(a)

Figure 1 8.58 (a) Dual-in-line package, (b) electrical model of the

package.

While, owing to both circuit innovations and device scaling, the speed and accuracy

of integrated circuits have steadily increased, the performance of packages, especially for

low-cost applications, has not improved significantly. This limitation originates from the

unscalable nature of packages and the environment in which they are used. For example,
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the diameter of the bond wires, the width and spacing of package pins, and the width and

spacing of the traces in printed circuit (PC) boards are determined by mechanical stress, ease

and cost of assembly, series resistance at high frequencies (skin effect), etc. In the past 20

years, these dimensions have scaled by less than a factor of five whereas the speed of many

mixed-signal circuits has increased by two orders of magnitude. As a result, packaging

continues to limit the achievable performance of today’s high-performance ICs.

The foregoing difficulties mandate that the package parasitics be taken into account in

the design of integrated circuits—sometimes from the very beginning. Thus, simulations

must include a reasonable circuit model of the package, and the design and layout must

take many precautions to minimize the effect of package parasitics.

W

(c)

Figure 18.59 Common geometries in packaging.

Since many package manufacturers do not provide circuit models for their products,

IC designers often develop the models themselves by calculations and measurements.

Fig. 18.59 depicts three common cases of self- and mutual inductance. From [6], we have

for a round wire above a ground plane [Fig. 18.59(a)]:

L ~ 0.2 In — nH/mm, (18.20)
r

which amounts to roughly 1 nH/mm for typical bond wires. For a flat trace above a ground

plane [Fig. 18.59(b)]:

L ~ — — nH/mm, (18.21)

Kf W

where Kf denotes the fringe factor and from the data in [6] can be approximated as
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§.12(d/W) 4- 1. For two round wires above a ground plane, the mutual inductance is

[6]

Lm = 0.1 In nH/mm. (18.22)

The parasitic capacitances can be calculated with the simple interplate equation and Eq.

(17.11).

L,et us now study the effect of each type of package parasitic. We categorize the connec-

tions to the chip into five groups; power and ground lines, analog and clock inputs, outputs,

reference lines, and substrate connection(s).

Self-Inductance Each bond wire and its corresponding package trace exhibit a finite

self-inductance, with a total value between approximately 2 nH and 20 nH depending on

the length of the wire and the type of the package. To understand how the self-inductance

of supply and ground lines impacts the performance, suppose a mixed-signal circuit incor-

porates a CMOS inverter as a clock buffer to drive a moderate on-chip capacitance, e.g.,

0.5 pF (Fig. 18.60). Also, assume that the buffered clock must have transition times less

than 0.5 ns, thereby demanding a current of CA VjAt — 3 mA. Since this current is drawn

from VDD \
and GNDi in 0.5 ns, we can estimate the voltage drop across LD or LG as

7

LAI/At = 6 x 106L. For example, if LD — LG = 5 nH, then the transient voltage across

each inductor equals 30 mV. This effect is called supply and ground “bounce” or “noise.”

Note that if the inverter is replaced by a differential pair, the supply bounce decreases

substantially (why?), another advantange of differential operation.

Figure 18.60 CMOSi

J—
^out /
*DD /\

1 /V
* unu

VDD J
\

__/Vvw-
GND 1 _y\/\A/

t

rter driving a load capacitance.

A supply noise of 30 mV may seem quite benign, especially if the analog circuits

feeding from the same supply line are fully differential. However, in a typical mixed-

signal IC, hundreds or thousands of digital gates may switch during each clock transition,

creating enormous noise on their supply and ground connections. For this reason, most such

7
This calculation is quite rough because the current produced by the buffer varies during the transition.
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systems employ separate supply and ground lines for the analog and digital sections, hence

the terminology “analog supply” and “digital supply
”

Separating power lines into analog and digital groups is not always straightforward.

As an example, suppose a sampling circuit is clocked by an inverter (Fig. 18.61). Should

the inverter be supplied from analog or digital power lines? If the inverter is connected

to the digital supply, then the large noise on VDD couples through the gate-drain overlap

capacitance of Mi, corrupting Vout when the transistor is off. On the other hand, if many

such inverters are supplied from the analog VDD , they collectively draw large transient

currents, corrupting the supply voltage. These cases may require a third type of power line

so that it remains less noisy than the digital supplies.

Figure 18.61 Noise in a sampling

circuit resulting from the clock buffer’s

supply bounce.

For characterization and troubleshooting purposes, it is sometimes desirable to monitor

the supply noise. Figure 18.62 illustrates a simple method whereby a PMOS device sensing

the noise between the on-chip supply and ground lines injects a current into an external

50-Q transmission line and measurement apparatus [2]. Since the transconductance of

can be determined by a small, static change in VDD , the measurement readily reveals both

the magnitude and the shape of the supply noise.

soa
Figure 1 8.62 Measurement of supply

noise.

In cases where a single connection to the chip sustains a prohibitively large transient

voltage (e.g., if in Fig. 18.60 or 18.61 many inverters switch simultaneously), multiple pads,

bond wires, and package pins are used, decreasing the equivalent inductance (Fig. 18.63).

Example 18.7

In a 600-MHz, 2-V CMOS microprocessor containing 15 million transistors, the supply current varies

by 25 A in approximately 5 ns [5]. If the processor provides 200 bond wires for ground and 200 for

Vdd ,
estimate the resulting supply bounce.
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*DD

vdd •

—

w—nin—-w—

*

vdd

GND •

—

w—b b 6-^—- GND

GND
Figure 1 8.63 Use of multiple wires to

reduce overall inductance.

Solution

Assuming a total inductance of 5 nH for each bond wire and its corresponding package trace and pin,

we have

AV =

In the worst case, the supply bounce and the ground bounce add in-phase, yielding a total noise of

roughly 250 mV, greater than 10% of the nominal supply voltage. To further suppress the noise, an

external \-fiF MOS capacitor is placed on top of the chip and another 160 supply and ground bond

wire pairs are connected from the chip to the capacitor [5].

A /
L—
At

5 x 10
-9

200
'

5 x 10-9

125 mV

25

(18.23)

(18.24)

(18.25)

In some applications, high transient currents drawn from the supply make it difficult to

maintain a small bounce on the supply and ground individually. In such cases, a large on-

chip capacitor may be used to stabilize the difference between VDD and ground. Illustrated

in Fig. 18.64, the idea is that if Cj is sufficiently large, then VDD] and GNDj bounce in

unison. As mentioned earlier, the residual noise on GNDi may be negligible if the input

signals are differential.

This remedy nonetheless involves several issues. First, the value of the capacitor must

be chosen carefully because it may otherwise resonate with the package inductance at the

operating frequency of the chip (e.g., the clock frequency or its harmonics or subharmonics),

thereby amplifying the supply and ground noise. For this reason, some resistance is added

in series with the capacitor (or a MOS capacitor is sized such that its channel resistance

dampens the resonance) [5]. Even in the absence of exact resonance, an insufficient value of

the decoupling capacitor may simply give rise to slower ringing on the power lines. Second,
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Figure 18.64 On-chip capacitor used

to lower supply-ground noise voltage.

since the capacitor is usually formed by a very large MOS transistor (actually, as explained

in Section 17.7.2
,
a large number of MOSFETs in parallel), the yield of the circuit may

suffer. This is because, for the capacitor to be effective, its total area is typically comparable

with the total gate area of all of the transistors in the circuit, e.g., it is as if the number of

transistors on the chip were doubled.

Self-inductance also manifests itself in the connection to the substrate. As mentioned

in Section 18.3, with the large transient currents injected by the devices into the substrate,

a low-impedance connection is necessary to minimize the substrate bounce. As shown in

Fig. 18.65, some modern packages contain a metal ground plane to which the die can be

attached by conductive epoxy. The plane ends in several package pins that are tied to the

board ground. Avoiding bond wires and long, narrow traces in the substrate connection,

such packages substantially reduce the substrate noise with no additional assembly cost. In

more expensive packages, the ground plane is exposed on the bottom and can be directly

attached to the board ground, thus avoiding the inductance of the package pins. Also, the

ground pads of the circuit can be “downbonded” to the underlying plane to minimize their

inductance (while increasing the cost).

Downbond

Figure 18.65 Package using a ground plane for substrate connection.

The effect of self-inductance must also be considered for input signals. The inductance

along with the pad capacitance and the circuit’s input capacitance forms a low-pass filter,

attenuating high-frequency components and/or creating severe ringing in transient wave-

forms. For example, in the precision multiply-by-two circuit described in Section 12.3.3,

when the two capacitors are switched to the input, package inductance may limit the settling

speed.
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Some ICs require constant voltages that must be provided externally. Such voltages may

serve as an accurate reference, e.g., in A/D or D/A converters, or to define some bias points

on the chip. The package inductance degrades the settling behavior if the circuit injects

significant switching noise into the reference.

Example 18.8

Differential pairs are often used as “current switches ” As shown in Fig. 18.66, the circuit routes its

tail current to either of the outputs according to the large swings controlling the gates of M\ and Mj.

Explain what happens at node X during switching. If the tail currents of a large number of differential

pairs feed from node X, should this voltage be provided externally?

r ouf1

M
X Figure 18.66 Differential pair

operating as a current switch.

Solution

Recall from Chapter 4 that for the differential pair to experience complete switching, the differential

swing
|

V2 — Vi
|
must exceed V2(Vqs ~ Tr //)<?<?, where (Vgs ~ VTH)eq is the overdrive of M\ and

M2 in equilibrium, i.e., when Id\ = Id2. We denote the voltage at node P when the pair is completely

switched by Vp \ ,
and in equilibrium by V> 2 * Thus,

Vpi = V2 - V2(VGS - VTH )eq- (18.26)

In equilibrium,

Vi + V2
V/>2 = (Vgs - VTH)eq- (18.27)

Assuming V2 — Vi = >/2(Vgs — VTH)eq and hence Vi = V2 — \/2(Vgs — VTH)eq >
we have

Vp2 = V2 - ^1 + (Vgs - Vr//)^. (18.28)

Thus, V

P

2 is lower than Vp 1
by ( 1 - \/2/2 )(Vgs - Vth )eq , indicating that during switching VP drops

by this amount. This voltage change is coupled to node X through the gate-drain overlap capacitance

of M3 ,
disturbing Idi and hence Iout \

or Iout2.
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Figure 18.67 Addition of on-chip bypass capacitor to suppress noise at node X.

With a large number of current switches connected to node X, the disturbance may

be quite significant, demanding that a decoupling capacitor be connected from node X to

ground (Fig. 18.67). However, such a capacitor along with the small-signal resistance of Mq

introduces a long settling time at node X, possibly degrading the overall speed. To avoid this

effect, Cx may need to be 100 to 1,000 times the total gate-drain overlap capacitance that

injects noise into X. If such a large capacitor is placed off-chip, it actually appears in series

with the package inductance (Fig. 18.68). In general, careful simulations are necessary to

determine the preferable choice here. In many cases, leaving node X agile yields the fastest

settling.

T W
I
I

Cx

Lb

W-Q
• • •

Figure 1 8.68 Addition of bypass capacitor externally.

The self-inductance of package connections also impacts the performance of digital

output buffers. In high-speed systems, these drivers must deliver tens of milliamps of current

to the load with fast transitions. With many such buffers operating in a mixed-signal circuit,

the resulting voltage drops on the power lines may become very large, increasing the risetime

and falltime of the digital outputs and corrupting their timing.

Mutual Inductance While dedicating separate power lines to analog and digital sections

reduces the noise on the analog supply, some noise may still couple to sensitive signals

through the mutual inductance ofbond wires and package traces. As illustrated in Fig. 1 8.69,

both analog supplies and analog inputs are susceptible to noise or transitions on digital

supplies, clock lines, or output buffers. With an arbitrary pad configuration, even differential

signaling cannot eliminate this effect because the noisy lines may not surround the sensitive

lines symmetrically. Thus, the design of the pad frame and the position of the pads play a

critical role in the performance that can be achieved.
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Mutual inductance also manifests itself in parallel bond wires used to lower the overall

self-inductance of a connection (Fig. 18.70). For two such wires, the equivalent inductance

is equal to (L s + M)j2, where M denotes the mutual inductance, rather than L s j 2.

Figure 18.70 Multiple supply bond

wires with mutual coupling.

Two methods can reduce the mutual coupling between inductors. First, the wires can be
connected such that they are perpendicular to each other, i.e., they terminate on perpendicular
sides of the chip [Fig. 18.71(a)]. Second, (quiet) ground or supply lines can be interposed

between critical bond wires [Fig. 18.71(b)]. As shown in Fig. 18.71(c), even if several

parallel lines are surrounded by ground wires, the effect of mutual inductance drops to

negligible values.

Figure 18.71 Reduction of mutual coupling by (a) perpendicular lines, (b) additional ground lines,

(c) occasional ground lines.

It is also interesting to note that mutual inductance decreases the self-inductance of two
wires if they carry currents in opposite directions. If, as shown in Fig. 18.72, the supply and
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Figure 1 8.72 Reduction ofmutual in-

ductance between two wires carrying

equal and opposite currents.

ground lines of a circuit are in parallel, then the total inductance equals 2L$ — M rather

than 2L s . This observation proves useful in designing the pad frame and determining the

package connections.

Self- and Mutual Capacitance The capacitance seen from each trace of the package

to ground may limit the input bandwidth of the circuit or load the preceding stage. More

importantly, this capacitance and the total inductance of the bond wire and the package trace

yield a finite resonance frequency that may be stimulated by various transient currents drawn

by the circuit. Since the wires and traces exhibit a small series resistance, a high quality

factor (Q ) results, giving rise to a sharp resonance and amplifying the noise considerably.

The capacitance between the traces leads to additional coupling between lines and must be

included in simulations.

Problems

Unless otherwise stated, in the following problems, use the device data shown in Table 2. 1 and assume

Vdd = 3 V where necessary. Also, assume all transistors are in saturation.

18 .1 . In Fig. 1 8.3, polysilicon has a sheet resistance of 30 Q/U (before silicidation) and metal 1 a

sheet resistance of 80 m£2/D. What is the ratio of the resistivities of the two materials?

18 .2. A MOSFET with W/L - 100 /xm/0.5 (jlm undergoes ideal scaling by a factor of two. What

happens to the sheet resistivity and the total resistance of the gate?

18 .3 . A cascode structure uses W/L — 100 (im/0.5 fim for both the input device and the cascode

device. If the sheet resistance of polysilicon is 5 Q/D and the maximum tolerable gate resis-

tance 10 £2, draw the layout of the structure while minimizing the drain junction capacitances.

18.4. In Fig. 18.7, explain what happens to the differential amplifier if each of the design rules

A i -As is violated.

18.5. The input differential pair of an amplifier is to be laid out as in Fig. 18. 1 9 but with each half

device (e.g., l/2Mi) using four gate fingers. What is the minimum number of interconnect

layers required here?

18 .6. Large integrated circuits may suffer from significant temperature gradients. Compare the

performance of the circuits shown in Fig. 18.21 and 18.22 in such an environment.

18 .7 . Suppose polysilicon with silicide block has a sheet resistance of 60 Q/D and a parallel-

plate capacitance of 100 aF//xm
2

to the substrate. Also, assume that these parameters are

respectively equal to 2 kQ/Q and 1000 aF//xm
2

for the n-well. Determine which material

should be used to construct a 500-S2 resistor if matching considerations require a minimum

poly width of 3 /zm and a minimum rc-well length of 6 gm. Neglect fringe capacitances.

18 .8. Using the data in Table 17.1, calculate C and C/> for each structure in Fig. 1 8.33 and identify

the one with minimum Cp/C. Neglect fringe capacitances.
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18.9. A metal 4 wire with a length of 1000 pm and width of 1 is driven by a source impedance

of 500 Q. Using the data in Table 17.1 and assuming a sheet resistance of 40 mfl/D, calculate

the delay through the wire and compare the result with the lumped time constant obtained by

multiplying the source impedance by the total wire capacitance.

18.10. Repeat Problem 1 8.9 if the width of the wire is increased to 2 pm.

18.11. An interconnect having a length of 1000 pm is required in a circuit. Using the data in

Table 17. 1 and assuming that the sheet resistance of metal 1-3 is 80 m£2/D and that of metal

4 is 40 mQ/U, determine which metal layer must be used to obtain the minimum delay.

18.12. Some new technologies use copper for interconnects because its resistivity is about half that

of aluminum. Repeat Problem 18.1 1 with copper interconnects.

18.13. In the circuit of Fig. 18.50(a), (W/L) i
= 100/0.5 and Ip\ = 1 mA. If the substrate noise,

Vgub, has a peak-to-peak amplitude of 50 mV, what is the effect referred to the gate of M\ ?

18.14. Suppose two bond wires are placed 5 mm above ground with a center-to-center spacing of

1 mm.

(a) What is the total mutual inductance if each wire is 4 mm long?

(b) If one wire carries a 100-MHz sinusoidal current with a peak amplitude of 1 mA, what is

the voltage induced across the other wire?

18.15. In Problem 1 8. 14b, what center-to-center spacing is required to decrease the induced voltage

by a factor of four?

18.16. In order to reduce the total bond wire inductance, a package uses 4 supply pads and 4 ground

pads. Suppose the self-inductance of each wire is 4 nH and the mutual inductance between

adjacent lines 2 nH. Neglecting mutual inductance between nonadjacent lines, calculate the

equivalent inductance of the supply and ground connections if (a) all of the supply wires are

placed next to each other and so are the ground wires, (b) every supply wire is placed next to

a ground wire.

18.17. The input bandwidth of high-speed circuits may be limited by the bond wire inductance and

the pad capacitance. Consider two cases: (a) the bond wire diameter is 50 /xm and the pad size

100 pm x 100 fxm; (b) the bond wire diameter is 25 fxm and the pad size 50 fxm x 50 (xm.

If all other dimensions are constant, which case is preferable?
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abstraction levels, circuit design, 7, 8

accelerometers, 4-5

active current mirrors, 145-58; common-mode properties,

154-58; differential pair with, 148, 150, 151, 154,

190; large-signal analysis of, 149-51; small-signal

analysis, 151-54; small-signal behavior in, 145-48

active devices, 61 1-16; back-end processing, 614-16; basic

transistor fabrication, 611-14; fabrication, 611-16

ADC. See analog-to-digital converter

amplification mode: noninverting amplifiers, 432^433, 436,

437; unity-gain sampler, 424-25, 429-30

amplifiers: auxiliary, 312; cascade of, 170; continuous-time

feedback, 405-7; current, 254-56; differential,

100-34; frequency response of, 166-200; noise in

single-stage, 224-33; noninverting, 432-38;

nonlinear, 448-63; one-pole feedforward, 348;

operational, 291-344; output port, 66-67;

single-stage, 47-99, 224-33; switched-capacitor,

423-39; transconductance, 254-56; transimpedance,

254-56; types of, 254-56; variable gain, 126-28;

voltage, 254-56, 461

amplitude: distribution, 206-7; limiting, 487-95; output, 512

analog design, 600; introduction to, 1-8; in microprocessors

and memories, 5-6; octagon, 48; robust, 7-8

analog layout techniques, 635-60; multifinger transistors,

635-37; passive devices, 644-53; reference

distribution, 642-44; symmetry, 637-42

analog-to-digital converter (ADC), 1-2

antenna effect, 634-35

asymmetry, 120-24, 151-52. See also symmetry

auxiliary amplifiers, 312

average power, 202-3

back-end processing, 614-16

bandgap references, 377-404; case study, 397-100; defined,

389; floating, 398-99; general considerations, 377;

speed and noise issues, 393-97;

temperature-independent references, 384-90.

See also reference distribution

bandwidth: large-signal, 295; modification, 252-54; noise,

239; small-signal, 293-95

Barkhausen’s Criteria, 346, 483, 487

biasing: constant-Gm ,
392-93; supply-independent, 377-81

binary data, 2-3

Bode plots, 346-47, 349, 357, 359, 362, 364, 547, 561

body effect, 23-25; source follower, 71

bonding pads, 657-59

bootstrapping, 566-67

bottom-plate sampling, 423

bounce, 663-65, 668

BSIMs, 591-92, 59^97

bulk, 12; NFETs and PFETs, 36

bulk voltage, 23-25

bypass capacitors, 673

cancellation, offset, 47 1-78

capacitance: fringe, 626; load, 169-70; mutual, 675; parallel,

626-27; parasitic, 171; self-, 675

capacitance modeling, MOS device models, 598

capacitive coupling, reducing, 654

capacitor nonlinearity, 457-58

capacitors: accelerometer, 4-5; behavior of MOS devices as,

38-39; bypass, 673; layout in passive devices,

650-52; metal-poly, 620—2 1 ;
monolithic, 423-24;

MOS, 621-24; in passive MOS devices, 619-24;

poly-diffusion, 619-20; poly-poly, 620;

voltage-dependent, 521-22. See also capacitor

nonlinearity; switched-capacitor circuits

cascode current mirrors, 139-45

cascode current source, 140-45

cascode devices, layout, 638

cascode differential pair, 126

cascode operational amplifiers, 292, 298-99; folded, 301-7;

telescopic, 297-99, 303—1, 306

cascode stage, 83-92; frequency response, 185-87; gain

boosting in, 310-11; input-output characteristic, 84;

model, 186; output impedance, 85-86, 88; shielding

property, 89-90; single-stage amplifiers, 232-33;

small-signal characteristics, 84-85

cascodes: folded, 90-92; low-voltage, 143-15; self-biased,

398; triple, 307

center frequency in voltage-controlled oscillators (VCOs). 5 1

1

CG stage. See common-gate stage

channel, long versus short, 38

channel charge injection, 418-20; cancellation, 421-23

channel-length modulation, 25-27

channel resistance, of MOS capacitors, 622-24

channeling, 609-10

677
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charge injection, channel, 418-20, 421-23

charge modeling, MOS device models, 598

charge-pump phase-locked loops (CPPLLs), 549—62;

basic, 555-62; charge pumps, 550-55;

dynamics, 557-61; linearity, 557;

lock acquisition, 549-62;

phase/frequency detector, 550-55;

stability issues, 561-62; transfer function, 557-61

charge pumps: in charge-pump phase-locked loops (CPPLLs),

550-55; PFD/CP nonidealities, 562-67

charge redistribution in noninverting amplifier, 434

chemical vapor deposition (CVD), 61

1

circuit design, abstraction levels, 7, 8

circuit symbols, MOS, 12-13

circuits: bandgap reference, 377-404; closed-loop, 250-53;

common-gate, 250; differential, 452-54; digital, 12;

feedback, 247-54; guard rings for, 663; half, 1 13-18;

noise represented in, 218-24; open-loop, 250,

253-54; precision multiply-by-two, 438-39, 622;

RLC, 496-99; sampling, 410-14;

switched-capacitor, 405^47

clamp transistors, 332-33

clock: amplification and offset modes controlled by, 472;

edges, 427; feedthrough, 420-22

closed-loop circuits, 250-53

closed-loop frequency response, 351-55

closed-loop gain, 248-49, 252; in operational amplifiers, 293;

and voltage-voltage feedback, 272-73

closed-loop transfer function, 247

CMFB. See common-mode feedback

CMOS (complementary MOS) devices, 6-7; processing

technology, 604-30

CMOS inverters, 581; driving load capacitance, 668; ring

oscillators using, 490

CMOS oscillators. See oscillators

CMOS technology: compatibility with bandgap references,

386; diodes realized in, 523

collector current variation, 385-86

Colpitts oscillators, 502-5

common-centroid layout, 640-41

common-drain stage, 67. See also source follower

common-gate circuit, with feedback, 250

common-gate (CG) stage, 76-83; frequency compensation

using, 370-71 ;
and frequency response, 183; at high

frequencies, 183; input impedance, 80-83;

input-output characteristic, 77; input-referred noise,

229-31
;
output impedance, 80-83; with parasitic

capacitance, 171; single-stage amplifiers, 228-31;

transfer function, 171

common mode (CM), input-output characteristic, 105

common-mode behavior, differential pair, 105-6

common-mode input, 116-18

common-mode feedback (CMFB): modifying, 323-24;

operational amplifiers, 314; switched-capacitor,

442-43; topology, 317

common-mode level, sensing and controlling, 319-22

common-mode noise rejection, 101

common-mode properties, active current mirrors, 154-58

common-mode range, extending, 325-26

common-mode rejection: alternative definition, 478-79; in

voltage-controlled oscillators (VCOs), 512

common-mode response, differential amplifiers, 1 18-24

common-mode signals, response of differential

pairs to, 187-93

common-source (CS) stage, 48-67; with current-source load,

58-59; with diode-connected load, 53-58; distortion

in, 449; with feedback, 248, 251-52; frequency

response, 172-78; gain stage added to, 219;

high-frequency model, 172; input impedance in, 177;

and input-referred noise, 219-221
;
with resistive

degeneration, 458-59; single-stage amplifiers,

225-28; with source degeneration, 60-67; and source

impedance stimulation, 223-24; transfer function,

172-77; with triode load, 59-60; using rc-well

resistors, 618; zero calculated in, 176-77

compensation, frequency, 355-61

complementary switches, 422

conduction, subthreshold, 27-28

constant-field scaling, 579

constant-Gm biasing, 392-93

contact spiking, 615-16

contact windows, 615

continuous-time: feedback amplifiers, 405-7; integrator, 439;

resistors, 439

control voltage, 126-29

conversion, differential, 120-24

corner frequency, flicker noise, 217-18

correlated sources of noise, 207-9

coupling: capacitive, 654; one-dimensional cross-, 641-42;

substrate, 660-65

cross-coupled oscillators, 499-501, 522

CS stage. See common-source stage

current: amplifiers, 254-56; copying, 137; drain, 148-49;

generating PTAT (proportional to absolute

temperature), 390-92; generation versus voltage

amplification, 225; meters, 256-58; mismatch,

469-70, 565-67; notation, 8; resistive biasing,

135-36; scaling, 643^44; steering, 515-20;

tail, 120-21 . See also biasing

current-current feedback, 269-70; loading in, 28

1

current mirrors: active, 135-65, 145—58; basic, 135-39;

cascode, 139^45; passive, 135-65

current-source load: common-source stage with, 58-59;

differential pair with, 1 46

current sources: applications, 1 35-36; cascode, 140-45;

NMOS device used by source follower as, 69; noise

represented in, 221-22

current-voltage feedback, 263-66; loading in, 275-78

curvature correction, 390

CVD. See chemical vapor deposition

Czochralski method, 606

DAC (digital-to-analog converter), 3

dangling bonds, 215

data: binary, 2-3; four-level, 2-3; stored on hard disks,

3; transmission of over long distances, 4

dead zone in phase-locked loops (PLLs), 563-64

deep triode region, MOSFETs operating in, 460-61.

See also triode region

degeneration, resistive, 458-63

delay-locked loops (DLLs), 570-72

delay variation: by interpolation, 518-20; by positive

feedback, 515-18

deposition, 6 1

1

design rules, 632-34

designing operational amplifiers, 299-300

device models, choice of, 92-93

devices. See active devices; MOS devices; NMOS devices;

passive devices; PMOS devices

DIBL. See drain-induced barrier lowering

differential amplifiers, 100-34; biased by current mirrors,

138-39; common-mode response, 1 18-24;

Gilbert cell, 126-29
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differential circuits, 103; nonlinearity of, 452-54

differential conversion, 120-24

differential input, 116-18

differential pairs: with active current mirror, 148, 150, 151,

154, 190; basic, 103-18; cascode, 126;

common-mode behavior, 105-6; with common-mode

feedback, 314-15; with current-source load, 146;

degeneration, 460-62; distortion in, 449; frequency

response, 187-93; half circuit, 126; input voltage,

107-10; input-output characteristic, 104; layout,

638-40; lemma, 114; with MOS loads, 124-26; noise

in, 233-39; with offset, 465-70; output voltage,

106-7; PMOS, 479; qualitative analysis, 104-7;

quantitative analysis, 107-18; small-signal behavior,

1 10-14; used in tuning ring oscillators,

512-20

differential realization, in noninverting amplifier, 435

differential sampling circuits, 422-23

differential signals: response of differential pairs to, 187-93;

versus single-ended, 100-2

digital communications, 2-3

digital signal processor (DSP), 1-2

digital-to-analog converter (DAC), 3

diode-connected device, 137

diode-connected load, CS stage with, 53-58

diodes: layout in passive devices, 652-53; realized in CMOS
technology, 523; varactor, 521-25

DIP. See dual-in-line package

discrete-time: integrators, 440; resistors, 439

disk drive electronics, 3

dispersion, 657

dissipation, power, 512

distortion: in common-source stage, 449; in differential pair,

449; even-order, 470-7

1

distribution: amplitude, 206-7; reference, 642-44

drain, 10, 11

drain current, 15-17, 148^49; combining, 149; of

common-source device, 62; saturation of, 19

drain-induced barrier lowering (DIBL), 585, 586

drain-source voltage, output impedance variation

with, 589-91

DSP (digital signal processor), 1-2

dual-in-line package (DIP), 666

dummy switches, 421-22

dummy transistors, 639^40

electromigration, 626

electrostatic discharge (ESD), 659-60

enclosure, 633-34

ESD. See electrostatic discharge

etching, 611

even-order distortion, 470-7

1

excess phase, in phase-locked loops (PLLs), 542-43

extension, 633-34

fabrication: active devices, 611-16; interconnects, 624-27; of

CMOS devices, 611-27; passive devices, 616-24;

transistor, 611-14

feedback, 246-90; circuits, 247-54; common-gate circuit

with, 250; common-mode, 314-24; common-source

stage with, 248, 251-52; current-current, 269-70,

281; current-voltage, 263-66, 275-78; effect of

negative on nonlinearity, 454-57; effect on noise,

284-85; error, 246; general considerations, 246-58;

increasing output impedance by, 310; networks, 246;

oscillatory, 484; polarity, 389; positive, 515-18;

series, 256; shunt, 256; switched-capacitor

common-mode, 442-43; system, 246-58; topologies,

258-70; two-pole, 485-86; voltage-current, 266-69,

275-80; voltage-voltage, 258-63, 272-75. See also

feedback circuits; negative feedback; positive

feedback

feedback circuits: bandwidth modification, 252-54; gain

desensitization, 247-50; nonlinearity reduction, 254;

sense and return mechanisms, 256-58; terminal

impedance modification, 250-52

feedback loop, 535; tuned stages, 499

feedforward: amplifiers, one-pole, 348; networks, 246

field oxide, 608

filter, low-pass, 210-21

1

fingers, transistor, 635-37

five-stage ring oscillators, 491

flicker noise, 215-18; comer frequency, 217-18

flipflops, 551-53

floating: impedance, 166; references, 398-99

folded cascode operational amplifiers, 301-7; noise in,

337-38; slewing in, 331-32

folded cascodes, 90-92

folding, 35; reduction of gate resistance by, 214; white noise,

206; wide transistors, 635-37

folding/folded structures, 3

1

four-level data, 2-3

four-stage ring oscillators, 491

frequency: center, 51 1; comer, 217-18; multiplication,

573-74; synthesis, 574-75. See also frequency

compensation; frequency response; phase/frequency

detectors (PFDs)

frequency compensation, 345-48, 355-61; common-gate

stage used in, 370-71; Miller compensation, 362-64,

367; other techniques, 369-73; two-stage operational

amplifiers, 361-69

frequency response: amplifier, 166-200; cascode stage,

185-87; closed-loop, 351-55; common-gate stage,

183-85; common-source stage, 172-78; differential

pair, 187-93; general considerations, 166-71; Miller

effect, 166-69, 171, 172, 174, 175, 185; and source

followers, 182-85

fringe capacitance, 626

G models, 272

gain: boosting, 309-13; closed-loop, 272-73, 293;

common-mode, 154-58; crossover point, 346, 352;

desensitization, 247-50; open-loop, 270, 273-75,

292; small-signal, 145-51; stage,

added to common-source stage, 219; voltage,

151-54

gate: resistance, 214-15; shadowing, 639; voltage, 144

gates, 10, 11; OR, 532-33

Gilbert cell, 126-29

gradient, 640

ground bounce, 663-65

guard rings, 663

half-circuit concept, 151-52, 187-89

half circuits, 113-18; differential pair, 126; folded cascode

operational amplifiers, 303

high frequencies, common-gate stage at, 183

high-frequency model: cascode stage, 185; common-source

stage, 172

hot carrier effects, 589

hybrid models, 270-72, 281
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I/V characteristics, derivation, 15-23

impedance: floating, 166; input, 177, 179, 261-63, 265-66,

266-68; modification, 250-52; output, 173, 259-60,

264-65, 266-68, 310, 386-89, 393-97, 589-91;

source, 223-24. See also input impedance; output

impedance

inductance: mutual, 673-75; self-, 668-73

inductors, monolithic, 495, 521, 524

injection, channel charge, 418-20, 421-23

input: common-mode, 116-18; differential, 116-18

input characteristics: of nonlinear systems, 448; of

phase/frequency detectors (PFDs), 553-55; of

sampling circuits, 419. See also input/output

characteristic; output characteristics

input differential voltage, 107-10

input impedance: in a common-source stage, 177; and

current-voltage feedback, 265—66; source follower,

73, 179; and voltage-current feedback, 266-68; and

voltage-voltage feedback, 261-63

input nodes: in cascode stage, 185-87; in common-gate stage,

183-85; in common-source stage, 172-77; and

differential pairs, 187-93; and source followers,

178-82. See also nodes; output nodes

input-output characteristic, 47-48, 49, 54; cascode stage, 84;

common-gate stage, 77; common mode, 105;

common-source stage with diode-connected load, 56;

differential pair, 104; large-signal, 150; source

follower, 68. See also input characteristics; output

characteristics

input-output transfer function, 169

input poles: in cascode stage, 185-87; in common-gate stage,

183-85; in common-source stage, 172-77; and

differential pairs, 187-93; and source followers,

178-82. See also poles; output poles

input range limitations, 325-26

input-referred noise, 219-24; of a differential pair, 233-39

input-referred thermal noise: common-gate stage, 229-31;

voltage, 225-28

input voltage: notation, 8; versus voltage gain of source

follower, 69

integrated circuits, 6; layout and packaging, 631-75;

notations, 8

integrators: discrete-time, 440; parasitic-insensitive, 441;

switched-capacitor, 439-42

interconnects: fabrication, 624-27; layout in passive devices,

653-57; parallel capacitance, 626-27; series

resistance, 624-25

interface, dangling bonds at, 215

interpolation, delay variation by, 5 1 8-20

inverters. See CMOS inverters

ion implantation, 608-10

jitter: in phase-locked loops (PLLs), 563-64, 567-70;

reducing in phase-locked loops (PLLs), 576-77;

in voltage-controlled oscillators (VCOs), 568-70

junction capacitances, scaling, 580-82

kT/C noise, 421

large-signal analysis, of active current mirrors, 149-51

large-signal bandwidth, operational amplifiers, 295

large-signal behavior: cascode current source, 140-45;

folded-cascode stage, 91-92

large-signal input-output characteristic, 150

latch-up, 627-28

layout, 631-60; analog, 635-60; antenna effect, 634-35;

cascode devices, 638; common-centroid, 640-41;

design rules, 632-34; differential pairs, 638^-0;

general considerations, 631-32; minimum enclosure,

633-34; minimum extension, 633-34; minimum

spacing, 633-34; minimum width, 632-33;

multifinger transistors, 635-37; PMOS device,

631-32; symmetry, 637—42

LC oscillators, 495-509; Colpitts, 502-5; cross-coupled,

499-501; one-port, 505-9; tuning in, 521-25

LC tanks, 496-98

lemma: differential pair, 1 14; noise calculation, 224; voltage

gain, 66-68

length, 11

level shifters, source followers as, 178-82

linear settling, 327, 333-34

linearity: in charge-pump phase-locked loops (CPPLLs), 557;

operational amplifiers, 296; tuning, 511-12. See also

nonlinearity

linearization, 61; techniques, 458-63

lithography sequence, 607

load capacitance, 169-70

loading, effect of, 270-84; in current-current feedback, 281

;

in current-voltage feedback, 275-78; summarizing

effects of, 283-84; two-port network models,

270-72; in voltage-current feedback, 278-80;

in voltage-voltage feedback, 272-75

loads, MOS, differential pair with, 124-26

lock acquisition, in charge-pump phase-locked loops

(CPPLLs), 549-62

locking, 533-42

long-channel devices, versus short-channel devices, 38

loop gain, 248; Bode plots, 346, 349, 357, 359, 362, 547, 561;

in charge-pump phase-locked loops (CPPLLs),

559-62; computation, 249; and current-voltage

feedback, 264, 275-78; in feedback loop, 500;

in two- and three-pole systems, 486-87. See also

closed-loop gain; open-loop gain

loops, phase-locked, 532-78

low-pass filter, 210, 21

1

low-voltage cascode, 143—45

mathematical model, voltage-controlled oscillators,

525-30

memories, 5-6

metal 1, 614-15

metal-oxide-silicon field-effect transistors. See MOSFETs

metal-poly capacitors, 620-2

1

meters, current and voltage, 256-58

microprocessors, 5-6

Miller compensation, 362-64, 367

Miller effect, 166-69, 171, 172, 174, 175, 185

Miller’s theorem, 166-69, 193-95

mismatch, 120-24, 463-79; and common-mode gain, 157;

current, 469-70, 565-67; DC offsets, 465-79;

MOSFET, 463-79; threshold voltage, 471

mobility degradation with vertical field, 585-87

models: cascode stage, 186; choice of, 92-93; G, 272-73;

high-frequency, 172; high-frequency, of cascode

stage, 185; hybrid, 270-72, 281; mathematical, of

voltage-controlled oscillators, 525-30; MOS device,

28-38, 591-99; MOS device BSIM series, 596-97;

MOS device Level 1, 592; MOS device Level 2,

593-95; MOS device Level 3, 595 96; MOS
small-signal, 33-36; MOS SPICE, 36-37;

small-signal, 61, 65-66; small-signal of CS

stage, 52; two-port network, 270; Y, 270-72, 278;

Z, 270-72, 276

monolithic: capacitors, 423-24; inductors, 495, 521, 524
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MOS: circuit symbols, 12-13; I/V characteristics, 13-23

MOS capacitors, 621-24; channel resistance of, 622-24

MOS device models, 591-99; BSIM series, 591-92, 596-97;

charge and capacitance modeling, 598; Level 1, 592;

Level 2, 593-95; Level 3, 595-96; temperature

dependence, 599

MOS devices: active, 61 1-16; behavior as a capacitor, 38-39;

capacitances, 29-33; fabricating, 61 1-27; layout,

28-29; models, 28-38, 591-99; passive, 616-24;

processing technology, 604-30; small-signal model,

33-36; subthreshold characteristics, 27-28; as

switches, 413-23; transconductance, 22, 28. See also

NMOS devices; PMOS devices

MOS loads, differential pair with, 124-26

MOS SPICE models, 36-37

MOS technology. See MOSFETs
MOSFETs (metal-oxide- silicon field-effect transistors), 6;

common-mode sensing using, 319; as controlled

linear resistor, 18-19; layout, 28-29; mismatches in,

463-79; ohmic sections, 213-14; operating in deep

triode region, 460-61; parameter variations,

599-600; physics, 9—38; reducing effect of

mismatched, 397^100; relationship between drain

current and terminal voltage, 15-17; saturated,

19-21; scaling, 579-83; small-signal model, 33-36;

structure, 10-12; as switches, 10, 410-14; thermal

noise, 212-15; transconductance, 392

multifinger transistors, 635-37

multiply-by-two circuits, 438-39; with MOS capacitor, 622

multipole systems, 349-5

1

mutual capacitance, 675

mutual inductance, 673-75

n-type MOS devices. See NMOS devices

natural signals, processing of, 1-2

negative feedback: effect of on nonlinearity, 454-57; system,

345^46. See also feedback; feedback circuits;

positive feedback

negative resistance, 505-9

negative-TC (temperature coefficient) voltage, 381-82

NFETs: bulk, 36; threshold voltage, 14. See also NMOS
devices

NMOS (n-type MOS) devices, 6; bulk voltage, 23-25; in

cross-coupled oscillators, 524-25; in gain-boosting

amplifiers, 31 1; latch-up in, 627-28; in operational

amplifiers, 301-5; parameters of Level 1 SPICE

models, 37; versus PMOS devices, 37; process

comers based on speed of, 600; processing

technology, 604-30; structure, 10— 12; as switches,

410-14, 416; used by source follower as current

source, 69

nodes: association with poles, 169-71; in cascode stage,

185-87; in common-gate stage, 183-85; and

differential pairs, 187-93; input, 172-77;

interaction between, 170; output, 172-77; and

source followers, 178-82. See also input nodes;

output nodes

noise, 201—45; amplitude distribution, 206-7; average power,

202-3; bandwidth, 239; calculation lemma, 224;

cascode stage, 232-33; common-gate stage, 228-31;

common-mode, 101; common-source stage, 225-28;

comer frequency, 217-18; correlated and

uncorrelated sources, 207-9; in differential

pairs, 233-39; effect of feedback on, 184-85; flicker,

215-18; input-referred, 219-24; kT/C, 421;

in operational amplifiers, 296, 336-40;

output-referred, 219; predicting properties of, 201-2;

reduced by offset cancellation, 476-78; reference

generator, 393-97; representation in circuits, 218-24;

in self-inductance, 668-69; in source followers,

231-32; sources, 218-19; spectrum, 203-6;

statistical characteristics, 201-9; thermal, 209-15;

types of, 209-18; white, 204-5

noisy lines, 101

noninverting amplifiers, 432-38: precision considerations,

435-36; speed considerations, 436-38

nonlinear systems, input-output characteristic, 47-48

nonlinearity, 448-63; capacitor, 457-58; definition of, 450;

of differential circuits, 452-54; effect of negative

feedback on, 454-57; general considerations,

448-52; reduction, 254. See also linearity

Norton equivalent, 66-67

notations, 8

offset: DC, 465-70; operational amplifier, 296, 386-89

offset cancellation, 471-76; noise reduced by, 476-78

ohmic sections, MOSFET, 213-14

one-dimensional cross-coupling, 641^42

one-pole feedforward amplifiers, 348

one-pole systems, 252-54

one-port oscillators, 505-9

one-stage operational amplifiers, 296-307

op amps. See operational amplifiers

open-loop circuits, 250, 253-54

open-loop gain, 248-49, 270; in operational amplifiers, 292;

and voltage-voltage feedback, 273-75

open-loop transfer function, 247

operational amplifiers, 291-344; cascode, 292, 298-99;

closed-loop gain, 293; common-mode feedback, 314;

designing, 299-300; folded cascode, 301-7, 331-32,

337-38; gain, 291-92; gain boosting, 309-13; input

range limitations, 325-26; large- signal bandwidth,

295; linearity, 296; noise and offset, 296; noise in,

336-40; offset and output impedance, 386-89;

one-stage, 296-307; open-loop gain, 292; output

swing, 295, 298; performance parameters, 291-96;

power supply rejection, 334-36; slew rate, 326-34;

small-signal bandwidth, 293; supply rejection, 296;

telescopic, 331, 336-37, 356-61; telescopic cascode,

297-99, 303-4, 306; topology comparison, 313-14;

triple cascode, 307; two-stage, 307-9, 338-40,

361-69, 368-69

optical receivers, 4

OR gates, 532-33

oscillators, 482-531; Colpitts, 502-5; cross-coupled 499-501,

522; general considerations, 482-84; LC, 495-509,

521-25; one-port, 505-9; ring, 484-95; voltage

controlled (VCOs), 482-531, 510-30

output amplitude, in voltage-controlled oscillators

(VCOs), 512

output characteristics: nonlinear systems, 448; of

phase/frequency detectors (PFDs), 553-55; sampling

circuit, 419. See also input characteristics;

input/output characteristic

output impedance, 173; boosting, 310-11; cascode stage,

85-86, 88; and current-voltage feedback, 264-65;

operational amplifier, 386-89; reference generator,

393-97; source follower, 70, 73, 180-82; variation

with drain-source voltage, 589-91; and

voltage-current feedback, 266-68; and

voltage-voltage feedback, 259-60

output nodes: in cascode stage, 185-87; in common-gate
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stage, 183-85; in common-source stage, 172-77; and

differential pairs, 187-93; and source followers,

178-82

output phase, in phased-locked loops (PLLs), 533-36

output poles: in cascode stage, 185-87; in common-gate

stage, 183-85; in common-source stage, 172-77; and

differential pairs, 187-93; and source followers,

178-82. See also input poles; poles

output port, 66-67

output-referred noise, 219

output signal purity, in voltage-controlled oscillators

(VCOs), 512

output spectrum theorem, 205-6

output swing, 106-7, 295, 298

output voltage, 66-67, 149-50; notation, 8; swing, 106-7,

295, 298

oxidation, 608

oxide spacers, 614

p-type MOS devices. See PMOS devices

packaging, 666-75; dual-in-line package, 666; mutual

inductance, 673-75; parasitics, 667-68; self- and

mutual capacitance, 675; self-inductance, 668-73

pads, bonding, 657-59

parallel capacitance, of interconnects, 626-27

parameter variations, in MOSFETs, 599-600

parasitic: capacitance, 171; -insensitive integrators, 441;

packaging, 667-68

passive current mirrors, 1 35-65

passive devices: analog layout techniques, 644-53; capacitor

layout, 650-52; diode layout, 652-53; fabrication,

616-24; interconnect layout, 653-57; MOS, 616-24;

pads and electrostatic discharge (ESD) protection,

657-660; resistor layout, 645-50

passive MOS devices, 616-24; capacitors in, 619-24;

resistors, 616-18

PDs. See phase detectors

PFDs. See phase/frequency detectors

PFETs, bulk, 36. See also PMOS devices

phase crossover point, 346, 352

phase detectors (PDs), 532-33

phase/frequency detectors (PFDs): in charge-pump

phase-locked loops (CPPLLs), 550-55; PFD/CP

nonidealities, 562-67

phase-locked loops (PLLs), 532-78; applications, 572-77;

dynamics, 542^19; excess phase, 542-43; frequency

multiplication, 573-74; frequency synthesis, 574-75;

jitter, 563-64, 567-70; jitter reduction, 576-77;

nonideal effects, 562-70; phase detectors (PD),

532-33; response to small transients in locked

condition, 539^42; settling speed, 545-46; simple,

532-49; skew reduction, 575-76; transfer function,

542^49; waveforms in locked condition, 536-39

phase margin, 351-55

photolithography, 606-8

photoresists, 607

pinch-off behavior, 20, 25; effect of scaling on, 582

plates: bottom, 423-24; top, 423

PLLs. See phase-locked loops

PMOS (p-type MOS) devices, 6; in cross-coupled oscillators,

524-25; differential pairs, 479; diode-connected, 56;

in gain-boosting amplifiers, 3 1 1-12; latch-up in,

627-28; layout, 631-32; versus NMOS devices, 37;

in operational amplifiers, 301-6; parameters of Level

1 SPICE models, 37; process corners based on speed

of, 600; processing technology, 604-30; in ring

oscillators, 494-95; source follower, 74; structure,

16-12; as switches, 414, 415, 416, 419; threshold

phenomenon, 15

poles: association with nodes, 169-71; in cascode stage,

185-87; in common-gate stage, 183-85; and

differential pairs, 187-93; dominant, 358-61; input,

172-77; multipole systems, 349-51; nondominant,

361; output, 172-77; plotting location of, 347-48;

and source followers, 178-82; two-pole feedback

systems, 485-86. See also input poles; output poles

poly-diffusion capacitors, 619-20

poly-poly capacitors, 620

positive feedback, tuning, 515-18. See also feedback;

feedback circuits; negative feedback

positive-TC (temperature coefficient) voltage, 382-84

power dissipation, in voltage-controlled oscillators

(VCOs), 512

power spectral density (PSD), 204-5

power supply rejection, operational amplifiers, 334-36

precision: in noninverting amplifiers, 435-36; in sampling

circuits, 417-21; in unity-gain

sampier/buffers, 428-29

precision multiply-by-two circuits, 438-39, 622

process comers, 599-600

processing: back-end, 614-16; CMOS devices, 604-30;

deposition and etching, 61 1; ion implantation,

608-10; latch-up, 627-28; oxidation, 608;

photolithography, 606-8; wafers, 605-6

PTAT (proportional to absolute temperature) current

generation, 390-92

qualitative analysis, differential pairs, 104-7

quantitative analysis, differential pairs, 107-18

receivers: optical, 4; wireless, 3^1

reduction, nonlinearity, 254

reference distribution, 642-44. See also bandgap references

reference generator, output impedance, 393-97

rejection: common-mode, 512; common-mode noise, 101;

power supply, 334-36; supply, 296

resistance, 35; calculating, 63-66; gate, 214—15; negative,

505-9; output, 70; series, 624; sheet, 605

resistive biasing, 135-36

resistive degeneration, 458-63

resistive load, common-source stage with, 48-67

resistors: continuous-time, 439; discrete-time, 439; layout in

passive devices, 645-50; mismatched, 120-24; in

passive MOS devices, 616—18; thermal noise, 209-12

ring oscillators, 484-95; amplitude limiting, 487-95;

four- and five-stage, 491; three-stage, 486-89;

tuning in, 512-21

ringing, 182

ripple, 536; in charge-pump phase-locked loops

(CPPLLs), 562

RLC circuits, 496-99

samplers: and offset cancellation, 476-78; unity-gain, 424-32

sampling, bottom-plate, 423

sampling circuits: differential, 422-23; precision

considerations, 417-21; speed

considerations, 414-17

sampling mode: noninverting amplifiers, 432^133;

switched-capacitor circuits, 408-9, 410-23;

unity-gain sampler, 424-25, 429

sampling switches, 410-23
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saturation, 49; region, 19-21, 22-23, 49; velocity, 587-89

scaling: constant-field, 579; current, 643-44; theory, 579-83

second-order effects, 23-28

self-capacitance, 675

self-inductance, 668-73

sense and return mechanisms, 256-58

sensors, 4-5

series feedback, 256

series resistance, of interconnects, 624-25

settling speed, in phase-locked loops (PLLs), 545-46

shadowing, 639

sheet resistance, 605

shielding, 655-56; cascode stage, 89-90

short-channel devices, versus long-channel devices, 38

short-channel effects, 583-91; drain-induced barrier lowering

(DIBL), 585, 586; hot carrier effects, 589; mobility

degradation with vertical field, 585-87; output

impedance variation with drain-source voltage, 589;

threshold voltage variation, 583-85; velocity

saturation, 587-89

shunt feedback, 256

signals: differential, 100-2; output, 512; single-ended, 100-2

silicide, 614, 616-17

single-ended signals, versus differential signals, 100-2

single-pole system, 252-54

single-stage amplifiers, 47-99, 224-33; basic concepts,

47-48; cascode stage, 83-92, 232-33; choice of

device models, 92-93; common-gate stage, 76-83,

228-3 1 ;
common-source stage, 48-67, 225-28;

source followers, 67-76, 231-32

sinusoid waveform, 525-26

skew, 565-66; eliminating in voltage-controlled oscillators,

533-36; reducing in phase-locked loops

(PLLs), 575-76

slew rate, operational amplifiers, 326-34

slewing: negative, 372; positive, 372; in two-stage operation

amplifiers, 368-69; in unity-gain

sampler/buffer, 43 1 -32

small-signal analysis, of active current mirrors, 151-54

small-signal bandwidth, operational amplifiers, 293-95

small-signal behavior: in active current mirrors, 145-48;

differential pair, 110-14

small-signal characteristics, cascode stage, 84-85

small-signal gain, 145-51; calculating, 68-69; in nonlinear

amplifiers, 450, 452-54

small-signal models, 61 ; of common-source stage, 52

small-signal output resistance, calculating, 70-72

source, 10, 11

source degeneration, common stage with, 60-67

source/drain junction capacitance, scaling, 580-82

source followers, 67-76; common-mode feedback using, 318;

drawbacks of, 73-76; input impedance, 73, 179;

input-output characteristic, 68; intrinsic, 72; as level

shifters, 145, 178-82; output impedance, 70, 73,

180-82; single-stage amplifiers, 231-32; small-signal

equivalent circuit, 68-69

source impedance, 223-24

spacers, oxide, 614

spacing, layout, 633-34

spectral shaping, 205-6

speed: in noninverting amplifiers, 436-38; reference

generator, 393-97; in sampling circuits, 414-17;

settling, 545-46; in unity-gain sampler/buffers,

429-32

SPICE models, 36-37

spiking, contact, 615-16

square wave amplification, 253

stability, 345-76; in charge-pump phase-locked loops

(CPPLLs), 561-62; general considerations, 345-48

stages: delay, 5 1 8-20; in ring oscillators, 486-92; tuned,

498-99, 502

start-up, 389-90

statistical characteristics of noise, 201-9

step response, 326-27

structure, MOSFET, 10-12

substrate, 10-12; bounce, 663-65; coupling, 660-65

subthreshold conduction, 27-28

supply: dependence, 389-90; rejection, 296; in

voltage-controlled oscillators (VCOs), 512

supply-independent biasing, 377-81

switched-capacitor amplifiers, 423-39

switched-capacitor circuits, 405^17; in amplification mode,

408-9; general considerations, 405-9; in sampling

mode, 408-9, 410-23

switched-capacitor common-mode feedback, 442-43

switched-capacitor integrator, 439-42

switches: complementary, 422; dummy, 421-22; MOSFETs
as, 10, 410-14; sampling, 410-23; zero-offset, 414

symbols, MOS, 12-13

symmetry, 1 13-14, 1 17-20, 149-50; in layouts, 637-42.

See also asymmetry

tail current, 120-21

tanks, LC, 496-98

telephone bandwidth, and spectral shaping, 205-6

telescopic cascode operational amplifiers, 297-99, 303-4,

306. See also telescopic operational amplifiers

telescopic operational amplifiers: frequency compensation,

356-61; noise in, 336-37; slewing in, 331. See also

telescopic cascode operational amplifiers

temperature, proportional to absolute (PTAT), 377, 390-92

temperature dependence: forms, 377; in MOS device

models, 599

temperature-independent references, 381; bandgap references,

384-90; negative-TC (temperature coefficient)

voltage, 381-82; positive-TC (temperature

coefficient) voltage, 382-84

temperature-independent voltage, 384-85

terminal impedance modification, 250-52

terminals, 10-11

thermal noise, 209-15; MOSFETs, 212-15; resistors, 209-12;

voltage, 225-28

Thevenin equivalent, 72, 79, 1 12, 153, 191, 437

three-pole systems, 350-51

three-stage ring oscillators, 486-89

threshold voltage, 10, 13-15, 27-28, 149-50; mismatches,

471; variation, 583-85

time-domain response, 347-48

topologies: comparison of operational amplifier, 313-14;

common-mode feedback, 317; current-folding, 518;

feedback, 258-70; folded cascode operational

amplifiers, 302; operational amplifiers, 296-98;

phase-locked loops (PLLs), 533-42

transconductance, 22, 28, 48; amplifiers, 254-56; MOSFET,

392; of common-source devices, 62, 66

transfer function: in charge-pump phase-locked loops

(CPPLLs), 557-61; closed-loop, 247; common-gate

stage, 171; common-source stage, 172-77;

input-output, 169; open-loop, 247; in phase-locked

loops (PLLs), 542-49; and spectral shaping, 205-6

transients in locked condition, response of phase-locked loops

(PLLs) to, 539-42

transimpedance amplifiers, 254-56
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transistors: dummy, 639-40; fabrication of, 61 1-14;

multifinger, 635-37. See also CMOS devices;

MOSFETs
triode load, CS stage with, 59-60

triode region, 17-18, 22-23, 49, 149; common-mode sensing

using MOSFETs in, 319; deep, 460-61

triple cascode operational amplifiers, 307

tuned stages, 498-99, 502

tuning: delay variation by interpolation, 518-20; delay

variation by positive feedback, 515-18;

in LC oscillators, 521-25; linearity,

in voltage-controlled oscillators, 511-12;

range, in voltage-controlled oscillators, 511;

in ring oscillators, 512-21; wide-range, 520-21

turn-on phenomenon, 14-15

two-pole systems, 349-50

two-port network models, 270-72

two-stage operational amplifiers, 307-9; frequency

compensation, 361-69; noise in, 338-40;

slewing in, 368-69

uncorrelated sources of noise, 207-9

unity-gain buffer, 325, 355. See also unity-gain sampler/buffer

unity-gain sampler/buffer, 424-32; precision considerations,

428-29; slewing behavior, 431-32; speed

considerations, 429-32. See also unity-gain buffer

varactors, 521-25

variable-gain amplifiers (VGAs), 126-28

velocity saturation, 587-89

vertical field, mobility degradation with, 585-87

VGAs. See variable-gain amplifiers

vias, 615

voltage: amplification, versus current generation, 225;

amplifiers, 461; bulk, 23-25; control, 126-29;

drain-source, 589-91; floating reference, 398-99;

gate, 144; input, 69, 107-10; input-referred thermal

noise, 225-28; limitations, 28; meters, 256-58;

negative-TC (temperature coefficient), 381-82;

notation, 8; output, 66-67, 106-7, 149-50;

positive-TC (temperature coefficient), 382-84;

sources, noise represented in, 221-22;

temperature-independent, 384-85; threshold, 13-15,

27-28, 149-50, 583-85

voltage-controlled oscillators (VCOs), 510-30; center

frequency, 511; common-mode rejection, 512;

definition, 510; eliminating skew in, 533-36; jitter in

568-70; mathematical models, 525-30; output

amplitude, 512; output signal purity, 512; power

dissipation, 512; supply, 512; tuning linearity,

5 1 1-12; tuning range, 51 1 . See also oscillators

voltage-current feedback, 266-69; and input impedance,

266-68; loading in, 275-80; and output impedance,

266-68

voltage-dependent capacitors, 521-22

voltage gain, 86-87, 151-54; lemma, 66-68;

small-signal, 452-54

voltage-voltage feedback, 258-63; and closed loop gain,

272-73; loading in, 272-75; and open loop

gain, 273-75

wafers: in device fabrication, 611-16; introducing dopants

into, 608-10; processing, 605-6

waveforms, 525-30; jittery, 568; in locked condition, 536-39

ring oscillator, 487, 490; sinusoid, 525-26; with a

skew, 534

white noise, 204-5; folded, 206

wide-range tuning, 520-21

width, layout, 632-33

wireless receivers, 3^4

Y models, 270-72, 278

Z models, 270-72, 276

zero: calculation in common-source stage, 176-77; in right

half plane, 364-65, 369

zero-offset switches, 414
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